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Abstract 
A selected volume of work consisting of 84 published journal papers is presented to 
demonstrate the contributions made by the author in the last seven years of his work at the 
University of Queensland in the area of Microwave Engineering.  
The over-arching theme in the author’s works included in this volume is the engineering of 
novel passive microwave devices that are key components in the building of any microwave 
system. The author’s contribution covers innovative designs, design methods and analyses for 
the following key devices and associated systems: 
 Wideband antennas and associated systems  
 Band-notched and multiband antennas 
 Directional couplers and associated systems 
 Power dividers and associated systems 
 Microwave filters 
 Phase shifters 
Much of the motivation for the work arose from the desire to contribute to the engineering of 
modern microwave systems that continue to evolve rapidly due to the huge interest in 
wideband systems for telecommunications, healthcare (diagnosis and treatment), remote 
sensing, medical, security and industrial imaging, wireless internet, and many other 
applications.  
The presented work has given the author international recognition as evidenced by the large 
number of citations and the use of his design by several companies and many research groups 
around the globe. The selected works in this volume are published in the top-ranked journals 
in the field of microwave engineering in the world. 
Also in this volume, the originality of the author’s work is proven and in the case of multi-
authored papers, his role and contributions are explained. 
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Chapter 1  Introduction and Statement of Originality 
1.1 Introduction 
The general area of this work is Microwave Engineering 
Modern microwave engineering is an exciting and dynamic field due to the explosion in 
demand for many new microwave-based applications that affect the daily life of nearly every 
person on the planet. Modern microwave engineering involves predominantly devices and 
circuits’ analysis and design in contrast to the electromagnetic field theory orientation years 
ago. Thus, the design and development of new microwave devices and systems that serve the 
new generations of applications is a necessity.  
With the fast developments in systems that use microwave frequency bands, such as mobile 
telecomm, wireless medical monitoring & imaging, global positioning, satellites for data 
transmission, TV broadcasting, weather forecasting and remote sensing, wireless internet, 
healthcare (diagnosis and treatment), and even in computer engineering with bus systems 
working in the GHz bands, microwave engineering has been going through a period of 
resurgence over the last two decades. It has also undergone a radical transformation in recent 
years. Microwave engineering emphasis has changed from performance at all cost to 
minimum cost with perfect performance, and from narrowband to wideband with minimum 
interference from/to other systems.   
Moreover, the development of solid-state microwave devices has had a dramatic impact on 
the microwave engineering field. The focus has shifted from non-planar bulky structures to 
planar configurations that are based mainly on microstrip circuits. The recent trend in using 
microstrip-based structures is mainly motivated by the need for mass production with very 
low costs using printed circuits and/or multilayer techniques. 
There has been also a dramatic change in the world of ultra-wideband (UWB) microwave 
engineering in the recent decade. In February 2002, the Federal Communication Commission 
FCC, a regulatory body in the USA, issued a ruling, which was then adopted by other 
regulatory bodies around the world, that UWB could be used for data communications as 
well as for medical imaging. The band allocated to UWB is a staggering 7.5 GHz (from 3.1 
GHz to 10.6 GHz), by far the largest allocation of bandwidth to any commercial terrestrial 
system. The   UWB systems offer important advantages, such as low power consumption, 
high date rate, high time resolution, obstacle penetration, resistance to interference, stealthy 
transmission, co-existence with narrowband systems and so on. Those advantages enable a 
wide range of new applications in telecommunications, radar, positioning, medical and 
security imaging …etc. 
The introduction of UWB adds significant challenges to the design of microwave devices and 
systems. The bandwidth of UWB sits on top of many existing allocations, such as the widely 
used IEEE 802.11 a/b/g standards. To avoid any harmful interference between the newly 
proposed UWB systems and existing systems if they co-exist nearby, the UWB antennas, for 
example, should meet certain strict radiation characteristics. Concerning the design of other 
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key passive microwave devices, such as couplers, power dividers, filters and phase shifters, 
the extremely wideband performance should be achieved using compact, planar and low-cost 
structures that meet the mass production criteria. 
The applicant has been working in the area of Microwave Engineering as a consultant and 
design engineer with the industry and then as a researcher in the academia for more than 
fifteen years. The works included here represent his contributions to this field while working 
at the University of Queensland in the last seven years. 
The works cover innovative designs and design methods for the following key passive 
devices and associated systems for wideband planar microwave systems: 
 Antennas and associated systems  
 Band-notched and multiband antennas 
 Directional couplers and associated systems 
 Power dividers and associated systems 
 Microwave filters 
 Phase shifters 
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convenient way to establish the originality of the submitted material is by providing 
information on the refereeing process of the published papers.  
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and Techniques, IEEE Transactions on Antennas and Propagation, IEEE Microwave and 
Wireless Components Letters, IEEE Antennas and Propagation Letters, IET Microwaves, 
Antennas and Propagation, IET Electronics Letters, and Wiley Microwave and Optical 
Technology Letters. The editorial boards of those journals consist of international reviewers 
who are experts in their particular fields. The submitted papers were examined in a strict 
refereeing process with three to five reviewers and were accepted for publication on merits of 
originality. 
In terms of the author’s initiation of, and contributions to, the works, the following general 
indicators are appropriate. In the case of single-authored papers, the sole contribution is 
obvious unless some credit to the work of others is highlighted in the body of a paper. The 
number of selected papers included in this volume in which the candidate is the sole author is 
44.  
In cases where the candidate is the first listed author, he played a large part in initiating the 
research, performed much of the theoretical and applied research and wrote the paper. As an 
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was a Postdoctoral Research Fellow at the University of Queensland, is the first author on a 
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wrote most of the paper, whereas the students did the simulations and measurements. In 
instances where the candidate was not the first author on a paper, the amount of contribution 
varies from 30% up to 50% of the work. 
It is difficult to place a numerical amount on the overall contribution of the author to this 
body of work. In light of the above comments, however, it is stipulated that he is the main 
contributor and played the leading role in all the works described herein. The author’s 
contributions thus represent more than 80% of the works included in this volume. 
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2.2 Antennas & Associated Systems (Papers# 1 to 24) 
The performance of any wireless system is heavily dependent on the design of its antenna 
which is effectively the“ear and eye” of that system. The explosive growth of broadband 
wireless systems and the commercial utilization of ultra-wideband (UWB) systems in many 
applications have raised unique design challenges for antennas serving those systems. A great 
deal of research efforts has been expended by the author to achieve the desired broadband 
characteristics in terms of impedance matching, group delay and radiation properties, as well 
as other practical requirements, such as low cost and miniaturized size. The requirements 
placed on wideband antennas in terms of size, phase linearity and spectral efficiency are more 
demanding than for narrowband antennas.   
The author develops the theory, analysis, and design procedure for different types of planar 
omnidirectional and directional wideband antennas as explained in [1]-[12], [15], [23], [24]. 
The theories behind the design of those antennas are discussed in details. Closed-form 
procedures are derived to enable finding the values of the different design parameters of the 
antennas for a certain performance. Those proposed procedures enable the designers to avoid 
the trial-and-error approach that is usually combined with brutal-force simulations; a process 
which consumes a great deal of time and effort.  The accuracy of the proposed methods is 
validated by developing many types of antennas that demonstrate high quality performance 
(gain, radiation pattern, group delay and efficiency) with compact size and low cost. The 
structures of some of the proposed antennas include special features for improved cut-off at 
the out-of-band frequencies [10] or for an extremely compact size [11], [13]. Some of the 
developed antennas are used in different microwave imaging systems [12], [16]-[18], [21], 
[22].  
The author also investigates the design of several types of microstrip reflectarrays that have 
wideband performance [14], [19], [20]. The reflectarray is an antenna that consists of a flat 
reflecting surface with many microstrip elements and a feed antenna. It uses a suitable 
phasing scheme to convert a spherical wave produced by its feed into a plane wave. The 
microtsrip reflectarray is a high gain antenna which evolved as an efficient and cost-effective 
replacement of the parabolic reflectors and phased arrays: The parabolic reflector lacks the 
ability to achieve wide angle beam scanning, whereas the high gain phased array with 
electronic scanning is very expensive due to its complicated beamforming network and 
amplifier modules.  
A brief explanation of the contents of the papers is given hereafter in a chronological order. 
In [1]-[3], the author presents novel procedures for designing directive tapered-slot and 
omnidirectional antennas. The antennas operate over the UWB frequency band from 3.1 GHz 
to more than 10.6 GHz. In [4], the effect of the tapering profile of tapered slot antennas on 
the gain and bandwidth is investigated. A microwave imaging system that employs the 
designed tapered slot antennas and aimed at breast cancer detection is explained in [5].   
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A coplanar waveguide fed planar antenna with an extremely broad bandwidth in excess of 
128% is presented in [6]. This comfortably covers the required bandwidth for UWB 
communication applications, exhibits the required omnidirectional pattern characteristics and 
has a compact size. 
Two types of coplanar waveguide fed quasi-Yagi antennas with broad bandwidth, high front-
to-back ratio and high efficiency are presented in [7] and [8]. The uniqueness of the design in 
those antennas is the simple feeding structure. Despite that simplified structure, the antennas 
achieve more than 44% covering the X-band. The antennas are compatible with microstrip 
circuitry and active devices.   
An efficient approach is described in [9] for designing UWB antennas in the form of planar 
monopoles of elliptical and circular shape. The presented results show that the proposed 
method can be applied directly to design planar antennas with UWB behavior, 
omnidirectional characteristics, good radiation efficiency and high fidelity factor.   
The paper [10] describes a method to improve the cutoff capability of UWB planar antennas 
at the out-of-band frequencies using a meandered slot. In the presented design, the antenna is 
formed by a planar monopole and a ground plane both of half circle shape, with a meandered-
shape slot made in the monopole. The results show that the meandered slot improves the 
cutoff capability of the antenna by increasing the return loss in the lower and upper out-of-
bands by more than 5 dB without any negative effect on the passband.   
A procedure to design miniaturized planar UWB omnidirectional antennas is explained in 
[11]. The proposed method utilizes corrugated radiator and ground plane of elliptical shapes 
to design antenna of compact size. The proposed method results in a surface area reduction 
by more than 50% compared with the optimized non-corrugated structure. 
A compact and directive UWB antenna is presented in [12]. The antenna is in the form of an 
antipodal tapered slot with resistive layers to improve its directivity and to reduce its 
backward radiation. The time domain performance of the antenna shows negligible distortion 
which makes it suitable for imaging systems. To show the possibility of using the proposed 
antenna in time-domain imaging system, the use of the proposed antenna for breast imaging 
is also studied.   
A method to design a microstrip-fed antipodal tapered-slot antenna, which has UWB 
performance and miniaturized dimensions, is described in [13]. The proposed structure 
removes the need to use any transitions and/or baluns in the feeding structure and enables the 
direct connection between the microstrip feeder and the radiator. To miniature the antenna 
and reduce the size by more than 80% compared with traditional design, the radiator and 
ground plane are corrugated.   
The effect of thickness of the conductive coating on performance of microstrip reflectarrays 
of wideband performance is investigated in [14]. The unit cell used in work is in the form of a 
30 
 
cross shaped ring operating at the X-band (8 GHz-12 GHz). It is proven that increasing 
thickness of the conductive layer decreases the losses significantly, reduces the phase slope 
and shifts the resonant frequency to a higher value, while it has a negligible effect on the 
phase range. 
A planar antenna of tapered slot configuration for use in UWB microwave imaging systems 
aimed for early breast cancer detection is presented in [15]. It is designed to operate in a 
liquid of a high dielectric constant that matches the electric properties of average breast 
tissues. It is designed with a corrugated radiator to have a very compact size with overall 
dimensions of 0.9 cm×1 cm. The antenna shows a distortion-less response in the time domain 
and thus it is suitable for the microwave imaging systems utilizing a short-pulse radar 
technique, such as the strain imaging system presented in [16].  
An exponentially tapered slot antenna fed using a tapered microstrip line with a suitable 
microstrip-slot transition is described in [17]. The microstrip-slot transition that is needed to 
achieve strong coupling between the microstrip feeder and the tapered slot radiator uses 
virtual open and short circuits in the form of a radial slot stub and a radial microstrip stub. 
The antenna is used to build high resolution hemispherical scanning system for breast 
imaging. 
The design of a compact tapered slot antenna immersed in a suitably designed coupling liquid 
for a microwave-based brain imaging is presented in [18]. To miniaturize the antenna, 
corrugations are introduced in outer edges of both the radiator and the ground plane. To 
protect the antenna from the adverse effects, such as corrosions of the conductive layers by 
the coupling liquid, the antenna is covered by a dielectric sheet. The antenna covers the band 
from 1 GHz to 4 GHz with moderate gain.  
The design of a single-layer reflectarray antenna, which employs a novel phasing element in 
the form of a fixed-size circular ring and a variable-length open-circuited stub, is presented in 
[19]. The array is developed on a thin substrate supported by a thick foam material. An X-
band offset fed 13×13 element reflectarray pointing at 20° from the broadside direction is 
designed using the proposed structure to realize a 17.8% bandwidth 
To offer a low cost alternative to phased arrays, an electronically controlled phasing element 
for a beam-steered single-layer microstrip reflectarray antenna operating at 4 GHz is 
presented in [20] using the phasing element proposed in [19]. The reconfigurable design is 
accomplished by including an open gate PIN transistor in the variable length stub to offer a 
beam steering ability. 
A planar antenna array that includes 12 of the antenna elements described in [18] is built for 
breast imaging system [21], [22]. The use of the compact planar array enables using simple 
post-processing tools to get clear three-dimensional images of the target as depicted in [21].   
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The author presents a closed-form method that accurately calculates the effective permittivity 
as seen by printed center-fed dipoles [23]. That accurate prediction enables the correct choice 
of the required dimensions of the dipole for a certain resonant frequency. For quasi Yagi-Uda 
antennas that usually have the driven element as a center-fed dipole, this means an accurate 
prediction of the required length of the driver, and subsequently all the other dimensions of 
the antenna without the need for extensive simulations and optimizations. The results 
obtained by full-wave electromagnetic simulations and measurements over a wide range of 
design parameters prove the validity of the derived method which is based on the conformal 
mapping.   
The author presents in [24] a quasi-Yagi antenna that has an ultra-wideband performance. 
The design of the antenna is based on the theory explained in [23]. To enable the wideband 
performance, the antenna utilizes a dual-resonant driver and a balun formed using a stepped-
impedance coupled structure. The driver is designed to be dual-resonant by loading it with an 
inductor in the form of short section of narrow microstrip line at a certain position. The balun 
includes a T-junction of microstrip lines and two pairs of stepped-impedance coupled lines. 
The designed balun covers the band from 3 GHz to 12 GHz with 180°±15° differential phase 
between the two balanced outputs and less than 0.5 dB insertion loss. The integrated antenna 
shows less than -10 dB reflection coefficient, 3.6-4.5 dBi gain, 13-17 dB front-to-back ratio, 
less than -19 dB cross-polarization across more than 75% fractional bandwidth centered at 
7.5 GHz.       
2.3 Band-Notched and Multiband Antennas (Papers# 25 to 34) 
As indicated previously, the UWB technology has received a huge interest due to its many 
desired features and capabilities. Because of the existence of other wireless standards 
operating across parts of the UWB spectrum, an additional requirement for UWB antennas 
that are used for wireless communications is to reject the undesired bands within the ultra-
wide passband and thus to cancel any possibility of interference with those other narrowband 
systems. To that end, UWB antennas with notched characteristics at certain bands are desired.  
In the papers [25]-[30], [34], the author demonstrates how to achieve that requirement by 
introducing the band rejection function within the UWB antenna structure rather than the 
traditional approach of extending the antenna’s structure to include more devices, such as 
bandstop filters. The proposed method does not need any additional space and elements for 
the antenna, and thus it does not complicate the structure or increase the cost. Instead, it 
modifies the available space in the feeder, radiator or ground plant to realize the required 
performance. The proposed design method is a technique that can be utilized for different 
types of frequency ranges and available printed circuit boards. 
On the other hand, the rapid growth in telecommunication systems means that many 
functions are to be integrated into a single device, such as a mobile handset. A single handset 
is now required to deal with multi-standard services such as voice, data, video broadcasting, 
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and digital multimedia. This development has led to a great demand for compact multiband 
antennas designed specifically to handle multi-standard services. As a response to that 
demand, the author presents different configurations for the radiator and the ground plane to 
cover the assigned bands for the multi-standard systems with a sharp cutoff for the other 
frequency bands used by other systems [31]-[33]. The main features of the proposed method 
are the compact size, low cost and excellent performance that meets the industrial standards. 
A brief explanation of the contents of the papers is given hereafter in a chronological order. 
A closed-form design procedure for a compact planar antenna featuring UWB performance 
and simultaneous signal rejection in any sub-band within the UWB spectrum assigned for 
other applications is presented in [25]-[28]. The rejection capability is realized by embedding 
a tuning slot in the feeder [25], a slot in the radiator [26], inter-digital structure in the feeder 
[27], dual resonators in the feeder [28], or spurline in the feeder [29] of the antenna. The 
designed antennas feature omnidirectional characteristics and high radiation efficiency across 
the required band of operation, whereas the undesired bands are attenuated severely by more 
than 15 dB. 
A method is described in [30] to reject certain bands within the passband of a UWB planar 
antenna using parasitic elements. In the presented design, the antenna is created by a planar 
monopole and a ground plane both of half circle shape, whereas parasitic elements are in the 
form of printed strips. Four examples of UWB antenna design are shown. The first design is 
without parasitic, while the remaining ones are with parasitics to reject a single narrow band, 
a wide band or three narrow bands. The results show that more than 10 dB gain drop is 
recorded in the suppressed bands.   
 A multi-resonance double cross element is used to design a dual-band reflectarray antenna 
for X- and K-bands with dual linear polarization is described in [31]. The proposed element 
has a single conductive layer structure which makes it easy to manufacture. The results 
presented in the work show that the mutual effect between the elements of the two bands is 
negligible. Hence, it is easy to achieve the phase compensation for each band separately.   
A compact planar antenna for portable multistandard transceivers is presented in [32]. The 
proposed microstrip-fed antenna includes a symmetrical double G-shaped radiator and slotted 
ground plane. The antenna covers the standard bands; Personal Communications Service 
(PCS), Wireless Local Area Netwrok (WLAN), Bluetooth, Worldwide Interoperability for 
Microwave Access (WiMAX), High Performance Radio Local Area Network (HIPERLAN), 
IEEE 802.11a, and Digital Cellular Service (DCS). Another planar omnidirectional antenna 
for multiband operation is presented in [33]. The antenna includes a slotted ground plane, a 
T-shaped radiator, meandered and open circuit strips to cover the standard bands PCS, 
Universal Mobile Telecommunications System (UMTS), Wireless Broadband Internet 
(WiBro), WLAN, Bluetooth, WiMAX, and DCS.   
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A planar antenna omnidirectional with UWB performance and dual band-notched 
characteristics is proposed in [34]. The main features of the antenna are the compact 
dimensions and omnidirectional radiation across the whole band of operation. The radiator of 
the antenna is a slotted square patch. The ground plane is located at the bottom layer, which 
also includes a Q-shaped conductor-backed plane used to widen the impedance bandwidth. 
Dual band-notched characteristics are achieved by an inverted T-shaped strip inside the 
slotted radiator and a pair of mirror inverted L-shaped slots at the two sides of the radiator. 
The suppression of the undesired two sub-bands is achieved with more than 20 dB of 
attenuation without any impact on the desired passband.   
2.4 Directional Couplers and Associated Systems (Papers# 35 to 52) 
Directional couplers can be simply described as a reciprocal four-port passive network. They 
are used to couple part of a microwave signal from the main transmission line into the 
coupled line with the required amplitude, but with a quadrature phase with respect to the 
signal in the main line. They are commonly used in microwave instrumentations, amplitude, 
phase and frequency discriminators, balanced amplifiers, balanced mixers, feeding networks 
of antennas, and many other applications. In addition, they are essential for developing cost-
effective measurement equipments. The recent trend in designing directional couplers for the 
abovementioned applications requires planar structure, compact size, low cost, low insertion 
loss, and stable phase performance across the required wide bandwidth. 
The author develops clear design procedures for that crucial component of any wideband 
microwave system with high stability in the overall performance across the whole band of 
operation. One of the proposed procedures adopts the broadside-coupled multilayer 
technology to achieve the required ultra wideband performance with a compact and cost-
effective product [35], [36]. The presented design is especially suitable for the modern 
multilayer structures, such as laminated multi-chip modules and low temperature co-fired 
ceramics. The other important feature of the proposed approach is the possibility of using the 
coupling factor as a controller to customize the frequency range, delay, and phase range. 
With that approach, it is possible to develop compact devices each cost a fraction with 
superseded performance and much less size compared with a commercial rack of 
interconnected devices. To optimize the performance of broadside couplers, the effects of 
using different shaped of coupled structures [43] and different substrates [47] are 
investigated. The proposed broadside couplers are used by the author to build several key 
microwave devices and sub-systems, such as multi-port sub-system [37], transitions [38], 
[39], [44], modulators [48], and crossovers [49], [51], [52]. 
The other design approach of wideband directional couplers is based on using parallel-
coupled lines in combination with a slotted ground structure and/or lumped elements [40], 
[41], [45], [46]. This low-cost approach is perfectly suitable for building directional couplers 
and other related devices using the printed-circuit-board technology. The author also uses the 
direct-coupled branch-line structure to build distortion-less crossovers for high power 
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applications [50]. The author presents the complete theory for designing directional couplers 
utilizing parallel-coupled lines for wideband applications in [42].  
A brief explanation of the contents of each paper is given hereafter in a chronological order. 
A simple design method for a class of compact couplers, which offer coupling in the range of 
3–10 dB over a UWB frequency band from 3.1 to 10.6 GHz, is presented in [35]. The 
proposed couplers are formed by two elliptically shaped microstrip lines, which are broadside 
coupled through an elliptically shaped slot. The method is based on the modern multilayer 
technology. The UWB coupling is accompanied by an isolation and return loss in the order of 
20 dB or better.  The proposed method in [35] is extended in [36] to cover wider bandwidths 
extending from 2.3 GHz to 12.3 GHz with more than 23 dB of isolation and return loss. 
As an application for the multi-layer couplers proposed by the author, multi-port devices, 
which are the main sub-systems for microwave measuring equipments, are designed [37]. 
Two types of compact fully integrated six-port devices that operate across the UWB 
frequency range are explained. These devices designed as microwave vector voltmeters are 
suitable for the mass production as they are assembled without using wire vias or crossovers.   
Clear design guidelines for a UWB aperture-coupled vertical microstrip-microstrip transition 
are presented in [38] and [39] using two different approaches. The design is suitable for the 
recent trend in the design of microwave monolithic microwave-integrated circuits through the 
use of low temperature co-fired ceramic circuits. The proposed transition uses broadside 
coupling between elliptical-shaped microstrip patches at the top and bottom layers via an 
elliptical-shaped slot in the mid-layer. The theoretical analyses included in the papers are 
used to derive the required dimensions for the best performance concerning the insertion loss 
and the return loss over the maximum possible bandwidth.   
In a different approach that is suitable for compact uniplanar systems, the design of an edge-
coupled quadrature directional coupler, which has a broadband performance and relaxed 
coupled-line spacing, is presented in [40]. A slotted ground plane is used underneath the 
coupled region in order to relax the requirement for a narrow slot between the coupled lines. 
The broadband coupling is accompanied by a high isolation and return loss across the band 
from 3 GHz to 10 GHz. To improve the isolation and return loss performances even further 
and to extend the band, a floating-potential ground plane conductor is used underneath the 
coupled region as explained in [41].   
A comprehensive theory for the design of directional couplers utilizing parallel-coupled lines 
is presented in [42]. The conformal mapping based theory aims at avoiding the use of brutal-
force optimization of commercial full-wave electromagnetic solvers that is very involving 
and does not give any physical insight into the effect of each design parameter on the overall 
operation of the coupled structure. In the derived theory, closed-form solutions are derived 
for the mode impedances of the main types of parallel-coupled microstrip lines.   
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A theoretical model is proposed in [43] to investigate the effect of the tapering shape on the 
performance of broadside-coupled directional couplers. The model also shows that a proper 
choice of the tapering shape can result in a significant improvement in the performance 
across a wide bandwidth.   
A vialess vertical microstrip-to-coplanar waveguide (CPW) transition that covers a six-octave 
bandwidth is proposed in [44]. The proposed transition utilizes the magnetic coupling in a 
pair of mcirostrip-to-slotline transitions derived from the microstrip/CPW structure. The 
presented device is designed following simple design guidelines.   
Closed-form methods for designing a microstrip coupler that has a simple planar structure, 
tight coupling, practical dimensions, and UWB performance are presented in [45] and [46]. 
According to the proposed methods, the coupled microstrip structure is divided into three 
sections. A theoretical model based on the even-odd mode analysis of four-port networks is 
derived and used to find the optimum length and coupling factor for each of those sections to 
get an ultra-wideband performance. According to the model in [45], the central section is 
designed to have a tight coupling by utilizing a slotted ground plane and one lumped 
capacitor, whereas the two side sections have loose coupling. The proposed method in [46] 
assumes three lumped capacitors connected at the center of the coupled structure without the 
need to use slotted ground.   
The effects of the thickness and permittivity of printed circuit boards on the performance of 
UWB microstrip-slot couplers are investigated in [47]. It is shown that the wideband 
operation of this type of couplers is predominantly dependent on the substrate’s thickness and 
to a lesser degree on the substrate’s permittivity. The degradation in performance is observed 
for an increased substrate thickness and is explained by the presence of higher order modes. 
When the substrate thickness is fixed to a small value and the cutoff frequency of the higher 
mode is outside the investigated band, there is an optimal permittivity, which offers the best 
performance.   
The operation of a compact six-port network operating as a quadrature phase shift keying 
(QPSK) modulator with a wide operational bandwidth is presented in [48]. The modulation is 
accomplished using two novel types of single layer six-port networks. The designed six-port 
modulators offer accurate QPSK symbol modulation at a symbol rate of 400 Msymbols/s 
across an octave bandwidth. 
The design of a wideband crossover that includes a pair of two-port and another pair of four-
port microstrip-slotline transitions is presented in [49]. The utilized transitions are designed 
such that the resultant planar crossover has high isolation and return loss, and low insertion 
loss and deviation in the group delay across a wideband. The device has less than 0.5 dB 
insertion loss, more than 15 dB return loss and isolation across 40% fractional bandwidth. 
A microwave crossover using a dual-mode microstrip patch is presented in [50]. The patch is 
designed to operate at two orthogonal modes. Each of those modes is used to couple a pair of 
face-to-face ports. The isolation between the two orthogonal modes is enhanced by using 
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symmetrical slits in the microstrip patch. The designed crossover has the main features of 
high-power handling capability and distortion-less response due to its extremely low group 
delay deviation. A prototype is designed to operate at the WLAN band with less than 0.06 ns 
deviation in the group delay, and less than 1 dB insertion loss across the whole band. In other 
approaches to extend the band of crossovers with enhanced isolation, two pairs of microstrip 
to coplanar waveguide transitions are utilized as explained in [51], whereas a crossover based 
on slotted microstrip patch is presented in [52].   
2.5 Power Dividers and Associated Systems (Papers# 53 to 68) 
Power dividers are used to divide microwave signals at an input port between two or more 
outputs with the required phase and amplitude. They are widely used in antenna feeds, 
balanced amplifiers, phase shifters, automatic signal level control, signal monitoring, and 
many other applications. Properly designed power dividers are required to have compact size, 
planar structure, low cost, low insertion loss, and stable phase across the required wide 
bandwidth. 
The author extends his method used in the development of directional couplers to the design 
of different types of microwave power dividers with very high stability in the performance 
(phase and amplitude) across the whole wideband of operation. The design procedure adopts 
different approaches to realize UWB performance with compact and cost-effective products. 
One of the utilized methods by the author includes using broadside-coupled multilayer 
structures that are especially suitable for the modern multilayer structures as explained in 
[53], [54], [56]-[61], and [64]. In another approach, slotted ground structures in printed 
circuits for the low-cost printed circuit board technology are presented in [55], [62], [64], and 
[65]. The use of parallel-coupled lines to build wideband power dividers is presented in [63], 
[66], and [67]. Using those approaches, it is possible to develop compact devices each costing 
less than one tenth of the commercial rack of interconnected devices that needs a space that is 
tens of times larger. As an application of the proposed design techniques, a microwave sub-
system multiport devise is built and tested [68]. 
A brief explanation of the contents of each paper is given hereafter in a chronological order. 
A compact three-way power divider with UWB behavior is presented in [53]. The proposed 
divider utilizes broadside coupling via multilayer microstrip/slot transitions of elliptical 
shapes. The device has better than 17 dB return loss and 15 dB isolation across the band 3.1-
10.6 GHz.   
The design of a multilayer out-of-phase power divider with a UWB performance is presented 
in [54]. The device employs two dielectric substrates with a common ground plane. A 
transition from a parallel stripline to two microstrip lines is formed to divide the power 
equally with 180° phase difference from a stripline input port to two microstrip output ports. 
The proposed divider shows equal power division with high stability of phase, low insertion 
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losses, and fine isolation between the two output ports across the band from 3 to more than 11 
GHz. 
The design of a compact out-of-phase uniplanar power divider operating over a UWB 
frequency band is presented in [55]. To achieve an out-of-phase signal division over a large 
frequency range, a T-junction formed by a slotline and a microstrip line accompanied by 
wideband microstrip to slotline transitions are employed.   
The work in [56] describes the design of a planar 180° hybrid with UWB performance. The 
device employs two substrates with a common ground plane and various microstrip-slot 
transitions to achieve in-phase and out-of-phase signal division. Simple design guidelines are 
used to find the required dimensions of the structure. The performance of the proposed device 
reveals a well balanced power split accompanied by an almost ideal 180° and 0° differential 
phase shift across the band from 3.1 to more than 11 GHz.   
In the paper [57], the design of a planar out-of-phase power divider in microstrip/parallel 
stripline technology for UWB applications is presented. As for other multilayer devices, it 
employs two substrates with a common ground plane. A coupling between two microstrip 
lines on the top and bottom substrate layers through a slot in the ground plane, and a suitable 
transition from two microstrip lines to a parallel stripline are used to achieve an UWB 
operation.  
A closed-form method to design arbitrary three-way power dividers with UWB performance 
and compact structure is explained in [58]. The proposed devices utilize a broadside-coupled 
structure, which has three asymmetric coupled layers. The design approach exploits the three 
fundamental modes of propagation: even–even, odd–odd, and odd–even, and the conformal 
mapping technique to find the coupling factors between the different layers. The method is 
used to design three-way power dividers that have different power ratios.   
A broadband inphase power divider utilizing broadside microstrip/slot for the C-band (4–8 
GHz) that is widely used by satellite systems is presented in [59]. The device is especially 
suitable for the modern multilayer technology, where the output ports are located at different 
layers.   
The paper [60] includes the design of UWB multilayer inphase power divider with compact 
structure. The divider utilizes broadside coupling via a multilayer microstrip/slot 
configuration. The device has about 20 dB return loss, and 10 dB isolation across the 
frequency band 3.1–10.6 GHz. The performance of the device proposed in [60] is then 
improved concerning the isolation and phase imbalance by including a suitable isolation 
resistor as explained in [61].   
A UWB uniplanar inphase power divider is presented in [62]. The proposed device utilizes a 
T-microstrip junction combined with an electromagnetic coupling between a slotted ground 
plane and an elliptical patch at the centre of the T-junction. A resistor is also used to enhance 
the isolation between the output ports of the power divider.   
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A UWB compact equal-power three-way divider is presented in [63]. The proposed device 
utilizes simple, three parallel-coupled microstrip lines. In order to enable the use of practical 
gaps between the tightly coupled lines, slotted ground plane and lumped capacitors, which 
are connected symmetrically between the two sidelines and the centerline, are utilized. The 
conformal mapping technique is employed to find the dimensions of the device. The 
performance of the device concerning the output power, return loss, and isolation show that it 
operates across the frequency band from 4 GHz to 11 GHz. 
A UWB compact three-way power is presented in [64]. The device utilizes the low-cost 
broadside-coupled microstrip-coplanar waveguide structure. The conformal mapping 
technique is used to find the dimensions of the device.   
The work included in [65] reports the design of a UWB quadrature power divider in 
uniplanar microstrip technology. The compact size and good performance across wideband 
make the device suitable for use in wideband balanced amplifiers. The proposed device uses 
the conventional Wilkinson power divider with one of its output arms equipped with a double 
wireless via acting as a phase adjusting circuit.   
A UWB unequal-split Wilkinson power divider covering the band from 2 GHz to 12 GHz 
with a 2:1 split ratio is presented in [66]. To achieve the UWB characteristics, the 
conventional quarter-wave arms of the divider are replaced by tapered lines that are equipped 
with a carefully designed isolation circuit. Moreover, two extra tapered transformers are 
incorporated at the output ports for matching purposes as the designed divider is of unequal-
split type.   
The paper [67] includes the design of a tunable wideband three-way power divider that is 
useful in adaptive transmitting arrays. The design is based on using three stepped-impedance 
coupled microstrip lines that have controllable coupling factors, and thus a variable signal 
ratio at the three output ports. The variation in the coupling factors is achieved by using two 
varactor diodes that are connected between the central coupled line and each of the side lines. 
The biasing voltages of the varactor diodes are used to control their capacitors and thus to 
achieve the required output signal ratios. A signal flow analysis is used to predict the 
performance of the proposed device, whereas the conformal mapping technique is used to 
obtain the required dimensions of the coupled structure and the varactors’ capacitors.    
The design of a wideband six-port network constituted by in-phase and quadrature power 
dividers is presented in [68]. To achieve a wideband operation of the quadrature divider, the 
device uses a 90° phase shifter in the form of a double vertical wireless interconnect that 
utilizes microstrip to coplanar waveguide transitions. The designed six-port network offers 
wideband performance in terms of amplitude and phase characteristics across the frequency 
band from 3.5 to 9 GHz.  
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2.6 Microwave Filters (Papers# 69 to 77) 
Filters are used literally in any electrical system to provide a safe passage for the desired 
signals and to block the undesired signals, such as noise, interference, spurious responses, 
harmonics ...etc. To meet the needs of modern microwave systems, microwave filters should 
have planar easy-to-manufacture structure, compact size, low cost, low insertion loss across 
their passband, and sharp cutoff at their stopbands. 
Regarding wide bandpass filters (BPF), the author utilizes multilayer broadside coupled 
microstrip patches to achieve an ultra-wideband performance with low cost, low insertion 
loss, high efficiency and compact size as explained in [69], and [72]. The author’s design 
approach responds to the modern trend in manufacturing where the multilayer technique is 
much preferred from the integration, reproducibility, compactness and efficiency 
perspectives. Since some UWB systems require notching certain sub-bands to avoid any 
interference with other nearby narrowband systems, the author modified the structure of [69] 
to build bandstop filters [70].  
In another approach that is suitable for low-cost printed-circuit board based systems, the 
author uses tapered resonators [71], slotted ground structures [73], and parallel-coupled lines 
[75] to build BPFs with UWB passband. For microwave front-ends that need lowpass filters 
(LPF) to cancel any undesired harmonics due to the mixers and other stages, the author 
designs LPFs using slotted ground structures [76].  
Due to the huge interest in using multi-standard devices, there is an urgent need for planar 
tunable filters that can be adjusted for the required frequency of each application or standard. 
Thus, the author modifies the structure used in [76] to build tunable filters using a simple 
printed circuit technology with the latest generation of microwave switching diodes [77]. The 
result of the proposed approach is low cost and compact filters with the capability to cover a 
wide range of frequency bands. 
The recent trend in designing noise-immune microwave systems requires the use of balanced 
differential feeders at the input and output ports of the devices. Thus, the author uses multi-
layer coupler structure to build balanced bandpass filter with UWB performance as explained 
in [74].  
A brief explanation of the contents of each paper is given hereafter in a chronological order. 
The design of planar BPFs with UWB behavior is presented in [69]. The proposed filters 
utilize broadside coupling between elliptical-shaped microstrip patches at the top and bottom 
layer of the filter’s structure via an elliptical slot located at the mid layer, which contains the 
ground plane. A theoretical model is presented to explain performance of the suggested 
filters. Results of calculation show that the utilized structure can be used to build UWB BPFs 
with a flat group delay, which makes the presented configuration a good candidate for very 
narrow pulse transmission/reception. A design procedure for multisection broadside-coupled 
filters is explained. The developed devices have a 3 dB insertion loss bandwidth from 3.1 to 
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10.6 GHz with less than 1 dB insertion loss at the center of the passband, a sharp cutoff 
stopband, and a flat group delay within the passband. 
A multilayer broadside-coupled microstrip-slot-microstrip structure is used in [70] to design a 
bandstop filter with a wide passband for UWB applications. The design procedure for the 
filter is based on the conformal mapping technique and the even- and odd-mode analysis. The 
theoretical analysis indicates that value of the coupling factor between the top and bottom 
layers of the structure can be used to control the width of the stopband, whereas centre of that 
band can be controlled by the length of the coupled structure. To limit the passband of the 
proposed bandstop filter to 3.1-10.6 GHz, which is the specified bandwidth for UWB 
systems, a broadside-coupled bandpass filter is integrated with the device.   
A compact planar BPF is designed in [71] using a tapered slot resonator that is formed using 
two tapered slot antennas connected in a face-to-face configuration. The tapering profile and 
dimensions of the resonator control the characteristics of the filter. Passbands of 30–50% 
centred at about 6 GHz with an insertion loss of less than 1 dB and a peak-to-peak group 
delay of less than 0.5 ns are achieved in two filters having different tapering profiles. The use 
of an open-ended series stub within the coplanar waveguide feeder of the filters extends their 
high stopband beyond 15 GHz. 
A BPF that uses broadside-coupled structures and covers the UWB frequency range   is 
presented in [72]. It utilizes a broadside-coupled microstrip-slot-microstrip structure with 
embedded low-pass filter to achieve the required UWB performance. The filter has about 0.4 
dB insertion loss, more than 17 dB return loss, and less than 0.3 ns peak-to-peak deviation in 
the group delay across the UWB passband. The filter has a wide high cutoff band that extends 
beyond 20 GHz.   
BPFs that cover the frequency range (3.1–10.6 GHz) are presented in [73]. The filters utilize 
broadside-coupled microstrip–coplanar waveguide making them suitable for printed circuit 
board technology. To achieve a wide upper stopband, radial slots and stepped impedance 
resonators are employed either to suppress or to relocate the harmonic responses outside the 
band of interest. The presented design procedure relies on the quasi-static analysis and 
conformal mapping. The proposed filters have a wide upper stopband that extends above 20 
GHz, a compact size and less than 0.1 ns peak-to-peak variation in the group delay across the 
passband. 
A broadside-coupled structure is used to design balanced BPF with ultrawideband 
performance as described in [74]. The top and bottom layers of the structure contain tapered 
microstrip patches. Those patches are coupled via tapered slots in the ground plane, which is 
located at the middle layer. The employed structure operates as a BPF in the differential-
mode, whereas it operates as an all-stop filter in the common-mode. The filter has a passband 
extending across 123% fractional bandwidth, a sharp and wide upper stopband that extends 
beyond 20 GHz, and a sharp lower stopband. The filter suppresses the common-mode signals 
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by more than 24 dB across the whole abovementioned band. The designed filter reveals a 
distortionless performance in the time domain with only 0.1 ns peak-to-peak variation in the 
group delay. 
A closed-form method based on parallel-coupled structures is presented in [75] to design 
microstrip bandpass filters with UWB performance, wide stopband, and practical dimensions. 
According to the proposed method, three subsections of different lengths and coupling factors 
are connected to form a stepped-impedance structure. A theoretical model is derived and used 
to find the optimum length and coupling factor for each of those subsections for an UWB 
passband and suppressed second and third harmonic responses in the stopband. The required 
performance is realized by generating and proper positioning of three transmission zeros in 
the upper stopband and three transmission poles in the passband. The derived model shows 
that the total length of the three-subsection coupled structure is one-third of the effective 
wavelength at the center of the passband. The theoretical model is used to find the required 
design values for the whole structure. The presented method is validated by building a BPF 
that has a UWB passband with less than 1 dB insertion loss and a wide upper stopband that 
extends up to 28 GHz. 
The paper [76] describes a lowpass filter utilizing a single-substrate microstrip/coplanar 
waveguide broadside-coupled structure. The main features of the proposed filter are the 
extremely wide stopband, sharp cutoff response, compact size and closed-form design 
procedure. The theory of operation for the proposed filter is presented, its design procedure is 
derived and its performance is explained. The filter shows a negligible radiation, flat group 
delay and a sharp and wide stopband that is larger than 14 times the 3 dB cutoff frequency of 
the filter. The length of the coupled structure required to build the filter is less than 6% of the 
effective wavelength calculated at the cutoff frequency. 
The design presented in [76] is modified to make the filter tunable as explained in [77]. The 
tuning capability of the filter is enabled by using two varactor diodes connected between the 
coupled lines to change their -mode impedance. The performance of a prototype shows a 
cutoff frequency tuning range from 1.5 GHz to 2.5 GHz and a stopband that extends to 25 
GHz. 
2.7 Phase Shifters (Papers# 78 to 84) 
Phase shifters are common microwave devices widely used to control the phase of 
microwave signals in mobile satellite systems, microwave instrumentation and measurement 
systems, modulators, noise cancellation systems, frequency converters, electronic beam-
scanning phased arrays, microwave imaging and many other industrial applications.   
Phase shifters are required to have compact size, low cost, and low insertion loss across the 
required bandwidth. The size of the phase shifters has become a crucial parameter in their 
design, especially since the recent adoption of phased array in the design of portable 
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microwave devices, such as mobile handsets, due to the limited available space. Moreover, 
the cost of the utilized phase shifters should be as low as possible for obvious economical 
reasons. In addition, the level of the insertion loss caused by the utilized phase shifters is a 
key factor that defines the overall performance of modern microwave systems with large 
dynamic ranges. A significantly high insertion loss of phase shifters used in a transmitter 
causes a significant reduction in the level of transmitted power, whereas it causes a serious 
degradation in the signal to noise ratio when the phase shifter is part of a receiver. Both of 
those effects reduce the dynamic range significantly of even the best designed systems.  
The author derives a closed-form method to exploit the broadside coupling between different 
layers of a multi-layer coupled structure to build compact and cost-effective phase shifters 
with low insertion loss and extremely wideband performance [78], [81]. The author develops 
a complete design procedure for that crucial component of any UWB system with very high 
phase stability in performance across the whole band of operation. To serve the need of 
wideband microwave systems that are based on the printed circuit technology, the author 
proposes different configurations using  parallel coupled structures [79], or slotted ground 
planes [80], [82].  
Due to the recent trend in designing multi-standard microwave systems, tunable phase 
shifters have become a crucial building element in those systems. The author presents two 
different configurations of tunable phase shifters that have wide phase tenability across a 
wide frequency band. The presented devices are based on using a combination of parallel-
coupled structures and slotted ground planes as explained in the papers [83] and [84].   
A brief explanation of the contents of each paper is given hereafter in a chronological order. 
A method with clear guidelines is presented in [78] to design compact planar phase shifters 
with UWB characteristics. The proposed method exploits broadside coupling between top 
and bottom elliptical microstrip patches via an elliptical slot located in the mid layer, which 
forms the ground plane. A theoretical model is used to analyze performance of the proposed 
devices. The derived method is used to design 30° and 45° phase shifters that have compact 
size. The designed phase shifters achieve better than ±3° differential phase stability, less than 
1 dB insertion loss, and better than 10 dB return loss across the UWB. 
The design of a fixed phase shifter for C-band applications is presented in [79]. The proposed 
device is composed of two parts: a quadrature 3 dB directional coupler and the Wilkinson 
combiner. The quadrature coupler used in the proposed phase shifter is based on the edge-
coupled microstrip lines with a slotted ground plane to make the gap required between the 
coupled lines feasible. A prototype device shows 45°± 5° fixed phase shift across the band 4–
8 GHz with less than 1 dB insertion loss and better than 12 dB return loss at the centre of the 
C-band. The designed device also shows a flat group delay, which enables its use in systems 
with narrow pulse transmission/reception and high data rates.   
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A method to design planar and compact phase shifters with broadband characteristics is 
presented in [80] and [81]. The device included in [80] is based on the slotted ground 
structure, whereas the device explained in [81] uses a broadside-coupled microstrip-coplanar 
waveguide.  A design procedure based on the conformal mapping theory is used to predict the 
physical dimensions of the structures for a certain phase shift. The method is used to design 
45°, 60° and 90° phase shifters using the two different techniques. The developed phase 
shifters achieve 3 to 11 GHz bandwidth with low phase instability (±2° in one approach and 
±3 in the other), very low insertion loss, high return loss, and a compact size. 
The use of double microstrip-slot transitions to build a planar phase shifter is explained in 
[82]. The device exhibits broadband performance and offers compatibility with ordinary 
microstrip circuits. The method is used to develop ±90° phase shifters with more than 14 dB 
return loss across the band from 3.1 GHz to 11 GHz.   
A complete design method for a tunable phase shifter that employs a short section of parallel-
coupled microstrip lines is presented in [83]. The variation in the phase is achieved by 
changing the odd-mode impedance of parallel-coupled microstrip lines using a varactor diode 
that is connected between them. A derived theoretical model shows that a unit-cell phase 
shifter of around one-tenth of the guided wavelength can be utilized to achieve a continuously 
tunable phase range in excess of 90° depending on the required bandwidth and acceptable 
insertion loss. The proposed method shows that in order to achieve the required tunable phase 
range across a wideband, high even-mode impedance is needed. A slotted ground structure is 
utilized underneath the coupled structure to realize that target. The proposed method is 
validated by building a phase shifter that has a very small length of around one-twentieth of 
the wavelength with 45° tunable phase range and about 1 dB insertion loss across the band 2 
GHz-2.5 GHz.  
In the design of traditional reflection-type phase shifters, the coupler which represents the 
shifter’s backbone is usually assumed to be a quarter-wavelength 3 dB coupler. In the paper 
[84], the author presents a theoretical model to show that for certain values for mode 
impedances, a coupled structure with a length that is less than one tenth of a wavelength is 
enough to build a high performance reflection phase shifter. The presented analysis indicates 
that reflection phase shifters can be designed with a more compact size and larger phase 
range compared with the conventional method of using a quarter-wavelength 3 dB coupler. 
To realize the required mode impedances when using parallel-coupled lines, a slotted ground 
and one shunt chip capacitor are used.  The performance of a prototype shows the capability 
to achieve 360° tunable phase range with less than 1.5 dB of insertion loss across 36% 
fractional bandwidth by using two coupled sections of total length that is less than one 
seventh of the wavelength.   
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2.8 Concluding Remarks 
The last decade has seen remarkable developments in Microwave Engineering. The interest 
from both the industry and the academia has been increasing quite rapidly in the design of 
wideband passive microwave devices of planar structures in specific. That interest is 
underpinned by the increased need for wideband microwave systems to meet the huge range 
of applications that grow by the day. The works described herein represent considerable 
original contributions of international significance to the field. There is no doubt that the pace 
of development in the wideband passive microwave devices will continue into the foreseeable 
future. 
 
Amin Abbosh 
October, 2012. 
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4. CONCLUSION
A broadband and high-gain microstrip slot antenna backed by a
ground plane has been presented. By choosing the design param-
eters of the proposed structure, the antenna achieves about 102%
impedance bandwidths of VSWR 2 and the basically stable
radiation patterns across the whole bands. Furthermore, the pro-
posed antenna obtains high gain of 5.5–7.8 dB, which has an
average enhancement of 2.5 dB compared with the slot antenna not
backed by a ground plane. As this antenna has broad bandwidth,
high gain, low proﬁle, and is lightweight, it is suitable for appli-
cations in military electronic countermeasure, commercial com-
munications, and other wideband systems.
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ABSTRACT: The design of an ultra-wideband planar tapered slot an-
tenna for use in a circular cylindrical microwave imaging system is pre-
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Figure 6 Radiation patterns at f  5 GHz
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sented. The antenna was designed assuming high dielectric substrate
material Rogers RT6010LM to achieve its compact size. The developed
antenna element (50  50 mm2) features a 10-dB return loss bandwidth
from 2.75 GHz to more than 11 GHz. The gain of the antenna is be-
tween 3.5 and 9.4 dBi over the 3–10 GHz band. The experimental tests
showed that the manufactured antenna element supports transmission of
narrow pulses with negligible distortions, as required in the microwave
imaging system. © 2006 Wiley Periodicals, Inc. Microwave Opt Technol
Lett 48: 2212–2216, 2006; Published online in Wiley InterScience (www.
interscience.wiley.com). DOI 10.1002/mop.21906
Key words: UWB antennas; microwave imaging; microstrip antennas;
gain
1. INTRODUCTION
Recently, microwave imaging has received a considerable amount
of interest with respect to the task of detection and location of
malignant tissue in the woman’s breast [1–6]. A microwave im-
aging system is considered as a viable alternative to X-ray mam-
mography due to its several advantages such as cost and insignif-
icant side-effects. Microwave imaging involves the propagation of
very low levels (1000 times less than a mobile phone) of micro-
wave energy through the breast tissue. The basis for tumor detec-
tion and location is the difference in the electrical properties of
normal and malignant breast tissue. Normal breast tissue is largely
transparent to microwave radiation, while the malignant lump
contains more water and blood, resulting in microwave signal back
scattering. This scattered signal can be picked up by a microwave
antenna and can be analyzed using a computer [5].
In general, two approaches are used with respect to detecting
cancerous tissue. In one approach, known as microwave tomogra-
phy [1–3], a forward and reverse electromagnetic ﬁeld problem is
solved to detect and locate a tumor in women’s breast. Each of
these problems is solved at a single frequency; however, it has
been found that a multiple-frequency approach enhances the de-
tection process [3].
An alternative approach is microwave imaging, which involves
generating and receiving short pulses for the various locations of a
probe antenna or alternatively by an array antenna [4–6]. Such
short pulses can be generated in practice by applying a step-
frequency pulse synthesis technique [7]. The space or time-domain
representation is then achieved using an inverse fast Fourier trans-
form. The processed signals for the various locations of a probe
antenna or from array elements are combined to form a two- or
three-dimensional (3D) image showing the location of highly
reﬂecting objects representing a cancerous tissue [7].
The multiple-frequency tomography approach and the radar
technique require the use of ultra-wideband (UWB) antenna ele-
ments preferably in the planar format. Many designs of UWB
antennas have recently been reported with respect to UWB com-
munications. Most of these antennas represent some form of planar
monopole, and they include rectangular and circular shapes
[8–10]. An alternative UWB planar antenna element, which ﬁnds
use in radar applications, is a uniplanar or antipodal Vivaldi
antenna [11].
The present designs of these antennas do not make them
straight-forwardly applicable to microwave imaging applications.
The reasons are as follows: UWB planar monopoles for use in
UWB communication applications feature an omnidirectional ra-
diation pattern and low gain. If one attempts to use them in a
microwave imaging system, the dynamic range is sacriﬁced. In
turn, Vivaldi antennas designed for radar applications usually
exhibit high directivity and this is accomplished by using large
physical size. Such large antennas are difﬁcult to accommodate in
a microwave imaging system.
In the recently reported microwave imaging systems for breast
cancer detection, resistively loaded monopoles [3, 5] and miniature
pyramidal horn antennas [5, 6] have been used. The shortcoming
of the resistively loaded monopoles is that in addition to having
inherently low directivity (they do not focus their beam), they
incur power losses, which adversely affect the dynamic range of
the microwave instrumentation. In turn, the miniature pyramidal
horns, which are capable of focusing power on the imaged object,
are elaborate to manufacture.
This article addresses the shortcomings of the present genera-
tion of antennas used in UWB imaging systems by designing a
compact planar UWB antenna element of moderate gain. The
proposed antenna element is in the form of a planar tapered slot
made of a high dielectric constant substrate material to achieve its
compact size. It features a very low loss across the desired band,
and its radiation efﬁciency exceeds 90% with a relatively high
gain. The design of UWB antenna as proposed in this article is
accomplished using simple design formulas. This is an advantage
with the previously reported UWB antenna designs [8–11] relying
on a trial and error method and simulation tools. The presented
design offers a compact antenna size, the topic not addressed in
[11] while designing Vivaldi type antennas.
The paper is organized as follows. Section 2 describes the
conﬁguration of the circular cylindrical microwave imaging sys-
tem. Section 3 describes the design procedure of an UWB antenna
for inclusion in this array. Section 4 shows the performance data of
the designed antenna obtained by both simulation using Ansoft
HFSS and measurements. Finally, Section 5 concludes the article.
2. PROPOSED CIRCULAR CYLINDRICAL ANTENNA ARRAY
Figure 1 shows the conﬁguration of a microwave imaging system
including a circular array of UWB planar antenna elements. In this
system, one of the antennas is used to transmit a microwave signal,
while the rest of the antennas in the array receive the scattered
signal. The measured data are collected and then the measurement
procedure is repeated with the second antenna transmitting the
signal, while the remaining ones are used for receiving the scat-
tered signal. This process is continued until all antennas in the
array perform the transmitting role. Note that the antenna array can
be moved up and down automatically via a computer-controlled
high-precision linear actuator to facilitate the collection of data for
creating a 3D object image.
Figure 1 Conﬁguration of a microwave imaging system including a
circular array of wideband antenna elements. [Color ﬁgure can be viewed
in the online issue, which is available at www.interscience.wiley.com]
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3. ANTENNA DESIGN METHODOLOGY
The conﬁguration of a planar tapered slot antenna which is aimed
for inclusion in an UWB microwave imaging system is shown in
Figure 2. It is in the form of antipodal Vivaldi antenna [11]. The
design objective is to obtain a compact size while preserving
operation over the bandwidth of 3.1–10.6 GHz. This is the allow-
able frequency band for UWB applications [12]. To reduce the
time and effort needed in the trial-and-error strategy adopted by
other papers, we propose a simple design procedure of this an-
tenna, whose validity is conﬁrmed by EM simulations and mea-
surements. The design steps are as follows.
Step 1: Given the lowest frequency of operation (f1), thickness
of the substrate (h) and its dielectric constant (r), the width (w)
and length (l) of the antenna structure excluding the feeder can be
calculated using Eqs. (1) and (2).
w  l 
c
f1 2r 1, (1)
where c is the speed of light in free space.
Step 2: The ﬁrst radiating structure of the antenna is formed
from the intersection of quarters of two ellipses. The major radii
(r1 and r2) and the secondary radii (rs1 and rs2) of the two ellipses
are chosen according to the following equations
r1 w/ 2, (2)
r2 w/ 2  wm, (3)
rs1 l a, (4)
rs2 0.38r2. (5)
The parameter a is used to control the lowest frequency of oper-
ation.
Step 3: The width of the microstrip transmission feeder wm to
give the characteristic impedance, Z0  50 , can be calculated
using the following equations [13]:
For wm/h  1
Z0
60
me ln8hwm wm4h , (6a)
and for wm/h  1
Z0
120
mewm/h1.390.67 lnwm/h1.44) , (6b)
where the effective dielectric constant for the transmission line,
me is given by
me
r 1
2 
r 1
2*1 12h/wm . (7)
Step 4: The part including a ground plane of the antenna is similar
to that of the ﬁrst radiating element of the antenna. This part is a
tapered-structure formed from the intersection of a rectangular
conductor with two antifaced quarter ellipses with dimensions r2
and rs2. To improve the impedance matching of the antenna, the
ground plane is extended by yg.
Figure 2 Conﬁguration of the proposed planar tapered slot antenna. (Parameters: w  59.6 mm, ld  59.9 mm, wf  0.5 mm, yf  12.9 mm, r1  29.8
mm, r2  29.3 mm, rs1  1.67, rs2  0.38, yg  1.8 mm, h  0.635, and a  0.28). [Color ﬁgure can be viewed in the online issue, which is available at
www.interscience.wiley.com]
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4. ANTENNA PERFORMANCE
The validity of the presented design is tested by designing an
antenna covering the UWB frequency band from 3.1 to 10.6 GHz.
The design assumes Rogers RT6010LM substrate, featuring a
dielectric constant of 10.2 and a loss tangent of 0.0023, 0.64-mm
thickness plus 17-	m-thick conductive coating. The photograph of
the manufactured UWB antenna, which was designed using the
above outlined design procedure, is shown in Figure 3. As can be
seen in Figure 3, the antenna is of a compact size of 50 50 mm2.
The return loss and radiation pattern of the designed antenna is ﬁrst
veriﬁed using a ﬁnite element method design and analysis package
Ansoft HFSS v 9.2. A personal computer with dual Xeon 2.8-GHz
processors and 3.5 GB of RAM is used as a simulation platform.
The developed antenna return losses and radiation pattern are
tested in an anechoic chamber using an HP8530/HP8510 receiver/
network analyzer.
Figure 4 shows the simulated and measured return loss of the
proposed planar tapered slot antenna. As can be seen from the
ﬁgure, the antenna operates from 2.75 GHz to over 11 GHz. The
measured return loss graph closely resembles the simulated result,
which conﬁrms the validity of the design. The far ﬁeld radiation
patterns of the antenna in the two principle planes, xz plane (
 
0) and the yz plane (
  90) are shown in Figure 5 at three
different frequencies. The antenna patterns were measured at 3, 6,
and 9 GHz and the results are shown in Figures 5(a)–5(c), respec-
tively. From the ﬁgure, it can be seen that at the y–z plane,
directivity can be observed for the three measured frequencies. The
front-to-back ratio is at least greater than 11 dB for the three
different measured frequencies, hence, demonstrating the directive
properties of the antenna needed for the proposed imaging system.
The variation of gain with frequency of the antenna is shown in
Figure 6. The simulated and measured gain for the antenna for
Figure 3 Photograph of the manufactured UWB antenna. Left: Upper
layer; Right: Lower layer. [Color ﬁgure can be viewed in the online issue,
which is available at www.interscience.wiley.com]
Figure 4 Return loss performance of tapered slot antenna. [Color ﬁgure can
be viewed in the online issue, which is available at www.interscience.wiley.
com]
Figure 5 Measured radiation patterns of the designed antenna in x–z and
y–z planes (a) 3 GHz, (b) 6 GHz, and (c) 9 GHz. [Color ﬁgure can be
viewed in the online issue, which is available at www.interscience.wiley.
com]
Figure 6 Simulated and measured gain of the antenna. [Color ﬁgure can
be viewed in the online issue, which is available at www.interscience.
wiley.com]
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frequencies between 3 and 10 GHz shows that the minimum gain
is at 3 GHz and its maximum at 7 GHz with a gain of 9.4 dBi.
The last test concerns the ability of the manufactured antenna to
transmit and receive pulses without distortions. In this case, two
identical antennas are used to measure the transmission coefﬁcient
between the two antenna ports in the frequency domain and these
results are transformed (via an inverse Fourier transform) to the
time domain using time-domain capability of HP8510C/HP8530
VNA/receiver. The results for the transmitted and received pulse
are shown in Figure 7, when the two copolarized antennas are
separated by the distance of 45 cm. In this ﬁgure, the received
pulse is scaled, so that its peak value is the same as that of the
transmitted pulse. It can be seen in Figure 7 that the 3-dB width of
the received pulse is equal to that of the original pulse. The pulse
distortion is observed at the magnitude less than 0.1 with respect
to the peak value. This result indicates that the developed antenna
supports narrow pulses almost without distortions, as required in
an UWB imaging system.
5. CONCLUSION
In this article, a method for designing an UWB planar tapered slot
antenna for use in a circular cylindrical microwave imaging system
has been presented. Based on the presented method, a compact
antenna with an extremely wide 10 dB return loss bandwidth from
2.75 GHz to more than 11 GHz has been designed and developed.
This antenna element features directive properties with gain rang-
ing from 3.5 to 9.4 dBi over the required ultra-wideband. The
experimental tests have shown that the manufactured antenna
element supports transmission of narrow pulses without distor-
tions, as required in the microwave imaging system.
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ABSTRACT: In this article, parallel-coupled microstrip line (PCML)
with ground plane aperture is used to improve the stopband perfor-
mance of a stub tuned dual mode ring resonator band-pass ﬁlter (BPF).
The PCML with ground plane structure produces a wide-band band-
pass response, whereas the stub tuned dual mode ring resonator pro-
duces sharp cutoff. The combined ﬁlter produces vastly improved ﬁlter
characteristics. A prototype fabricated BPF having passband center fre-
quency 5.71 GHz has a bandwidth of 40.6%. The upper stopband is ex-
tended over 6 GHz and there is no undesirable passband on the lower
side of the main passband. Skirt selectivity of a single stage ﬁlter is at
least 120 dB/GHz. © 2006 Wiley Periodicals, Inc. Microwave Opt
Technol Lett 48: 2216–2218, 2006; Published online in Wiley Inter-
Science (www.interscience.wiley.com). DOI 10.1002/mop.21934
Key words: band-pass ﬁlter (BPF); parallel coupled-line; ring resona-
tor
Figure 7 Time domain response of the antenna. [Color ﬁgure can be
viewed in the online issue, which is available at www.interscience.wiley.
com]
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ABSTRACT: In this paper, a novel design procedure for designing a
compact UWB antipodal Vivaldi antenna is presented. The antenna op-
erates over the UWB frequency band from 3.1 to more than 10.6 GHz.
Its measured far-ﬁeld radiation is directive and its peak gain is 10.2 dBi
in the speciﬁed band. The antenna pulse response shows negligible dis-
tortion, indicating that it can be useful in a precision ranging and imag-
ing instrumentation. © 2006 Wiley Periodicals, Inc. Microwave Opt
Technol Lett 48: 2448–2450, 2006; Published online in Wiley Inter-
Science (www.interscience.wiley.com). DOI 10.1002/mop.21955
Key words: microstrip antenna; UWB; broadband
1. INTRODUCTION
Ultra-wide band (UWB) antennas have received a signiﬁcant
amount of attention since 2002, due to the approval by the
Federal Communication Commission (FCC) of a 3.1 to 10.6
GHz frequency band for use in UWB communication, measure-
ment, and radar systems [1]. The antenna is one of the essential
components of these systems. Because of the requirement of
small size transceivers, it is often required to have a compact
size. The majority of the compact UWB antennas presented in
the literature exhibit omnidirectional radiation patterns with
relatively low gain and an impulse response with observable
distortion [2]. These types of UWB antennas are suitable for
short range indoor and outdoor communication; however, for
radar systems such as an UWB microwave imaging system for
detection of tumor in woman’s breast [3], moderate gain direc-
tional antenna is advantageous. In addition to an UWB imped-
ance bandwidth, as deﬁned by the minimum return loss of 10
dB, this antenna is required to support the subnanosecond pulse
transmission with negligible distortion. This is necessary to
achieve precision imaging without ghost targets. The unipolar
and antipodal Vivaldi antennas presented in the literature [4, 5]
satisﬁes the requirements for imaging systems in terms of
bandwidth, gain, and impulse response albeit at the expense of
signiﬁcant volumetric size. Therefore, the challenge is to reduce
their physical dimensions such that it can be incorporated in a
compact microwave imaging detection system whilst maintain-
ing its distortionless performance.
In this paper, the design of a compact antipodal Vivaldi an-
tenna, which meets the above-mentioned requirements, is pre-
sented (Fig. 1). The antenna is fabricated on a high dielectric
constant material, Rogers RT6010LM (r  10.2, h  0.64 mm).
The antenna is designed using simple design procedures resulting
into compact antenna, which are veriﬁed using commercial soft-
ware package and experimental tests. The simulation and experi-
mental results show that the antenna covers the required UWB
band of 3.1 to 10.6 GHz and features directive radiation properties.
The duration of the pulse response of the antenna is 1 ns with
negligible distortion making it an excellent candidate for a com-
pact microwave imaging system.
2. CONFIGURATION AND DESIGN STRATEGY
The proposed antipodal Vivaldi antenna for inclusions in an UWB
microwave imaging system [3] is shown in Figure 2. The design
objective is to obtain its compact size whilst maintaining the
bandwidth requirement of 3.1–10.6 GHz. The following design
procedure is proposed and utilized in developing the proposed
antipodal Vivaldi antenna:
2.1. Step 1
Given the lowest frequency of operation (f1), thickness of the
substrate (h), and its dielectric constant (r). The width (w) and
length (l) of the antenna structure, excluding the feeder can be
calculated using Eqs. (1) and (2).
w  l 
c
f1 2r 1, (1)
where c is the speed of light in free space.
2.2. Step 2
The radiating structure of the antenna is formed from the intersec-
tion of quarters of two ellipses. The major radii (r1 and r2) and the
secondary radii (rs1 and rs2) of the two ellipses are chosen accord-
ing to the following equations;
r1 w/ 2  wm/2, (2)
r2 w/ 2  wm/2, (3)
rs1 l a, (4)
rs2  0.6r2. (5)
The parameter a is used to control the lowest frequency of oper-
ation.
2448 MICROWAVE AND OPTICAL TECHNOLOGY LETTERS / Vol. 48, No. 12, December 2006 DOI 10.1002/mop
PAPER [2]
2.3. Step 3
The width of the microstrip transmission feeder Wm to give the
characteristic impedance, Z0  50  can be calculated using the
following equations [6];
wm
120
r
h
Z0
. (6)
The validity of the proposed design methodology is veriﬁed using
the commercial software package, Ansoft HFSS, and experimental
tests.
3. RESULTS
Figure 2 shows the simulated and measured return loss of the
compact (5.2 5.2 cm2) antipodal Vivaldi antenna developed in
Rogers RT6010LM (r  10.2, h  0.64 mm) material. As
shown in Figure 2, the 10 dB return loss bandwidth extends
from 3 to more than 11 GHz covering the required UWB band
of 3.1–10.6 GHz. The simulated result closely resembles the
measured result validating the design procedure of the antenna.
The far-ﬁeld radiation patterns were measured at the two prin-
cipal planes, x–y and y–z at 3, 6, and 9 GHz in an anechoic
chamber. For brevity, only the 3 and 6 GHz patterns are
presented and are shown in Figures 3(a) and 3(b), respectively.
The antenna shows directive properties in the y–z plane (note
that broadside is 90° on the plots) for both the measured
frequency, with front-to-back ratio 16 dB, making it an ideal
candidate for microwave imaging applications. The gain of the
antenna is shown in Figure 4. The ﬁgure reveals a similar trend
between the simulated and measured gain of the antenna. The
measured peak gain is 10.2 dBi and that occurs at 8 GHz.
Finally, the pulse response of the proposed antenna is tested.
Here, two copolarized antennas are separated by the distance of
Figure 1 Conﬁguration of the proposed antipodal Vivaldi antenna. [Color ﬁgure can be viewed in the online issue, which is available at www.
interscience.wiley.com]
Figure 2 Return loss performance of the antenna (parameters: w  l 
52 mm, yf  5 mm, wm  1.53 mm, r1  26.765, r2  25.235). [Color
ﬁgure can be viewed in the online issue, which is available at www.
interscience.wiley.com]
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45 cm and the results of the transmitted and received pulse are
shown in Figure 5. Note that the two pulses are normalized with
respect to their peak values. The ﬁgure reveals that the pulse
duration of the antenna is 0.8 ns. The pulse distortion occurs at
the 0.12 level with respect to the peak level of 1, and thus is
almost negligible. The observed results indicate that the devel-
oped antenna supports narrow pulse almost without distortion
making it an excellent radiator for the purpose of microwave
imaging with high resolution.
4. CONCLUSIONS
A novel design method has been proposed to achieve a compact
antipodal Vivaldi antenna. The designed and developed antenna
operates from 3.1 GHz to more than 10.6 GHz and has directive
radiation properties. The front-to-back ratio of the antenna is
16 dB and its peak gain is 10.2 dBi. The duration of the
impulse response of the antenna is 1 ns with negligible
distortion as required in precision ranging and imaging appli-
cations.
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Figure 4 Simulated and measured gain of the antenna. [Color ﬁgure can
be viewed in the online issue, which is available at www.interscience.
wiley.com]
Figure 5 Time domain response of the antenna. [Color ﬁgure can be
viewed in the online issue, which is available at www.interscience.wiley.
com]
Figure 3 Measured radiation patterns of the antenna in the x–z and y–z planes (a) 3 GHz, (b) 6 GHz. [Color ﬁgure can be viewed in the online issue, which
is available at www.interscience.wiley.com]
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ABSTRACT: A simple method for the design of ultra-wideband anten-
nas in planar format is presented. This method is demonstrated for a
high-dielectric-constant substrate material, which allows for a consider-
able antenna size reduction. Simulations are performed using Ansoft’s
High-Frequency Structure Simulator (HFSS) for antennas assuming Du-
Pont951 (r  7.8) and RT6010LM (r  10.2) substrates. For the
1-mm-thick DuPont951, the designed antenna with 22  28 mm dimen-
sions features a 10-dB return-loss bandwidth from 2.7 GHz to more
than 15 GHz. For the 0.64-mm-thick RT6010LM a 20  26 mm antenna
exhibits a 10-dB return loss bandwidth from 3.1 to 15 GHz. Both anten-
nas feature nearly omnidirectional properties across the whole 10-dB
return-loss bandwidth. The validity of the presented UWB antenna de-
sign strategy is conﬁrmed by measurements performed on a prototype
developed on RT6010LM substrate. © 2006 Wiley Periodicals, Inc.
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1. INTRODUCTION
Recent years have witnessed an increased interest in ultra-wide-
band (UWB) antennas since the adoption of UWB technology by
US-FCC in 2002 [1]. In parallel to interest in UWB antennas,
recent research has also focused on high dielectric multilayer
ceramics, such as low temperature co-ﬁred ceramics (LTCC), to
reduce the size of front end modules in wireless transceivers [2].
Merging the two technologies is a challenging task because inte-
gration requires the development of planar UWB antennas on a
high-dielectric-constant material.
Several methods have been proposed recently in order to real-
ize a planar UWB antenna with suitable radiation characteristics.
Examples include a planar volcano-smoke slot antenna [3, 4], a
coplanar waveguide fed bowtie/triangular patch antenna [5], a
multistructure coplanar waveguide (CPW)-fed [6], and planar
monopole antennas [7]. The main drawback for the abovemen-
tioned designs is that they use a trial-and-error method with the
help of a simulation tool to get the desired response.
In this paper, a simple method is presented for the design of
UWB antenna. The proposed method gives a compact design with
UWB characteristics. The technique introduced in this paper uses
the intersection of elliptical structures to form the radiating ele-
ment and the coplanar waveguide feeder. Steps for the design are
presented in section 2. Section 3 presents results of the simulations
obtained with Ansoft HFSS while section 4 presents results of
measurements on an UWB antenna designed using the described
method. Section 5 concludes the paper.
2. DESIGN
The conﬁguration of the UWB antenna, which is the subject of
investigations of this paper, is illustrated in Figure 1. The radiating
crusade shaped slot is the result of intersection of two ellipses. The
antenna is assumed to be fed using CPW to enhance its broadband
characteristics. The steps used to design this antenna are summa-
rized as follows:
In step 1, depending on the lowest frequency f1 of operation,
thickness h of the substrate, and dielectric constant r, the width w
and length l of the antenna structure are calculated from [8] as
w 
c
2f1  2r 1, (1)
l 
c
2f1re 2l, (2)
Figure 1 Conﬁguration of the ultra-wideband antenna. Different design
parameters are shown (left) and the feeding structure (right). [Color ﬁgure
can be viewed in the online issue, which is available at www.
interscience.wiley.com]
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re
r 1
2 
r 1
2 1  12 hw
0.5
, (3)
l  0.412h
re 0.30.264  w/h
re 0.2580.8  w/h
, (4)
where c is speed of light in free space and re is the effective
dielectric constant. The antenna structure is assumed to be in the
x–y plane with its higher dimension extending along the y-axis. On
top of the substrate, a conductive layer is assumed. This layer is
used to form the radiating slot and the CPW as explained in the
following steps.
In step 2, the radiating slot is formed by cutting an ellipse
(ellipse 1) from the conductive layer covering the substrate de-
signed above and adding a second ellipse (ellipse 2) to the ground
plane in the manner shown in Figure 1. The major diameters D1
and D2 of ellipses 1 and 2, respectively, and ratios R1 and R2 of
the secondary diameter to the major diameter in the two ellipses,
are equal to:
D1
C
2f1re , (5)
D2
C
4f1re , (6)
R1 R2
w
l   2rer 1. (7)
It should be mentioned that (5) and (6) indicate that values of D1
and D2 are chosen to be equal to one-half and one-quarter of the
effective wavelength, at the lowest frequency, respectively.
In step 3, the centers of the two ellipses are shifted by y1 and
y2 from center of the ground plane, as in Figure 1. Parts of the two
ellipses that extend outside the ground plane from one direction are
cut to form the CPW needed to feed the antenna. The values of y1
and y2 are chosen in order to maintain the required impedance
bandwidth.
3. SIMULATION RESULTS
The UWB antenna was designed assuming two high-dielectric-
constant substrates: one is an LTCC type, DuPont951, with a
dielectric constant equal to 7.8, tangent loss (tan   0.0015) and
thickness 1 mm, and the other is Rogers RT6010LM with a
dielectric constant equal to 10.2, a tangent loss of 0.0023, and
thickness of 0.64 mm. The design was tested using Ansoft HF-
SSv9.2. Concerning the conductive layers, a 17-m thickness of
copper metallization was assumed. The lowest frequency of oper-
ation was set to 2.5 GHz.
Table 1 shows dimensions of the designed antennas generated
using Eqs. (1)–(7). Figure 2 shows variations of the return loss
(RL) versus frequency for the designed antennas using DuPont951
and RT6010LM substrates. Dimensions of the antenna employing
DuPont951 are equal to 22  28 mm while the dimensions are
20 26 mm for the antenna employing RT6010LM substrate. The
computed characteristics of the designed antennas reveal UWB
behavior with bandwidth from 2.7 GHz to more than 15 GHz for
the DuPont951 and from 3.1 to 14.4 GHz for the RT6010LM
assuming a 10-dB return-loss reference.
From the UWB applications point of view, the antenna is
usually required to have an omnidirectional radiation. The de-
signed antenna fulﬁlls this requirement, as shown in Figure 3, for
the antenna using DuPont951 substrate. Similar results were ob-
tained for the antenna designed using RT6010LM and therefore
these results are not shown here. Concerning gain, our calculations
have shown that the gain (in dB) increases approximately linearly
with frequency in the frequency band from 3 to 12 GHz and is
between 1 to 6 dB for the two antennas. Then it reaches a plateau
and slightly drops in value for the remaining frequencies in the
12–15-GHz band.
The ﬁnal veriﬁcation concerns variations of the radiation efﬁ-
ciency for the designed antenna. The results of our simulations
have revealed that the investigated antennas feature high efﬁ-
ciency, being greater than 90% (and improving with frequency) in
the 3–15-GHz band.
4. MEASUREMENTS
In order to verify the validity of the proposed design method, as
well as to check its HFSS simulated performance, we manufac-
tured and experimentally tested the second UWB antenna (the one
employing RT6010LM).
The return loss and the radiation pattern of the antenna were
measured using an HP8510/HP8530 network analyzer/receiver in
an anechoic chamber. The return loss for the antenna is shown in
Figure 4. It is clear that the antenna has UWB characteristics with
a bandwidth that extends from 3.1 to 14.8 GHz assuming a 10-dB
return-loss reference. The result is in a relatively good agreement
with the simulated RL plot of Figure 2. The far ﬁeld radiation
pattern of the antenna in the two principle planes, x–z plane ( 
0) and the y–z plane (  90) are shown in Figure 5 at different
frequencies. Nearly omnidirectional behavior, especially in the
Figure 2 Return loss vs. frequency for the designed antennas obtained
from Ansoft HFSS simulations. [Color ﬁgure can be viewed in the online
issue, which is available at www.interscience.wiley.com]
TABLE 1 Values of Design Parameters for the Proposed
Antennas
Design Parameters
DuPont951 Antenna
[mm]
RT6010LM Antenna
[mm]
w 28 26
l 22 20
D1 21 19
D2 10.5 9.5
R1 1.28 1.33
R2 1.28 1.33
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x–z plane, is revealed. Variation of gain of the antenna with
frequency was also measured. The result is shown in Figure 6. The
measured gain is between 0.8 and 4 dB for the frequency range 3.1
to 15 GHz, and is slightly lower than simulated one. The measured
gain curve shows similarities with the simulated one.
5. CONCLUSION
In this paper, a simple method to design a compact planar UWB
antenna has been presented. The proposed radiating element is
formed by the intersection of two ellipses, while the feeding
structure is a coplanar waveguide. The designed antennas using
this method have an extremely wide 10-dB return-loss bandwidth
from around 3 to 15 GHz. They feature almost omnidirectional
radiation patterns and exhibit more than 90% radiation efﬁciency.
The presented simulated and measured results provide high con-
ﬁdence in the validity of the proposed design method of an UWB
antenna.
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Figure 3 Three-dimensional radiation pattern for the DuPont951 antenna at different frequencies generated with Ansoft HFSS. [Color ﬁgure can be viewed
in the online issue, which is available at www.interscience.wiley.com]
Figure 4 Measured return loss vs. frequency for the UWB antenna
developed on RT6010LM substrate. [Color ﬁgure can be viewed in the
online issue, which is available at www.interscience.wiley.com]
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Abstract  A method is presented which is aimed at 
increasing the gain and bandwidth of the tapered 
slot antenna by just finding the optimum tapering 
profile of the antenna without the need to increase 
its size.  The result of the analysis indicates that a 
slightly negative tapering gives the optimum gain 
and bandwidth performance. A positive tapering 
causes a sharp reduction in the gain and 
bandwidth, assuming a constant width and length 
for the antenna. The result of analysis is utilized by 
designing and manufacturing a tapered slot 
antenna which has an ultra wideband performance 
(bandwidth from 3.1 GHz to 10.6 GHz) and a 
maximum possible gain.  The dimension of the 
antenna is 65 mm × 65 mm. The simulated and 
measured results show that the antenna covers the 
3.1 GHz to more than 11 GHz band with a gain 
which varies between 4.5 dBi at 3 GHz and 12 dBi 
at the high frequency band (9-11 GHz). 
Index Terms-Tapered slot antenna, ultra wideband. 
I. INTRODUCTION
Recently, ultra wideband (UWB) systems have 
received a considerable amount of interest with 
respect to communication and medical 
applications.  An antenna, which can efficiently 
radiate and receive UWB signals, is essential for 
successful operation of these systems.  In some 
applications such as the biomedical imaging, high 
efficiency, light weight, compact size, and end-
fire radiation characteristics are the important 
requirements that are required for these antennas 
[1]. The tapered slot antenna (TSA) is one 
possible candidate to meet such requirements. 
TSA has already been utilized in UWB radar. In 
this case, the TSA featuring a relatively high gain 
of 10-15dB is used. Such requirement translates 
into the large length of the antenna being several 
wavelengths at the centre frequency of a given 
band [2]. This design is unsuitable for biomedical 
applications, as they require the antenna to be of 
compact size.   
 
In the present work, the possibility of increasing 
the gain of a compact size TSA antenna by 
changing the tapering profile is investigated. 
The effects of the tapering profile on the 
beamwidth, sidelobe level and radiation pattern 
have already been extensively studied but no 
specific recommendations with respect to the 
gain are given [2-6]. The following 
investigations are concentrated on the TSA 
covering the UWB, i.e. 3.1-10.6 GHz.  
 
II. ANALYSIS 
 
In order to study effect of the tapering profile on 
the gain and bandwidth of the tapered slot 
antenna an exponential tapering shape was 
assumed. The value of the exponent is to be 
changed so that a wide range of tapering profile 
can be covered. To this purpose, a tapering 
parameter B is introduced. The analysis includes 
the following steps; 
 
Step 1: The length and width of the radiating 
element, which is the tapered slot, are chosen to 
be equal to the effective wavelength calculated at 
the lowest frequency of operation. Given the 
lowest frequency of operation ( ), thickness of 
the substrate ( ) and its dielectric constant (
lf
h rH ), 
the width ( ) and length ( ) of the antenna w l
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structure, excluding the feeder is calculated using 
the following equation: 
 
2/)1(   rlf
clw H                    (1) 
where c is speed of light.  
Step 2: The tapering profile of the antenna is 
assumed to be according to the following 
equation; 
AsxBAy  )}2/(exp{              (2)    
 for   2/2/ wxs dd , where ; 
 
1)2/)(exp(  swB
lA                    (3) 
and B is the tapering profile parameter , s is 
width of the slotline feeder which is designed to 
give 50ȍ terminal impedance. The equation for A 
is chosen such that the opening of the TSA is 
constant and equal to w for any value of the 
tapering profile parameter B, see Fig.1. Note that 
the case B=0 in (2)-(3) indicates a linear tapering, 
after solving (2) using the theory of limits. 
 
The TSA performance can now be evaluated for 
different values of the tapering parameter B
assuming a certain substrate for the antenna.   
 
(a) 
    
(b) 
Fig.1 The tapered slot antenna. (a) Positive 
tapering, and (b) negative tapering.  
III. RESULTS 
 
The TSA design was assessed for different values 
of B assuming Rogers RO4003 ( , 
thickness=0.508mm) as a substrate. This task is 
performed using the frequency domain finite 
element method. The calculated values of the 
average gain and bandwidth is shown in Fig.2. In 
this figure the required 7.5GHz bandwidth for 
UWB applications is shown. The result indicates 
that the antenna has a maximum gain (11.7 dBi) 
when B=0. In turn, a maximum bandwidth is 
obtained when B=-0.25. For a positive tapering 
(B is positive), the gain and the bandwidth 
decrease rapidly.  To compromise between the 
highest possible gain and the required BW (7.5 
GHz in the present case), the optimum value for 
the parameter B is chosen as -0.12 (this is the 
intersection of the two graphs).  
383. rH
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Fig.2 Variation of the average gain and bandwidth 
with B. 
 
In order to develop and test a tapered slot antenna 
using the optimum value of B, it is preferred to 
alter the feeding structure of the antenna so that a 
microstrip feeder can be used instead of the slot 
line. It is well known that the microstrip line is 
the most common form of printed transmission 
line used for feeding a tapered slot antenna 
element. Therefore, the developed antenna was 
modified in order to use a microstrip line as a 
feeder. A microstrip line, being formed by a 
conductive metal strip on one side of a dielectric 
substrate and a conductive ground plate on other 
side of the substrate, is an unbalanced line [7].  
This is opposite to the slot line, which is a 
balanced transmission line. Because of this 
situation, feeding a TSA with a microstrip line 
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requires a wideband balanced-to-unbalanced 
transition (balun) to avoid compromising the 
broadband performance.  
 
Different methods for the microstrip line feeding 
arrangement for the TSA were presented in [7]-
[9].  In this paper, the following arrangement was 
used. The slot line was terminated in an open 
circuit by adding a relatively large circular patch 
at the end of the slot line, and the microstrip line 
was shorted by using a circular patch, which 
effectively acts as a shorting via.  Due to the 
above mentioned arrangement, a balun is created 
at the crossover which matches the unbalanced 
microstrip line to the balanced slot line of the 
antenna element. This electromagnetic coupling 
arrangement permits signal transmission from the 
microstrip transmission line to the slot line (for 
feeding the antenna). In general, the stronger the 
electromagnetic coupling, the better is the 
transition.  Fig. 3 shows the type of balun which 
was used for the developed antenna. This 
configuration has no inherent bandwidth 
limitation other than parasitic inductances and 
capacitances.   
 
 
Fig.3 Configuration of the microstrip/slot line 
transition as a method to feed the antenna using a 
microstrip line. 
 
 
The validity of the presented analysis was tested 
by designing an antenna with B=-0.12 in order to 
cover the UWB frequency band from 3.1GHz to 
10.6GHz using Rogers RO4003C as a substrate. 
Dimension of the developed antenna is 65 mm × 
65 mm. A photo for the manufactured antenna is 
shown in Fig.4. 
 
(a)                                            (b) 
Fig.4 The manufactured antenna. (a) Top layer 
revealing the radiator and the transition, and (b) 
bottom layer showing the microstrip feeder. 
 
Fig. 5 shows the simulated and measured return 
loss of the manufactured planar tapered slot 
antenna. As can be seen from Fig.5, the 10dB 
return loss of this antenna extends from 3.1GHz 
to over 11GHz.  This result agrees well with the 
result of calculation shown in Fig.2, where the 10 
dB bandwidth was expected to be more than 7.5 
GHz when B=-0.12.  
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Fig.5 Variation of the measured and simulated 
return loss with frequency. 
 
The measured far-field radiation patterns of the 
antenna in the two principle planes are shown in 
Fig.6 at three frequencies (4, 7 and 10 GHz). The 
measured patterns reveal that the front-to-back 
ratio of the antenna is greater than 12 dB 
indicating directive properties.  
 
The variation of the measured and simulated gain 
with frequency is shown in Fig.7. The simulated 
gain for the antenna for the frequencies between 
3 and 11GHz shows that the gain increases with 
frequency and is around 13 dBi at 11GHz. The 
measured gain of the antenna also increases with 
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frequency. It is between 4.5 dBi at 3 GHz and 12 
dBi at the frequency band 9 GHz to 11 GHz. The 
simulated and measured results agree with each 
other, and both of them agree with the expected 
value shown in Fig.2 for B=-0.12.    
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Fig.6 The measured radiation pattern three 
frequencies. 
3 4 5 6 7 8 9 10 11
4
5
6
7
8
9
10
11
12
13
Frequency(GHz)
G
ai
n(
dB
)
Simulation
Measurement
 
Fig.7 Variation of the measured and simulated gain 
with frequency. 
 
IV. CONCLUSION 
 
A method has been presented which aimed at 
increasing the gain and bandwidth of the tapered 
slot antenna by just changing the tapering profile 
of the antenna without the need to increase its 
size.  The result of analysis has indicated that a 
slightly negative tapering is the optimum choice 
for the tapered slot antenna with ultra wideband 
performance and compact size. The method has 
been utilized by designing and manufacturing a 
tapered slot antenna which has an ultra wideband 
performance (bandwidth from 3.1 GHz to 10.6 
GHz) and a maximum possible gain. The 
simulated and measured results show that the 
antenna covers the 3.1 GHz to more than 11 GHz 
band with a gain which varies between 4.5 dBi at 
3 GHz and 12 dBi at the high frequency band (9-
11 GHz). 
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An Ultra Wideband Microwave Imaging System for Breast 
Cancer Detection 
Wee Chang Khor†, Marek E. Bialkowski†, Amin Abbosh†, Norhudah Seman† and Stuart Crozier†
Summary 
An experimental study concerning Ultra Wideband (UWB) 
Microwave Radar for breast cancer detection is described. A 
simple phantom, consisting of a cylindrical plastic container with 
a low dielectric constant material imitating fatty tissues and a 
high dielectric constant object emulating tumour, is scanned with 
a tapered slot probe antenna operating between 3.1 to 10.6 GHz. 
A successful detection of a target is accomplished by a visual 
inspection of a two-dimensional image of the scanned phantom. 
Key words: 
Cancer, Microwave Imaging, Antennas, Biomedical Imaging. 
1. Introduction 
For years, the detection of breast cancer has relied on film 
(X-ray) mammography, and as a result it is considered as 
the “gold standard” for breast cancer diagnosis. Despite 
this fact, its still features a number of shortcomings. For 
example, it is ineffective for women with dense breasts. 
Moreover, as it involves radiation it introduces health risks 
in the case of frequently made tests [1].
An ultimate diagnosis of all types of breast disease 
depends on a biopsy. A biopsy is an invasive procedure to 
remove and examine tissue or cells for the presence of 
cancer. In most cases the decision for a biopsy is based on 
mammography findings. Unfortunately, biopsy results 
indicate that 80% of breast lesions detected by 
mammography are benign [2]. This situation calls for 
alternative diagnostic tools to reduce physical and mental 
suffering of patients caused by this false positive diagnosis. 
Of particular interest is the development of low-cost 
diagnosis methods, which could be easily accessed by the 
masses. 
Recent research in breast cancer detection concentrates on 
such alternatives as magnetic resonance imaging, 
ultrasound tomography, microwave tomography and 
microwave radar [3]. 
Magnetic Resonance Imaging has recently been shown to 
be a very useful screening tool [4], but is expensive and 
time consuming [2]. MRI also lacks the ability to image 
calcifications which are tiny calcium deposits that can 
indicate early breast cancers [5].
Ultrasound imaging of the breast is capable of 
distinguishing between solid tumours and fluid-filled cysts. 
Also, it can be used to evaluate lumps that are hard to see 
on a mammogram. As ultrasound does not harm biological 
tissue, thus it can be applied frequently. This is of 
importance, especially with respect to younger women for 
whom the risks from X-ray radiation are most significant. 
However, ultrasound lacks spatial resolution, cannot image 
calcifications and is very operator dependent [6]. 
Microwave techniques involve the propagation of very low 
levels (1000 times less than a mobile phone) of microwave 
energy through the breast tissue. The basis for tumour 
detection and location is the difference in the electrical 
properties of normal and malignant breast tissue. Normal 
breast tissue is largely transparent to microwave radiation 
while the malignant one containing more water and blood, 
causes microwave signal back scattering. This scattered 
signal can be picked by a microwave antenna and analysed 
using a computer [1], [3], [7-8]. 
In Microwave Tomography, a forward and reverse 
electromagnetic field problem is solved to detect and 
locate cancerous tissues in woman’s breast. Each of the 
inverse problems is solved at a single frequency [7] [8]. 
The radar approach to microwave imaging employs 
generating and receiving short pulses for various locations
of probe antenna or alternatively by an array antenna [3] 
[9-10]. Such short pulses can be generated in practice by 
applying a step-frequency pulse synthesis technique [11]. 
The space or time-domain representation is then achieved 
using an Inverse Fast Fourier Transform (IFFT). The 
processed signals for various locations of a probe antenna 
or from array elements are combined to form a two or 
three-dimensional image showing the location of a highly 
reflecting object representing a cancerous tissue [12]. 
The first configuration, shown in Fig. 1(a), is based on the 
principle of monostatic radar [13], [14]. In this 
configuration, the same antenna is used for both 
transmitting and receiving of a microwave signal. As a 
result, the transceiver performs the function of a 
reflectometer [14], [15]. The configuration shown in Fig. 
1(b) uses two antennas, which are displaced by some 
distance. In this case, the microwave imaging system is 
based on the principle of bistatic radar [13].  
PAPER [5]
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(b) Bistatic
 Fig. 1  General configurations of a microwave imaging system of (a) 
monostatic, and (b) bistatic type radar.
Based on the monostatic radar, the first generation 
linear/circular scanning system prototype, which was built 
at the University of Queensland, was described in [12]. 
The prototype using an open ended circular waveguide, 
employed as a probe antenna, and operating over a limited 
frequency band of 8.2 to 12.4 GHz was shown to be 
successful in detecting small targets featuring high 
conductivity. This paper reports on a significant extension 
of this initial prototype. The system is modified to be an 
UWB system covering the frequency range of 3.1 to 10.6 
GHz. This operation is possible with the use of an UWB 
tapered slot antenna.
The paper is organised as follows. Section 2 describes the 
configuration of the UWB radar system. Section 3 
describes the design of the Tapered Slot UWB antenna. 
Section 4 presents the results of experimental imaging of a 
circular container filled with vegetable oil which emulates 
the skin and healthy breast tissue respectively. A high 
dielectric constant object (a small plastic container filled 
with distilled water) is used to emulate the target tumour. 
Finally, Section V concludes the paper. 
2. Experimental Setup 
The configuration of the prototype UWB radar system is 
shown in the Fig.2.  
Fig. 2: Configuration of the UWB radar system. 
The system consists of a Ф-Y circular cylindrical scanning 
platform which includes a turntable with a resolution of 
22.5° to support a breast phantom, and a mechanical 
scanning platform with resolution of 0.1mm in the Y axis. 
The scanning platform supports a probe antenna which is 
in the form of an UWB tapered slot antenna [16]. This 
antenna operates in the frequency range from 3.1GHz to 
10.6GHz and is described in more detail in Section 3. A 
coaxial cable is used to connect the probe antenna to a 
microwave Vector Network Analyser (VNA), which is 
capable of measuring the full set of S-parameters of a 2 
port network.  
A short duration pulse is synthesised by transmitting 
Continuous Wave (CW) signals at equidistant frequencies 
from 3.1GHz to 10.6GHz [11]. The time/space domain 
equivalent is obtained by performing an Inverse Fast 
Fourier Transform (IFFT) on transmitted and received 
signals. The synthesised pulse, which is launched towards 
the target, is shown in Fig.3 [17].
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Fig. 3: Synthesized pulse (Frequency and Time Domain Representation) 
Prior to measurements, the system is calibrated over the 
frequency band from 3.1GHz to 10.6GHz using a modified 
one-port calibration procedure that involves three 
broadband standard loads. The first two standard loads are
the coaxial short and shielded open circuit, the same as in 
the standard calibration procedure. However for the third 
standard, the coaxial match termination is replaced by a 
load realized by the probe antenna radiating a microwave 
signal in free space [12]. We call this modified calibration 
procedure as Method A. By using Method A, undesired 
signals including internal reflections inside the probe 
antenna and at the antenna-air interface are either reduced 
or removed completely [12].  
The calibration is followed by the measurement procedure,
which includes the following steps. First, the area to be 
scanned is specified. The required information includes the 
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step size and number of steps for the Ф-Y scanning 
platforms. At each Ф-Y probe location, the PC controller 
triggers the source in the Vector Network Analyser and 50 
to 800 (depending on specifications) measurement points 
for reflection coefficient over the frequency band of 
interest are performed. After the frequency domain 
measurements of reflection coefficients are completed, the 
obtained data is converted to the time domain using IFFT. 
Having obtained the frequency and time domain results for 
a given location, the results are stored in the PC and the 
probe is moved to a new position. Then, the measurement 
procedure is repeated. The obtained data is combined and 
then processed by the PC to create an image. Using false 
colours, the location of a target is shown in a colour 
distinctive from the colours representing other parts of the 
breast phantom. 
3. Antenna Design 
The design of the Tapered slot UWB antenna is 
accomplished using design formulas described in [16]. 
This design procedure is very simple, which forms an 
advantage over previously reported UWB antenna designs 
which rely on the trial and error method and sophisticated 
full EM analysis and simulation tools. Following its 
design, the antenna is fabricated on a Rogers RT6010LM 
substrate featuring a dielectric constant of 10.2 and a loss 
tangent of 0.0023, 0.64mm thickness plus 17μm thick 
conductive coating. This radiating element exhibits a
compact size of 50mm × 50mm, which is important for the 
present application. The configuration and photograph of 
the antenna is shown in Fig.4 and Fig.5 [16].
Fig. 4: Configurations of the Tapered Slot UWB antennas. 
The return loss performance of the designed antenna is 
first verified using a Finite Element Method design and 
analysis package, Ansoft HFSSv9.2. The developed 
antenna’s return losses are tested in an anechoic chamber 
using an HP8530/HP8510 microwave receiver/network 
analyser. Fig.6 shows the simulated and measured return 
loss of the planar tapered slot antenna. As can be seen from 
Fig.6, the antenna operates from 2.75 GHz to over 11 GHz 
for the 10dB return loss reference. The measured return 
loss graph closely resembles the simulated one. This 
antenna is definitely capable of operating in the desired 
frequency range from 3.1GHz to 10.6GHz [16]. This 
radiating element features good Front-to-Back ratio of 
11dB meaning that it is able to mainly concentrate the 
radiated power on the breast phantom. This is of 
considerable advantage in comparison with omni-
directional elements reported in other microwave breast 
radar systems (for example, as described in [10]).   
Fig. 5: Photograph of the manufactured UWB antenna.  
Left: Upper Layer (Radiating Structure). Right: Lower Layer (Ground 
Plane). 
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Fig. 6: Measured and Simulated return loss performance  
of the Tapered Slot UWB antennas. 
4. Results and Discussion 
The imaging capabilities of the above-described UWB 
radar system (Fig.7) are carried out for a simple breast 
phantom. The phantom consists of a circular cylindrical 
plastic container with a diameter of 12.5cm with thickness 
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of 1mm filled with vegetable oil (characterized by a 
relative dielectric constant of 4).  The container and oil 
represent the skin layer and the breast tissue, respectively.
A second small plastic container filled with water (relative 
dielectric constant of 80) representing the tumour is 
located inside the first plastic container. This experimental 
model represents quite well actual healthy breast tissues 
and cancerous tumours, which have typical relative 
dielectric constants of 9 and 50, respectively [9]. The 
present experimental setup is a considerable extension of 
our 1st generation Microwave imaging system, which was 
reported in [12].
Fig. 7: Experimental Setup  
Fig.8 shows the imaging result obtained with the new 
system for a 30mm cylindrical water target scanned in a
horizontal plane at angular increments of 22.5°.  
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Fig. 8: Imaging Result of UWB Radar System  
with Calibration method A. 
The figure clearly shows the boundaries of the plastic 
container and the location, size and shape of the water 
target. This is a vast improvement over the 1st generation 
system which operated only over the 8.5-12.4GHz band. 
The use of a narrower frequency band in the old system 
resulted in poorer image resolution, which caused 
smearing and blurring of the target. As observed in Fig. 8, 
the new UWB Radar system better handles the resolution 
problem because it employs a larger frequency bandwidth. 
The image of the target is about 3.3cm in diameter which 
is very close to the actual physical diameter of 3cm.   
The next undertaken tests concern the capability of the 
UWB Radar system to detect small targets. Figure 12 and 
13 shows the imaging result of cylindrical water targets 
with a diameter of 11mm and 5mm, respectively.  
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Fig. 12: Imaging Result of UWB Radar System of a water target with a 
diameter of 11mm. 
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Fig. 13: Imaging Result of UWB Radar System  
of a water target with a diameter of 5mm. 
The presence and location of the two water targets can be 
clearly identified in the two figures. This means that by 
using the presented radar technique, targets as small as 
5mm in diameter can be detected just by a simple visual 
inspection of the produced images.  
At present, we are carrying out further investigations into 
the use of various signal processing techniques to enhance 
Diagram to be changed
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the presence of a target in the obtained radar image. One 
simple enhancement technique is via compensation of the 
received signal strength drop due to an increased distance 
between a target and a transmitting/receiving antenna. This 
topic is outside the scope of the work presented in this 
paper and thus is not covered here.  
5. Conclusion 
A UWB microwave imaging system based on a step 
frequency synthesised pulse technique for possible use in 
breast cancer detection has been presented. The system has 
been tested when an imaged object is a cylindrical plastic 
container filled with a low dielectric constant liquid and 
small size high dielectric constant cylindrical target. It has 
been found that the use of UWB signal enables detection 
of small targets in the order of a few millimetres. This can 
be accomplished by a visual inspection of an imaged 
produced by the developed UWB radar system.  
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Compact coplanar waveguide-fed ultra-
wideband antenna
H.K. Kan, W.S.T. Rowe and A.M. Abbosh
A novel coplanar waveguide fed planar antenna with an extremely
broad bandwidth in excess of 128% is presented. This comfortably
covers the required bandwidth for ultra-wideband communication
applications, and exhibits the required omnidirectional pattern char-
acteristics. The antenna is also very small in size, only 0.3 l square at
3 GHz.
Introduction: Ultra-wideband (UWB) technology has received a
considerable amount of attention since 2002. This interest stemmed
from the Federal Communication Commission (FCC) granting
commercial access to the frequency spectrum 3.1–10.6 GHz for use
in imaging systems, communication and measurement systems, and
vehicular radar systems. UWB communication systems for short-
range high-speed indoor data communication applications require an
antenna that is small in size with a wide bandwidth and omnidirec-
tional radiation patterns. Many planar broadband antennas have been
studied and reported for UWB applications that use a variety of
antenna conﬁgurations, for example [1–3]. Each has its own merits
and drawbacks; however, in most instances it is difﬁcult to obtain an
antenna that is small in size, yet still satisﬁes the bandwidth require-
ments for UWB applications. In some conﬁgurations, the ground-
plane of the antenna is on the opposite side of the microstrip feed line,
which necessitates the antenna to be processed on both sides of the
circuit board. Coplanar waveguide (CPW) fed antennas [4–8] are a
promising candidate for UWB systems for several reasons, such as
ability to offer wide bandwidth, and that the antenna can be printed on
a single side of the printed circuit board, hence alleviating the problem
of space restrictions in a device. The majority of CPW-fed UWB
antennas reported in the literature utilises a quasi-monopole=dipole
architecture. This is due to the conﬁguration being able to provide the
omnidirection pattern and broad bandwidth required for UWB
communications.
Fig. 1 Conﬁguration of proposed CPW-fed ultra-wideband antenna
Fig. 2 Return loss performance of antenna
Fig. 3 Radiation patterns of antenna
a Simulated at 3.5 GHz
b Measured at 3.5 GHz
c Measured at 7 GHz
In this Letter, we present a compact ultra-wideband printed antenna.
The antenna utilises a simple CPW feed, therefore alleviating the need
for two sides of the printed circuit board to be etched connected to a
half annular ring radiator. The 10 dB return loss of the antenna covers
the required UWB spectrum and demonstrates an omnidirectional
pattern at the co-polarised plane, satisfying the requirement for short
range UWB communication.
Conﬁguration and design strategy: The schematic of the proposed
UWB antenna is shown in Fig. 1. As can be seen from the Figure,
the antenna consists of a radiator shaped as half an annular ring. The
outer radius (Rout) and inner radius (Rin) of the annular ring are 12
and 5 mm, respectively, with an opening ratio in the y direction of
1.2 for the outer and inner radius. The antenna is fed by a CPW
transmission line and, as is evident from Fig. 1, the CPW ground
plane is tapered away from the antenna elements, similar to those in
[2] and [7]. The tapered ground plane in close proximity to the
radiator is critical to achieve a wide bandwidth. The tapering of the
ground plane can also minimise its extent, which assists in reducing
ELECTRONICS LETTERS 7th June 2007 Vol. 43 No. 12
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the overall antenna footprint. The resulting antenna structure is more
balanced in nature than a standard CPW-fed antenna element.
Hence, the antenna exhibits dipole-like behaviour, particularly with
regard to the omnidirectional radiation pattern. This makes the
proposed antenna well suited to UWB applications. The antenna is
small in size, with overall dimensions xsub and ysub equal to 30 mm.
The antenna is developed on a high dielectric constant Rogers
Duroid 6010 substrate, which has a relative permittivity of 10.2.
Ansoft HFSS was utilised in assisting to design the proposed
antenna.
Fig. 4 Gain of UWB antenna
Results: The return loss performance of the antenna is shown in
Fig. 2. As can be seen from the Figure, the simulated and measured
return losses of the antenna resemble each other over the UWB
spectrum. The 10 dB return loss bandwidth extends from 3.1 GHz
to over 14 GHz, corresponding to a bandwidth of 128%. This
comfortably surpasses the required frequency range for UWB systems
from 3.1 to 10.6 GHz. The far-ﬁeld radiation patterns for the antenna
are shown in Fig. 3. The simulated radiation pattern for 3.5 GHz is
shown in Fig. 3a, and the measured radiation patterns for frequencies
of 3.5 and 7 GHz are shown in Figs. 3b and c, respectively (note that
broadside is 90 on the plots). As can be seen from the Figures, the
simulated and measured patterns show similar characteristics where
omnidirectional patterns can be observed for H-plane co-polarised
ﬁelds. These patterns are comparable to those reported for a dipole
antenna. It is worth noting that the patterns at the higher frequency of
10.5 GHz show an obvious deviation from the omnidirectional shape;
however, for brevity, they are not shown here. The antenna gain
against frequency is shown in Fig. 4. The gain peaks at the higher end
of the antenna impedance bandwidth at a value of approximately
5.5 dBi. It is postulated that the poor gain value at the lower
frequencies of the antenna bandwidth is due to the small size of the
antenna and the high permittivity substrate material. The overall size
of the antenna and substrate (xsub, ysub) is only 0.3 l square at 3 GHz.
However, the gain is still comparable to or better than similar UWB
printed antenna conﬁgurations [6–8]. The time-domain performance
of a antenna shows that a group-delay variation of less than 1 ns was
observed across the whole band at separation of 50 cm, indicating that
the antenna is a good candidate for UWB applications.
Conclusions: A novel coplanar waveguide fed planar antenna has
been presented, which addresses the requirements for ultra-wideband
communication applications. A 10 dB return loss bandwidth in excess
of 128% is produced and an approximate omnidirectional pattern is
radiated across the majority of this bandwidth. The antenna is
compact, have a widest dimension of 30 mm.
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Simple Broadband Planar CPW-Fed
Quasi-Yagi Antenna
H. K. Kan, Member, IEEE, R. B. Waterhouse, Senior Member, IEEE, A. M. Abbosh, and
M. E. Bialkowski, Fellow, IEEE
Abstract—In this letter, we present a novel coplanar waveguide
fed quasi-Yagi antenna with broad bandwidth. The uniqueness
of this design is due to its simple feed selection and despite this,
its achievable bandwidth. The 10 dB return loss bandwidth of
the antenna is 44% covering X-band. The antenna is realized
on a high dielectric constant substrate and is compatible with
microstrip circuitry and active devices. The gain of the antenna is
7.4 dBi, the front-to-back ratio is 15 dB and the nominal efﬁciency
of the radiator is 95%.
Index Terms—Broadband antennas, coplanar waveguide feed,
microstrip antennas, planar antenna, quasi-Yagi antenna.
I. INTRODUCTION
PLANAR quasi-Yagi antenna have received renewed in-terest recently due to its suitability for a wide range
of application such as wireless communication systems,
power combining, phased arrays, active arrays as well as
millimeter-wave imaging arrays. Various designs of the planar
quasi-Yagi antenna has been reported in the literature covering
the X-band of the frequency spectrum [1]–[3]. In each of the
design, the driver and the director element are similar, however,
the most obvious distinction is the feeding mechanism em-
ployed. Typical feeding methods utilized include a microstrip
feed [1], [2] or a coplanar waveguide (CPW) feed [3] each
requiring a balun to transform the transmission line mode at the
input port of the antenna to the coplanar stripline. Each of these
has its own merits; however, the common major drawback is
the feed of each requires a relatively complicated balun that not
only increases the size of the structure, but can also degrade the
radiation performance of the antenna. Recently, an attempt to
alleviate this complication with a simpliﬁed feed and modiﬁed
printed Yagi antenna was presented [4] and resulted in similar
performance in terms of its bandwidth, radiation properties
and gain to the previously reported conﬁgurations. Here, the
feeding structure consisted of a microstrip line that transitions
to a transmission line formed by two parallel strips. One side
of the driver element is connected to the feed while the other
Manuscript received September 26, 2006; revised December 1, 2006.
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Fig. 1. Conﬁguration of the proposed coplanar waveguide-fed quasi-Yagi
antenna.
side of the driver element is connected to the ground connected
via a coplanar stripline. Although, this feeding technique and
driver conﬁguration does not require a balun, it necessitates
two side of the substrate to be etched.
In this letter, we present a coplanar waveguide-fed quasi-Yagi
antenna. The antenna utilizes a simple CPW feed, therefore, al-
leviating the complicated feeding network commonly required
for the design of quasi-Yagi antenna. In addition, the proposed
antenna is on a single layer and is very compact. The 10 dB re-
turn loss bandwidth of the antenna is 44% operating from 7.7 to
12 GHz covering X-band.
II. CONFIGURATION AND DESIGN STRATEGY
A schematic of the proposed antenna is shown in Fig. 1. As
can be seen from the ﬁgure, the antenna consists of two di-
rector elements, a driven element and a ground plane acting
as a reﬂector. The antenna is fed by a CPW transmission line
and as can be seen from Fig. 1 there is no complicated balun
for matching the driven element to the antenna feedline. As a
starting point to designing the antenna, the length of the driven
element should be around while the lengths of the direc-
tors should be in the order of according to the Yagi
design principles [5]. Here, refers to the effective wave-
length at the lowest frequency of operation. It is calculated as-
suming the following value for the effective dielectric constant
of the substrate; , where is the dielectric
1536-1225/$25.00 © 2007 IEEE
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Fig. 2. Photograph of the developed X-band prototype antenna.
Fig. 3. Return loss performance of the antenna.
constant of the substrate. The distance between the directors
should be between 0.1 to . In order to develop a com-
pact antenna we chose the value . The design frequency
for the proposed antenna is 8 GHz which results in the fol-
lowing initial values of the antenna parameters assuming the
substrate to be Rogers RT6010 (0.64 mm, ):
mm, mm, mm.
The commercial package, Ansoft HFSSv9.2 based on a 3-D
full-wave ﬁnite element method (FEM) was then utilized in as-
sisting to optimize the proposed antenna for wide bandwidth
covering the X-band. The antenna was optimized after simula-
tion and the following dimensions were selected: mm,
mm, mm, mm,
mm, mm,
mm, mm, mm, mm, and
mm. In this optimized quasi-Yagi design, the an-
tenna operates from 8 GHz to 12 GHz. As can be seen from
Fig. 1, the novelty of the proposed quasi-Yagi antenna is its sim-
plicity in its feed structure while still achieving its broad band-
width and directive radiation properties. To the author’s knowl-
edge, this is the simplest planar quasi-Yagi ever reported. As the
distance between the reﬂector and the driven element is de-
creased, the resonant frequency of the antenna is lowered albeit
Fig. 4. Measured radiation patterns of the antenna in the x-z and y-z planes at
10 GHz.
Fig. 5. Measured gain of the antenna.
at the cost of reduced bandwidth. It is interesting to note that
the distance performs the task of a balun, therefore allevi-
ating the need for the complicated balun commonly required.
The total area of the substrate is approximately
(where is the free-spacewavelength) at the central frequency.
The antenna wasmanufactured and tested experimentally. Fig. 2
shows the photograph of the developed X-band prototype an-
tenna including the SMA connector used to interface the an-
tenna to the test equipment. As can be seen from the photograph,
the ground-planes of the CPW transmission are connected via
the SMA adaptor.
III. RESULTS
Fig. 3 shows the simulated and measured return loss of the
proposed coplanar waveguide-fed quasi-Yagi antenna. As can
be seen from the plot, the antenna operates from 7.7 to 12 GHz
covering the required X-band. The simulated result closely re-
sembles the measured result at the lower and upper resonant
frequency validating the design of the antenna. However, slight
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discrepancy can be observed at the ripples due to the SMA con-
nector not being included in the simulation. The far-ﬁeld radi-
ation patterns were measured in an anechoic chamber and the
two principal planes, E- and H-copolarized patterns for 10 GHz
are shown in Fig. 4. It should be noted that the radiation patterns
for 8 GHz and 12 GHz shows similar characteristic. The cross
polarization ﬁelds of the antenna exhibits omni-directional pat-
terns and for brevity are not shown in the plots. As can be seen
from this plots in Fig. 4, there is directivity for both the co-po-
larized plane (note that broadside is 0 degrees on the plots) with
a front-to-back ratio of 15 dB. Fig. 5 shows the measured gain
of the CPW-fed quasi-Yagi for frequencies from 8 to 12 GHz.
The peak gain of the antenna is 7.4 dBi measured at 10 GHz.
The efﬁciency of the antenna is 95% over the whole band.
IV. CONCLUSION
ACPW-fed antenna has been presented. The antenna is one of
the simplest forms of a planar quasi-Yagi and it does not require
any complicated balun structure and is also uniplanar. The 10 dB
return loss bandwidth of the antenna is 44% and the measured
gain varies between 3.4–7.4 dBi across the impedance matched
bandwidth. The front-to-back ratio of the antenna was measured
as 15 dB. The antenna is small in size indicating that it is a good
candidate for phased arrays.
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Compact broadband coplanar waveguide-fed
curved quasi-Yagi antenna
H.K. Kan, A.M. Abbosh, R.B. Waterhouse and M.E. Bialkowski
Abstract: A novel uniplanar coplanar waveguide-fed quasi-Yagi antenna is presented. The orig-
inality of this design is because of its feed selection and its elliptical structure and in doing so
achieving a wide bandwidth and compact size. An X-band prototype is developed and measures
a bandwidth of 40%, with 3.2 dBi gain and 11 dB front-to-back ratio measured at 10 GHz. The
antenna is realised on a high dielectric constant substrate and is compatible with monolithic micro-
wave integrated circuits and solid-state devices.
1 Introduction
There are many applications in communication systems that
necessitate the use of antenna arrays. These include phased
arrays, power combing arrays and multi-beam communi-
cation arrays [1–3]. Planar quasi-Yagi is a promising candi-
date because of its several advantages such as low proﬁle,
low cost, lightweight and ease of integration into planar
arrays, highly compatible with solid-state devices and
monolithic microwave integrated circuits (MMICs).
Various designs of the planar quasi-Yagi antennas have
been reported in the literature covering the X-band of the
frequency spectrum [4–13]. In each of the design,
the driven and the driver elements are similar; however,
the most evident distinction is the feeding mechanism
used. Typical feeding technique frequently employed
includes the microstrip feed connected to a broadband
microstrip-to-coplanar stripline (CPS) [1, 4, 5] and the
coplanar waveguide-fed (CPW) requiring a balun to trans-
form the CPW mode at the input port to the CPS [6]. The
effect of the balun on the quasi-Yagi antenna has been
investigated [7]. Each has its own merits; however, the
major drawback is its complicated feed requiring balun. A
simpliﬁed feed and modiﬁed printed Yagi was reported
recently to alleviate the design complexity with the baluns
[8]. In this design, the feeding structure consists of a micro-
strip line that transitions to a transmission line formed by
two parallel strips. One side of the driver element is con-
nected to the feed whereas the other side of the driver
element is connected to the ground connected via a CPS.
Although this feeding method and driver conﬁguration do
not require additional devices such as balun or
microstrip-to-CPS balun, it needs two sides of the substrate
to be etched. This, in fact, reduces the space where active
devices and MMIC components can be placed.
We present a single-layer CPW quasi-Yagi antenna. The
antenna utilises the CPW feed, therefore alleviating the
design complexity commonly associated with the feeding
network of the quasi-Yagi antenna. In addition, the driven
element, directors and the ground have curved structure
created by elliptical shapes resulting in a small and
compact Yagi. The measured 10 dB return loss bandwidth
of the antenna is 40% covering the X-band. The antenna
is compact where the overall dimension of the antenna
including the substrate is 0.3l0  0.5l0 (where l0 is the
free space wavelength at the design frequency).
2 Conﬁguration and design strategy
The schematic of the proposed antenna is shown in Fig. 1. As
can be seen from the ﬁgure, the antenna consists of two direc-
tor elements, a driven element and a ground plane acting as a
reﬂector. The driven and director elements are created by
having ellipses of radii r1 and r2 and its ratio of ra1 and ra2,
respectively. The director elements are located from the
centre of the driven element separated by distance of Sdir.
The antenna is CPW reducing the complexity commonly
associated with having broadband baluns for matching the
driven element and the antenna feed. The compactness of
this design is because of its elliptical elements and tapered
ground plane where the currents of the antenna are extended
resulting in it achieving a smaller volumetric size compared
to straight structures [14]. As a starting point to design the
antenna, the length of the driven element should be around
0.5 leff whereas the lengths of the directors should be in
the order of 0.45 leff according to the Yagi design principles
[15]. Here, leff refers to the effective wavelength at the
lowest frequency of operation, in this case, at 8 GHz. It is cal-
culated assuming the following value for the effective dielec-
tric constant of the substrate, 1e ¼ (1r þ 1)=2, where 1r is the
dielectric constant of the substrate. The distance between the
directors should be between 0.1 and 0.2leff. To develop a
compact antenna, we chose the value 0.1leff. The design fre-
quency for the proposed antenna is 8 GHz which results in
the following initial values of the antenna parameters assum-
ing the substrate to be Rogers RT6010 (0.64 mm, er ¼ 10.2):
Ldri ¼ 8 mm, Ldir1 ¼ Ldir2 ¼ 7.2 mm, Sref ’ Sdir1 ’
Sdir2 ¼ 1.6 mm. The commercial package, Ansoft
HFSSv9.2, based on a 3D full-wave ﬁnite element method
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was then utilised in assisting to optimise the proposed
antenna for wide bandwidth covering the X band. The
antenna was optimised after simulation and the following
dimensions were selected: Ldri ¼ 8 mm, Ldir1 ¼ 7.3 mm,
Ldir2 ¼ 7.7 mm, Sref ¼ 2.1 mm, Sdir1 ¼ 1.71 mm, Sdir2 ¼
1.76 mm, L ¼ 12 mm, W ¼ 20 mm, Wdir1 ¼ 1.3 mm,
Wdir2 ¼ Wdir3 ¼ 1.2 mm, r1 ¼ 6 mm, ra1 ¼ 0.5, r2 ¼
4.82 mm, ra2 ¼ 0.38. In this optimised design, the antenna
operates from 8 to 12 GHz. The total area of the substrate
is 0.3l0  0.5l0. It is interesting to note that the ground
plane has a signiﬁcant effect on the bandwidth and resonant
frequency of the antenna. As the ground plane is brought
closer to the driven element (the distance Sref), the resonant
frequency is lower albeit at the cost of reduced bandwidth.
It is interesting to note that the distance Sref performs the
task of a balun, therefore alleviating the need for the compli-
cated balun commonly required. This simply implies that the
bandwidth can be controlled by carefully optimising this
variable. The current design features two director elements.
Incorporating additional elements has the potential for
increasing the gain or bandwidth of the antenna [5].
However, this also increases the number of design parameters
as well as the complexity of the design optimisation, and has
not been investigated extensively here but has been reported
previously [16, 17] and these also includes the parametric
study of the quasi-Yagi antenna. The use of tapered ground
plane enables the current to have a smooth transition allow-
ing the broadband nature of the antenna. The antenna is man-
ufactured and tested experimentally. Fig. 2 shows the
photograph of the developed X-band prototype antenna. As
can be seen from the photograph, the antenna is etched on
one side of the substrate enabling components to be placed
on the other side of the substrate. The ground planes of the
CPW transmissions are connected via the SMA coaxial
cable. The bare substrate in front of the antenna is required
to achieve a bandwidth capable of covering the whole of
X band.
3 Results
The simulated and measured return loss performance of
the proposed compact CPW-fed quasi-Yagi antenna is
shown in Fig. 3. As can be seen from the plot, the
antenna operates from 8 to 12 GHz covering the required
X band. The simulated result closely resembles the
Fig. 1 Schematic of the proposed compact planar quasi-Yagi
antenna
Fig. 2 Photograph of developed X-band prototype antenna
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measured result at the lower and upper resonant frequency
points validating the design of the proposed antenna.
However, considerable discrepancy can be observed
between the simulated and measured results for the
ripples below 210 dB. This can be attributed to the con-
nection between the feed point of the antenna and the
cable used to connect the antenna to the SMA connector
as shown in the photograph of Fig. 2 as this was not
included in the simulation setup. The far-ﬁeld radiation
patterns were measured in an anechoic chamber at 8 and
10 GHz and show similar characteristics; however, for
brevity, only the 10 GHz radiation patterns for the two
principal planes, namely E- and H-plane co-polarised
ﬁelds, are shown in Fig. 4. As can be seen from the
ﬁgure, there is slight tilting of the beam and this is
because of the little asymmetry of the antenna geometry.
This can be alleviated by wire-bonding the ground
planes [18]. It is worth noting that the E- and H-plane
cross polarised ﬁelds were at least 11 dB lower than the
co-polarised ﬁelds and show omni-directional radiation
patterns, is not shown here. As can be seen from the plot
in Fig. 4, there is directivity in the two principal planes
(note that 908 is the endﬁre radiation direction on the
plots) with the front-to-back ratio of 11 dB. Although
this value is slightly lower than the previously reported
quasi-Yagi [5, 6, 8, 9], this is anticipated given its
compact size. According to the results presented in [15]
for Yagi antennas, it is possible to increase the
front-to-back ratio by increasing the distance between
elements of the antenna to a certain limit. Fig. 5 shows
the measured gain of the CPW-fed quasi-Yagi for frequen-
cies from 8 to 12 GHz. The gain of the antenna varies from
2.25 to 3.2 dBi over the whole band. The nominal radiation
efﬁciency of the antenna estimated using Ansoft HFSSv9.2
is at least 90% across the impedance-matched band. The
antenna was simulated in a coplanar and stacked array con-
ﬁguration using HFSS and it was found that the mutual
coupling is less than 25 dB when the spacing between
the antenna elements is l/2 or larger making it suitable
for array applications.
4 Conclusion
A CPW-fed quasi-Yagi antenna has been presented. The
antenna is uniplanar and does not require any complicated
balun structures. The 10 dB return loss bandwidth of the
antenna is 40% and the measured gain varies between
2.25 and 3.2 dBi across the impedance-matched bandwidth.
The front-to-back ratio of the antenna was measured as
11 dB. The antenna is compact in size indicating that it
is a good candidate for phased arrays and can easily be
integrated with active monolithic microwave integrated
devices.
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Design of Ultrawideband Planar Monopole Antennas
of Circular and Elliptical Shape
Amin M. Abbosh and Marek E. Bialkowski, Fellow, IEEE
Abstract—An efﬁcient approach is described for designing
ultrawideband (UWB) antennas in the form of planar monopoles
of elliptical and circular shape. To avoid the time consuming
trial-and-error approach presented in other works, simple design
formulas for this type of radiators are described and their validity
is tested via electromagnetic analysis and measurements. Full
electromagnetic wave investigations are performed assuming
three types of substrates with wide range of dielectric constant
and thickness. The presented results show that the proposed
method can be applied directly to design planar antennas that
cover the ultrawide frequency band from 3.1 GHz to more than
10.6 GHz. Four types of monopole antennas were manufactured
using RT6010LM substrate and their operation was tested in
terms of return loss, radiation pattern characteristics, gain, and
time domain response. The developed antennas feature UWB
behavior with near omnidirectional characteristics and good
radiation efﬁciency. The time domain transmission tests between
two identical elements show that the manufactured circular
monopoles offer better performance in terms of distortionless
pulse transmission than their elliptically shaped counter parts.
These antennas are also assessed in terms of ﬁdelity factor. The
manufactured antennas show a high ﬁdelity factor which is more
than 90% for the face-to-face orientation.
Index Terms—Antenna design, planar antenna, ultrawideband
(UWB) antenna.
I. INTRODUCTION
MANY EMERGING microwave techniques and appli-cations aim at using ultrashort pulses on the order of
nanoseconds. In the frequency domain, such signals occupy an
ultrawideband (UWB) frequency spectrum. In 2002, US-FCC
has assigned the frequency band of 3.1–10.6 GHz with respect
to these emerging UWB activities [1]. The primary objective
of UWB is the possibility of achieving high data rate commu-
nication in the presence of existing wireless communication
standards. For example, the recent IEEE protocol 802.11 g
provides only 54 Mbps data rate. The use of UWB can give
data rates of the order of hundreds of megabits per second. In
addition to wireless communications, the use of UWB signals
is envisaged in microwave imaging applications. This is moti-
vated by the fact that such signals offer an increased resolution
of imaged objects [2]–[4].
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Radio and imaging systems, employing UWB, require suit-
able antennas as transducers between UWB transceivers and the
propagating medium. To this purpose, several planar monopole
antennas with various shapes have been devised [5]–[14]. The
shortcoming of these planar UWB antenna designs is that they
are based on the lengthy trial and error method that involves
computationally intensive full wave electromagnetic simula-
tions. When one decides to design an antenna using a different
dielectric substrate, the time consuming design process has
to be fully repeated. In such circumstances, the designers are
interested in having simple design formulas that provide a very
good approximation to the ﬁnal design when sophisticated
EM analysis and design software packages are applied. The
present paper addresses this issue and provides simple design
formulas, which are suitable for UWB antennas in the form of
planar monopoles fed from a microstrip line. It is shown that
the difference between values of the design parameters, i.e.,
dimensions of antenna structure, is less than 10% compared
with the optimized values obtained using the commercial
software Ansoft HFSS [15]. The paper is organized as follows.
Section II describes the proposed design method. Section III
presents results of simulations using Ansoft HFSS. Section IV
reports on experimental results and Section V concludes the
ﬁndings of this paper.
II. DESIGN
Conﬁgurations of the UWB antennas, which are investi-
gated here, are presented in Fig. 1. The structures shown in
Fig. 1(a) and (c) are created by a planar conducting surface
formed by the intersection of either two ellipses or two circles
in a two-side conductor-coated substrate. The primary radiating
element and the microstrip feed are on one side of substrate
while the ground plane is on its other side. In these structures,
the surface electric current ﬂowing on an elliptical or circular
shaped conductor can be regarded as the primary source of
radiation. Here, we call them E-monopoles. In turn, the struc-
tures shown in Fig. 1(b) and (d) are complementary to those in
Fig. 1(a) and (c) and are named here as planar EC-monopoles.
The use of the terms of planar monopoles requires an extra
explanation. This is because the considered antennas resemble
other types of antennas known in the antenna literature. The
initial structure of planar monopole formed by a square patch
vertically positioned above a horizontal ground plane and fed
from a coaxial line was introduced in [16]. The extension of
this concept was made in [8], where the patch and the ﬁnite size
ground were proposed to be formed in one plane. The justiﬁca-
tion for the use of the name “monopole” in [16] stemmed from
the fact that a coaxially fed wire monopole was stretched and
0018-926X/$25.00 © 2008 IEEE
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Fig. 1. Conﬁgurations of the four designed UWB antennas. The radiating ele-
ment with the feeder is on the top layer while the ground plane (GND) is on the
bottom layer. (a) elliptical E-monopole, (b) elliptical EC-monopole, (c) circular
E-monopole, and (d) circular EC-monopole.
became planar. In turn, the structure introduced in [8] includes
a ﬁnite ground plane, and thus can be viewed differently. In this
case, when both “planar monopole” and “ﬁnite ground” are con-
sidered as radiating elements, the entire structure resembles a
planar bow-tie antenna.
Our additional view on the operation of the planar E- and
EC-monopoles introduced in this paper is as follows. These
antenna elements feature a slot between the “monopole” and
“ground,” which, in our opinion, plays an important role in ob-
taining UWB behavior. This is because it forms a travelling-
wave type antenna. The size of the slot opening deﬁnes its lowest
frequency of operation. In fact, this opening is about half-wave-
length at this frequency.
Having explained the operation and justiﬁcation for the use of
the term planar monopoles, the next step concerns their design.
Here, we present a simple design method to achieve broadband
operation of the radiating structures of Fig. 1(a)–(d). In all of
the four cases, we assume that the planar antenna element is
positioned in the - plane.
The design process is commenced with the assumption that
a microstrip line feeding these antenna elements is chosen to
have 50 characteristic impedance. The width of the microstrip
transmission line, to give characteristic impedance equal
to 50 can be calculated using standard design formulas, as
presented in [17]. The formula requires the information about
the substrate thickness and its relative dielectric constant .
These two parameters are known once the substrate is selected.
The remaining design steps are summarized as follows. De-
pending on the lowest frequency of operation ( ), and the ap-
proximate effective dielectric constant of the composite (air-
substrate) dielectric, , the width ( ), and
length ( ) of the upper part of the antenna structure, excluding
the feeder, are calculated [18] as being half and quarter of the
effective wavelength at the frequency . Therefore
and , where
is speed of light in free space.
The radiating slot is formed by the intersection of two ellipses
(or circles) in the manner shown in Fig. 1. The diameters &
and the ratios & are chosen as , ,
for the ellipses, and for the
circles.
The ground plane for the elliptical (circular) monopoles is in
the shape of a half ellipse (circle) whose dimensions are chosen
to be similar to those for the larger ellipse (circle) of the radiating
structure. This choice is made in order to get a smooth tapering
between the radiating structure and the ground plane.
Centers of the two ellipses or the two circles are chosen such
that width of the radiator at the feeding point is equal to width
of the microstrip feeder, whereas width of the slot between
the radiator and the ground plane is around half of the feeder
width. Therefore , for
the E-monopoles and for the EC- monopoles,
where and are centers of the large and small ellipses (or
circles) measured from the end of the feeder.
As noted earlier in this section, each of the structures shown
in Fig. 1 can be viewed as a vertical monopole located a quarter
of the effective wavelength above a ﬁnite ground plane or
a horizontal bow-tie dipole of approximately half-effective
wavelength in the horizontal ( ) and vertical ( ) directions.
All of these structures include a smooth tapered slot between
the monopole and the ground. Its opening is about half of the
effective wavelength at the lowest frequency of operation.
III. RESULTS OF SIMULATIONS
The presented design method uses the effective dielectric
constant ( ), given as the average value of the relative permit-
tivity of the two mediums (substrate and air), to work out the
dimensions of the E and EC monopoles. In practice, one can
expect that this effective dielectric constant can also depend on
the substrate thickness and the operational frequency. Therefore
the formula can give only the ﬁrst order
approximation to work out optimal dimensions of the E and
EC monopoles. In order to investigate this approximation, we
undertake full electromagnetic wave investigations for a range
of substrates of various permittivity and thickness.
First, we present a number of designs assuming DuPont951
material with , and
. Parameters for UWB elliptical and
circular E and EC monopole antennas obtained using the
above presented design formulas are shown in Table I as-
suming a 2.5 GHz value for ( ). Table I also includes the
optimum values of the design parameters obtained using Ansoft
HFSSv10. This optimization process aimed at near omnidirec-
tional characteristics of the antennas with 10 dB return loss
bandwidth of at least 3.1 to 10.6 GHz. A comparison between
the dimensions obtained from the use of the proposed formulas
and those generated using Ansoft HFSS is shown in Table I.
The difference is less than 10%, and thus indicates that the
proposed design formulas are quite accurate. The presented
values show that the designed UWB antennas are of compact
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TABLE I
CALCULATED AND OPTIMIZED VALUES OF THE DESIGN PARAMETERS IN (MM)
Fig. 2. Variation of return loss with frequency for the designed antennas.
size (in comparison with the operational wavelength), which is
advantageous in applications requiring compact RF front ends.
Fig. 2 shows variations of return losses with frequency for the
four designed monopole antennas assuming DuPont951. The
obtained results indicate that all of the designed antennas have
UWB characteristics with an impedance bandwidth covering at
least 3.1–10.6 GHz assuming a 10 dB return loss reference. As
seen in Fig. 2, the 10 dB return loss bandwidth for the E type
elliptical and circular monopoles commences at a frequency (of
about 2.5 GHz) lower than the EC-type counter parts (approxi-
mately 3 GHz).
From the UWB applications point of view, the antenna is usu-
ally required to have an omnidirectional radiation pattern (here
in the - plane). This requirement is well fulﬁlled in the lower
part of UWB (3 and 5 GHz), where almost a perfect donut-shape
radiation pattern is observed, as shown in Fig. 3 for the elliptical
E-monopole. However, it slowly diverges from ideal at the upper
frequencies (7 GHz and above). This comes from the fact that
the tapered slot between the monopole and the ﬁnite ground,
being part of this antenna, is responsible for forming a direc-
tional pattern in the -plane. As a result, we obtain a wide beam
in the direction along the slot while shallow nulls are observed
in the directions orthogonal to the slot. Similar results were ob-
tained for the other designed antennas. They are conﬁrmed by
measurements in Section IV.
Gain of the designed antennas is revealed in Fig. 4. It varies
between about 0.5 to 4.7 dB over the required bandwidth for
the E-monopoles, whereas it is between to 2.5 dB for
the EC-monopoles. These results indicate that the E-monopoles
Fig. 3. Three dimensional radiation pattern for the elliptical electric monopole
at different frequencies.
Fig. 4. Variation of the peak realized gain with frequency for the designed
antennas.
show a higher gain compared with their complementary counter
parts (EC-monopoles).
Using a substrate with a high dielectric constant and a direct
microstrip feeder may cause deterioration in the radiation ef-
ﬁciency of the antenna (meant as the ratio of power radiated
to power delivered to the feeder). To check this case, variation
of the radiation efﬁciency with frequency for the designed an-
tennas was calculated with HFSS software. These calculations
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TABLE II
CALCULATED VALUES OF DESIGN PARAMETERS IN (MM) FOR THE THREE SELECTED SUBSTRATES WITH DIFFERENT THICKNESS
Fig. 5. Variation of the return loss with frequency for different values of sub-
strate thickness. The substrate is RO4003C with     .
have shown that the designed antennas have always a good efﬁ-
ciency which is greater than 92%.
In order to test the validity of the design method for different
types of substrates with wide range of thickness ( ), it was ap-
plied to design elliptical E-monopoles using the following sub-
strates; Rogers RO4003C with ,
; Rogers RT6010LM with ,
, in addition to DuPont951. The thickness of the above
three substrates was varied from 0.5 to 1.5 mm. The software
HFSSv10 was used to simulate performance of the antennas
with the dimensions shown in Table II. No optimization of di-
mensions was used in this case. The results of the simulation for
the return loss are shown in Figs. 5–7. It is apparent that the ef-
fect of the substrate thickness on the return loss behavior is small
with respect to the lower frequency range of the UWB, which
is from about 3 to 8 GHz. This is especially true for low dielec-
tric constant substrates (the case of ). The variation
in return loss as a function of substrate thickness becomes more
pronounced for frequencies above 8GHz and for substrates with
a larger relative dielectric constant ( and ).
However, irrespective from the substrate thickness and its per-
mittivity, the presented formulas deliver monopoles dimensions
which cover the required UWB 10 dB return loss bandwidth,
Fig. 6. Variation of the return loss with frequency for different values of sub-
strate thickness. The substrate is DuPont951 with     .
Fig. 7. Variation of the return loss with frequency for different values of sub-
strate thickness. The substrate is RT6010LM with     .
with exception of and where the
return loss becomes slightly lower than 10 dB for frequencies
between 8 and 10.6 GHz.
The design steps for the antennas were repeated assuming this
time different values for the lowest frequency of operation ( ).
The substrate assumed in this simulation was DuPont951 with
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Fig. 8. Comparison between the designed low frequency and the results ob-
tained via simulation. The substrate used is DuPont951 with      and
    .
Fig. 9. (a) Photographs of the manufactured elliptical E-monopole, (b) ellip-
tical EC-monopole, (c) circular E-monopole, and (d) the circular EC-monopole.
0.5 mm thickness, and was considered to vary from 1.5 GHz
up to 3 GHz. Simulation results for the return losses in the fre-
quency band of 1 to 6 GHz are shown in Fig. 8. With respect
to the commencement of the 10 dB return loss bandwidth, there
is only a 5% difference between the assumed and the values
shown in the plots in Fig. 8. This conﬁrms that the presented
design method can very well predict the commencement of the
10 dB return loss bandwidth for all of the investigated planar
monopole antennas.
IV. EXPERIMENTAL RESULTS
The four types (circular and elliptical of E and EC type) of
UWB printed monopole antennas were manufactured using
the substrate Rogers RT6010LM with thickness 0.64 mm. The
photographs of the manufactured antennas including coaxial
feeding ports are shown in Fig. 9. The design parameters for the
developed antennas were calculated using the proposed method
and the values were: , , ,
, and .
Fig. 10. Variation of measured return loss with frequency for the designed an-
tennas.
Fig. 11. Measured radiation patterns for the E-monopole antenna at different
frequencies.
The measured results for the return loss are presented
in Fig. 10. Return loss measurements were obtained using
HP8510/HP8530 network analyzer in an anechoic chamber.
The results shown in Fig. 10 indicate that the four types of
antennas feature UWB behavior with bandwidth from 3.1 GHz
to more than 15 GHz assuming a 10 dB return loss reference.
The measured far ﬁeld radiation patterns of the E-monopole
antenna in the two principal planes, plane ( ) and the
plane ( ) are shown in Fig. 11 at different frequencies.
The radiation patterns reveal a near omnidirectional behavior in
the plane. A better quality omnidirectional pattern in the
plane is observed at lower frequencies (3–6 GHz) of UWB. This
agrees well with the ﬁnding obtained from the computer sim-
ulated radiation patterns, as reported in Section III. The mea-
sured radiation patterns of the other antennas exhibit almost the
same behavior and therefore they are not shown here. In addi-
tion to radiation patterns, the antenna gain was also measured.
The measurement was performed using a standard double ridge
corrugated horn antenna as a reference gain antenna. The dis-
tance between the transmitter and the receiver was 1 m. The re-
sults of measurements presented in Fig. 12 show that the gain is
between 0.5 and 3.9 dB for the E-monopoles and between 0.1
and 2.5 dB for the EC-monopoles in the frequency range 3 to
10 GHz. Radiation efﬁciency of the four antennas was calcu-
lated using Ansoft HFSSv10 and it was found to be higher than
90% across the whole band.
The last test concerned the ability of the manufactured an-
tennas to transmit and receive pulses without distortions. In this
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Fig. 12. Variation of measured gain with frequency for the designed antennas.
Fig. 13. Impulse response between two identical UWB antennas for three dif-
ferent orientations.
case, two identical antennas were used to measure the trans-
mission coefﬁcient between their feeding ports in the frequency
domain and these results were transformed (via an inverse fast
Fourier transform IFFT) to the time domain using the time-do-
main capability of HP8510C/HP8530 VNA/receiver. Using this
function, the frequency range of 3.1 to 10.6 GHz in 100 steps
was selected as the basis for carrying out IFFT. Results of these
measurements when the two co-polarized antennas were sepa-
rated by a distance of 45 cm are shown in Fig. 13. Three different
orientations were tested, the face-to-face orientation (shown in
the Fig. 13 as 0 ), the 45 and the 90 orientations, in which the
received antenna was rotated by the indicated angle in respect to
the normal plane. In the presented ﬁgures, the received pulse
was scaled so that its peak value was equal to that of the trans-
mitted pulse. From the four sets of ﬁgures, it can be observed
that the circular shapedmonopoles provide a considerably better
performance in terms of distortionless transmission of a narrow
pulse (as far as amplitude distortion is of concern) compared
with the other antennas under investigation. It can also be noted
that changing the orientation of the receiving antenna has only a
little effect (more pronounced for E-monopoles) on the impulse
response. This conﬁrms the omnidirectional behavior of the de-
veloped antennas.
The last step in the impulse response measurement is to cal-
culate the ﬁdelity factor, which in turn is related to the results
shown in Fig. 13. Using the method presented in [19], it was
found that the manufactured antennas had more than 90% ﬁ-
delity factor in case of the circular antennas and around 80%
in case of elliptical antennas, for any orientation. Similar to the
results shown in Fig. 13, the best ﬁdelity results were obtained
for the monopoles facing each other (0-degree orientation case).
In this case, all the manufactured antennas offered more than
90% ﬁdelity. These values of ﬁdelity factor as well as the small
amplitude distortions observed in Fig. 13 conﬁrm the high ca-
pability of the developed antennas to send and receive UWB
pulses with only small distortions.
V. CONCLUSION
In this paper, a simple method for designing compact UWB
planar monopole antennas of elliptical and circular shape has
been presented. For the chosen conﬁgurations, the radiating
elements are formed by the intersection of two ellipses or two
circles. An explanation and justiﬁcation for the use of the term
planar monopole for these structures has been given. Full elec-
tromagnetic wave simulations have shown that the proposed
design method is valid for a wide range of dielectric constants
and substrate thickness. The four proposed types of antennas
have been manufactured using RT6010LM substrate. The mea-
surements have shown that the proposed design formulas en-
able the development of UWB antennas with suitable radiation
characteristics. The designed antennas cover the 3.1–10.6 GHz
band allocated to UWB systems in terms of return loss per-
formance with well behaved omnidirectional radiation pattern
and more than 90% radiation efﬁciency. The time domain test
of transmission between two identical antennas at different
orientations has shown a better performance of the circular
shaped monopoles. This has been conﬁrmed by calculations
of the ﬁdelity factor being more than 90% for the face-to-face
orientation.
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Design of UWB Planar Antenna With Improved
Cut-Off at the Out-of-Band Frequencies
Marek E. Bialkowski and Amin M. Abbosh
Abstract—This paper describes a method to improve the cutoff
capability of an ultra wideband (UWB) planar antenna at the
out-of-band frequencies using a meandered slot. In the presented
UWB design, aimed for operation between 3.1 and 10.6 GHz,
the antenna is formed by a planar monopole and a ground plane
both of half circle shape, with a meandered-shape slot made in
the monopole. In order to assess the antenna’s cutoff capability
for the out-of-band frequency range (below 3.1 GHz and above
10.6 GHz), two antennas, without and with a slot, are designed
and developed. The simulated and measured results show that the
meandered slot improves the cutoff capability of the antenna by
decreasing the return loss in the 2–3 GHz band from 6–10 to 1 dB,
and in the 10.6–11 GHz from 11 to 5.5 dB. At the same time the
antenna’s performance in the passband is unaffected both in terms
of the return loss and radiation pattern. It is also shown that the
antenna is useful for the pulsed UWB applications as the measured
impulse response of the antenna indicates a distortionless pulse
transmission.
Index Terms—Planar antenna, ultra wideband (UWB) antenna.
I. INTRODUCTION
U LTRA Wideband (UWB) technology has gained a lot ofpopularity among researchers and the wireless industry
after the FCC permitted its marketing within the frequency
band of 3.1 to 10.6 GHz [1]. With respect to wireless communi-
cations, its use is aimed at obtaining high capacity short-range
links with low-cost low-energy transceivers. To establish the
communication between two nodes, the transceivers require
UWB antennas, preferably of small size and low manufacturing
cost. Various shape planar monopole antennas with coaxial,
microstrip, or coplanar waveguide feeds have been proposed as
candidates to fulﬁl this requirement.
The design of ultra wideband antennas has been a hot research
topic, especially during the last few years. In order to improve
coexistence of UWB with other wireless standards, a consider-
able amount of research has been devoted to devising techniques
to reject certain bands within the passband of the UWB [1]–[5].
It has to be noted that most of the presented works concern the
rejection of a single band within the 4.9–5.9 GHz. These works
have paid no attention to the FCC recommendation that the ra-
diation from the UWB transmitters should be eliminated or re-
duced outside the speciﬁed 3.1–10.6-GHz band [1]. This paper
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Fig. 1. Conﬁguration of the UWB antenna with the meandered slot.
addresses this uncared issue by designing a UWB antenna with
sharp cutoffs at the low frequency band (below 3.1 GHz) and
the high frequency band (above 10.6 GHz).
The presented design relies on the use of a meandered slot
which is made in the radiating planar monopole. In order to
generate an efﬁcient frequency cutoff, the slot requires a cer-
tain length, which is calculated using a simple formula. Also, it
requires a suitable shape. This is to accommodate it within a lim-
ited area of the monopole and to prevent rejecting frequencies
within the passband of UWB. The effectiveness of the proposed
method is demonstrated via full-wave simulations and measure-
ments on two UWB antennas: one without a slot and the other
with a slot.
II. DESIGN
The proposed conﬁguration of the planar UWB antenna with
a sharp cutoff at the low frequency band is illustrated in Fig. 1.
In this antenna, both the radiating element and a ground plane
structure are in the form of half circle. A meandered slot is
formed in the radiating element. The antenna is fed using a 50-
microstrip line whose width is calculated using the well-known
microstrip line design equations [6]. The remaining dimensions
are chosen according to the following guidelines and formulas.
Assuming a given thickness of the substrate and its dielectric
constant, and the lowest frequency of operation ( 3.1 GHz),
width ( ) and length ( ) of the antenna are calculated as
(1)
where is speed of light. Note that the length and width of the
antenna structure, according to (1), are equal to half of the ef-
fective wavelength at the lower frequency .
As the radiating element and the ground are separated, the
design also requires a suitable choice of the spacing . A para-
metric analysis (using the full-wave electromagnetic simulator
Ansoft HFSS v10) concerning the choice of the best value for
1536-1225/$25.00 © IEEE
PAPER [10]
BIALKOWSKI AND ABBOSH: DESIGN OF UWB PLANAR ANTENNA WITH IMPROVED CUT-OFF AT THE OUT-OF-BAND FREQUENCIES 409
indicates that it should not be larger than thickness of the sub-
strate ( ) in order to get the widest operational bandwidth of the
chosen UWB antenna conﬁguration.
The above simple procedure results in an antenna design
which covers the required UWB range from 3.1 to 10.6 GHz.
This is with respect to a 10-dB return loss used as reference.
The next step concerns the rejection of frequencies below
3.1 GHz and above 10.6 GHz, as recommended by FCC.
In order to improve the cutoff capabilities of the designed an-
tenna at the out-of-band frequency ranges, we propose the use
of a meandered-shape slot with a total length made in the
radiator. This is shown in Fig. 1. It has to be noted that the
use of a slot in a UWB planar monopole to reject the middle
bands (4.9–5.9 GHz) has already been demonstrated by many
researchers. The works shown in [2] and [3] are typical exam-
ples. However, these solutions are unsuitable for obtaining a
sharp cutoff at 3.1 GHz. The reasons are the shape, size, and
location of the slots relative to size and shape of the radiator.
The proposed straight or circular shapes in [2] and [3] do not
allow for accommodating a slot to reject the frequencies below
3.1 GHz. Another issues that has been omitted in previous con-
siderations is that such slots can also cause rejection at harmonic
frequencies, which are integer multiples of the fundamental fre-
quency that is rejected.
The outlined problems are overcome in this letter by a mean-
dered slot located very close to the feeding element of the UWB
antenna.
Similarly as in the previous designs [2], the total length of
the slot is chosen to be equal to half of the effective wavelength,
however, this time it is calculated at frequency ( ), which rep-
resents centre of the low out-of-band frequency range. For the
UWB antenna under consideration, the frequency is chosen
to be 2.3 GHz. Therefore, the slot’s total length is selected
according to the following expression:
(2)
With this choice of the slot length, the slot improves the rejec-
tion capability of the antenna at the fundamental frequency .
Potentially, this slot length is also responsible for rejecting har-
monic frequencies of ( , where is a positive integer
number). Assuming that the slot is symmetric with respect to the
monopole, its feed and ground plane, only odd harmonics need
to be considered. In order to improve the rejection at the high
out-of-band frequency (above 10.6 GHz) the ﬁfth harmonic of
needs to be used. At the same time, the third harmonic of
has to be eliminated. This is because it can cause the rejection
within the passband of the UWB antenna. To eliminate effect of
the third harmonic, the shape of the slot has to be chosen such
that there is a destructive coupling between different sections of
the slot at the third harmonic.
III. RESULTS
The design of the proposed UWB antenna is undertaken as-
suming Rogers RO4003C substrate with a dielectric constant
equal to 3.38, tangent loss , and thickness 0.508
Fig. 2. Variation of the return loss with frequency for the antenna with and
without slot.
mm. The design makes use of the presented formulas followed
by the optimization with the software HFSSv10.
The ﬁrst design concerns a UWB antenna without a slot.
Values of the design parameters shown in Fig. 1, which were
calculated using the presented method and then optimized using
HFSSv10, are; , 23.5 mm, 1.18 mm,
0.45 mm. Concerning width and position of the tapered slot be-
tween the radiator and the ground, the optimization results of
HFSS indicated that the best performance can be obtained when
0.6 mm, and 2 mm.
The next design concerns a UWB antenna with a sharp rejec-
tion at 3.1 GHz. In this case, a symmetric meandered-shape
slot is made in the radiator of the UWB antenna, which was
designed in the previous step. Length of the meandered slot is
calculated using (2) after assuming the rejected band centred
at 2.3 GHz. The calculated and optimized total lengths of the
slot are equal to 44 mm, and 40.3 mm, respectively. It is clear
that the presented method gives an accurate estimation of the
required parasitic lengths where the difference between the cal-
culated and the optimized values is about 8%. The chosen shape
to reduce the coupling of the third harmonic and maintain the
coupling of the ﬁfth harmonic is shown in Fig. 1. The shape of
this slot was chosen with the help of the parametric analysis ca-
pability of the software HFSS.
In the next step, the two antennas (without and with themean-
dered slot) were manufactured and experimentally tested. Fig. 2
shows variation of the simulated and measured return loss with
frequency for the developed antennas. The return loss of the an-
tenna without the slot reveals UWB behaviour with bandwidth
from 3.1 GHz to more than 11 GHz assuming the 10 dB level
as a reference. The return loss at the frequency range below
3.1 GHz varies slowly between 9 dB at 3 GHz to 4.3 dB at
2 GHz, while it is about 11 dB at the high out-of-band frequency
range (above 10.6 GHz). This means that the antenna can still
efﬁciently radiate in those out-of-band frequency ranges. Such
undesired radiation can easily occur when a UWB link employs
UWB pulses without limiting their spectrum with UWB band-
pass ﬁlters.
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Fig. 3. Radiation pattern of the antenna at different frequencies.
Concerning the antennas with a slot, Fig. 2 shows that the re-
jection at the low frequency band is improved, where the return
loss reduces sharply from 10 dB at 3.1 GHz to around 1 dB at
2.2 GHz. Over the passband (3–1-10.6 GHz) the behavior of the
antenna is maintained. It can be also noticed from Fig. 2 that the
antenna with a slot improves cut-off at the high frequency range,
i.e., at 10.6 GHz. The measured return loss for the antenna
without a slot is equal to 11 dB at 11 GHz, which means un-
wanted efﬁcient radiation at this frequency, whereas it is 5.5 dB
at 11 GHz for the antenna with a slot. It can be seen from the
results of Fig. 2 that the effect of third harmonic, which appears
at around 6.3 GHz, is considerably reduced to almost a negli-
gible value. These results conﬁrm that the chosen slot length
and shape offer rejection of the fundamental and the ﬁfth har-
monic, while the third harmonic is passed almost without any
attenuation.
From theUWB applications point of view, the UWB antennas
are usually required to have an omnidirectional radiation in the
plane orthogonal to the radiating element. Concerning the de-
signed antennas, this requirement is fulﬁlled over the whole
passband of 3.1–10.6 GHz, as shown in the measured results
in Fig. 3, which depicts the radiation pattern at different fre-
quencies for the two principle planes ( -plane and -plane)
for the antenna with a slot. With respect to these results, the an-
tenna is in the -plane with the width extending along the
-axis. Similar radiation patterns were observed for the antenna
without a slot as indicated in Fig. 3(b) and (c).
In pulsed UWB applications, the time domain response of the
antenna is an important parameter as it is required to transmit/re-
ceive very short pulses without distortion. Concerning the man-
ufactured antennas, the measured impulse response indicates al-
most distortionless transmission as depicted in Fig. 4, where
Fig. 4. Time domain response of the antenna.
small distortions are present at a level less than 0.1 with respect
to the pulse peak value.
IV. CONCLUSION
In this paper, a meandered-shape slot made in the radiating
structure has been shown to be an effectivemeans to improve the
cutoff performance of an ultra wideband planar monopole at its
out-of-band frequencies. The design strategy has been demon-
strated for a half circle planar monopole having a half circle
shaped ground plane. Two samples of antennas have been de-
signed and tested: one without a slot and the other with a slot.
It has been demonstrated via simulated and measured results
that the use of the meandered slot improves the cutoff capability
of the antenna at the low out-of-band frequency range (below
3.1 GHz) and at the high out-of-band frequency range (larger
than 10.6 GHz). In turn, the antenna maintains its UWB perfor-
mance both in terms of return loss and radiation pattern in the
passband of 3.1 to 10.6 GHz. Concerning the pulsed UWB op-
eration, the measured time domain characteristic of the antenna
has revealed a high ﬁdelity (almost distortionless) pulse trans-
mission.
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Miniaturization of Planar Ultrawideband
Antenna via Corrugation
A. M. Abbosh, Senior Member, IEEE
Abstract—In this letter, a procedure to design a miniaturized
planar antenna of ultrawideband (UWB) performance is pre-
sented. The proposed method utilizes corrugated radiator and
ground plane of elliptical shapes to design an omnidirectional an-
tenna of compact size. The simulated and measured results show
that using the proposed method results in a surface area reduction
by more than 50% compared with the optimized noncorrugated
structure, which is designed using the previously published proce-
dure, while maintaining the other radiation characteristics of the
antenna. The time domain response of the miniaturized antenna
reveals a distortionless operation with more than 90% ﬁdelity
factor.
Index Terms—Miniaturization, planar antenna, ultrawideband
(UWB) antenna.
I. INTRODUCTION
W ITH the rapid growth in mobile communications, andthe ever increasing demand for high data rate mobile
systems, number of radios on mobile platforms has reached a
point that the available space for the antennas has become a
serious problem. Hence, miniaturized antennas have become an
imperative research area for both the academia and the industry.
The fundamental limitations of small antennas were ad-
dressed a long time ago by several authors [1]–[3]. These
studies show that for single resonant antennas, the smaller is the
maximum dimension of an antenna, the lower is its bandwidth
[4].
The challenge with miniaturization of antennas has been the
tradeoff between the bandwidth and the reduction of the phys-
ical size of the antenna. One of the methods adopted in an-
tenna miniaturization is to use substrates with high dielectric
constant to reduce the antenna’s resonant frequency because of
the inverse relation of permittivity and the resonant frequency
[5]. However, bandwidth of the antenna is also inversely pro-
portional to the permittivity; as a result, bandwidth reduction
is inevitable in this approach with the physical size reduction.
In another method, high permeability metamaterials were used
to reduce the resonant frequency because of the inverse rela-
tion between them, in addition to maintaining the bandwidth be-
cause of the direct proportionality between the bandwidth and
the substrate’s permeability [6]. Recently, there have been other
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approaches to develop compact radiators [7]–[10]. In [7], the
current distribution over a sectorial loop antenna was studied
and the regions of low electric current were removed to achieve
a light and compact structure. However, the designed antenna
still has a large size, needs a large ground plane, and has a non-
planar structure, which prevents its use in many applications.
Metamaterials that have negative parameters, such as a negative
dielectric constant [8], [9], or a negative permeability [10], have
been utilized for antennaminiaturization. Although the analyses
in those papers show that the antenna’s size can be signiﬁcantly
reduced when using materials with such negative parameters,
the designed antennas show a narrowband performance.
In several papers published recently [11], [12], it has been
shown that certain design guidelines can be followed to build
compact ultrawideband (UWB) antennas of planar structure.
In this letter, a simple procedure is used in conjunction with
those design guidelines to miniaturize an omnidirectional UWB
planar antenna using corrugated radiator and ground plane. The
results presented in this letter show that the proposed method
reduces the antenna’s surface area by more than 50%, while
maintaining the ultrawide bandwidth, efﬁciency, and radiation
pattern.
II. DESIGN AND RESULTS
Structure of the utilized antenna in its original conﬁguration
is shown in Fig. 1(a). The overall dimension of the antenna
(the length and the width ) is chosen initially according
to the design guidelines of [12] to be equal to half of the effec-
tive wavelength calculated at the lowest frequency of operation
(3.1 GHz). The radiator at the top layer and the ground plane at
the bottom layer are in the form of half an ellipse with a major
diameter equal to . There is a slot , which is chosen ini-
tially to be equal to the substrate’s thickness, between the ra-
diator and the ground plane. The secondary diameter of the el-
lipses representing the radiator and the ground plane is equal to
the major radius minus the slot value . Substrate of the antenna
is Rogers RT6010 with dielectric constant 10.2 and thickness
0.64 mm.
Before starting the miniaturization process, the structure de-
signed according to the aforementioned procedure was tuned
to cover the UWB with the smallest possible size. This was
achieved using the optimization capability of the commercial
software CST Microwave Studio. The ﬁnal dimensions for the
antenna are: 18 mm, 19.5 mm, 0.8 mm, and
0.5 mm. The simulated return loss of the antenna, which
is shown in Fig. 2, reveals an UWB performance, where the
bandwidth extends from 3.1 to more than 12 GHz assuming the
10-dB return loss as a reference.
1536-1225/$25.00 © 2008 IEEE
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Fig. 1. Conﬁguration of the UWB antenna (a) before miniaturization, (b) after
the ﬁrst step, and (c) after the second step of miniaturization.
Fig. 2. Variation of the return loss with frequency before and after miniatur-
ization.
In the ﬁrst step of the proposed miniaturization procedure,
parts of the outer structure of the antenna were trimmed by the
cutting axes , and as shown in Fig. 1(a). Positions of
those axes were optimized to get the best compromise between
the return loss performance and the size. The resulted structure
shown in Fig. 1(b) has the optimized reduced dimensions:
10.4 mm and 16 mm. The simulated return loss perfor-
mance of the trimmed antenna is shown in Fig. 2. It is clear that
despite the use of optimization, the physical size reduction re-
sults in a bad performance at the low-frequency band where the
bandwidth starts at 4.6 GHz.
To compensate for effect of the size reduction on the low-fre-
quency performance, the radiator and the ground plane are
corrugated by cutting strips from them in the manner shown
in Fig. 1(c). Depth of the corrugations is chosen to be less
than quarter of the effective wavelength at the lowest
frequency of operation (3.1 GHz) so that each slot presents an
inductive reactance to the passing wave, and thus increases the
electric length of the structure [13]. Therefore, the corrugated
radiator with those short circuited slots resonates at a lower
frequency, as compared with a noncorrugated structure of
the same dimensions. This phenomenon is employed in this
paper to improve the radiation performance of the trimmed
antenna, especially at the low end of the frequency band. The
corrugations should have a depth equal to at a frequency
which is just outside the required band, such as at 11 GHz, to
make them behave as a rejecting ﬁlter [14]. This secures the
rejection of the frequencies outside the UWB and prevents the
interference with any wireless system working at that band.
Width of the slots ( and ) and the distance between
them were initially chosen such that the slant distance is
less than calculated at the highest frequency of operation
(10.6 GHz) [13]. The slots’ parameters were then optimized
using Microwave Studio and the ﬁnal values were found to be:
3 mm, 4 mm, 0.7 mm, and 0.5 mm.
Performance of the trimmed-corrugated antenna was simu-
lated and the result for the return loss is shown in Fig. 2. Making
slots at the radiator and the ground plane in the second minia-
turization step shown in Fig. 1(c) almost restores the UWB cov-
erage of the antenna as depicted in Fig. 2, where the 10-dB re-
turn loss bandwidth extends from 3.5 to 10.4 GHz. It is to be
noted from Fig. 2 that the return loss performance of the minia-
turized antenna is superior to that of the full size antenna across
the band 8–10.4 GHz. It is also worthwhile to refer to the ﬁl-
tering effect of the corrugated structure. The slots behave as a
rejecting ﬁlter when their depth approaches and they com-
pletely reject the frequencies larger than 10.6 GHz, whereas this
was not the case before corrugating the structure as shown in
Fig. 2.
To verify accuracy of the proposed method, a prototype of the
miniaturized antenna was developed and tested using a vector
network analyzer in an anechoic chamber. The measured result
for the return loss is shown in Fig. 2, where the bandwidth ex-
tends from 3.7 to 10.6 GHz. Comparing the simulated and mea-
sured results for the corrugated antenna shows a good agreement
between them, though there is about 5% difference in value of
the frequency at which the 10-dB return loss bandwidth starts.
In order tomake sure that theminiaturization process does not
signiﬁcantly change the radiation characteristics of the antenna,
the radiation pattern before and after miniaturization was mea-
sured and compared at the two principle planes ( and ). The
comparison showed that the radiation pattern does not change
due to miniaturization. Because of the very slight difference be-
tween the radiation pattern of the full size and the miniaturized
antenna, only pattern of the miniaturized structure is shown in
Fig. 3 at three frequencies. It is obvious from this ﬁgure that the
miniaturized antenna has an omnidirectional radiation.
As another step for the method’s validation, gain and radia-
tion efﬁciency of the antenna before and after miniaturization
PAPER [11]
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Fig. 3. The measured radiation pattern of the miniaturized antenna.
were compared. Concerning the gain, the measured results de-
picted in Fig. 4 show that its variation is typical for the omni-
directional performance and the maximum gain is below 2 dBi.
The general shape of the gain’s variation is almost the same for
pre- and postminiaturization, although there is a gain reduction
of about 0.7 dB due to miniaturization. Concerning the radi-
ation efﬁciency, the calculated values using the software CST
Microwave Studio, which are not shown here, revealed that the
miniaturization has negligible effect on the efﬁciency, which
was found to be more than 90% before and after miniaturiza-
tion across the whole UWB.
In the last step of veriﬁcation, the time domain response of
the miniaturized antenna was measured. For this purpose, two
antennas were put side by side at a distance of 30 cm between
them. An UWB pulse synthesized in the vector network ana-
lyzer to cover the band 3.1–10.6 GHz was transmitted from the
ﬁrst antenna, and the received pulse by the second antenna was
measured. The result is shown in Fig. 5, where amplitudes of
the transmitted and received pulses were normalized to have a
peak equal to 1. It is clear from Fig. 5 that the miniaturized an-
tenna is efﬁcient in the UWB pulse operation where the received
pulse has a low distortion and the ﬁdelity factor calculated using
Fig. 4. Measured gain of the antenna before and after miniaturization.
the measured response was found to be more than 90%. The
distortionless time domain performance of the miniaturized an-
tenna was also conﬁrmed by the measured group delay shown
PAPER [11]
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Fig. 5. Time domain response.
Fig. 6. Group delay.
in Fig. 6, which reveals less than 1-ns ﬂuctuations in the group
delay across the UWB.
After inspecting performance of the antenna before and
after miniaturization, it is possible to conclude that the pro-
posed miniaturization approach results in antenna’s surface
area reduction of more than 50% (from surface area of
18 mm 19.5 mm to 10.4 mm 16 mm) with almost the same
useful bandwidth as compared with the full-size antenna. The
corrugated structure also enables the UWB antenna to reject
the out-of-band frequencies, and thus restricts its bandwidth to
the permitted range (3.1–10.6 GHz).
III. CONCLUSION
A method has been presented to design a miniaturized planar
omnidirectional antenna with UWB performance. The proposed
method utilizes corrugated radiator and ground plane of ellip-
tical shapes. The simulated and measured results have shown
that the proposed method reduces the required surface area of
the antenna by more than 50% compared with the optimized
structure designed using the previously published procedure,
while maintaining the antenna’s other characteristics, such as
the gain, efﬁciency, and radiation pattern. The time domain re-
sponse of the miniaturized antenna has revealed a distortionless
performance.
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A compact and directive ultrawideband antenna is presented in this paper. The antenna is in the form of an antipodal tapered slot
with resistive layers to improve its directivity and to reduce its backward radiation. The antenna operates over the frequency band
from 3.1 GHz to more than 10.6 GHz. It features a directive radiation with a peak gain which is between 4 dBi and 11 dBi in the
speciﬁed band. The time domain performance of the antenna shows negligible distortion. This makes it suitable for the imaging
systems which require a very short pulse for transmission/reception. The eﬀect of the multilayer human body on the performance
of the antenna is also studied. The breast model is used for this purpose. It is shown that the antenna has more than 90% ﬁdelity
factor when it works in free space, whereas the ﬁdelity factor decreases as the signal propagates inside the human body. However,
even inside the human body, the ﬁdelity factor is still larger than 70% revealing the possibility of using the proposed antenna in
biomedical imaging systems.
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1. INTRODUCTION
Ultrawideband (UWB) (3.1–10.6GHz) microwave imaging
is a promising method for biomedical applications such as
cancer detection because of their good penetration and reso-
lution characteristics. The underlying principle of UWB can-
cer detection is a signiﬁcant contrast in dielectric properties,
which is estimated to be greater than 2 : 1 between normal
and cancerous tissue. UWB imaging systems have shown en-
couraging results in the detection of tumors for early breast-
cancer detection [1].
In the UWB imaging systems, a very narrow pulse is
transmitted from a UWB antenna to penetrate the body. As
the pulse propagates through the various tissues, reﬂections
and scattering occur at the interfaces. A particular interest is
in the scattered signal from a small size-tissue representing
a tumor. The reﬂected and scattered signals can be received
using an UWB antenna, or array of antennas, and used to
map diﬀerent layers of the body. For an accurate imaging
system with high resolution and dynamic range, the trans-
mitting/receiving UWB antenna should be planar, compact
in size, and directive with high-radiation eﬃciency and dis-
tortionless pulse transmission/reception.
The majority of the compact UWB antennas presented in
the literature exhibit omnidirectional radiation patterns with
relatively low gain and an impulse response with observable
distortion [2]. These types of UWB antennas are suitable for
the short-range indoor and outdoor communication. How-
ever, for radar systems, such as an UWB microwave imaging
system for detection of tumor in woman’s breast, a moderate
gain directional antenna is advantageous. In addition to an
UWB impedance bandwidth, as deﬁned by the minimum re-
turn loss of the 10 dB, the UWB antenna is required to sup-
port a very short pulse transmission with negligible distor-
tion. This is necessary to achieve precision imaging without
ghost targets. The unipolar and antipodal Vivaldi antennas
presented in the literature [3–5] satisfy the requirements for
imaging systems in terms of bandwidth, gain, and impulse
response. However, the achieved performance is at the ex-
pense of a signiﬁcant size, which has a length of several wave-
lengths. Therefore, the challenge is to reduce their physical
dimensions such that it can be incorporated in a compact
microwave imaging detection system, while maintaining its
broadband, high-gain, and distortionless performance.
Several UWB antenna designs with compact size and low
distortion have been proposed for the use in the medical
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Figure 1: Conﬁguration of the proposed antenna.
imaging systems [6–8]. Each has its own merits and draw-
backs. Some of the proposed antennas have a nonpla-
nar structure, whereas others have low-gain and/or low-
radiation eﬃciency. The low-radiation eﬃciency is a major
impairment that limits the dynamic range of the imaging sys-
tem, whose major objective is to detect a weak backscatter
from a tumor.
In the presented work, a compact (5 cm × 5 cm) ellipti-
cal tapered slot UWB antenna is described. A clear design
guideline is given in order to show how to calculate values
of the diﬀerent design parameters of the antenna. Resistive
layers were incorporated with the radiating elements of the
antenna to improve its directivity and reduce any backward
radiation which may aﬀect the accuracy of the imaging sys-
tem. Themeasured and simulated results of the proposed an-
tenna show an ultrawideband behavior with a moderate gain
and distortionless pulse transmission/reception.
2. DESIGN
The antenna presented in this paper is to be used in a mi-
crowave imaging for breast-cancer detection. The imaging
system includes a circular array of the proposed ultrawide-
band antenna. In this system, one of the antennas is used to
transmit a microwave signal while the rest of the antennas in
the array receive the scattered signal. The measured data is
collected and then the measurement procedure is repeated
with the second transmitting the signal while the remain-
ing are used for receiving the scattered signal. This process
is repeated until all antennas in the array perform the trans-
mitting role. The antenna array can be moved up and down
automatically via a computer-controlled high-precision lin-
ear actuator. This facilitates the collection of multiple planar
data for 3D object imaging.
The proposed ultrawideband antenna for inclusions in
the UWB microwave imaging system is shown in Figure 1. It
resembles an antipodal tapered slot antenna fed by a parallel
strip line.
The radiating element is in the form of an antipodal pla-
nar tapered slot with an elliptical curvature. Rogers RO4003
with 3.38 dielectric constant and 0.508mm thickness was
used as a substrate. A resistive layer of 50Ω/ was sprayed at
the designated areas at the lower end of the radiating struc-
ture in the top and bottom layers to improve the front-to-
back ratio, and thus the detection capabilities of the UWB
imaging system.
The design objective is to obtain a directive antenna with
a compact size, while maintaining the bandwidth require-
ment of 3.1 to 10.6GHz. The following design procedure is
proposed and utilized in developing the proposed antipodal
antenna.
Step 1. Given the lowest frequency of operation ( fl), thick-
ness of the substrate (h) and its dielectric constant (εr), the
width (w) and length (l) of the antenna structure, exclud-
ing the feeder, can be calculated using the following equation
[9]:
w = l = c
fl
√
2
εr + 1
, (1)
where c is the speed of light in free space.
It is worthwhile to mention that (1) indicates that the an-
tenna’s length and width is chosen to be equal to the eﬀective
wavelength calculated at the lowest frequency of operation.
Step 2. The radiating structure of the antenna is formed from
the intersection of quarters of two ellipses. The major radii
(r1 and r2) and the secondary radii (rs1 and rs2) of the two
ellipses are chosen according to the following equation:
r1 = w2 +
wm
2
,
r2 = w2 −
wm
2
,
rs1 = l,
rs2 = 0.5r2.
(2)
According to (2), dimensions of the radiating element are
chosen such that the far-end distance between the top and
bottom radiators is equal to the eﬀective wavelength at the
lowest frequency of operation. Length of each of the radi-
ators at the left and the right end of the antenna’s structure
shown in Figure 1 is equal to half of the eﬀective wavelength
calculated at the lowest frequency of operation.
Step 3. The width of themicrostrip transmission feeder (wm)
to give the characteristic impedance, Zo equal to 50Ω, can be
calculated using the following equations [10]:
wm = 120π√
εr
h
Zo
. (3)
Step 4. A metallization layer, with a 50Ω/ surface resistiv-
ity, is added to the top and bottom radiating parts. Shape of
the resistive layers is chosen to be a quarter of an ellipse with
major and secondary diameters equal to r2 and rs2, respec-
tively.
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Figure 3: Photo of the developed antenna: (a) top view, and (b)
bottom view.
Step 5. A transition is added to the structure of the an-
tenna. This is required because the antenna’s radiating ele-
ment shown in Figure 1 is connected to a parallel strip line,
which is a balanced transmission line, whereas the antenna
is to be connected to the other devices of the imaging system
using a suitable coaxial cable, which is an unbalanced trans-
mission line. The transition from the parallel strip line to the
microstrip line is shown in Figure 2, which is adopted from
the transitions presented in [11]. The strip line, which is lo-
cated at the top layer, is connected using a tapered transmis-
sion line to the microstrip line, while width of the strip line
at the bottom layer is gradually increased to form the ground
plane required for the microstrip feeder.
3. RESULTS
The ultrawideband antenna designed according to the
above mentioned procedure was manufactured using Rogers
RO4003C (εr = 3.38, h = 0.506mm) as a substrate. Values
of the design parameters w, l, r1, r2, rs1, rs2, and wm (shown
in Figure 1) are 50mm, 50mm, 26mm, 24mm, 50mm,
12mm, and 2mm, respectively. A photo for the developed
antenna is shown in Figure 3.
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Figure 4: The measured and simulated return loss.
Concerning the resistive layers, a parametric analysis us-
ing the software Ansoft HFSSv10 indicated that the best per-
formance concerning the bandwidth and the front-to-back
ratio can be achieved when the resistivity of the added resis-
tive layer is in the range from 50 to 100Ω/ . The lower value
was used because of the availability of the 50Ω/ chemical
mixture to the author.
The validity of the proposed design methodology is ver-
iﬁed using the commercial software package, Ansoft HF-
SSv10, and experimental tests by using a vector network an-
alyzer.
Figure 4 shows the simulated andmeasured return loss of
the manufactured antenna. As can be seen from Figure 3, the
10 dB return loss bandwidth extends from 3.1GHz to more
than 11GHz covering the required UWB band of 3.1GHz–
10.6GHz. The simulated result closely resembles the mea-
sured result validating the design procedure of the antenna.
The far-ﬁeld radiation patterns of the antenna were cal-
culated using the software HFSS. They are shown in Figure 5
for the frequencies 4GHz, 6GHz, 9GHz, and 11GHz. The
antenna shows directive properties with an average front-to-
back ratio which is greater than 13 dB across the whole band,
making it a good candidate for microwave imaging applica-
tions. It is worthwhile to mention that without the use of the
resistive layers, the front-to-back ratio is around 10 dB.
The measured gain of the antenna is shown in Figure 6,
which reveals a moderate gain antenna. The gain is equal to
4.3 dBi at 3GHz and it increases with frequency till it be-
comes 10.8 dBi at 10.6 GHz. It is to be noted that the gain
measurements were done in comparison with a reference-
gain antenna which is the corrugated horn antenna in this
case.
As the use of the resistive layer can be responsible for
the reduction in the radiation eﬃciency, suitable calculations
with the help of the software HFSS were performed with re-
spect to this parameter. From Figure 6, it is apparent that de-
spite the use of the resistive layers to minimize the backward
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Figure 5: The simulated three-dimensional radiation pattern.
radiation (and hence enhance the front-to-back ratio), the
proposed antenna has a good eﬃciency, which is more than
80% across the whole band. This performance is superior
in comparison with the antennas reported for use in a mi-
crowave imaging system, where 47% eﬃciency was noted [8].
The time-domain performance of the proposed antenna
was also measured. A narrow pulse was synthesized in the
network analyzer using the discrete Fourier transform mod-
ule of the device. The pulse was synthesized after assuming
that its frequency spectrum is a rectangular function that ex-
tends from 3.1 to 10.6GHz. Shape of the resulted synthesized
pulse is shown in Figure 7. Two copolarized antennas were
separated by a distance of 50 cm and the results of the mea-
surement are shown in Figure 7. Note that the excited pulse
and the received pulse are normalized with respect to their
peak values. The ﬁgure reveals that the pulse duration of the
antenna is 0.6 nanoseconds. The pulse distortion occurs at
the 0.15 level with respect to the peak level of 1, and thus it is
almost negligible. The observed results indicate that the de-
veloped antenna supports distortionless narrow pulse which
makes it an excellent radiator for the purpose of a microwave
imaging with high resolution.
As the antenna is to be put on or near the human body,
speciﬁcally the breast for the case of breast-cancer detection,
a study of the eﬀect of the distance from the skin to the an-
tenna on its return loss is investigated. The electromagnetic
model used to simulate the breast contains two layers: the
ﬁrst layer is the skin layer with thickness = 2mm, dielectric
constant= 36, and conductivity= 4 S/m. The second layer is
the breast tissue, which extends to a width of 10 cm, with a
dielectric constant= 9 and conductivity = 0.4 S/m [12]. Re-
sults of simulation using the software HFSS are shown in
Figure 8 for two diﬀerent distances between the antenna and
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Figure 6: The measured gain and calculated radiation eﬃciency of
the antenna.
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Figure 7: The measured impulse response of the antenna.
the human body. Figure 8 indicates clearly that the antenna
maintains its ultrawideband performance in spite of being
very close to the human body.
The imaging system in which the antenna is to be used
contains an array of antennas. Hence, it is important to inves-
tigate the value of the mutual coupling between these anten-
nas. The mutual coupling between two identical antennas at
diﬀerent frequencies was calculated using the software HFSS.
In the calculations, two antennas were assumed to be parallel
to each other and the distance between them was changed.
The mutual coupling was calculated at each distance and
the results are shown in Figure 9. These results show that
the coupling decreases as the distance between the two an-
tennas increases. For a certain distance between the two an-
tennas, the mutual coupling is less for a higher frequency.
This is because increasing the frequency means a lower wave-
length. Therefore, the distance between the coupled antennas
relative to the wavelength is larger. The results depicted in
Figure 9 reveal that the mutual coupling between the neigh-
boring antennas at any frequency within the ultrawideband
range is less than −20 dB when the distance between the an-
tennas is more than half a wavelength.
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Figure 8: The simulated return loss of the antenna for diﬀerent dis-
tances from the human body.
It is also important to study the distortion when the ra-
diated pulse propagates through the human body, that is, the
skin and the breast tissue in the case of the breast-cancer-
detection system. The antenna ﬁdelity is used as an indi-
cation of that distortion. The ﬁdelity factor is the maxi-
mum magnitude of the cross correlation between the ob-
served pulse at a certain distance and the excitation pulse
[13]. The ﬁnite diﬀerence time-domain method was used for
this purpose [14]. In order to reduce the computation do-
main, Berenger’s perfectly matched layer (PML) is applied as
an absorbing boundary condition [15]. To include the fre-
quency dependence of the dielectric constant εi and the con-
ductivity σi of the breast tissue over the UWB, the ﬁrst-order
Debye dispersion model was applied [12]:
εi − jσi2π f εo = ε∞ +
εΔ − ε∞
1 + j2π f τ
− jσΔ
2π f εo
, (4)
where τ is the relaxation time, and ε, ε∞, and σ are the
Debye model parameters which were selected according to
the published data for the breast tissues [12]: normal tissue:
ε = 10, ε∞ = 7, τ = 7ps , σ = 0.15 S/m, tumor: ε =
54, ε∞ = 4, τ = 7ps , σ = 0.4 S/m. For the skin: ε = 36, and
σ = 4 S/m.
The result is shown in Figure 10 where the eﬀect of all the
scattered/reﬂected signals is included. It indicates that as the
signal propagates through the human body, the ﬁdelity factor
decreases. This indicates an increasing pulse distortion inside
the human body. For the antenna presented in this paper, the
ﬁdelity factor is within reasonable values (more than 70%)
even inside the human body.
4. CONCLUSION
The design of a directive ultrawideband antenna for use in
a microwave imaging system has been presented. To mini-
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Figure 9: Variation of the simulated mutual coupling with the dis-
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Figure 10: The simulated ﬁdelity factor with the distance from the
antenna in the presence of a human body.
mize the backward radiation, the antenna uses resistive lay-
ers behind its conductive radiation layers. The simulated and
measured characteristics of the antenna have shown that it
covers the band from 3.1GHz to more than 11GHz. It has
a radiation eﬃciency of more than 80%, which is higher
than the recently reported other UWB planar antennas em-
ploying resistive layers for microwave imaging applications.
The characteristics of the antenna when operating near a hu-
man body have been investigated. The simulated results have
shown that the antenna maintains its ultrawideband perfor-
mance concerning the return loss even with the presence of
the human body in proximity with the antenna.
The time-domain performance of the antenna has also
been studied. It has been shown that the proposed antenna
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has the ability to send and receive very short pulses in a dis-
tortionless manner. It has been shown that although the ﬁ-
delity factor decreases as the signal propagates through the
human body, the value of that factor is still within acceptable
limits.
The mutual coupling between two identical antennas has
been simulated as the antenna elements are used within an
array in the microwave imaging systems. It has been shown
that the mutual coupling is less than −20 dB when the dis-
tance between the neighboring antennas is more than half a
wavelength.
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Miniaturized Microstrip-Fed Tapered-Slot Antenna
With Ultrawideband Performance
Amin M. Abbosh, Senior Member, IEEE
Abstract—A method to design a microstrip-fed antipodal ta-
pered-slot antenna, which has ultrawideband (UWB) performance
and miniaturized dimensions, is presented. The proposed method
modiﬁes the antenna’s structure to establish a direct connection
between the microstrip feeder and the radiator. That modiﬁcation,
which removes the need to use any transitions and/or baluns in the
feeding structure, is the ﬁrst step in the proposed miniaturization.
In the second step of miniaturization, the radiator and ground
plane are corrugated to enable further reduction in the antenna’s
size without jeopardizing its performance. The simulated and
measured results conﬁrm the beneﬁts of the adopted method in
reducing the surface area of the antenna, while maintaining the
ultrawideband performance.
Index Terms—Miniaturization, planar antenna, tapered-slot an-
tenna, ultrawideband (UWB) antenna.
I. INTRODUCTION
T APERED-SLOT ANTENNAs (TSAs) offer a wide op-erational bandwidth and high gain. Therefore, they are
widely used in radar, remote sensing, and ultrawideband (UWB)
communications.
TSAs are designed using different types of tapering, such
as linear, constant width, exponential (Vivaldi), broken linear,
dual exponential, and elliptical [1]. In its basic conﬁguration, the
TSA is fed by a slotline with high input impedance .
To overcome this problem and achieve the required matching
with the widely used 50- microstrip feeder, several types of
feeding arrangements that use transitions and/or baluns were
developed [1]. However, those feeding structures resulted in a
larger size and a lower efﬁciency due to the additional insertion
losses introduced by the utilized feeding conﬁgurations.
To minimize the feeding problems of the TSAs, the mi-
crostrip-fed antipodal structure was proposed [2]. In the
antipodal arrangement, one of the radiating ﬁns is converted
to form a transition and a microstrip line, while the other one
is shaped to create a tapered ground plane for the microstrip.
Design guidelines have recently been proposed to build mi-
crostrip-fed antipodal TSAs [3]. However, the utilized feeding
structure, which includes slotline-to-microstrip transition and
tapered ground, introduces an additional size to the antenna.
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The large dimensions of the TSA represent a serious chal-
lenge toward its use in the new generations of highly compact
wireless communication systems, which offer a limited space
for the RF front-end including the antenna. The relatively large
size of the TSA originates from two factors: ﬁrst, the use of a
complicated feeding structure, and second, the design require-
ment that the width of the taper’s opening and its depth should
not be less than one wavelength calculated at the lowest fre-
quency of operation [4], [5].
In this letter, the antipodal structure of the TSA is miniatur-
ized following two steps. First, the antenna’s conﬁguration is
modiﬁed to enable direct connection with a microstrip feeder.
Second, corrugated structures are utilized in the radiator and
ground plane.
II. DESIGN
Conﬁguration of the conventional antipodal TSA is shown
in Fig. 1(a). Using the design method of [3], it is possible to
ﬁnd that the most compact overall dimensions for the antenna to
achieve an UWB bandwidth (3.1–10.6 GHz) are mm and
mm. It is assumed that an elliptical tapering is used and
Rogers RT6010 (thickness mm, dielectric constant
) is the substrate.
In the ﬁrst step of the miniaturization process, the structure
is modiﬁed by removing the tapered ground plane and the slot-
line-to-microstrip transition. A microstrip line is connected di-
rectly to the top layer in the manner shown in Fig. 1(b), whereas
the bottom layer acts as a ground plane. The slot between
the top and bottom layer is used to achieve a perfect matching
between the microstrip feeder and the radiator. With this modi-
ﬁcation in the structure, the overall dimensions of the structure
become mm and mm, which means a reduction
in size by 33%. The optimized values for the other design pa-
rameters ( and ) are 0.3 and 40 mm, respectively.
It is worthwhile to mention that the microstrip feeder in
Fig. 1(b) is curved away from edge of the structure to ease the
connection of the feeder to the external port using a Subminia-
ture A (SMA) connector and to prevent the unwanted radiation
from the microstrip line in case it extends along edge of the
structure.
In the second step of theminiaturization process, symmetrical
corrugations are made in the radiator and the ground plane in the
manner shown in Fig. 1(c). This step helps the designer reduce
the length and width of the antenna while maintaining
the ultrawideband performance. The depth of the corrugations
is chosen to be less than a quarter of the effective wavelength at
the lowest frequency of operation (3.1 GHz) so that the corru-
gations present an inductive reactance to the passing wave [6].
1536-1225/$25.00 © 2009 IEEE
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Fig. 1 Conﬁguration of (a) the traditional antipodal TSA, (b) modiﬁed struc-
ture, and (c) miniaturized structure.
This added inductance increases the electric length of the struc-
ture. Therefore, the corrugated antenna’s structure resonates at
a lower frequency in comparison with a noncorrugated struc-
ture having the same dimensions [7]. The initial values for the
depth and width of the corrugations are found using the princi-
ples mentioned in [7], whereas the ﬁnal values are found using
the optimization capability of CST Microwave Studio.
III. RESULTS AND DISCUSSION
To validate the presented method, the miniaturized antenna’s
conﬁguration [Fig. 1(c)] was manufactured. A photograph of
the manufactured antenna is shown in Fig. 2. Values of the de-
sign parameters ( , , , , and ) obtained after optimization
usingMicrowave Studio are 25, 30, 0.5, 0.3, and 18mm, respec-
tively. Depth of the corrugations ranges from 1mm for the inner
corrugation to 3 mm for the outer corrugation, while they have
uniform width and separation that are equal to 0.5 mm.
It is clear from values of the ﬁnal design parameters that the
overall dimension of the antenna (25 mm 30 mm) represents
only about 20% of the antenna’s surface area designed using
the traditional approach for UWB antipodal TSA (60 mm
60 mm).
The developed antenna was tested via simulations and
measurements. During measurements, the cable connecting
Fig. 2 Photographs of the manufactured antenna. (a) Top view and (b) bottom
view.
Fig. 3 The return loss of the designed antennas.
the antenna to the measuring instrument was embedded in an
absorbing sheet to avoid any interaction between the near-ﬁeld
of the antenna and the cable. The simulated and measured
return losses of the miniaturized antenna together with the
simulated results for the original full-size structure of Fig. 1(a)
and the modiﬁed noncorrugated structure of Fig. 1(b) are
shown in Fig. 3. The full-size, modiﬁed, and miniaturized
antennas have UWB performance with bandwidths extending
from 1.3 to more than 11 GHz, 1.5 to more than 11 GHz, and
1.8 to 10.8 GHz, respectively, assuming the 10-dB return loss
as a reference. This result indicates that despite the huge size
reduction, the adopted miniaturization method maintained the
UWB performance of the antenna. A good agreement can be
seen in Fig. 3 between the simulated and measured results.
Concerning the radiation pattern of the antenna, the measured
results at the two main planes ( and ) and different fre-
quencies depicted in Fig. 4 indicate a directive performance.
The antenna has end-ﬁre properties as the main beam is in the
axial direction of the tapered slot ( -axis), i.e., at as
shown in the -plane and as shown in the -plane.
The cross-polarized ﬁeld was alsomeasured and found to be less
than the copolarized ﬁeld by more than 10 dB across the whole
band of operation and angles of radiation. The measured gain of
the antenna conﬁrms its directive properties. The results shown
in Fig. 5 reveal a gain that is between 2.7 and 8 dBi across the
PAPER [13]
692 IEEE ANTENNAS AND WIRELESS PROPAGATION LETTERS, VOL. 8, 2009
Fig. 4 The measured radiation pattern at two planes and different frequencies.
Fig. 5 Variation of the measured gain with frequency.
ultrawideband. It is to be noted that the huge size reduction of
the antenna due to miniaturization has only resulted in a modest
reduction of 1 dB in the gain compared to the measured gain for
the traditional antipodal TSA [3].
The other important parameter for the UWB antennas, es-
pecially when used to send/receive pulsed signals, is the time
domain response. For this purpose, two miniaturized antennas
were put at a distance of 30 cm such that their tapered slots face
each other. A UWB pulse synthesized in the vector network an-
alyzer to cover the band 3.1–10.6 GHz was transmitted from
the ﬁrst antenna, and the received pulse by the second antenna
was measured. The result is shown in Fig. 6, where amplitudes
of the transmitted and received pulses were normalized to have
a peak equal to 1. It is clear that the antenna is efﬁcient since
the received pulse has low levels of distortion and ringing. The
low-distortion time domain performance of the miniaturized an-
tenna was also conﬁrmed by calculating the ﬁdelity factor of
the antenna using the method presented in [8]. It was found to
be larger than 95% for the face-to-face operation, which is the
normal case for directive antennas.
Fig. 6 The measured time domain response of the antenna.
IV. CONCLUSION
A method has been presented to design miniaturized an-
tipodal tapered-slot antennas with ultrawideband performance.
The proposed miniaturization process includes two steps. First,
the antenna’s structure is modiﬁed to enable a direct connection
to a microstrip feeder, and second, corrugated structures are
used in the top and bottom layers of the antenna. The simulated
and measured results in the frequency and time domain have
conﬁrmed the success of the proposed design approach.
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better performance at the rest of the UWB. Concerning the return
loss and isolation, the elliptical shape has a better performance
across most of the UWB.
4. CONCLUSION
In this article, a theoretical model has been used to study effect of
the tapering shape on performance of the broadside-coupled direc-
tional coupler across the ultra wideband range. Simulations and
measurements have been used to verify the ﬁndings of the model.
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ABSTRACT: Effect of thickness of the conductive coating on perfor-
mance of the microstrip reﬂectarray is investigated. The unit cell used
in this article is in the form of a cross shaped ring. Dimensions of the
utilized cell are chosen such that it resonates at the X-band. The simu-
lated and measured results show that increasing thickness of the con-
ductive layer decreases the losses signiﬁcantly, reduces the phase slope
and shifts the resonant frequency to a higher value, while it has a negli-
gible effect on the phase range. © 2009 Wiley Periodicals, Inc.
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1. INTRODUCTION
The microstrip reﬂectarray is a high gain antenna which consists of
a combination of a ﬂat reﬂector and a planar phased microstrip
array. It uses a suitable phasing scheme to convert a spherical wave
produced by its feed into a plane wave, and thus it can be used as
an alternative to parabolic reﬂectors [1, 2].
Despite the considerable development in the design of different
conﬁgurations of the microstrip reﬂectarray, it still suffers from a
signiﬁcant deterioration in its efﬁciency due to the combined effect
of dielectric loss, conductor loss and surface wave excitation [3, 4].
It has been shown that the dielectric loss and the conductor loss are
much more signiﬁcant than the losses due to the surface wave
excitation [3]. In a recent work [5], it has been shown by simula-
tions and measurements that the dielectric loss is inversely pro-
portional with thickness of the substrate.
In this article, effect of the conductive coating thickness on the
total losses, and hence on performance of the microstrip reﬂectar-
ray is investigated. A single-layer cross shaped ring presented in
[6] is used as a reﬂectarray element for the undertaken investiga-
tion. The cross shaped ring has a broad bandwidth compared with
other shapes, such as the printed dipoles or patches, and it is easy
to manufacture compared with the stacked elements [6]. In the
presented investigations, it is shown that thickness of the conduc-
tive coating is an important parameter to be considered when
trying to maximize the efﬁciency of the microstrip reﬂectarray.
2. RESULTS AND DISCUSSION
In the undertaken investigations, the cross shaped ring shown in
Figure 1 is utilized [6]. It was designed to operate in the X-band
with the centre frequency of 10 GHz. The waveguide model was
used to calculate effect of the conductive layer thickness on
performance of the unit cell element. Dimensions of the cross
shaped ring used in the investigation are; L1  7.5 mm, L2  1.3
mm, W  0.2 mm. To compare the simulated and measured
results, size of the unit cell was chosen to be equal to dimensions
of the standard X-band rectangular waveguide used in the mea-
surements, which is 22 11 mm2. The substrate used to support
the cross element is Rogers RT5880 with r  2.2, dielectric loss
tangent  0.0009, and thickness  3.175 mm. Several values for
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Figure 5 The measured and simulated phase performance of the device.
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thickness of the conductive coating ranged from 0.035 to 0.5 mm
were considered. In this article, the investigation is concerned with
effect of the conductive layer thickness on the total losses of the
reﬂectarray at and off-resonance. Therefore, variation of the return
loss’s amplitude and phase are studied as a function of frequency.
The current investigation is not concerned with getting wider
and/or slower phase range. Those parameters have been studied by
the author in another article [6], where it has been shown that
adding a second cross element to the structure shown in Figure 1
and using a thick layer of Foam with a dielectric constant close to
1 result in a slower phase variation, which means a broader
bandwidth, and a wider phase range, which is around 700°.
For the current investigation, the simulation was carried out
using the commercial full-wave electromagnetic software CST
Microwave Studio. In this case, the waveguide model is utilized,
and the side walls of the equivalent waveguide are formed by a
perfect magnetic conductor, whereas its bottom and top walls are
assumed to be a perfect electric conductor. Using the equivalent
(unit cell) waveguide approach, the amplitude and phase of the
reﬂected wave is calculated for the loaded waveguide.
Figure 2 shows variation of amplitude of the reﬂection coefﬁ-
cient with frequency for different values of thickness of the con-
ductive coating. It is clear from this ﬁgure that increasing thickness
of the coating (t) has a signiﬁcant effect on reducing the losses
accompanied by a slight upward shift in the resonance frequency.
It is also to be noted that the maximum loss in all the studied cases
occurs at resonance, while they are negligible at off-resonance
frequencies. This is due to the fact that when the element is at
resonance, there is a very strong electric ﬁeld in the substrate,
which means a large dielectric loss, and a large current on the
conductive layer of that element, which results in a large conductor
loss [5]. At off-resonance situation, the ﬁeld and the current are
small resulting in low losses. The conductor loss can be considered
as the Ohmic losses in the conductive layer, which has certain per
unit area resistance (R). The basic relation between the resistance
(R), the bulk conductivity of the conductor () and t is: R 1/(t).
It is clear from this equation that, for certain conductivity, increas-
ing the thickness (t) reduces value of the resistance, and hence
decreases the conductor loss. According to Figure 2, the total
losses is about 0.8 dB when t  0.035 mm, while it is 0.3 dB
when t  0.5 mm.
To conﬁrm effect of t on the conductor loss and to show the
relative values of the dielectric and conductor loss separately, the
previous simulation was repeated, but in this case the dielectric
loss is excluded by assuming the dielectric tangent loss of the
substrate equal to zero. The result, which is shown in Figure 2,
reveals a similar trend to the case when the dielectric loss is
included, but with lower values for the losses as only the conductor
loss is included. Comparing the two cases of Figure 2 shows that
the conductor loss is the main contributor in the total losses of the
microstrip reﬂectarray when thickness of the conductive coating is
very small. The dielectric loss can be estimated to be around 0.2
dB, in general, for all the studied situations, whereas the conductor
loss for the case t  0.035 mm is around 0.6 dB. This proves the
importance of tackling the conductor loss by choosing the suitable
thickness for the conductive coating. This would eventually result
in a high efﬁciency for the microstrip reﬂectarray.
Concerning the phase performance of the unit cell under in-
vestigation, it is clear from Figure 3 that increasing thickness of the
conductive coating causes the phase slope variation to be slower,
which means a broader bandwidth, while it has a limited effect on
reducing the phase range. The simulation was repeated assuming
this time that the dielectric loss tangent is zero, and similar results
were obtained. It is to be noted that for the case t  0.5 mm, the
phase continues to change after the 11 GHz, which is the end mark
of Figure 3, till it becomes close to value of the phase at the other
cases. It is also worthwhile to mention here that if it is required to
cover a wider phase range, then it is possible to use a double cross
shaped rings and a thick substrate of foam with dielectric constant
close to 1 [6].
To verify the results obtained via simulations, the unit cell
shown in Figure 1 was manufactured and tested using a vector
network analyzer. Two samples, which have a different thickness
of conductive coating, were developed: The ﬁrst sample has t 
0.035 mm, whereas the second sample has t  0.07 mm. During
testing, each of the developed samples was inserted inside an
Figure 1 Conﬁguration of the investigated reﬂectarray cell. [Color ﬁgure
can be viewed in the online issue, which is available at www.inter-
science.wiley.com]
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X-band waveguide, which is connected to the network analyzer using
a standard waveguide-to-coaxial cable termination. The measured
amplitude of the return loss for the two samples is shown in Figure 4.
The measured results depicted in this ﬁgure conﬁrm the previous
conclusions from simulations; increasing thickness of the conductive
coating decreases the losses and shifts the resonant frequency to a
higher value. The total losses at resonance is equal to 1 dB and the
resonant frequency is equal to 9.8 GHz for the case t  0.035 mm,
whereas the total losses and the resonant frequency are equal to 0.7 dB
and 9.9 GHz, respectively, for the case t 0.07 mm. Variation of the
measured phase of the developed samples with frequency is depicted
in Figure 5. It is conﬁrmed from this ﬁgure that increasing thickness
of the conductive coating shifts the resonant frequency to a higher
value with almost the same phase range.
Comparing the measured results, which are shown in Figures 4
and 5, with the simulated results, which are shown in Figures 2 and
3, reveals that their general variation is very similar. However, the
measured losses are higher by about 0.2 dB, whereas the resonant
frequencies are lower by about 0.3 GHz, compared with their
simulated counterparts. These small differences between the mea-
sured and simulated results can be referred to the possible leakage
due to the difﬁculty in ﬁxing the developed samples at the bottom
of the waveguide, besides the additional losses associated with the
used termination and connectors.
3. CONCLUSION
In this article, effect of the conductive coating thickness on per-
formance of the microstrip reﬂectarray has been investigated. A
cross shaped ring designed to operate at the X-band was used as a
unit cell. The simulated and measured results have shown that
increasing thickness of the conductive layer decreases the losses
signiﬁcantly, reduces the phase slope and shifts the resonant fre-
quency to a higher value, while it has a negligible effect on the
phase range. The results of this article have revealed the impor-
tance of choosing a suitable conductive layer thickness for a high
efﬁciency of the microstrip reﬂectarray.
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three-way DPA using two-stage GaN HEMT cells can be a
promising solution for repeater systems.
ACKNOWLEDGMENT
This work was partially supported by the BK21 program and the
National Center for Nanomaterials Technology (NCNT) in Korea.
REFERENCES
1. J.G. Ghim, K.J. Cho, J.H. Kim, and S.P. Stapleton, A high gain
Doherty ampliﬁer with embedded drivers, IEEE MTT-S Int Micro-
wave Symp, San Francisco, CA, (2006), 1838–1841.
2. Y.S. Lee, M.W. Lee, and Y.H. Jeong, Linearity-optimized power
tracking GaN HEMT Doherty ampliﬁer using derivative superposi-
tion technique for repeater systems, IEEE MTT-S Int Microwave
Symp Dig (2008), 427–430.
3. Y.S. Lee, M.W. Lee, and Y.H. Jeong, Highly linear power tracking
Doherty ampliﬁer for WCDMA repeater systems, IEEE Microwave
Wireless Compon Lett 18 (2008), 485–487.
4. Y.S. Lee, M.W. Lee, and Y.H. Jeong, Unequal-cells-based GaN
HEMT Doherty ampliﬁer with an extended efﬁciency range, IEEE
Microwave Wireless Compon Lett 18 (2008), 536–538.
5. Y.S. Lee, M.W. Lee, and Y.H. Jeong, Highly efﬁcient class-F GaN
HEMT Doherty ampliﬁer for WCDMA applications, Microwave
Opt Technol Lett 50 (2008), 2328–2331.
6. Y. Yang, J. Cha, B. Shin, and B. Kim, A fully matched N-way Doh-
erty ampliﬁer with optimized linearity, IEEE Trans Microwave
Theory Tech 51 (2003), 986–993.
7. I. Kim, J. Cha, S. Hong, J. Kim, Y. Y. Woo, C. S. Park, and B.
Kim, Highly linear three-way Doherty ampliﬁer with uneven power
drive for repeater system, IEEE Microwave Wireless Compon Lett
16 (2006), 176–178.
8. Y.S. Lee, M.W. Lee, and Y.H. Jeong, Linearity improvement of
three-way Doherty ampliﬁer using power tracking bias supply
method, Microwave Opt Technol Lett 50 (2008), 728–731.
9. K.J. Cho, W.J. Kim, J.Y. Kim, J.H. Kim, and S.P. Stapleton, N-way
distributed Doherty ampliﬁer with an extended efﬁciency range,
IEEE MTT-S Int Microwave Symp (2007), 1581–1584.
10. M.J. Pelk, W.C. Edmund Neo, J.R. Gajadharsing, R.S. Pengelly, and
L.C.N. de Vreede, A high-efﬁciency 100-W GaN three-way Doherty
ampliﬁer for base-station applications, IEEE Trans Microwave
Theory Tech 56 (2008), 1582–1591.
11. J. Moon, J. Kim, I. Kim, J. Kim, and B. Kim, Highly efﬁcient
three-way saturated Doherty ampliﬁer with digital feedback predis-
tortion, IEEE Microwave Wireless Compon Lett 18 (2008),
539–541.
VC 2009 Wiley Periodicals, Inc.
COMPACT DIRECTIONAL ANTENNA FOR
ULTRA WIDEBAND MICROWAVE
IMAGING SYSTEM
A. M. Abbosh1 and M. E. Bialkowski2
1Centre for Wireless Monitoring & Applications, Griffith University,
Nathan, Qld. 4111, Australia; Corresponding author:
a.abbosh@griffith.edu.au
2 School of ITEE, The University of Queensland, Qld. 4072, Australia
Received 11 March 2009
ABSTRACT: A planar antenna of tapered slot conﬁguration for use in
ultra wideband microwave imaging systems aimed for early breast
cancer detection is presented. It is designed to operate across the ultra
wideband frequency (3.1–10.6 GHz) in a liquid of a high dielectric
constant that matches the electric properties of average breast tissues. It
has a very compact size with overall dimensions of 0.9 cm  1 cm. The
antenna’s ultra wideband performance even when it is close to the
breast tissues and its distortionless response in the time domain make it
suitable for the microwave imaging systems utilizing a short-pulse radar
technique. VC 2009 Wiley Periodicals, Inc. Microwave Opt Technol Lett
51: 2898–2901, 2009; Published online in Wiley InterScience
(www.interscience.wiley.com). DOI 10.1002/mop.24764
Key words: ultra wideband antenna; planar antenna; microwave
imaging; breast cancer
1. INTRODUCTION
Ultra wideband (UWB) microwave imaging is a promising
method for some medical applications such as breast cancer
detection. The reason is that it offers good penetration and high
resolution characteristic of the acquired image. The possibility
of using this active microwave technique to detect breast cancer
stems from the signiﬁcant contrast in dielectric properties
between normal and cancerous tissue [1].
In this UWB imaging system, a very narrow pulse is trans-
mitted from an antenna to penetrate the breast. The scattered
signal due to different layers of the breast tissues is collected by
array of antennas surrounding the breast and then a suitable sig-
nal processing algorithm is applied to investigate the existence
of any cancerous tissues. To achieve a high resolution over a
large dynamic range, the transmitting/receiving UWB antenna
should be compact in size and directive, with distortionless
pulse performance.
Many types of UWB antennas were proposed to be part of
the microwave imaging systems [2–5]. The tapered slot antennas
[2–4] seem to be the best candidate for imaging systems in
terms of bandwidth, gain, and impulse response. Also, they are
convenient to form arrays. However, many designs available in
the antenna’s literature lead to a large size to achieve the
required ultra wideband performance.
In the presented work, a UWB planar antenna featuring a
very compact size with dimensions of (0.9 cm  1 cm) is
described. The simulated performance of the proposed antenna
in an environment, which is similar to the real situation in the
breast imaging case, shows an ultra wideband behavior with a
distortionless pulse operation. The UWB performance of the
antenna is conﬁrmed via measurements.
2. ANTENNA DESIGN
A microwave imaging system for breast cancer detection is
assumed to include a circular array of antennas that encircle the
breast. This array is immersed in a liquid with a high dielectric
constant to achieve the best possible matching with the breast
tissues [4]. This is required to reduce the reﬂected/scattered sig-
nals at the skin layer interface, and thus increase the dynamic
range of the imaging system.
Conﬁguration of the antenna that is proposed for use in the
array is shown in Figure 1. It uses Rogers RT6010 (er ¼ 10.2,
thickness ¼ 0.64 mm) as a substrate. The antenna is assumed to
be immersed in a liquid with a high dielectric constant to
achieve a good matching with the breast tissues [6]. The overall
dimension of the antenna (the length L and the width W in Fig.
1) is chosen initially to be equal to half of the effective wave-
length calculated at the centre frequency of operation (6.85
GHz). The radiator, which is located at the top layer of the sub-
strate, and the ground plane at the bottom layer are in the form
of quarter an ellipse with a major diameter equal to W. There is
a slot S between the radiator and the ground plane. The initial
value for this slot is chosen to be equal to the substrate’s thick-
ness. The secondary diameter of the quarter ellipses representing
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the radiator and the ground plane is initially chosen to be equal
to the major radius minus the slot S. With this choice for the
antenna dimensions, the overall size is very compact; however,
it will have an inferior performance at the low frequency band
(around 3 GHz). To improve the performance at that band, pairs
of symmetrical slots are cut from the radiator and the ground
plane in the manner shown in Figure 1. Those slots increase
path of the current near the end of the structure. This makes the
path length of the current effectively larger than the physical
length. This eventually improves the performance at the lower
end of the band without a signiﬁcant effect on the rest of the
covered band.
The initial antenna’s dimensions are optimized using the
software CST Microwave Studio. The ﬁnal dimensions are: L ¼
10 mm, W ¼ 9 mm, Ws ¼ 0.4 mm, Ls ¼ 2 mm, ds ¼ 3 mm,
S ¼ 0.5 mm. The antenna is fed using a microstrip line with
width equal to Wf ¼ 0.45 mm.
3. RESULTS AND DISCUSSIONS
Performance of the proposed antenna was ﬁrst veriﬁed via com-
puter simulations. Next, a prototype was manufactured and
tested to conﬁrm its simulated performance.
In the imaging system for breast cancer detection, the
antenna is to be at a close distance from the breast. Therefore,
effect of the breast tissues on the antenna’s performance is
investigated. The electromagnetic model used to simulate the
breast contains two layers: The ﬁrst layer is the skin layer with
thickness ¼ 2 mm, dielectric constant ¼ 36, and conductivity ¼
4 S/m. The second layer is the breast tissue, which extends to a
width of 10 cm, with a dielectric constant ¼ 9 and conductivity ¼
0.4 S/m [7]. Results of the simulation are shown in Figure 2 for
different distances between the antenna and the breast. Figure 2
indicates clearly that the antenna maintains its ultra wideband per-
formance despite being very close to the breast tissues.
The far-ﬁeld radiation pattern of the antenna was calculated
and it is depicted in Figure 3 at 3 and 10 GHz. The antenna
Figure 1 Conﬁguration of the proposed antenna
Figure 2 Variation of the return loss with frequency at different dis-
tances from the breast. [Color ﬁgure can be viewed in the online issue,
which is available at www.interscience.wiley.com]
Figure 3 The radiation pattern at the two principle planes. [Color ﬁg-
ure can be viewed in the online issue, which is available at
www.interscience.wiley.com]
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shows directive properties with an average front-to-back ratio
which is greater than 10 dB making it a good candidate for
microwave imaging applications. The imaging system in which
the antenna is to be used contains an array of antennas surround-
ing the breast. Thus, it is important to investigate value of the
mutual coupling between those antennas. The mutual coupling
between two identical antennas at different frequencies was cal-
culated assuming two values for the distance between them. The
two mutually coupled antennas were assumed to be parallel to
each other in the manner shown in Figure 4. Results of the cal-
culation are shown in Figure 4. It shows that the coupling is
less than 25 dB across the whole ultra wideband when the dis-
tance between the two antennas is 20 mm, which is around half
of the effective wavelength at the lowest frequency of operation
which is 3.1 GHz. Figure 4 also shows that the coupling
decreases as the distance between the two antennas increases.
The time domain performance of the proposed antenna was
also calculated. A narrow pulse was assumed to be transmitted
from one antenna and the received pulse was calculated at a
copolarized receiving antenna which is at a distance of 30 cm
from the transmitter. The pulse shape was chosen such that it
contains the UWB frequency spectrum of 3.1 to 10.6 GHz.
Shapes of the transmitted and received pulses are shown in Fig-
ure 5. Note that the excited pulse and the received pulse are nor-
malized with respect to their peak values. The ﬁgure reveals
that the pulse distortion occurs below the 0.2 level with respect
to the peak level of 1, and thus it is almost negligible. The
observed result indicates that the designed antenna supports dis-
tortionless narrow pulse operation which makes it an excellent
choice for the purpose of a microwave radar imaging.
To conﬁrm the UWB performance of the antenna, a proto-
type was manufactured and tested. Figure 6 shows the measured
return loss of the antenna when immersed in a liquid, which is a
mixture of distilled water and saline with a dielectric constant of
around 10 at 3 GHz. As can be seen from this ﬁgure, the 10 dB
return loss bandwidth extends from 2.1 GHz to more than
11 GHz covering the required UWB band (3.1–10.6 GHz).
There is a good agreement between the measured and simulated
results shown in Figure 6 till a frequency of 10 GHz. After that,
there is a signiﬁcant difference between them, and this differ-
ence could be due to variation of the dielectric constant of the
liquid used in the measurements with frequency.
4. CONCLUSION
The design of a planar tapered slot ultra wideband antenna for
use in a UWB microwave breast cancer imaging system has
been presented. The antenna has a compact size of 0.9 cm 
1 cm. To improve the matching between the antenna and the
breast tissues, the antenna is immersed in a liquid of a high
dielectric constant. The simulated results have shown that the
antenna covers the ultra wideband range even when it is very
close to the breast with a low distortion in the time domain per-
formance and a low mutual coupling between closely spaced
antennas. The measured characteristics of the antenna have con-
ﬁrmed its ultra wideband operation.
Figure 4 Variation of the mutual coupling between two identical
antennas with frequency at different distances. [Color ﬁgure can be
viewed in the online issue, which is available at www.interscience.
wiley.com]
Figure 5 The impulse response of the antenna. [Color ﬁgure can be
viewed in the online issue, which is available at www.interscience.
wiley.com]
Figure 6 Variation of the return loss with frequency. [Color ﬁgure can
be viewed in the online issue, which is available at www.interscience.
wiley.com]
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ABSTRACT: The leakage loss of a hollow dielectric waveguide is
analyzed analytically and numerically. A minimum loss condition of a
bent rectangular hollow waveguide is derived in terms of the refractive
index of the cladding using the perturbation method. The validity of the
derived minimum loss condition is conﬁrmed by the beam-propagation
method. VC 2009 Wiley Periodicals, Inc. Microwave Opt Technol Lett
51: 2901–2902, 2009; Published online in Wiley InterScience
(www.interscience.wiley.com). DOI 10.1002/mop.24761
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loss; bend loss
1. INTRODUCTION
A hollow dielectric waveguide has attracted much attention
owing to its unique propagation characteristics [1–6]. The loss
of a straight and a bent slab hollow waveguide have already
been investigated in detail using the perturbation method [2, 3].
It has also been indicated that the loss of a straight rectangular
hollow waveguide is approximated by the sum of the two losses
for the TE and TM modes in a two-dimensional (2D) slab hol-
low waveguide [3, 4]. These facts motivate us to apply the loss
formulae derived by the perturbation method for the slab hollow
waveguide to a bent rectangular hollow waveguide.
In this article, we explicitly show the loss formula of a bent
rectangular hollow waveguide by the perturbation method. Tak-
ing advantage of the analytical technique, we will derive a mini-
mum loss condition in terms of the refractive index of the clad-
ding. We also analyze a straight and a bent rectangular hollow
waveguide by the three-dimensional imaginary distance beam-
propagation method (3D-BPM), which demonstrates the validity
of the derived minimum loss condition.
2. FORMULATIONS
We study a rectangular hollow waveguide composed of a low-
refractive index material surrounded by a high-refractive index
material, as shown in Figure 1(a). The refractive indices of the
core and cladding are designated as nco and ncl, and the core
width and height are as 2w and 2h, respectively. The hollow
waveguide is bent with a radius R in the x–z plane. It has been
found that the leakage loss in a straight rectangular hollow
waveguide can be estimated by the sum of two losses obtained
from straight slab hollow waveguides in the TE and TM modes
[3, 4]. It is, therefore, expected that the loss in a bent rectangu-
lar hollow waveguide can be approximated by the sum of two
losses obtained from the perturbation method [2, 3] for the
straight and the bent slab conﬁgurations shown in Figures 1(b)
and 1(c), respectively. The sum of the two losses leads to the
following attenuation constant for the Exmn mode:
axmn ¼
Aþ BC
ðncok0Þ2
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
C 1p (1)
where k0 is the free-space wavenumber, A ¼ u2n/h3, B ¼ u2m  c/
w3, C ¼ (ncl/nco)2, um ¼ mp/2, and un ¼ np/2, in which m and
n are mode numbers. For the Eymn mode, we can obtain a
y
mn by
interchanging A and B in Eq. (1). In this article, the order of the
fundamental mode is defined as one. The coefficient c includes
the effect of bending loss, and becomes unity for a straight
waveguide. Depending on the bending radius R, c is evaluated
by [2, 3],
cL ¼ 1
2
3
1 15
4u2m
 
D2E2  5
9
1 105
2u2m
þ 495
4u4m
 
D4E4
for large R ð2Þ
cS ¼ DE for small R (3)
where D ¼ (ncok0w/um)2 and E ¼ w/R. In the derivation of Eq.
(1), it is assumed that the core width and height are sufficiently
large compared with the wavelength.
It is interesting to note that for a straight (c ¼ 1) rectangular
hollow waveguide, Eq. (1) is substantially the same as that
derived by Isaac and Khalil using a ray-optics approach [6]. In
other words, Eq. (1) can be regarded as an equation extended to
a bent rectangular hollow waveguide.
To ﬁnd the location of the local extremum of the loss, we
differentiate Eq. (1) with respect to the refractive index of the
cladding, that is, qamn/qncl ¼ 0. As a result, we obtain the fol-
lowing minimum loss condition:
nmincl ¼ nco
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
2þ Fp (4)
where F ¼ (n/m)2(w/h)3/c ¼ f for the Ex mode and F ¼ f1 for
the Ey mode.
For a straight square (h ¼ w) waveguide with m ¼ n, the
minimum loss condition of both Ex and Ey modes is simply
expressed as
nmincl ¼
ﬃﬃﬃ
3
p
nco (5)
which serves as a rough guideline for determination of ncl, as
can be seen in Figures 2 and 3.
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Strain Imaging of the Breast by Compression
Microwave Imaging
A. Abbosh and S. Crozier
Abstract—A method that uses microwave pulses to achieve strain
imaging of the breast is presented. In the proposed method, the
breast is inserted in an enclosure that deﬁnes the boundary con-
ditions for the breast deformation under the inﬂuence of external
pressure. The upper plate of the enclosure, which also includes an
antenna array, is attached to a compression tool, whereas the lower
and the front plates are ﬁxed. The breast is allowed to extend in
the lateral direction when pressed by the top plate. Each of the
antennas at the top plate is used to send an ultrawideband pulse
to penetrate the breast and measure the backscattered pulse. Two
sets of measurements are taken: one pre- and another post-com-
pression of the breast. A sliding window of cross correlation is then
performed on the two sets of data to establish the time delay of
each segment of the scattered pulse due to compression. That time
delay is then employed to get a three-dimensional strain image of
the breast. As lesion tissue is typically much stiffer than normal
breast tissue, then regions of low or zero strain indicate areas in
need of further diagnostic checks. Full-wave simulations are used
to validate the presented imaging method.
Index Terms—Breast cancer, microwave imaging, strain
imaging.
I. INTRODUCTION
D IFFERENT modalities for breast cancer detection arebeing investigated around the world. One of those
modalities is microwave imaging [1]–[6], which relies on
the assumption of a high dielectric contrast between healthy
and malignant breast tissues. However, it has been shown re-
cently [7] that this is not always the case. For example, the ﬁbro
glandular tissues have a dielectric constant that is very close to
that of malignant tissue, such that the contrast between them is
as low as 1.2. In many cases, the lesions are embedded within
ﬁbro glandular tissue. With a very low surrounding contrast, it
would be extremely hard to achieve a successful detection by
relying on the electrical properties alone. Therefore, another
dimension to the microwave imaging modality is needed.
The changes in themechanical and electrical properties of tis-
sues are directly related to their pathological state [8]. Tumors
in the breast are stiffer with higher elasticity modulus compared
to the healthy tissues [8]. Thus, manual palpation is the ﬁrst di-
agnostic method used to investigate breast pathology. Unfortu-
nately, manual palpation is unsuccessful in many cases due to
the small size of the lesion or/and its deep location.
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Fig. 1. Schematic diagram showing how the proposed system is used.
There has been extensive research on the possibility of uti-
lizing the elasticity contrast between tissue types using ultra-
sound techniques [9]. However, the success is limited as some
forms of breast lesions do not have the echogenetic properties
that make them detectable by ultrasound.
The approach presented in this letter can be deﬁned as an au-
tomated palpation via using ultrawideband pulses to measure
the contrast in the stiffness of the healthy and malignant tis-
sues. To achieve that target, a controlled compression is ap-
plied to the breast, then pre- and post-compression backscat-
tered ultrawideband (UWB) signals are cross-correlated to ob-
tain a three-dimensional strain image of the breast.
II. PROPOSED METHOD
The principle of the presented method is that tissue compres-
sion (stress) produces displacement (strain) within the tissues
and that the displacement is smaller in harder tissue than in
softer tissue. Therefore, by measuring the tissue strain induced
by compression, it is possible to estimate tissue hardness, which
may be useful in differentiating normal and abnormal tissue
types, including malignancies. To this end, the breast is inserted
between two horizontal plates as shown in Fig. 1. The top plate
is connected to a controlled compression tool, and it carries a
two-dimensional array of antennas. To protect the antennas from
effect of compression and to achieve a perfectmatching between
the antennas and the breast tissues, a superstrate layer that has
a dielectric constant equal to the average dielectric constant of
the breast tissues is used. The lower plate is ﬁxed to support
the breast. There is a vertical plate in front of the breast to limit
the breast extension to only the lateral direction, i.e., z-axis in
this model. The bottom and front plates are assumed to have
a dielectric constant equal to that of the skin and covered with
absorbing material to minimize any unwanted back-reﬂection
from the boundaries.
A UWB pulse is transmitted from any of the antennas at the
top plate, and the backscattered signal is measured at the same
antenna. This step is repeated for all the antennas that form the
1536-1225/$26.00 © 2011 IEEE
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two-dimensional array in order to scan the whole breast. The top
plate is then pressed against the breast in a carefully calculated
manner. The measurement is repeated. The signals collected in
the ﬁrst set are cross-correlated with the second set of measure-
ments. The cross correlation is calculated along the whole axial
line between the top and bottom plates by utilizing a sliding time
window that covers the whole backscattered signal.
If the axial line includes only healthy tissues, the cross cor-
relation will reveal a uniform displacement of tissues along that
line by a certain amount that depends on the elasticity mod-
ulus of the healthy tissues and the amount of pressure applied.
If there is any tumor at that line, part of the line that includes
the tumor will show a very low displacement variation, or zero
strain. By repeating this operation at all the possible axial lines,
a three-dimensional image that shows the strain distribution in-
side the breast can be obtained.
The axial distribution of strain throughout the breast volume
is estimated according to the following summarized steps.
1) Get a set of measurements for the backscattered signal be-
fore compression. The backscattered signal before com-
pression is divided into time windows; the size of those
windows depends on the required resolution.
2) Compress the breast in the longitudinal direction by a cer-
tain distance that depends on the required strain using
a controlled compression plate, and acquire another set of
measurements for the backscattered signal. The backscat-
tered signal after compression is divided into timewindows
using the same size of those used for the signals before
compression.
3) Cross correlation is performed to ﬁnd the time shifts be-
tween each pair of windows from the two sets of measure-
ments. The maximum cross correlation achieved between
any pair of segments from the signals before and after com-
pression means a high similarity between the two signals,
an indication of a scattering by the same part of breast. The
amount of time shift between the two segments is calcu-
lated depending on the position of the relevant windows.
4) The local strain at a certain depth that represents the
segment of data covered by the window is calculated
(1)
is the time shift between th segments in the data pair,
is speed of light, and is the average dielectric constant
of breast tissues.
5) The time window is shifted to cover another segment of
data, and the calculation is repeated to ﬁnd the local strain
of another object within the breast.
This process is repeated for all the segments in the backscattered
signals. The result is the distribution of strain in the breast. The
part that shows a sudden change to low or zero strain indicates
a suspicious tissue element.
III. MODELING
The biomechanical breast models give distribution of
Young’s and Passion’s modulus for the main tissues
of breast (fatty, glandular, cancerous, and skin tissue) across
a certain range of strains. Young’s modulus is deﬁned for a
certain material that is under the effect of a normal stress ,
which results in a normal strain as [10]
(2)
Fig. 2. Two-dimensional view of the used heterogeneous model at      cm.
The stress is the applied force per unit area, whereas strain is the
normalized change in the longitudinal dimension due to defor-
mation . In a linear material model, does not change for
all stress and strain rates.
From a biomechanical point of view, breast tissues are usu-
ally modeled as isotropic and homogeneous, especially when
the strain and deformation values are low [11], [12]. The ratio
of the strain in lateral direction to that in the axial direction is
deﬁned for isotropic material by the Poisson’s ratios . Theo-
retically, the volume is preserved for .
Based on a breast biomechanical model [11], variation of
Young’s modulus with strain for the three healthy tissues of the
breast (fat, glands, and skin) and tumor shows that the contrast
in elasticity between any of the healthy tissues and the tumor is
more than 70:1 at low strain values (5%), whereas it is around
8:1 for high strain values (15%). Thus, it is better to use low
strain values in the proposed imaging technique for a high con-
trast in the mechanical properties. Moreover, low values for the
strain means that the assumption of isotropic breast model is
valid as explained earlier. However, using very low values for
strain means an almost impractically low deformation. Thus, a
compromised value for the strain level around 10% is to be used.
In this letter, the following moderate values of the biome-
chanical parameters based onmeasurements using ex vivo breast
samples [12] are used: Young’s modulus for fat and glands are
equal for low strain values (less than 10%), and they are equal
to 3.25 kPa. For high-grade invasive ductal carcinoma tissues,
kPa. Hence, the contrast in the utilized biomechan-
ical model is 13. According to [11], the skin can be modeled as
a linear tissue with a Young’s modulus of 10 kPa and a thick-
ness of 1 mm. As the skin has a very small thickness and as the
malignant tissues are not usually close to the skin, the relatively
low contrast (4.25:1) between the malignant tissues and skin has
a very limited effect on the strain imaging technique.
In order to test the proposed method, a three-dimensional het-
erogeneous model of breast is needed to ﬁnd the distribution of
deformation under the effect of a certain external stress. For the
system presented in this letter, the breast inside the apparatus
can be approximated by the heterogeneous model presented in
Fig. 2. The top layer is assumed to be movable to exert a uni-
form fully controlled stress of .
The utilized heterogeneous model is formed from 40 layers
of fat each with 2 mm thickness. Those layers have electrical
and mechanical properties that vary randomly by up to 50%
from the nominal values. The model includes 100 spherical-
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Fig. 3. Longitudinal deformation (mm) calculated using ANSYS. (a) No
tumor, and (b) tumor (encircled) at (25, 64).
shaped glands that are distributed randomly within the model
as depicted in Fig. 2. The radius of those glands varies ran-
domly between 1–8 mm. The electrical and mechanical prop-
erties of those spherical glands vary by up to 50% from the
nominal values. The overall dimension of the utilized model is
100 80 100 mm .
The multidisciplinary software ANSYS [13] is used to calcu-
late the deformation due to the applied stress. The applied stress
at the top layer is kPa. This value is carefully chosen
in order to make sure that the strain is around
10%. The results of deformation calculated using ANSYS for
two cases, due to space limitation, are shown in Fig. 3. After
inspecting those ﬁgures closely, it is possible to see that the de-
formation is uniformly distributed across the model except at
the tumor, where the deformation variation is perturbed by the
tumor.
The three-dimensional models before and after applying the
stress are imported in the software CST Microwave Studio to
calculate the scattered signals.
IV. STRAIN IMAGING
In order to prove the possibility of using a UWB signal to
get useful strain image of breast, a three-dimensional model be-
fore applying the pressure (Fig. 2) and after that as generated
from Figs. 3 are used in the full-wave electromagnetic software
CST Microwave Studio in order to calculate the back-reﬂected
signals. The width of the model in the third dimension is
assumed to be 10 cm. In order to include the dispersive char-
acteristics of breast tissues in the utilized model, Debye model
is used to ﬁnd variation of the values of the dielectric constant
and conductivity with frequency. According to that model, the
electrical properties of breast tissue can be calculated using the
following equation [14]:
(3)
where , and are the tissue-dependent Debye pa-
rameters, is the radian frequency, and is the permittivity of
free space. The Debye parameters for the different tissues of the
breast are assumed as follows [14]:
—Gland: ps, conductivity
S/m;
— Fat: ps, conductivity
S/m;
—Tumor: dielectric constant conductivity S/m.
For the skin [15]; dielectric constant , and conductivity
S/m.
A corrugated tapered slot antenna [16] was utilized in the sim-
ulations. For a perfect matching with the breast tissues, the an-
tenna is assumed to be immersed in the dielectric medium of
the top plate of the apparatus shown in Fig. 1. Assume that the
dielectric constant of the top layer that includes the antennas
is 10 and that Rogers RT6010 (dielectric constant
thickness mm) is used as the substrate for the antenna.
Using the design rules presented in [16], it is possible to show
that the antenna is directive and compact with dimensions of
1.2 0.8 cm .
A time-domain pulse of bandwidth 2–12 GHz is transmitted
separately from each of the antennas at the top plate. The
backscattered signal is collected by the same transmitting
antenna before and after compression. The time delay of
each segment of the time-domain UWB pulses for pre- and
post-compression is calculated, and the strain distribution is
estimated using the proposed algorithm for different sections
of the model.
The results of the calculations using the proposed method are
presented in Fig. 4 for different cases. For the heterogeneous
model without a tumor, the result shown in Fig. 4(a) does not
include any suspicious area. The strain has a smooth variation.
It has a maximum value at the top and decreases gradually till it
becomes zero at the bottom. The parts of the model close to the
boundaries have zero strain due to the ﬁxed plates and the chest
wall.
The results depicted in Fig. 4(b)–(e) present breasts with tu-
mors of different locations and sizes. In those images, the strain
has a smooth variation except at the tumor region, where there is
a sharp reduction in the strain and it becomes almost zero. This
result clearly indicates a very stiff object (suspicious tumor)
within the breast at the positions shown.
It is to be noted that, although it might be difﬁcult to detect the
presence of a 1-mm tumor in Fig. 4(d) visually, the quantitative
strain values calculated using the proposed method reveal that
the strain is around 0.5% at the location of the tumor, whereas it
is more than 3% in the surrounding region. The high 6:1 contrast
in the strain value is an obvious indication for the presence of a
suspicious tumor at that location.
For the situation when the tumor is close to the ﬁxed bound-
aries of the breast, such as close to the chest or the front and
bottom plates, the result depicted in Fig. 4(e) is presented. In
this case, a 4-mm tumor is located close to the front ﬁxed plate.
The fatty and glands areas close to that plate cannot be deformed
by a large value,although their Young’s modulus is low as they
are not free to move. Thus, those healthy tissues display a very
low strain in the calculated results, which makes it difﬁcult to
visually detect small tumors if they exist within or in close prox-
imity to those healthy tissues. However, it is still possible to rec-
ognize the presence of the tumor when using the quantitative
data, which reveals a variation of more than 50% of strain in the
tumor area compared to that of the surrounding healthy tissues.
It is clear from the presented results that the tumor can be
easily detected in all the investigated cases. The position of all
the detected tumors is almost the same as that of the assumed
tumors, whereas the size appears to be slightly larger mainly due
to the elongation in the horizontal direction.
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Fig. 4. Strain imaging of breast model using the proposed method. The loca-
tion of tumor is shown in each case. (a) No tumor. (b) 7-mm-radius tumor at
(25, 64). (c) 2-mm-radius tumor at (30, 50). (d) 1-mm-radius tumor at (56, 65).
(e) 4-mm-radius tumor at (95, 41).
The contrast in the result is very high when the tumor is large
and close to the top and middle parts of the model, whereas
it decreases as the tumor’s position becomes close to the ﬁxed
plates and chest wall. This behavior can be clariﬁed by the fact
that although the Young’s modulus for the healthy tissues at the
lower part of the breast or the front plate and chest wall is still
relatively low, the effective stress, and thus the resulting strain,
is low due to effect of the boundary conditions, i.e., ﬁxed side
and bottom plates.
V. CONCLUSION
A method for the possibility of using ultrawideband signals
to get a three-dimensional strain image of breasts has been pre-
sented. It has been shown theoretically and via full-wave sim-
ulations that the sliding window cross correlation between the
backscattered signals before and after breast compression can
detect a tumor even if it is embedded within the glands tissues
of the breast.
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Abstract—An ultra-wideband microwave imaging system that
employs a heterogeneous breast phantom and covers the ultra-
wideband (UWB) frequency range (3.1GHz to 10.6GHz) is presented.
The platform scanning system allows monostatic and bistatic mode of
operation. In this work, developed heterogeneous phantoms are used to
mimic the realistic breast tissues. A utilized tapered slot antenna array
allows for a high resolution hemispherical scan, achieved by rotating
the imaged object on a turntable. Full design details of the scanning
system and the utilized post-processing algorithm are explained. To
validate the reliability of the presented system, the results of several
imaging cases, including the challenging low dielectric contrast case,
are presented.
1. INTRODUCTION
At microwave frequencies, breast imaging methods have been explored
for several decades. There are three diﬀerent approaches to microwave
imaging, namely the passive, hybrid and active methods. In the
passive method, the tumor is detected based on the increase in
its temperature compared to normal tissues. Hybrid methods use
microwave energy to rapidly heat tumours and using ultrasound
transducer to detect pressure waves generated by the elasticity
properties of the heated tissues. Active methods involve illuminating
the breast with microwaves and measuring the scattered signals.
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The use of microwave imaging for biomedical applications was
initiated by Jacobi et al. in the late 70s. Antennas immersed in the
water were designed to obtain images of internal structure of a canine
kidney [1]. During the last decade, research activity in microwave
imaging has mainly focused on the breast cancer detection.
In 2003, a medical model where microwave breast imaging is
performed through a water-coupled boundary to detect breast cancer
was developed by the school of engineering at Dartmouth College,
USA [2]. In this experiment, modulated, continuous wave signals
were transmitted from sixteen-monopole antennas operating over a
frequency between 500MHz to 3GHz. Nine antennas at the other half
of the imaging array (glycerin mixture) are used to receive the scattered
signals. A superheterodyne technique is used to extract the phase
and amplitude of the high frequency reﬂected signals. The reﬂected
microwave signals are then converted into a 2D model map relating
to the dielectric permittivity of breast tissues. However, the antenna
array has to be moved manually via a hydraulic jack for the collection
of multiple planar data required to get a model map of the breast
tissues.
In 2009, Klemm et al. from the University of Bristol employed the
UWB microwave radar using a real aperture array of UWB antennas
that operate in a multi-static mode [3]. Antennas are positioned on
a section of the hemi-sphere, conforming to the curved breast shape.
The array is formed around the lower part of a 78mm-radius sphere,
in four rows of four antennas [4]. All antennas are aligned in rows and
columns, and the array has two axes of symmetry.
In this paper, an automated high resolution hemispherical imaging
system using ultra-wideband microwave signals is reported. The
presented system enables a cylindrical scanning of a heterogeneous
breast phantom. The main contribution of this paper is the integrated
imaging system that includes a realistic breast phantom, directive
antenna, and scanning platform. That system besides the presented
imaging algorithm forms a complete diagnostic tool for breast cancer
detection. To validate the reliability of the system, imaging results for
three cases of early tumors are presented.
2. FABRICATION OF HETEROGENEOUS BREAST
PHANTOMS
Homogenous phantoms have been of considerable use to test the
principles of microwave imaging [5–7]. However, they are insuﬃcient to
test the feasibility of UWB imaging with respect to real breast tissues
because of the composition of adipose and ﬁbro glandular tissue [8].
PAPER [17]
Progress In Electromagnetics Research M, Vol. 23, 2012 111
Breast tissues heterogeneity is quite complex and diﬀerent from one
person to another. The phantom fabrication is not only motivated by
the need for realistic breast phantom that can mimic the geometry and
the dielectric properties of human breast, but also by the need for set
of phantoms that can represent the range of human breast densities.
Breast density is used to refer to the percentage of adipose and ﬁbro-
glandular in the breast. In the developed phantom, it refers to the
percentage of high dielectric material and low dielectric materials that
represent adipose and ﬁbro-glandular, respectively.
The developed phantom emulates the dielectric properties of
human breast over the UWB frequency range of 3.1GHz to
10.6GHz [9, 10] and covers a greater range of dielectric properties of
normal tissue. Data published by Campbell and Land [11] reported on
the high contrast between normal (fat and other tissue) and cancerous
tissue. Another signiﬁcant ﬁnding was that the heterogeneity and
the complexity of the breast are higher than the previously reported.
This is due to the almost random locations of the fat tissues with
a low dielectric constant and the ﬁbro glandular tissues with high
dielectric constant. Heterogeneity of normal breast tissue has been
underestimated by many early researchers [12, 13]. In 2007, a
comprehensive study has suggested that the location of which the
normal tissue samples were taken was the reason the heterogeneity
was overlooked by previous studies [14]. The high dielectric constant
of gland makes the contrast of normal tissues to cancerous tissues small,
and thus, creates a challenge in the microwave detection methods.
The two breast phantoms used in our system, namely phantom
A and phantom B, are fabricated to represent highly dense and low
dense breasts as categorized in breast classiﬁcation done on real breasts
from reduction surgeries [15]. A low density breast is considered
to have high fat content and low ﬁbro glandular composition in the
breast. Conversely, the high density breast has low fat content but high
ﬁbro glandular composition. In reality, the breasts of younger women
contain less fat and are denser than older women’s breasts. Thus, it is
possible to assume that the developed phantom A represents breast of
young women, whereas phantom B represents breast of older women.
It is worth mentioning that a study [16] reveals that the risk of getting
breast cancer increases with age.
Agar based material has been chosen in the fabrication of our
phantoms since it can be easily shaped and has a stable dielectric
properties over a long period of time. A pyrex glass mould is used
to give a hemispherical shape to the phantoms. The hemispherical
phantoms used in the experiment have a diameter of 13.4 cm. A
random composition of ﬁbro glandular mixture is deposited into the
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base material of the breast phantom(fat tissue material) to simulate
the heterogeneity [17]. By varying the composition of low dielectric
materials such as cornﬂour and water, the dielectric properties of
the phantom can be easily altered. In particular, the proposed
phantom can represent varieties of women breasts from a low dense
breast (dominance of adipose tissue), to a high dense breast (more
heterogeneous mixture of ﬁbro glandular and adipose). For the
preparation of the tumor phantom, 7.68 g grape seed oil and 0.71 g
detergent was mixed in a beaker. In a separate beaker, formaldehyde
solution (0.313 g, 32%) and p-toluic acid were mixed by shaking with
3.14 g 1-propanol. 75 g milli-Q water was heated and the oil-detergent
mixture was added. The formaldehyde and p-toluic acid mixture were
then added together with 13.56 g of agar in small portions. 0.1 g
alizarin dye was added to colour the tumor phantom which gives a
red colour. The mixture was placed in suitable moulds and allowed to
cool to room temperature [9].
The percentage of materials used in the developments of the two
phantoms, in addition to the average and range of values for the
dielectric constant, are shown in Table 1. Phantom A has a higher
mean dielectric permittivity of 31.7 than phantom B that has a lower
mean value of 28. The high volume percentage of agar mixture (high
dielectric) with 60% composition and only 40% of corn ﬂour mixture
(low dielectric) making it have a high range of dielectric permittivity
of 16.66 because the high concentration of dielectric constant of agar
mixture which was randomly distributed in the phantom A. This value
Figure 1. Measured dielectric constant of breast phantom samples
for low and highly dense breast.
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Figure 2. Measured conductivity of breast phantom samples for low
and highly dense breast.
Table 1. The contents of phantoms (A and B), and mean and range
of dielectric permittivity.
Phantom
% Volume of
corn ﬂour
and water
% Volume of
Agar mixture
Mean Dielectric
Permittivity
Range of
dielectric
permittivity
A (Dense Breast) 60 40 31.7 16.66
B (Low
Dense Breast)
80 20 28.0 11.72
conﬁrms the high variability of the high density phantom A due to
the extreme composition of low and high dielectric mixtures. The
measured dielectric properties of the breast phantoms are depicted
in Figure 1 and Figure 2. In this result, each of the curves with
vertical bars represents the average dielectric properties of the breast
phantom A and phantom B. The vertical bars also show the variability
or the standard deviation of the measured dielectric properties of the
phantoms from the average value. The heterogeneous hemispherical
phantoms breast phantom used in the system has an average dielectric
properties (ε = 18 to 40 and σ = 0.9 to 7 S/m) to simulate normal
breast tissues across the UWB frequency range. For the target (tumor),
a mixture of agar, oil and formaldehyde solution is used with properties
of (ε = 52 and σ = 1.8 S/m).
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(a) (b)
Figure 3. The bottom (a) and top (b) views of the tapered slot
antenna.
3. SCANNING SYSTEM
3.1. Antenna
In the designed imaging system, a directive tapered slot antenna
was used [18]. It is fed by a tapered microstrip-line with a suitable
microstrip-slot transition. The slot is gradually tapered along the x-
axis and symmetric along the y-axis towards the feed. The tapered
slot is deﬁned by an exponential function that is optimized for the
best possible performance. The microstrip-slot transition, needed to
achieve strong coupling between the microstrip feeder and tapered slot
radiator, uses virtual open and short circuits in the form of a radial
slot stub and a radial microstrip stub. From parametric simulations, it
was found that by removing ellipse shaped regions from the conductive
regions, the antenna produces a higher directivity in the lower part
of the UWB [18]. The antenna is fabricated on Rogers RT6010LM
substrate, featuring a dielectric constant of 10.2, a loss tangent of
0.0023, and thickness of 0.64mm. The developed antenna (Figure 3)
has a compact size of 36mm × 36mm. The optimum dimensions of
the tapered slot for an ultra-wideband performance are found to be
H = 36mm, and L = 30mm. As can be seen from Figure 4, the
antenna operates from 3.1GHz to over 10.6GHz for the 10 dB return
loss reference.
3.2. Scanning Platform
The scanning system conﬁguration of the proposed UWB microwave
imaging system is shown in Figure 5. The system uses a USB
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Figure 4. The reﬂection coeﬃcient at the input port of the antenna.
Figure 5. Scanning platform.
interface to activate a stepper motor to rotate the phantom at a
minimal angular step of 0.72◦. The developed system supports
monostatic and bistatic mode of operation. In the work presented
here, however, monostatic operation was used where a single antenna
element is used for transmitting and receiving of the UWB pulses.
The UWB pulses are generated using ZVA24 Rohde and Schwartz
vector network analyser (VNA) in a step-frequency manner typically
using 401 equidistant frequency points across the UWB. Obtaining
the complex S-parameters is done using the virtual instrument
software architecture (VISA). This is a standard for conﬁguring and
programming instrumentation via a variety of buses such as GPIB,
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RS232, Ethernet and USB. The presented system employs a common
Ethernet interface and requires less than 3 seconds to obtain 401
discrete complex numbers. In this system, a set of the ultra-wideband
antenna elements depicted in Figure 3 can be oﬀset from each other
in the vertical and azimuth directions to minimize adverse eﬀects of
mutual coupling. Assuming that the array is limited to four antenna
elements, ultra-wideband (UWB) data for image reconstruction can be
acquired by antennas connected to a 4-port vector network analyser.
To achieve a hemispherical scan, the imaged object is placed on the
turntable (rotational axis) for a 360◦ scan while the elements of the
array antenna are ﬁxed and suitably spaced in vertical and azimuth
directions. An adjustable antenna holder varies a radial position of the
antenna from the phantom, depending on the size of the antenna and
the phantom and also the antenna height.
4. RESULTS AND DISCUSSIONS
The designed system is used to image the fabricated heterogeneous
phantoms. 50 antenna positions are considered with 7.2 angular steps.
The antenna was placed at diﬀerent horizontal planes. However, the
best images that show the target clearly are obtained when the antenna
is located at the same horizontal plane as the emulated tumor.
For the post-processing procedure needed to produce images and
to quantify them, the algorithm and metric formulas proposed in [19]
are adapted for this work. The underlying method of the algorithm is
based on using transmitted ultra-wideband signals and recording of the
time-domain back-scattered signals. This data has echo signals which
ideally originated from electromagnetic scattering targets (e.g. breast
tumor). The algorithm works by making a hypothesis that an echo
signal originated from a given point; the normalized diﬀerence signals
of each antenna are added at this space location. If the hypothesis for
the particular scatterer location is correct, the signals add coherently
and a large value of the sum is obtained. If the hypothesis is incorrect,
the signals add incoherently and the sum is small. A continuous colour
image is produced using a shading operator to interpolate at non-tested
points. Strong intensity colours indicate the location of signiﬁcant
scattering objects.
Quantitative metrics are used to evaluate the produced image. In
order to deﬁne the metrics used in this paper, it is necessary to ﬁrst
deﬁne several objects: p denotes any (x, y) point inside the body to
be imaged (phantom); Z is the set of all discrete points; T is the set
of (x, y) points that map to the location of the emulated tumor in the
phantom. The function I(p) gives the image intensity at point p. The
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(a) (b)
(c)
Figure 6. Imaging results of (a) Phantom A, (b) Phantom B, and (c)
Phantom A with two targets inserted.
ﬁrst metric used is the ratio of the average intensity value of points
located in the tumor region over the other points located in normal
breast tissue. It is given as
Q =
μ[I(p)]
μ[I(p)
∀p ∈ T
∀p /∈ T (1)
where μ[·] denotes the mean function. A higher value for this metric
implies the tumor intensity is more intensive than the background
regions.
The second metric γ is the ratio of the maximum intensity value
of the tumor region over the maximum intensity of the complete
image [20]. It is given as
γ =
max[I(p)]
max[I(p)]
∀p ∈ T
∀p ∈ Z (2)
where the function max[·] returns the maximum image intensity of the
speciﬁed set of points. If this value is 1, it implies that the tumor is
the strongest scatterer. If this value is less than 1, it quantiﬁes the
signiﬁcance of the tumor in terms of electromagnetic scattering.
The above algorithm was used for post-processing. The imaging
results of the phantoms are shown in Figure 6 for dense and low dense
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Figure 7. Imaging result when there is no target inserted.
phantoms. The low intensity color bar represents the low dielectric
material (fat tissue), and high intensity color bar represents the high
dielectric materials (ﬁbro glandular and tumor tissue). The diameter
of the target is 0.6 cm. The actual positions of the embedded targets
in the utilized phantoms are indicated by the black circles in Figure 6.
For phantom A with two targets, target T1 has 0.5 cm radius of a
closed end cylinder ﬁlled up with water, whereas target T2 is the tumor
fabricated material.
It is clear from the presented results in Figure 6 that the designed
system as whole is able to detect small tumors even in a highly dense
breast with a dielectric contrast as low as 1 : 1.3. The use of the system
for the detection of two tumors in a dense breast was also successful
as revealed in Figure 6(c) although there is a slight shift of a few
millimeters in the central position of the detected targets in comparison
with their actual positions. To verify that the system does not show
false targets, the breast phantoms were imaged without an emulated
tumor as shown in Figure 7 where no target can be seen.
To quantify the success of the imaging system, the metrics
parameters are calculated for the imaging results. Table 2 shows the
Q and γ metric results for the given images in Figure 6. Phantoms
A and B show the image intensity at the tumor region was 1.9 and 2
times, respectively, more intense then the background intensity. The
γ metric in both cases was 1 indicating the tumor was the strongest
electromagnetic scatterer in both cases. For the phantom with two
targets, which are denoted T1 and T2 as shown in Figure 6(c), the γ
value was 1 for T2 while T1 was slightly lower at 0.96. This suggest that
T1, consisting of water, is a slightly better electromagnetic scatterer
than T2 which consisted of material mimicking a tumor. Furthermore,
the Q values for both targets were 1.795 and 1.73 respectively again
showing the tumor intensity is at least 1.73 times higher than the
background intensity.
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Table 2. Performance of the algorithm for the phantoms with single
and two targets.
Phantom Q γ
A 1.9 1
B 2 1
Two Targets
T1 1.795 1
T2 1.73 0.96
5. CONCLUSION
This article reports the development of an ultra-wideband microwave
imaging system using tapered slot antennas and heterogeneous breast
phantoms aimed for breast cancer detection. The fabricated breast
phantom closely mimics the realistic breast electrical properties and
emulates the heterogeneity of real breast. Two classes of breast
phantoms representing diﬀerent breast density classiﬁcations are used
in the imaging system. A reconstruction algorithm based on confocal
imaging is used for post-processing. The obtained results indicate the
possibility of detecting small tumors in situations with as low as 1 : 1.3
contrast in the dielectric constant. A future work will include the
imaging of the phantom in 3D.
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IMAGING OF BRAIN STROKE
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M. E. Bialkowski
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Australia
Abstract—This article reports on the design of a wideband compact
microstrip-fed tapered slot antenna aimed at microwave imaging of a
brain stroke. The antenna is immersed in a carefully designed coupling
liquid that is used to facilitate higher signal penetration in the brain
and thus increased dynamic range of the imaging system. A parametric
analysis is used to ﬁnd out the required properties of the coupling
liquid. A suitable mixture of materials is then used to implement those
properties. In order to protect the antenna from the adverse eﬀects of
the coupling medium, dielectric sheets are used to cover the radiator
and the ground plane. To verify the proposed design in brain imaging,
the antenna is tested using a suitable head model. It is shown that the
antenna with a compact size (24mm × 24mm) on RT6010 substrate
(dielectric constant = 10.2) operates eﬃciently over the band from
1GHz to more than 4GHz with more than 10 dB return loss. The
time domain performance of the antenna supports its capability to
transmit a distortion-less pulse with a high ﬁdelity factor inside the
head tissues.
1. INTRODUCTION
Microwave imaging systems for medical diagnostics have recently
been proposed to augment conventional medical imaging systems [1].
Research has shown that there can be signiﬁcant diﬀerences in
dielectric properties of normal and abnormal tissues at microwave
frequencies [2–6]. This phenomenon is well known in the ﬁeld of
microwave imaging (MI) for breast cancer detection. However, MI
Received 27 October 2011, Accepted 19 January 2012, Scheduled 26 January 2012
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techniques applied to other tissue abnormalities, stroke detection in
particular, are yet to be adequately researched. Potentially, MI oﬀers
a diagnostic method with a wide variety of advantages, such as non-
ionizing radiation, low-cost portable system and fast imaging results.
A stroke is an abrupt onset injury that aﬀects the central nervous
system. It can be classiﬁed into two main categories ischemic and
hemorrhagic stroke. Ischemic stroke results from blocking the artery
that carries blood to the brain. Hemorrhagic stroke results from
bleeding within the brain or in the space surrounding. Both medical
conditions lead to death in the intermediate future if left untreated.
Moreover, the symptoms can be similar between the two conditions,
however, the medical treatment is signiﬁcantly diﬀerent. An incorrect
determination of the type of stroke most certainly leads to the death
of the patient.
A clinical decision has to be made within 3 hours of the onset of
the symptoms of a stroke to ensure the treatment is eﬀective [7]. It is
for these reasons MI systems for stroke detection has gained signiﬁcant
research interest in recent times; examples are found in [3] and [5].
To achieve suﬃcient penetration in the head tissues, it is believed
that the microwave imaging system must operate at approximately 1–
4GHz [3–5]. Thus, a wideband antenna that operates eﬃciently across
that band is a crucial element in the success of microwave imaging
system of the brain.
This paper reports the design of a miniaturized tapered slot
antenna with an operational band that extends from 1GHz to
4GHz. The performance of the antenna is tested via simulations
and measurements. The SAM (Speciﬁc Anthropomorphic Mannequin)
head model [8] is used in the simulations to test the proposed antenna.
Both the antenna and the head phantom are immersed in a coupling
liquid to improve the signal penetration. Since the post-processing of
scattered microwave signals in brain imaging generally requires time-
domain signals, the ﬁdelity factor of the transmitted time-domain
pulses from the antenna into the coupling medium is examined.
2. ANTENNA AND COUPLING MEDIUM DESIGN
Diﬀerent types of antennas have been previously designed to operate
in imaging systems [9–11]. In this paper, the utilized antenna is aimed
to be compact in size, possess directional properties and provides
resonance across the desired frequency band. Fig. 1 shows the
conﬁguration of proposed tapered slot antenna which is designed for a
microwave-based brain imaging system. It is fed using a microstrip line
of 50Ω characteristic impedance. The slot of the antenna is tapered
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(a) (b)
Figure 1. Conﬁguration of the designed antenna (a) without cover,
(b) with protecting cover.
using an elliptical function [12, 13]. The antenna is designed using
Rogers RT6010 (thickness = 0.635mm, relative dielectric constant
= 10.2) as the substrate. Giving the lowest frequency of operation
f1 and the dielectric constant εr, the width and the length of antenna
designed using the following equation:
W = L =
C
f1
=
√
2
εr + 1
(1)
c: is the speed of the light.
The radiating structure of the antenna is the intersection of the
quarter of two ellipses with major radii (r1 and r2) and secondary radii
(rs1 and rs2) using the following equations:
r1 =
W
2
(2)
r2 =
W
2
− wf (3)
rs1 = L− a (4)
rs2 = 0.5r1 (5)
a : is a parameter used to control the frequency of operation.
In the current designr1 = 12mm, r2 = 11.55mm, rs1 = 23.72mm,
rs2 = 6mm, a = 0.28.
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Next, a miniaturization technique is used to reduce the size of the
structure [14, 15]. The modiﬁcation from the traditional tapered slot
structure starts by removing the tapered ground and the slotline-to-
microstrip transition. A direct connection is used to connect the top
radiator with the microstrip line, whereas the bottom layer is used as
ground plane. The slot s between the top radiator and the ground is
used to achieve ﬁne quality matching with the feed point. The feed
structure is curved from the edge of the structure to ease the connection
of the microstrip line with the external port in the direction that is
suitable for the planned imaging system.
A symmetrical corrugation is then used in the outer edges of both
the top radiator and the background in order to miniaturize the size
of the antenna. Those corrugations are used in order to increase the
eﬀective path length of the surface current, and thus, to enable the
acceptable performance of the antenna at the low part of the band
when the size of the antenna is reduced. It can also help to suppress
standing waves arising in the antenna’s structure [14].
To reduce the scattered signals at the interface between the
antenna and the head tissues, and to achieve the best matching with
the tissues, both the antenna and the imaged object are immersed in
a coupling medium with a high dielectric constant and low conductive
loss [16, 17]. The high permittivity of the liquid can physically reduce
the size of the antenna and potentially increase the dynamic range
of the imaging system. In order to design a proper coupling liquid,
diﬀerent mixtures were tested. HP85070B coaxial probe is connected
to the HP network analyzer (HP8530A) and used to measure the
dielectric properties of diﬀerent kinds of materials. It is found that
a mixture of 70% water and 30% of solution that includes the same
Figure 2. Variation of permittivity and conductivity with frequency
for the designed coupling liquid.
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Figure 3. The antenna when used to image the SAM head phantom.
percentage of grape seed oil and polysorbate 80(Tween-80) achieves the
best possible matching between the designed antenna and the utilized
head phantom. The measured variation of the dielectric permittivity
and conductivity of the designed liquid for the frequency range from
1–4GHz is shown in Fig. 2. In order to optimize the design of the
proposed antenna when immersed in the designed coupling liquid, the
properties of the manufactured coupling medium is loaded into the
simulation tool. The antenna is also tested when operating in front of
a realistic SAM head model as depicted in Fig. 3.
In order to protect the antenna from the adverse eﬀects of the
coupling liquid, the top radiator and the ground plane are to be covered
by a suitable protective material, such as resin or varnish. In the
current design, it is covered by a dielectric sheet that has the same
dielectric properties of the substrate as shown in Fig. 1(b). An adhesive
material that has a dielectric constant close to that of the utilized
substrate is used to glue the antenna and the covering sheets together.
Given the lowest frequency, the thickness and the dielectric properties
of the substrate, the antenna was initially designed according to the
guidelines presented in [12]. The length of the slots of the corrugated
structure is chosen to be quarter of the eﬀective wavelength calculated
at the center frequency of operation. Since the antenna is designed
to operate across the band from 1GHz to 4GHz, the center frequency
is 2.5GHz. The dimensions of the antenna and the slots are then
optimized using CST Microwave Studio. The ﬁnal dimensions in (mm)
are; S = 0.28, wf = 0.45, Ls = 3.5, Ws = 0.5, ds = 0.5, w = 24,
L = 24, and Wed = 17.
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3. RESULTS AND DISCUSSION
Performance of the proposed antenna is ﬁrst veriﬁed via computer
simulations. Next, the antenna is manufactured (Figs. 4(a) and (b))
and tested to conﬁrm its simulated performance. The antenna was
tested while immersed in the designed coupling liquid (Fig. 4(c)) with
and without the presence of a head phantom.
The simulated and measured return loss of the antenna when
immersed in the coupling liquid and without the head phantom is
shown in Fig. 5. The obtained results indicate that the antenna has a
(a) (b)
(c)
Figure 4. Photo of manufactured antenna. (a) Top radiator and (b)
ground side without and with cover. (c) The test platform with two
antennas immersed in the coupling liquid.
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reﬂection coeﬃcient of less than −10 dB across the required band from
1GHz to 4GHz. The plastic container that includes the antenna and
the coupling medium has a slight eﬀect on the performance as indicated
in Fig. 5(a). To test the eﬀect of the corrugations on the covered band,
the reﬂection coeﬃcient was calculated using the simulation tool for the
antenna without corrugations. It is found that the reﬂection coeﬃcient
in that case is less than −10 dB across the limited band from 2.35GHz
to 4GHz as shown in Fig. 5(a).
To test the directive properties of the antenna, the gain was
calculated using the simulation tool. It was found that the gain varies
between 4 dBi and 6.7 dBi across the band from 1–4GHz. Without
corrugations, the gain changes between 3.5 dBi and 5.5 dBi across the
same band as depicted in Fig. 5(b).
To verify the eﬀectiveness of the chosen coupling liquid that has
an average dielectric constant of around 43 as depicted in Fig. 2, the
reﬂection coeﬃcient of the antenna is calculated via simulations for
(a)
(b)
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(c)
Figure 5. (a) The measured and simulated reﬂection coeﬃcient of
the antenna when immersed in the designed coupling liquid in the
absence of the head phantom, (b) gain of the antenna with and
without corrugations, and (c) the simulated reﬂection coeﬃcient for
other coupling liquids.
Figure 6. The simulated reﬂection coeﬃcient of the antenna placed
in front of SAM head model and immersed in diﬀerent coupling liquids
with the shown average dielectric constant.
three diﬀerent types of coupling liquids that have an average dielectric
constant of 20, 30, and 40. The result of simulations shown in Fig. 5(c)
reveals that the liquid with an average dielectric constant of 40, which
is close to that of the fabricated one, enables the antenna to achieve
its best performance.
The simulated return loss of the antenna when in close proximity
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Figure 7. The time domain response of the manufactured antenna.
to the SAM head phantom is shown in Fig. 6. It is clear that the
antenna works without any degradation in its performance when using
the designed coupling liquid due to the optimum achieved matching.
Recent reported brain imaging systems uses time-domain pulses
to reconstruct the image (see for example [5]). For this reason, the time
domain impulse response of the antenna is tested to verify its capability
to support the transmission/reception of narrow pulses in a distortion-
less manner. Two antennas are placed at the same height above the
ground with 3 cm distance between them. The two antennas face each
other in the end-ﬁre direction. The space between the antennas is ﬁlled
with the developed coupling liquid. The vector network (R&S ZVA24)
is used to generate a narrow pulse with 1–4GHz frequency content.
The pulse transmitted from one of the antennas is received by the
other antenna. The measurements are shown in Fig. 7. It is clear
the developed antenna supports almost distortion-less transmission
which minimises so-called ghost targets occurring in the microwave
imaging system. It is worth mentioning that the time delay between
the transmitted and received pulses in Fig. 7 is due to the antennas’
structure, connecting cables and the 3 cm distance between the end
points of the two face-to-face antennas.
To quantify the distortion level in the transmitted pulses inside
the coupling liquid, the second antenna is moved away from the ﬁrst
one with diﬀerent distances so that the variation of the ﬁdelity factor
as a function of distance inside the coupling medium can be calculated.
The ﬁdelity factor is calculated as the maximum magnitude of the cross
correlation between the observed pulse at a certain distance and the
excitation pulse [18]. The simulated and measured results are shown
in Fig. 8. The results indicate that the ﬁdelity factor of the antenna
decreases as the distance from the antenna increases. However, the
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value is still within the acceptable limit for a successful imaging system
(above 50%) as compared with previous reported values [19]. There are
some diﬀerences between the simulated and measured ﬁdelity factor as
depicted in Fig. 8. The eﬀect of the container on the performance
of the antennas can be predicted from the simulated results with and
without the container in Fig. 8. It is clear that the multiple reﬂections
from the boundaries of the plastic container cause a slight degradation
in the ﬁdelity factor.
In order to clarify the importance of using the designed coupling
liquid, the ﬁdelity factor is also estimated inside the SAM head model
for two cases. First, when the head and antenna are immersed in
the developed coupling liquid and the second one when the antenna
Figure 8. The simulated and measured ﬁdelity factor as a function
of distance from the antenna when it is immersed in a coupling liquid.
Figure 9. The simulated ﬁdelity factor as a function of distance from
the antenna to the SAM head model with and without coupling liquid.
PAPER [18]
Progress In Electromagnetics Research C, Vol. 27, 2012 37
is redesigned to work in free space (without coupling liquid) with
dimensions of (99.5mm × 99.5mm). The results depicted in Fig. 9
show that the ﬁdelity factor of the antenna immersed in the coupling
liquid is better than its value when no coupling liquid is used despite
the need for a larger antenna size in the no-coupling liquid case. For the
antenna presented in this paper, the ﬁdelity factor is within reasonable
values [19] inside the head phantom when it is immersed in the designed
coupling liquid.
From comparing the results of the ﬁdelity factor with (Fig. 9) and
without (Fig. 8) the presence of the head phantom, it is clear that the
presence of the phantom causes a noticeable reduction in the ﬁdelity
factor. This is one of the challenges facing the design of a reliable
microwave-based brain imaging system.
4. CONCLUSION
The design of a compact wideband tapered slot antenna immersed in
a coupling liquid for the use in a microwave-based brain imaging is
presented. The coupling liquid is designed properly to improve the
matching between the antenna and the brain tissues using a mixture
of water, grape seed oil and polysorbate 80(Tween-80). To miniaturize
the antenna, corrugations are introduced in outer edges of both the
radiator and the ground plane. To protect the antenna from ill eﬀects,
such as corrosion of the conductive layers by the coupling liquid, the
antenna is covered by a dielectric sheet. The simulated and measured
return loss of the antenna tested with and without a head phantom
have shown that the antenna covers the band from 1GHz to 4GHz
with better than 10 dB return loss across the desired band.
The time domain performance of the antenna has also been
studied. It has been shown that, although the ﬁdelity factor decreases
as the signal penetrates the head, the value of that factor is still within
the acceptable limits when the coupling liquid is used.
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Single Layer ReÀectarray With Circular Rings and
Open-Circuited Stubs for Wideband Operation
Yuezhou Li, Student Member, IEEE, Marek E. Bialkowski, Fellow, IEEE, and
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Abstract—The design of a single-layer reÀectarray, which em-
ploys a new phasing element in the form of a ¿xed-size circular
ring and a variable-length open-circuited stub, is presented. The
array is developed on a thin substrate supported by a thick foam
material. Investigations are performed to obtain a linear reÀection
phase as a function of the stub’s length when the element oper-
ates in a unit cell. This goal is achieved by a suitable choice of
the ring’s radius and width and the stub’s width. In order to val-
idate the simulated element’s reÀection phase behavior, a wave-
guide simulator is manufactured to perform experimental tests.
The phasing element offering best linear phase characteristics is
used to design an -band offset fed 13 13 element reÀectarray
pointing at 20 from the broadside direction. Full-wave simula-
tions performed using CST Microwave Studio show desired radi-
ation characteristics of the designed array antenna. The simulated
performance is con¿rmed by experimental tests performed on the
fabricated reÀectarray prototype showing a 17.8% 3-dB gain drop
bandwidth.
Index Terms—Microstrip antennas, phase shifters, reÀectarrays.
I. INTRODUCTION
M ICROSTRIP reÀectarray antenna formed by a planararray of microstrip patch elements is an attractive alter-
native to a curved reÀector antenna and a conventional phased
array [1]. It uses variable sizemicrostrip patch elements as phase
shifters to convert a spherical wave incident from a feed horn
into a plane wave in a speci¿ed direction. Its advantage over
a conventional phased array is that it uses a low-loss spatial
beamforming network [2], [3]. Power losses of such type of
beamformer are frequency independent and are smaller than
those of a circuit type beamformer, especially for large arrays
operating at upper microwave or millimeter wave frequencies.
When compared with a curved reÀector, it is easier to trans-
port and deploy because of its planar reÀector structure How-
ever, its disadvantage is a narrow operational bandwidth (only
a few percents) when variable size microstrip patches are used.
To counter this drawback, microstrip phasing elements having
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a reÀection phase range not less than 360 with a slow phase
slope as a function of their size are required.
Multilayer stacked patches of variable size were proposed
as phasing elements with multiples of 360 phasing range and
reduced phase slope as a function of dimensions. The proper
choice of the dimensions also leads to approximately linear
phase characteristics and this is welcome from the manufac-
turing point of view as the phase errors due to manufacturing
tolerances are reduced. Wideband operation of such multilayer
microstrip reÀectarrays was demonstrated [4]. However, the
multilayer solution is offset by a labor-intensive manufacturing
process. To counter that, a renewed interest in single layer
reÀectarrays has been observed in recent years.
It has been demonstrated that by using variable size mul-
tiresonance planar elements in the form of circular, elliptical
or rectangular rings supported by thick foam materials, an im-
proved reÀection phase range (exceeding 360 ) accompanied
by a slow phase slope can be achieved [5]–[7]. However, ob-
taining a linear phase from these elements is challenging from
the manufacturing perspective due to the need for very narrow
gaps between rings. To overcome this problem, the work pre-
sented in this paper focuses on using a new planar phasing el-
ement formed by a ¿xed-size circular ring accompanied by a
variable length arc.
The arc, which is connected to the ring, forms a variable
length open-circuited stub for the reÀectarray phasing. Using
this arrangement, the phase range can exceed 360 . An ini-
tial idea of using this phasing element was put forward in [8]
without paying attention to the choice of the ring’s radius and
width, or the arc’s width. As a result, a highly nonlinear reÀec-
tion phase as a function of arc’s length was generated [8]. Fur-
ther work to obtain a liner phasing, but limited only to simula-
tions, was presented in [9].
In this paper, full wave simulations using CST Microwave
Studio are performed to obtain linear phase characteristics of
this type of reÀectarray phasing element. It is shown that the re-
quired phasing characteristics can be achieved using the prop-
erly chosen radius and width of the circular ring and the width
of the variable length arc attached to the ring. The investiga-
tions are performed in a unit cell environment. In order to ex-
perimentally validate the simulation results, a waveguide simu-
lator is developed. The phasing element showing the most linear
phase behavior as a function of the arc length is used to form
an offset-fed 13 13 element reÀectarray for operation at the
-band with the center frequency of 11.5 GHz. The perfor-
mance of this array is investigated by full wave simulations and
experiments.
0018-926X/$31.00 © 2012 IEEE
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Fig. 1. Schematic of the (a) phasing element structure and (b) layer
arrangement.
II. PHASING ELEMENT DESIGN
A. Unit Cell Con¿guration
Investigations focus on a single layer reÀectarray operating in
-band with the center frequency of 11.5 GHz. The proposed
phasing element is depicted in Fig. 1(a). It is composed of a
circular ring of width and radius R1 with a circular arc of
radius R2 attached to it using a strip of height . The electrical
length of the arc ès is the main parameter responsible for con-
trolling the phase of reÀection coef¿cient when a wave is inci-
dent on an array of such antenna elements. It is supported by a
thin substrate of thickness 0.508 mm and relative permittivity
2.2 and by a thick foam of thickness and relative
permittivity , as shown in Fig. 1(b).
The role of foam placed under the substrate is to reduce the
slope of the reÀection phase characteristic so that the opera-
tional bandwidth can be increased and manufacturing errors
minimized. However, an introduction of such material reduces
the phase range and thus it is important to check that the required
360 phase range is still maintained.
B. Phasing Element Analysis and Optimization
The analysis concerns the proper choice of the radius and
width of the ring and width of the arc operating as an open-cir-
cuited stub. The aim is to obtain a linear reÀection phase char-
acteristic as a function of the stub length. The reÀection phase
characteristics can be obtained by considering a unit cell of a
periodic array of identical phasing elements under a plane wave
incidence [10]. Under the normal wave incidence, the opera-
tion of a unit cell is equivalent to the operation of a rectangular
waveguide with magnetic side walls and electric top and bottom
walls. This waveguide structure can be modeled as a two-port
circuit with Port 1 located at a non-short-circuited arm of the
waveguide and Port 2 formed at the connection point of the vari-
able stub as illustrated in Fig. 2.
The proposed two-port representation is valid under the as-
sumption that the stub weakly interacts with the vertically po-
larized incident wave. In this case, the input reÀection coef¿-
cient at Port 1 can be represented as a bilinear function of the
reÀection coef¿cient of the variable length stub [11]
(1)
Fig. 2. Schematic of the phasing element in an equivalent waveguide.
where are the -parameters of the equivalent two-port
and , is the phase constant and is the length
of the stub.
The linear transformation can
be obtained from (1) when . This occurs when the
input impedance looking at Port 2 is equal to the characteristic
impedance of the stub.
The above explanations indicate that if an approximately
linear behavior of as a function of is the design
objective, the radius and width of the ring as well as the width
of the stub/arc have to be suitably chosen.
In order to ¿nd the parameters offering a linear reÀection
phase curve, the phasing element is divided into two parts, the
ring including the vertical feed, and the arc. A discrete port is as-
signed at the feed point of the ring, and then an input impedance
of the ring as a function of the ring width at the center fre-
quency of 11.5 GHz is investigated. Assuming the ring radius
, the input impedance of the circular ring as a
function of the ring width is plotted in Fig. 3(a) assuming
a square unit cell of , which is equivalent
to 0.58 wavelength at the design frequency of 11.5 GHz. As
observed in Fig. 3(a), the ring input resistance is inversely pro-
portional to the ring width and is approximately equal to 150
when is around 0.09 mm. Fig. 3(b) shows the characteristic
impedance of a straight microstrip line as a function of the strip
width for a composite dielectric formed by the substrate and
the foam. The microstrip characteristic has an inverse relation-
ship with its width. In order to have the characteristic impedance
of the microstrip arc utilized in the presented design at around
150 , its width has to be 2 mm.
Eventually, the ¿nal dimensions of the phasing element are
obtained by generating a family of reÀection coef¿cient phase
curves for a unit cell at 11.5 GHzwhen the ring’s and arc’s width
are varied. Table I shows the ¿nal optimized parameters that
produce the best linear reÀection phase curve for the unit cell at
11.5 GHz.
C. Characteristic Results
The phase characteristics are produced by performing full-
wave electromagnetic simulations of a unit cell using Frequency
Solver of CSTMicrowave Studio 2010. The simulations assume
a normal wave incidence on the unit cell. In this case, the unit
cell operation is equivalent to that of a TEM waveguide accom-
modating the phasing element [10].
The reÀection phase as a function of the electrical length of
the phasing arc at 11.5 GHz is illustrated in Fig. 4.
The presented results show that the reÀection phase has a suf-
¿cient phasing range of around 410 . It has a linear variation in
PAPER [19]
LI et al.: SINGLE LAYER REFLECTARRAY WITH CIRCULAR RINGS AND OPEN-CIRCUITED STUBS FOR WIDEBAND OPERATION 4185
Fig. 3. Input impedance of the ring of radius as (a) a function
of its width and (b) the characteristic impedance of the arc as a function of
its width , as obtained at 11.5 GHz.
TABLE I
OPTIMIZED PARAMETERS OF PHASING ELEMENT
Fig. 4. ReÀection phase response and its linear regression curve at 11.5 GHz.
more than 360 phase range with less than 15 phase error. This
is con¿rmed by a linear regression curve drawn in the graph
which shows a good overlap with the actual phase curve.
Fig. 5. Simulated reÀection phase response of the proposed element at 11, 11.5,
and 12 GHz.
Fig. 6. Simulated reÀection phase response of the proposed phasing element
at 11.5 GHz assuming oblique incidence.
The phasing characteristics for lower (11 GHz), center
(11.5 GHz), and upper (12 GHz) frequencies are compared in
Fig. 5. The phase range at each of the chosen frequency exceeds
the required 360 and the phase slope stays approximately con-
stant.
These phasing characteristics are the basis for obtaining an
increased operational bandwidth of a reÀectarray formed by the
proposed phasing elements.
In order to show whether the phase performance of the pro-
posed element is critical to a slight change in the angle of in-
cidence, the phase is simulated for different angles. The results
presented in Fig. 6 show the phase performance of one cell for
oblique incidence in both the principal plane and
off principal plane . It can be clearly seen that the
variation in the performance between normal and oblique inci-
dence of up to 30 is small in both the principal and off principal
planes. For more accurate design, those changes, albeit being
small, can be included as part of the design for different cells of
the reÀectarray.
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Fig. 7. Schematic of waveguide simulator and phasing element con¿guration.
Fig. 8. Manufactured waveguide simulator and phasing elements.
D. Validation by Waveguide Simulator
In order to con¿rm the validity of simulation results for the re-
Àection phase characteristics, an -band waveguide simulator
[12]–[14] is developed. Because the waveguide uses all con-
ducting walls, the condition of TEM wave used in the earlier
undertaken simulations, when producing phase curves, cannot
be met. In the waveguide simulator, the incident angle of
the inbound wave is dependent on an operating wavelength and
cut-off wavelength of the waveguide, as given by the following
equation [12]:
(2)
In the undertaken experiments, the waveguide simulator is
assumed to be terminated with two identical unit cells, as de-
picted in Fig. 7. The aperture of the waveguide port is set at
and to obtain a small incidence angle
of 25.8 at 11.5 GHz.
The validation process is carried out in two steps. First step
is the simulation of the waveguide including two identical
phasing elements to obtain the phasing characteristic results in
this waveguide environment. Second, the waveguide and unit
cells are fabricated for measurements, as shown in Fig. 8.
Measurements are carried out on six fabricated sets of an-
tenna elements to obtain six discrete points of phase response.
These element sets have different arc angles of 30 , 60 , 90 ,
120 , 150 , and 180 . Both the simulated and measured phase
characteristic results are given in Fig. 9.
From the results shown in Fig. 9, it is apparent that the sim-
ulated phase characteristic results agree well with the measured
Fig. 9. Simulated and measured phase response by waveguide simulator.
Fig. 10. (a) Con¿guration of the conical horn and (b) photo of manufactured
horn.
TABLE II
OPTIMIZED PARAMETERS OF FEED HORN
phasing result points, although small discrepancies occur when
increases from 80 to 120 .
This agreement provides high con¿dence in CST which is
used here to generate reÀection phase characteristics of the
chosen phasing element.
III. FEED HORN DESIGN
In order to illuminate the reÀectarray, a conical horn feed is
designed and manufactured [6]. The cross-sectional con¿gura-
tion of the proposed horn is illustrated in Fig. 10(a). Manual op-
timization of horn dimensions is carried out to obtain almost a
constant gain and radiation pattern over the 10.5–12 GHz band.
The optimized parameters used in the manufacturing process
[Fig. 10(b)] are given in Table II.
The and plane radiation patterns of the horn at several
frequencies within the -band are shown in Fig. 11(a) and (b).
It can be seen that the measured -plane main beamwidth is ap-
proximately 26 and remains constant for the chosen frequen-
cies. The ¿rst side lobe of approximately is at . The
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Fig. 11. Measured radiation pattern results of the feed at (a) plane and (b)
plane.
-plane main beamwidth is around 36 for all the tested fre-
quencies. The side lobes are well below with respect
to the peak of the main beam. Therefore, stable radiation pat-
terns in both planes are achieved by the proposed feed across
the 10.5–12 GHz band. The presented results show that the de-
signed horn is able to support wideband operation.
IV. FULL ARRAY VALIDATION
In order to benchmark the usefulness of the proposed phasing
element, an offset feed reÀectarray formed by 169 elements
(13 13) is designed using the phase characteristics obtained
in the previous simulations.
The unit cell spacing is chosen at 15 mm (0.58 wavelengths
at 11.5 GHz). The earlier described conical horn is selected as
the feed. This conical horn is assumed to be placed with 20 tilt
angle in broadside direction to reduce the blockage. In order to
minimize side lobes and to maximize the gain of the array, the
focal length F is chosen to be equal to the reÀectarray aperture
size . The required compensation phase value
at each phasing element is computed by using the following
formula from [2]:
(3)
Fig. 12. Fabricated 13 13 element offset feed reÀectarray.
In this equation, and are the coordinates of each element
in and directions, and is the distance of each element
to the phase center of the feed. The main beam of the array
is assumed at , to form specular reÀection
with the feed, and thus to minimize the beam squint effect. The
required physical length of the variable size arc on each
element is obtained from the characteristics at 11.5 GHz shown
in Fig. 4.
It is worth mentioning that the array, which is located at
195 mm from the feeder, is located in the presented design at
the border of the far-¿eld region (207 mm) of the horn feeder.
Thus, there is no need in the design and simulations to consider
the technique of far-¿eld to near-¿eld transformation [15]. The
use of that technique is effective when the array is located well
within the near-¿eld of the feeder.
The entire reÀectarray is simulated in CST Microwave
studio ¿rst, and then manufactured (Fig. 12) for testing. In
order to minimize the computational load, the feed horn’s
radiation pattern results are saved as a far-¿eld source. The
whole reÀectarray antenna is assumed to be illuminated by this
far-¿eld source in CSTMicrowave Studio’s I-solver. Using this
approach only planar reÀector surface is meshed in simulations.
Compared to the volume mesh of Transient Solver, the surface
mesh in Integral Solver greatly reduces the number of mesh
cells. The full wave simulation took one hour on a computer
server of 12 cores and 48 G RAM.
Fig. 13 presents the simulated radiation pattern of the pro-
posed reÀectarray in the plane across the frequency band from
10.5 to 12.5 GHz, as obtained from CST Microwave Studio’s
I-solver. From Fig. 13, it can be concluded that the designed re-
Àectarray points its main beam at the desired direction of 20
in the plane with 3-dB main beamwidth staying at 9 and
that the radiation pattern of the proposed reÀectarray remains
approximately constant across the investigated frequency band.
The measured radiation patterns results of the array in plane
from 10.5 to 12.5 GHz are shown in Fig. 14. The measured re-
sults con¿rm that the main beam of the fabricated array pre-
cisely points at the desired 20 direction across the considered
frequency band. In addition, the measured pattern of the array
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Fig. 13. Simulated radiation pattern of the reÀectarray in plane.
Fig. 14. Measured radiation pattern of the reÀectarray in plane.
stays constant in the 10.5 to 12.5 GHz band, with a 3-dB main
beamwidth being approximately 9 .
By comparing the simulated and measured radiation patterns
in Figs. 13 and 14, discrepancies are observed outside the main
beam region. This can be explained by the fact that in simula-
tions only a forward beam pattern of the feed is used in CST
Microwave Studio’s I-solver to generate the reÀectarray radia-
tion pattern. As a result, the feeding horn’s backward and side
radiations are neglected. In turn, that factor is responsible in ac-
tual radiation pattern measurements for the increased level of
side and back lobes outside the main beam region. These ad-
verse characteristics are usually part of small size reÀectarray’s
radiation pattern, which is the case of the present design. These
undesirable effects are minimized in large size reÀectarrays.
The simulated and measured gain performance is presented
in Fig. 15. The proposed reÀectarray has a maximum gain of
24.9 dB at 11.5 GHz. With gain drop below 1 dB, the simu-
lated gain curve stays approximately constant between 10.9 and
13 GHz. The obtained measured gain results show that the peak
value of 24.1 dB occurs at 11.6 GHz. The reÀectarray’s 3-dB
gain drop band is from 10.95 to 13 GHz, which is equivalent
to 17.8% with respect to the central frequency of 11.5 GHz.
Furthermore, the gain maintains the 3 dB gain drop bandwidth
above 13 GHz, but this frequency range is beyond the oper-
ating band of the waveguide termination, which is attached to
Fig. 15. Simulated and measured gain of the proposed reÀectarray.
the circular feed horn. The measured gain is smaller by approxi-
mately 1 dB than the simulated one across the range from 10.95
to 13 GHz. This is due to the reasons explained with respect
to the obtained simulation and experimental radiation patterns.
Furthermore, the reduction of measured gain can also be due to
the coaxial to rectangular and then circular waveguide transition
attached to the horn.
To fully characterize the developed array, the total aperture
ef¿ciency is calculated using the method presented in [1]. From
the measured performance of the array, the ef¿ciency is found to
be between 50% and 52% across the covered band. This range of
values agrees well with the recent developed reÀectarrays [16].
V. CONCLUSION
The design of a single layer microstrip reÀectarray em-
ploying a novel phasing element to achieve wideband operation
has been presented. The proposed phasing element is formed by
a ¿xed-size circular ring with a narrow width, which is accom-
panied by a wide variable-length circular arc representing an
open-circuited stub. To achieve a slow phase slope, thick foam
is used to support the phasing element, which is developed on
a thin substrate. The phasing characteristics of the proposed
phasing element have been analyzed using CST Microwave
Studio. The proposed phasing element offers a suf¿cient phase
range exceeding the required 360 . An investigation into the
parameters of the ring and the arc has been carried out to
obtain a linear phase response when this element is placed in
a unit cell. This has been accomplished by suitably selecting
radius and width of the ring and width of the arc. A waveguide
simulator has been manufactured to con¿rm the validity of the
CST generated phase characteristics. The usefulness of the new
phasing element has been demonstrated in the design example
of an offset fed 13 13 elements reÀectarray operating at
-band. The wideband performance of the array has been
demonstrated by full wave simulations performed in the CST
Microwave Studio and experimental testing carried out on the
fabricated prototype. The measured results have demonstrated
a 17.8% 3 dB gain-drop bandwidth con¿rming the wideband
operation of the proposed reÀectarray.
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Electronically Controlled Phasing Element for
Single-Layer Recon¿gurable ReÀectarray
Yuezhou Li, Student Member, IEEE, and Amin Abbosh, Senior Member, IEEE
Abstract—An electronically controlled phasing element for a
beam-steered single-layer microstrip reÀectarray operating at
4 GHz is presented. The phasing element is formed by a printed
circular ring equipped with a variable-length arc stub. The recon-
¿gurable design is accomplished by including an open gate p-i-n
transistor in the variable-length stub to offer a 1-bit beam-steering
ability. Full-wave electromagnetic simulations and measurements
are performed to prove the linear phase performance of the
proposed cell including the effect of the utilized active chip and its
biasing circuit. Those results indicate the high isolation between
the phase performance of the utilized cell between the ON and OFF
states of the p-i-n switches.
Index Terms—Microstrip antenna, phase shifter, recon¿gurable
antenna, reÀectarray.
I. INTRODUCTION
M ICROSTRIP reÀectarray antenna is a promising sub-stitution to the traditional parabolic reÀector in terms
of light weight and planar structure. It transforms the spher-
ical wave from its feed into a planar wave in the desired di-
rection with the help of variable-size microstrip phasing ele-
ments [1]. The proper utilization of pattern synthesis theory
and careful arrangement of its microstrip elements enable the
shaped beam ability of the reÀectarray antenna. In particular,
the use of a large number of microstrip patch elements in re-
Àectarray offers a considerable freedom in beam shaping with
much lower cost compared to the phased array. However, pas-
sivemicrostrip reÀectarrays have the signi¿cant disadvantage of
lacking the beam-steering capability. In recent literature, many
ideas have been proposed to overcome this shortcoming by de-
signing a recon¿gurable reÀectarray [2]–[5]. The recon¿gurable
design aims at combining the advantages of the ¿xed-beam re-
Àectarray concerning the compact size, light weight, and low
cost, with the advantages of electronic scanning in regard to in-
creased speed compared to the mechanical steering of parabolic
reÀectors.
In order to electronically control the phase of microstrip
elements of the reÀectarray, active devices have to be included
in the microstrip structures of each unit cell. Several devices
are used, such as p-i-n diodes [2], microelectromechanical
systems (MEMS) [3], and liquid crystal materials [4]. All these
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approaches are good candidates for recon¿gurable reÀectarray
design with moderate-size apertures. However, manufac-
turing limitations occur for large-size arrays formed by these
methods, as the control circuitry becomes highly complicated.
To overcome this challenge, a multilayer aperture-coupled
patch phasing element is attached with p-i-n diodes forming
a recon¿gurable reÀectarray by gathered element method [5].
This method signi¿cantly reduces the number of the required
electronic devices and reduces the complexity of the control cir-
cuitry, especially for large reÀectarrays that include thousands
of elements. However, the utilized multilayer aperture-coupled
structure imposes other manufacturing challenges concerning
the combining and alignment of the different layers. Therefore,
further research work is needed to simplify the design. One ob-
vious, but challenging, option is to use electronically controlled
phasing elements in a single-substrate reÀectarray.
In this letter, an electronically switchable phasing element for
a single-layer microstrip reÀectarray is proposed. This phasing
element is formed by a circular ring with an attached variable
length arc as stated in [6] and [7]. Extended investigations
are carried out to improve that element’s recon¿gurable phase
switching capability when a practical p-i-n switch is accom-
modated in the variable length arc. A waveguide simulator is
developed to measure the phase behavior of the recon¿gurable
unit cell when the attached p-i-n diode changes its state between
ON and OFF.
II. UNIT CELL CONFIGURATION
The investigation is carried out on a single-layer recon¿g-
urable reÀectarray designed at C-band with a center frequency
of 4 GHz. As shown in Fig. 1(a), the phasing element is designed
for a wideband operation [7]. It is formed from a printed circular
ring of radius equipped with a variable length arc stub that
has a radius . The square lattice periodicity of the array is set
to mm, which is equivalent to 0.53 free-space
wavelength ( ) at 4 GHz. In the recon¿gurable structure, a p-i-n
switch is connected in a certain location in the arc stub across a
small gap as depicted in Fig. 1(b). The proposed microstrip
element is assumed to be supported by a thin substrate of thick-
ness 0.254 mm and dielectric constant 1.96. A foam layer of
thickness 3.175 mm and dielectric constant 1.06 is placed under
the substrate to obtain a linear reÀection phase curve as a func-
tion of the variable length arc, as shown in Fig. 1(c).
It is to be noted that and depicted in Fig. 1 are angles
and not electrical lengths. The physical length of the stub can
be calculated from the multiplication of its radius by the angle
in radians.
In the tuning stage, the ring radius is ¿xed at 10.5 mm,
and the gap ( ) between the ring and circular arc is optimized
1536-1225/$31.00 © 2012 IEEE
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Fig. 1. Schematic of proposed recon¿gurable phasing element: (a) ¿xed-beam
design, (b) recon¿gurable structure showing location of the p-i-n transistor, and
(c) layer con¿guration.
Fig. 2. Phase characteristic results of the original phasing element at 3.9, 4.0,
and 4.1 GHz.
at . The required phase linearity is obtained by making
the characteristic impedance of the circular stub equal to the
input impedance of the ring structure at the joint point [7]. That
target is achieved by optimizing the width of the ring and
the arc . It is found that the optimum values that help in
realizing a linear phasing characteristics are mm, and
mm.
The reÀection phase results of the phasing element are
obtained by full-wave simulations of a unit cell. The frequency
solver of CST Microwave Studio with appropriate unit-cell
boundary conditions is applied. Here, the used assumption is
that a plane electromagnetic wave is normally incident on an
in¿nite periodic array of identical elements.
The phase characteristic results of the unit cell at the cen-
tral (4 GHz), upper (4.1 GHz) and lower (3.9 GHz) frequen-
cies of the investigated band are illustrated in Fig. 2. A suf¿-
cient phasing range of around 450 is obtained in the simula-
tion, although with some small variations in phase when the fre-
quency changes. The linearity of the phasing curve is validated
Fig. 3. Phase reÀection results of the unit cell with and without the effect of
the p-i-n transistor.
by comparison to a linear regression curve in Fig. 2. The suf¿-
cient phasing range and the linear phasing behavior offer a lot
of freedom to properly design the recon¿gurable reÀectarray.
III. RECONFIGURABLE PHASING ELEMENT DESIGN
The recon¿gurable phasing element design is illustrated in
Fig. 1(b). To obtain the beam-steering capability, the circular
arc of the phasing element is divided into two parts. Part 1 is at-
tached to the circular ring, and Part 2 forms an isolated circular
arc transmission line. A p-i-n transistor switch is added across
the slot between the two circular arc parts to enable the phasing
elements to offer two different phase compensation values de-
pending on the state of the p-i-n transistor. The gap of the two
parts is optimized at to accommodate the utilized
p-i-n transistor switch with a minimum mutual coupling be-
tween the two parts of the arc. The lengths of Parts 1 and 2 of
each cell in a reÀectarray are chosen in the ¿nal reÀectarray de-
sign depending on the required two patterns of the reÀectarray.
In order to imitate the practical case at the ON state of the
p-i-n transistor, investigations are carried out by assuming three
cases: microstrip line connection with no p-i-n transistor or their
biasing circuit (¿xed-beam case), adding the p-i-n transistor as
an ideal switch with the effect of the biasing circuit, and the
realistic transistor with its parasitic elements included. For the
last test, the parasitic elements of Mini-Circuits PIN transistor
(M3SW-2-50DR+) are extracted using Agilent ADS from the
measured scattering parameters of the transistor. The obtained
values are the following: resistor , inductor
nH, packaging capacitor pF.
The simulated phasing characteristic results of the recon¿g-
urable element of Fig. 1(b) at 4 GHz are depicted in Fig. 3. It
is clear that the inclusion of the biasing circuit and the parasitic
elements of the utilized diodes have little impact on the linearity
and range of the phase performance.
In another investigation, the phasing characteristic when the
switch has a variable location is veri¿ed. The lengths of Parts 1
and 2 indicated in Fig. 1(b) are changed, and the phase is calcu-
lated when the p-i-n diode is in the OFF state. This case is impor-
tant as it is used in the ¿nal recon¿gurable design. The length
of Part-1 stub [Fig. 1(b)] is increased with the total stub length
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Fig. 4. Phase response results for recon¿gurable cells with different p-i-n
switch states and passive cells.
Fig. 5. Schematic of two phasing elements in the waveguide simulator.
remains constant such that , which is chosen for a
maximum phase change as indicated in Figs. 2 and 3. The phase
performance of this scenario is compared in Fig. 4 with the orig-
inal phasing curve for the passive design (no p-i-n diodes), and
with the phasing results with the switch at a ¿xed location and
in the ON state (from Fig. 3). It is apparent from Fig. 4 that the
three curves are in good agreement, although some tiny discrep-
ancies occur when the angle is located within the 100 –180
range, which is caused by the parasitic elements of the p-i-n
transistors and their biasing circuits. Therefore, the inclusion of
the p-i-n switches hardly causes phase distortions, and thus they
should not be observed in the operation of the recon¿gurable
array. Also, Part 2 of the arc has no effect on the phasing char-
acteristics when the p-i-n transistor is in the OFF state, revealing
the most required isolation between the two parts of the arc.
IV. EXPERIMENTAL VALIDATION
A waveguide simulator (WGS) [8] is used to validate the
reÀection phase characteristic of the electronically switchable
cells. The waveguide simulator is assumed to be terminated
with two identical unit cells, as depicted in Fig. 5. Because all
the walls of the waveguide are conducting E-walls, the trans-
verse-electromagnetic boundary conditions required for the cor-
rect emulation of the cell when used in a realistic reÀectarray
cannot be satis¿ed. To solve this problem, the waveguide sim-
ulator is designed to have a small incident angle. Inside the
waveguide simulator, the incident angle ( ) of the inbound wave
on the phasing element is determined by the operating wave-
length ( ) and the cutoff wavelength ( ) of the waveguide, as
given by the following equation [8]:
(1)
Fig. 6. Fabricated phase elements. (a) Passive phase element in waveguide sim-
ulator. (b) Full set of passive elements. (c) Recon¿gurable element in waveguide
simulator. (d) Full set of recon¿gurable elements.
In the undertaken experiments, the aperture of the waveguide
port is set at the dimensions of 80 40 mm to obtain a small
incidence angle of 28 .
The validation process is carried out by two steps. First,
the waveguide including the two identical phasing elements
as termination is simulated to obtain the phasing behavior
of the structure in this waveguide environment. Second, the
waveguide simulator and the unit cells are fabricated for mea-
surement by a vector network analyzer.
Two series of phasing elements are fabricated to test the pro-
posed cells when used in a ¿xed-beam and recon¿gurable re-
Àectarray. First, six sets of phasing structures are fabricated on
Rogers 5880 to ¿t the waveguide port dimensions, as shown in
Fig. 6(a) and (b). This series is measured to con¿rm the phasing
behavior of the structure without the effect of the p-i-n transistor
and biasing network at six discrete points of phasing character-
istic results with the angle ¿xed at 40 , 70 , 100 , 130 , 160 ,
and 190 . The simulated and measured phase characteristic re-
sults of the passive phasing structure are given in Fig. 7. The
measured phase points coincide well with the simulated phase
characteristic curve and indicate a linear phase variation with
more than 360 phase range.
The recon¿gurable phasing elements series is fabricated
on Rogers 5880LZ with Mini-Circuits PIN open gate tran-
sistor (M3SW-2-50DR+) soldered on a biasing circuit located
on backside, as depicted in Fig. 6(c) and (d). This series is
measured to obtain seven points of phase reÀection results
in both switching ON and OFF state when is chosen at
50 ,80 ,110 ,140 ,170 , 200 , and 230
Fig. 8 illustrates the simulated and measured phase charac-
teristics of the recon¿gurable phasing elements when the p-i-n
transistor is in states ON and OFF. When the biasing circuitry is
switched ON, a good agreement is obtained between the simu-
lated and measured phase performance. A small difference can
be observed between the simulated and measured performance
when increases from 80 to 140 .
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Fig. 7. imulated and measured phase characteristic results of the passive ele-
ments in waveguide simulator environment.
Fig. 8. Simulated and measured phase characteristic results of the recon¿g-
urable elements in waveguide simulator environment when p-i-n transistor is
ON and OFF.
The recon¿gurable phasing elements with p-i-n transistor in
state OFF is also validated to con¿rm that the isolated stub Part 2
offers zero phase compensation to the steerable unit cells across
a reasonable range of stub length. A good agreement between
the simulated and measured results is also observed in Fig. 8.
The phase of the reÀection coef¿cient remains constant at 0
when the total central angle is increased up to 140 . Since
the length of Part 1 in the tested cells is ¿xed such that it has
a central angle of around 50 , the achieved results mean that
the maximum length of Part 2 with perfect isolation from Part 1
when the p-i-n switch is OFF is determined by 90 central angle.
Using the radii and widths of the ring and stub, it is possible to
verify that the electrical length of Part 2 with 90 central angle
is about half-wavelength. Due to the half-wavelength resonance
of the isolated arc Part 2, the sharp change in phase is observed
when is larger than 140 . This result provides a high con-
¿dence that the isolated stub Part 2 will hardly affect the per-
formance if the length of Part 2 is controlled below half-wave-
length. A length with 90 central angle means that it enables
280 phase range variation for the recon¿gurable pattern as can
be concluded fromFig. 4. This value is 80 less than the required
full-cycle (360 ) phase range. However, the 80 phase range
shortage can be easily compensated when 360 phase truncation
is applied to those elements that require a phase value smaller
than 80 . The 90 excessive phase from the total phase range
of 450 in Fig. 4 is able to accommodate the required 80 addi-
tional phase. Therefore, in the design of the recon¿gurable re-
Àectarray, phase truncation mechanism is applied to determine
the lengths of stub Part 1 and Part 2 such that the length of stub
Part 2 is smaller than half a wavelength.
V. CONCLUSION
A novel single-layer phasing element formed by a circular
ring accompanied by a variable-length circular arc has been de-
scribed for use in a recon¿gurable reÀectarray at C-band with
4 GHz central frequency. The beam steering is accomplished
by dividing the variable-length arc into two parts and adding
p-i-n switch across the slot. The performance of this recon¿g-
urable phasing element has been validated by simulations and
measurements in a waveguide simulator. The simulated phase
characteristics for the recon¿gurable unit cell agree well with
measured values. The presented results indicate that the pro-
posed unit-cell structure is a good candidate for a single-layer
recon¿gurable reÀectarray design.
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ABSTRACT: A planar antenna array that includes 12 corrugated tapered slot elements for
use in ultrawideband (UWB) biomedical microwave imaging systems is presented. The used
corrugate tapered slot antenna has a compact size, low proﬁle, moderate gain, and distortion-
less performance in the time domain. The array is immersed in a carefully designed matching
liquid of suitable dielectric constant to improve the matching between the array and the
imaged object, and thus, to increase the dynamic range of the imaging system. A suitable
platform is designed and fabricated to accommodate the array, breast phantom, and a cou-
pling liquid for the case of UWB breast imaging. The design of the whole system is optimized
using trust-region framework method in the simulation tool CST Microwave Studio. The per-
formance of the designed array is conﬁrmed via measurements in a realistic imaging environ-
ment. VC 2012 Wiley Periodicals, Inc. Int J RF and Microwave CAE 23:59–66, 2013.
Keywords: tapered slot antenna; antenna array; microwave imaging; ultrawideband antenna
I. INTRODUCTION
Microwave imaging modality is a promising diagnostic tool
for assessing the biomedical state of the human body. One
prominent example where active microwave imaging shows
a great promise of such an application is early breast can-
cer detection [1]. The underlying notion of this technology
is the signiﬁcant difference of complex permittivity
between malignant tumors and normal breast tissue [2].
Breast cancer persists to be the top threat to many
women’s health, and early diagnosis is the key to its
defeat. X-ray mammography remains the most effective
screening technology for detecting clinically the breast
cancer. However, it suffers from high false-negative detec-
tion rates [3]. Also, patients are exposed to ionizing radia-
tion. Microwave detection of breast cancer is nonionizing
and thus avoids the problem met in X-ray mammography
[4]. In the microwave-based imaging systems, which are
used in a similar fashion to the ground penetrating radar,
microwave signals are transmitted from an antenna or an
antenna array, and the received signals, which contain the
reﬂections from tumors are recorded and analyzed using
suitable signal processing technique to get three-dimen-
sional images.
Many research groups have developed different types
of imaging systems in recent years, such as, nonlinear
inversion tomography, chirp-pulse microwave computed
tomography, indirect holography, reﬂection–transmission
holography, confocal imaging, time reversal, raster scan-
ning, shape-based inversion, and strain imaging [5–7]. In
those systems and others, different kinds of antenna
arrays, such as, planar, cylindrical, hemispherical, and
conformal array structures, were used to study the feasibil-
ity of detecting and localization tumor with cylindrical or
hemispherical breast models [8–12]. Concerning the
antenna elements used in those arrays, different types of
antennas, such as, patch antenna, monopole antenna, slot
antenna, bowtie antenna, and so forth, are used [13–21].
Each of these antennas has its own merits. In addition to
the antenna array, a proper coupling liquid between the
array and the object is necessary to reduce the reﬂection
and enhance the dynamic range [22].
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This article reports the design of a planar antenna array
to be used in the microwave imaging system shown in
Figure 1. In that proposed imaging system, one of the array
elements is used to transmit a very narrow pulse to pene-
trate into the breast while the scattered signal due to differ-
ent layers of breast tissues is collected by the rest of the
antennas in the array. This process is repeated until all ele-
ments of the array perform the transmitting role. In this
work, a planar array installed in a suitable platform is used
to detect and localize breast tumor. In this technique, the
breast is assumed to be inserted and slightly pressed inside
the platform for a better signal penetration, and thus, more
accurate postprocessing of the scattered signals.
The main challenges facing the design of suitable
ultrawideband (UWB) antenna for imaging systems are
the requirements for a compact size, moderate to high
gain with high radiation efﬁciency, distortionless perform-
ance in the time domain, and low proﬁle. To respond to
those challenges, the array is built using corrugated
tapered slot antennas (TSAs). This type of antenna is cho-
sen because of its directive properties and high radiation
efﬁciency. Because of the space limitation in breast imag-
ing environment, a corrugation technique is used to make
the antenna compact. The performance of the antenna as a
single element and as an element in a planar array is
tested in the presence of a breast phantom. To improve
the matching between the array and breast, the array is
immersed in a matching liquid that has a high dielectric
constant. The simulated performance of the proposed
antenna and antenna array is conﬁrmed via measurements.
II. ANTENNA DESIGN
The antenna array is a key component in the success of
microwave-based imaging systems. To achieve the best pos-
sible matching with breast tissues, the array is to be
immersed in a liquid with a high dielectric constant to
reduce the reﬂected/scattered signals at the interface and to
increase the dynamic range of the imaging system as indi-
cated in Figure 1. To efﬁciently use the available micro-
wave power, directive antennas are preferred. In the pro-
posed planar array, the elements of the array are TSAs,
which have low proﬁle and are light in weight. The require-
ment for one of the principles of the design of this antenna
is that the end slot should reach at least one-half of the
wavelengths at the lowest frequency of the desired opera-
tion. The antenna exhibits high directivity due to its travel-
ing wave nature. It is also capable of producing a symmet-
ric beam in the electric ﬁeld plane, and the magnetic ﬁeld
plane, which is perpendicular to the substrate, when appro-
priate dimensions and slot shapes are chosen [20].
The antenna is depicted in Figure 2. It has an antipodal
structure with a limited length ground plane at the bottom
layer. The antenna is fed using a microstrip line of 50 X
characteristic impedance. Initially, the proposed antenna is
designed without corrugations following the guidelines
described in Ref. [21]. Next, corrugations are introduced
in both the top radiator and the ground layer to reduce the
antenna size and to suppress the standing waves arising in
the radiator of the antenna [19]. The used corrugation also
Figure 1 Conﬁguration of the microwave imaging system for
breast cancer detection. [Color ﬁgure can be viewed in the online
issue, which is available at wileyonlinelibrary.com.]
Figure 2 Conﬁguration of the designed antenna: (a) without covers and (b) with covers. [Color ﬁgure can be viewed in the online issue,
which is available at wileyonlinelibrary.com.]
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improves the directivity in the lower part of the UWB fre-
quency range and enhances transmission of UWB pulses.
The top radiator and the bottom ground are covered by a
dielectric material with properties that are similar to those
of the substrate to protect the radiating element from the
adverse effects of the coupling liquid, such as metal corro-
sion, and to improve the matching of the antenna when
immersed in a coupling liquid.
The lowest frequency of operation (f1), substrate thick-
ness (h), and the dielectric constant (er) is used to calcu-
late the width (w) and the length (l) of the antenna’s struc-
ture in free space
w ¼ l ¼ cﬃﬃﬃﬃ
er
p
f1
; (1)
where c is the speed of the light in free space.
The intersection of quarter of two ellipses is used to
form the structure of the radiating elements. The width of
the microstrip transmission line wf is calculated using Eq.
(5) to get characteristic impedance ZO ¼ 50X.
z0 ¼ 60= ﬃp ðerÞ ln½ð8h=wf þ wf =4hÞ (2)
Assuming that the antenna and array are to be
designed for the frequency range from 3.1 to 10.6 GHz
according to the FCC regulations and the IEEE recom-
mendations for medical imaging systems, the lowest fre-
quency of operation (f1) is then chosen to be 3.1 GHz.
The length of the slots used in the corrugations, shown in
Figure 2, is chosen to be quarter wavelength at the center
frequency of operation (6.85 GHz).
The ﬁnal dimensions are obtained using the optimiza-
tion capability of the software CST Microwave Studio.
Trust-region framework method is used to optimize the
design parameters. The main feature of that method is that
it uses the sensitivity information of the different design
parameters to cut down the optimization time dramati-
cally. It is used in this work to watch the return loss of
the antenna and to ﬁnd the optimum dimensions for the
antenna and slots with 10-dB return loss as a reference
across the band from 3.1 to 10.6 GHz. The optimized
dimensions of the antenna assuming the use of Rogers
RT6010 with dielectric constant ¼ 10.2 and thickness ¼
0.635 mm as the substrate are shown in Figure 2 are L ¼
40, w ¼ 22, Ls ¼ 4, Ws ¼ 1, and Sp ¼ 0.5 mm.
III. MATCHING MEDIUM DESIGN
The antennas in the imaging system, depicted in Figure 1,
are immersed in a liquid with a high dielectric constant to
achieve the best possible matching with the human tissues
[22]. Also, the use of high dielectric constant matching
liquid enables reducing the size of the antennas. The
dielectric properties of different mixtures of materials that
are selected as possible matching liquid are tested using
the HP85070B coaxial probe connected to the HP network
analyzer (HP8530A). The probe provides the information
about the real and imaginary parts of the complex permit-
tivity of a tested material across the frequency range from
low microwave frequencies (1 GHz) to about 18 GHz.
The complex dielectric constant is represented by the fol-
lowing expressions:
C ðxÞ ¼ C0ðxÞ ¼ C0ðxÞ  jC00ðxÞ (3)
Figure 3 Variation of permittivity and conductivity with fre-
quency for the coupling liquid. [Color ﬁgure can be viewed in
the online issue, which is available at wileyonlinelibrary.com.]
Figure 4 Photo of manufactured antenna: (a) top radiator with and without cover and (b) ground side with and without cover. [Color
ﬁgure can be viewed in the online issue, which is available at wileyonlinelibrary.com.]
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C ðxÞ ¼ C1 þ 1DCþ jxs
1a
 
þ rs
jxC0 (4)
The conductivity can be related to the imaginary part
of the complex dielectric permittivity as follows:
rsðxÞ ¼ xC0 C00 ðxÞ ¼ 2pfC0 C00 (5)
where x is the angular frequency, [0(x) is the frequency-
dependant dielectric constant (real part of complex permit-
tivity), [0, [00, [1, D[, rs, s, and a are the ﬁtting parame-
ters used in the HP85070B coaxial probe.
The full-wave analysis performed in Ref. [22] using a
multilayer model of breast with a normal wave incidence
provides a guideline on the required properties of a
matching medium that can reduce the adverse effects of
signal reﬂections at the antenna–breast interface. Those
guidelines are used to design a suitable coupling medium
between the antenna and the breast. A mixture of glycer-
ine, water, and corn syrup is chosen to meet these objec-
tives in practice. Figure 3 shows the measured variation
of the dielectric permittivity with frequency for the pro-
posed matching liquid which is a mixture of 1:0.5:2 of
glycerine, water, and corn syrup.
To reﬁne the design of the antennas in the presence of
the manufactured matching liquid, the obtained measured
properties of the developed liquid are used as an input
data to the simulation tool CST Microwave Studio during
the design and analysis of UWB antenna elements and
arrays operating in the presence of a coupling medium.
The effect of dielectric scaling on size, input matching,
and radiation pattern is evaluated using the software.
IV. ANTENNA’S PERFORMANCE IN MATCHING LIQUID
Performance of the proposed antenna is ﬁrst veriﬁed via
computer simulations. Next, the antenna is manufactured
(Fig. 4) and tested to conﬁrm its simulated performance.
The simulated and measured results with and without the
coupling liquid are shown in Figure 5. The obtained
results indicate that when the coupling medium is used,
the antenna features UWB performance from 3.1 to 10.6
GHz assuming the 10-dB return loss as a reference to
deﬁne the bandwidth speciﬁcation. It is to be noted that
the difference between the simulated and measured results
in Figure 4 is due to the effect of the multiple reﬂections
at the boundaries of the plastic container used for the cou-
pling liquid, and that container is not included in the sim-
ulations whereas its effect is obviously included in the
measured results.
To conﬁrm the effect of using the designed coupling
liquid on the performance of the antenna, the return loss
is calculated in free space, that is, without coupling liquid.
It is clear from the results depicted in Figure 5 that the
performance deteriorates dramatically especially at the
lower part of the band.
To verify the directive properties of the designed
antenna, the maximum gain is calculated. It is found to be
from 2.8 to 5.7 dBi across the band from 3.1 to 10.6
GHz. In comparison with the gain of other designed
Figure 5 Performance of the antenna with and without cou-
pling liquid. [Color ﬁgure can be viewed in the online issue,
which is available at wileyonlinelibrary.com.]
Figure 6 The time domain response of the antenna: (a) simu-
lated and (b) measured. [Color ﬁgure can be viewed in the online
issue, which is available at wileyonlinelibrary.com.]
Figure 7 The calculated group delay of the antenna. [Color
ﬁgure can be viewed in the online issue, which is available at
wileyonlinelibrary.com.]
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antennas [13–21], this is an acceptable medium range of
gain values considering the very compact size of the
antenna.
To verify the capability of this antenna to support
transmission and reception of narrow pulses in a distor-
tionless manner, the time domain impulse response of the
antenna is measured. In this case, two antennas are put at
the same height above the ground and distance of 30 mm
between them. A very narrow pulse, which has UWB fre-
quency contents, is generated using the vector network
analyzer (R&S ZVA24). The pulse is then received using
the other antenna. The result of measurement, when the
two antennas are aligned face to face is shown in Figure
6. It is clear that the developed antenna supports almost
distortionless transmission which is very important in a
microwave imaging system so that ghost targets are
avoided. To conﬁrm the distortionless performance of the
antenna in the presence of the designed coupling liquid,
the group delay between two similar antennas at a dis-
tance of 30 mm is calculated. The results depicted in Fig-
ure 7 reveal a very low distortion across the band of
interest.
V. ARRAY AND PLATFORM DESIGN
A planar array comprising of 6  2 corrugated TSAs is
built in the manner shown in Figure 7. The antenna ele-
ments are supported by a plastic material with relative
dielectric constant equal to er ¼ 3.1).
The two important parameters that deﬁne the effective-
ness of the used array are the return loss of each of the
elements that form the array and the level of mutual cou-
pling between the different elements. The horizontal space
between the element (hs) and vertical space (vs), which
are shown in Figure 8, are optimized for minimum values
that make the mutual coupling between the array elements
less than 20 dB and the return loss of each element
more than 10 dB assuming the array is immersed in a
coupling liquid and in front of the imaged breast.
Trust-region framework method in the software CST
Microwave Studio is also used here to watch the mutual
coupling between each pair of the array elements and to
ﬁnd the minimum distance between the elements of the
array with mutual coupling less than 20 dB as a
Figure 8 Conﬁguration of the designed 6  2 planar antenna array. [Color ﬁgure can be viewed in the online issue, which is available
at wileyonlinelibrary.com.]
Figure 9 Photographs of the supporting plastic platform.
[Color ﬁgure can be viewed in the online issue, which is avail-
able at wileyonlinelibrary.com.]
Figure 10 The mutual coupling between the selected antenna
elements: (a) S23 and (b) S109. [Color ﬁgure can be viewed in
the online issue, which is available at wileyonlinelibrary.com.]
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reference. The worst case of the coupling liquid occurs
between the nearest elements in the array. The optimized
values for (hs) and (vs) are found to be 19 and 4 mm,
respectively. The platform that supports the planar array is
designed using a box with dimensions of 250  300 
150 mm3 width, length, and depth, respectively. It has a
stand to hold the breast phantom that has a semirectangu-
lar shape due to a slight compression by the platform’s
lower plate. This stand can be moved up and down to
scan the whole phantom and also it is adjustable so that
the distance between the array and the phantom can be
controlled for the optimum value. The conﬁguration of
this system is shown in Figure 9.
VI. ARRAY’S PERFORMANCE
To conﬁrm the performance of the array, a prototype is
manufactured and tested. The test is performed when the
platform is ﬁlled with the designed matching liquid. The
worst case of mutual coupling between the different ele-
ments of the array is shown in Figure 10. It is clear that
the array has a good performance concerning the level of
mutual coupling between any pair of antennas which is
less than 25 dB across the band from 3.1 to 10.6 GHz.
To test the array in a realistic environment, a heteroge-
neous breast phantom that has average electrical properties
equal to those of real breast tissues is designed and manu-
factured. It has the dimensions of 110  10  10 cm3
width, height, and depth, respectively. To manufacture the
phantom, 200 ml grape-seed oil, 25 g propylene glycol,
193 mL milli-Q water, 40 g gelatine, 1.512 g of 32% for-
malin solution, and 2.2 mL commercial dishwashing liq-
uid as a surfactant to form oil emulsion are used [23].
The quantity of the propylene glycol and gelatine is
changed during the manufacturing process to have a phan-
tom permittivity and conductivity close to the realistic
values of a low dense breast that includes mostly fatty tis-
sues [1, 24]. To make the developed phantom heterogene-
ous, the propylene glycol and gelatine are distributed ran-
domly. Figure 11 shows the measured variation of the
dielectric permittivity and conductivity with frequency for
the manufactured phantom. Those values are close to the
values for realistic healthy breast tissues [1]. Figure 12
shows the manufactured phantom when it is placed in the
platform without and with the coupling liquid. It is worth
mentioning that the developed phantom has a rectangular
shape because the breast is assumed to be slightly pressed
for a better imaging using the designed planar array.
The phantom is inserted inside the platform as shown
in Figure 12 and the antenna elements are tested again. In
this test, the return loss is measured in two cases. In the
ﬁrst case, the coupling liquid is not used, that is, a free
space is available between the array and the phantom. In
the second case, the designed coupling liquid is used to
ﬁll the platform. The results depicted in Figure 13 reveal
the low values of the return loss especially at the lower
part of the band when no coupling liquid is used. This is
due to the strong backscattering of the transmitted signal
at the free space–phantom interface. Those undesired
Figure 11 Variation of the average permittivity and conduc-
tivity with frequency for the manufactured phantom. [Color ﬁgure
can be viewed in the online issue, which is available at
wileyonlinelibrary.com.]
Figure 12 Photograph of the breast phantom inside the test platform without (a) and with (b) the coupling liquid. [Color ﬁgure can be
viewed in the online issue, which is available at wileyonlinelibrary.com.]
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scattered signals are signiﬁcantly reduced, and the return
loss is increased when the coupling liquid is used due to
the perfect matching at the interfaces of antenna–coupling
liquid–breast phantom.
To assess the distortion level in the transmitted pulses
inside the breast model, the ﬁdelity factor is calculated at
different locations within the breast phantom. The parame-
ters of the whole imaging system (antenna array, platform
with breast phantom, and matching liquid) are included in
the CST Microwave Studio to calculate the ﬁdelity factor.
This factor is deﬁned as the maximum magnitude of the
cross-correlation between the observed pulse at a certain
distance and the excitation pulse [25]. The result is shown
in Figure 14 where the effect of all the scattered/reﬂected
signals is included. The results show that as the signal
propagates through the human body, the ﬁdelity factor is
decreased. This indicates an increasing pulse distortion
inside the breast. For the antenna presented in this article,
Figure 14 shows that the ﬁdelity factor inside the breast
phantom in the end-ﬁre (normal) and off-normal directions
is within a reasonable range that guarantees clear postpro-
cessing images.
VII. CONCLUSION
The design of a directive UWB antenna array immersed
in a coupling liquid for use in an UWB biomedical micro-
wave imaging system has been presented. To minimize
the size of the antenna, corrugations have been introduced
in both the top radiator and the ground part of the
antenna. To protect it from the adverse effects of the cou-
pling liquid (such as corrosion of metallic parts), the radi-
ator and the ground are covered by a dielectric material
that has dielectric properties similar to those of the anten-
na’s substrate. The designed array has been tested with
respect to a particular application of breast imaging. To
this purpose, a special platform accommodating the array,
matching liquid, and breast phantom has been constructed.
The measurement and simulation results have shown that
the return loss of each of the antenna elements in the
array covers the band from 3.1 to 10.6 GHz assuming the
10 dB return loss as a reference. Moreover, the level of
the mutual coupling between any pair of antennas is less
than 25 dB across the microwave band measured in the
absence of the breast phantom.
The time-domain performance of the antenna shows its
capability to support transmission and reception of narrow
pulses without distortion.
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tumour using microwave system with planar array
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Abstract: A microwave imaging system for the potential detection of tumours in breast tissues using a planar array that employs
6 × 2 compact tapered slot antenna elements is reported. In this system, the breast is placed on a plastic sheet and slightly
compressed to take a semi-rectangular shape; this allows for accurate image reconstruction using a planar array. Both the
array and the phantom are immersed in a coupling medium to increase the signal penetration, and thus, the dynamic range of
the system. In order to quantity the effect of changing the number of elements and their positions in the array, image
reconstruction is undertaken with three different conﬁgurations. That is with 6- and 12-array elements and an additional 908
rotation of the phantom. To test the designed system a suitable combination of materials are used to fabricate a low-density,
heterogeneous breast phantom. Two- and three-dimensional versions of a confocal imaging algorithm are used to construct
the images and metrics are proposed to evaluate the quality of the image. Single and multiple embedded targets are shown to
be resolved using the proposed array and imaging algorithm in either two or three dimensions.
1 Introduction
Microwave imaging is a potentially new method for breast
cancer diagnosis [1]. Ultra-wideband (UWB) microwave
imaging systems have been investigated using different
types of approaches depending on how the data are
collected and processed. These systems can be monostatic,
bistatic or multistatic. For the monostatic method, one
antenna is used as both a transmitter and receiver and
moved across the breast to form the synthetic aperture. In
the case of bistatic, one antenna is used as a transmitter and
another antenna as a receiver, whereas in the multistatic
case, an array is used to collect the data.
Different conﬁgurations of arrays have been used in
microwave imaging systems, such as circular, planar,
conformal and cylindrical arrays [1–7]. In these arrays,
different antenna conﬁgurations have been used to form the
arrays such as bowtie, dipole, microstrip, dielectric
resonator, slot and horn antennas [1–11].
In this work, a microwave imaging prototype employing a
planar array of corrugated tapered slot antennas that are
immersed in a coupling medium is reported. In this system,
each antenna has the ability to transmit an UWB signal and
receive the backscattered signal. To reduce the unwanted
reﬂections and increase the dynamic range, the array and
the imaged breast are placed in a carefully fabricated
coupling medium. A suitable mixture of materials is used to
fabricate a heterogeneous phantom that is needed to test the
designed system. In the proposed system, the breast is
assumed to be gently pressed so that it can take the shape
of semi-rectangular prism. This approach enables the use of
a planar array and the associated simple post-processing
algorithms. In this work, two-dimensional (2D) and three-
dimensional (3D) confocal imaging algorithms are used.
2 Overview of the microwave imaging
system
Fig. 1 shows the microwave imaging system. The system
consists of a 30 × 25 × 15 cm rectangular box as a
platform for imaging, electronic sub-system using two
single-pole-eight-throw electro-mechanical coaxial switches,
a vector network analyser (VNA) with time-domain
processing capability, a low dense heterogeneous breast
phantom compressed to semi-rectangular shape and a
personal computer (PC) for control of measurement, data
storage and processing. The platform consists of planar
array supported by a plastic sheet and ﬁxed in the platform
with a lift that allows the mechanical rotating and scanning
of the phantom. The platform is ﬁlled with a ﬂuid designed
to have certain electrical proprieties for optimal coupling
between the antenna and the breast phantom.
Each group of six elements of the array is connected to the
output port of electro-mechanical coaxial switches (model
50S-1317) offering more than 70 dB isolation and 0.2 dB
insertion loss across the 3–11 GHz band. The switches
operate at 12 V and require 325 mA of current. The
collection of either the time or frequency domain scattering
data from all elements of the array is achieved by activating
the VNA from the control PC.
A low-dense heterogeneous breast phantom compressed
to 10 × 11 × 10 cm semi-rectangular shape with dielectric
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permittivity that changes from 1 ¼ 12 to 8, and conductivity
that changes from s ¼ 0.5 to 2.15 S/m across the band from
3.1 to 10.6 GHz is manufactured. Two hundredmillilitres
grape seed oil, 25 g propylene glycol, 193 ml milli-Q water,
40 g of gelatine, 1.512 ml of 32% formalin solution and
2.2 ml commercial dishwashing liquid as a surfactant to
form oil emulsion are used to manufacture the phantom
[12]. The quantity of the propylene glycol and gelatine is
changed during the manufacturing process to have a
phantom permittivity and conductivity close to the realistic
values of a low dense breast that includes mostly fatty
tissues [1, 13]. To make the developed phantom
heterogeneous, the propylene glycol and gelatine are
distributed randomly. A tumour with average dielectric
proprieties (1 ¼ 54 and s ¼ 2.2 S/m) is also manufactured
using 200 g gelatin, 328 ml deionised water, 17 ml
n-propanol, 0.346 g p-toluic acid, 3.72 g formaldehyde,
30.4 ml safﬂower oil and 2 ml commercial dishwashing
liquid as a surfactant [14]. A straw with 0.5 mm radius and
25 mm height is ﬁlled with the manufactured tumour and
inserted inside the manufactured breast phantom.
In order to improve the matching between the antenna array
and the breast phantom that can result in a signiﬁcant
improvement in the dynamic range of the imaging system, a
coupling liquid is manufactured and used to ﬁll the
platform. The electrical properties of the liquid are chosen
according to Abbosh et al. [15]. This mixture is formed
using 1:0.5:2 of glycerine, water and corn syrup. The
average dielectric permittivity and conductivity of the liquid
is 10.4 and 1.98, respectively, at the centre frequency
6.85 GHz.
3 Design and performance of the array
Antennas of antipodal tapered slot structure with outer edge
corrugations in both layers are used to form the array. The
antipodal structure of the radiating element is elliptically
tapered [16]. The corrugations in both the top radiator and
background are introduced to reduce the size of the antenna
and to improve its directivity in the lower part of the UWB
frequency [17]. The length of the slots used in the
corrugations is chosen to be a quarter-wavelength at the
centre frequency of operation, that is, 6.85 GHz.
The guidelines in [16, 17] are used to design the antenna,
which is fabricated (Fig. 2) using Rogers RT6010 with
dielectric constant ¼ 10.2 and thickness ¼ 0.635 mm as the
substrate. Giving the properties of the utilised substrate
(thickness h, and dielectric constant 1r) and the lowest
frequency of operation f1 ¼ 3.1 GHz, the initial values for
the width (W ) and length (L) of the antenna are calculated
using the following equation [16]
W = L = C
f1
NameMeNameMeNameMeNameMeNameMeNameMeNameMe
2
1r + 1
√
(1)
where C is the speed of light in free-space.
The dimensions of the antenna are then optimised using the
simulation tool CST Microwave Studio. The optimum
dimensions are L ¼ 40 mm, W ¼ 22 mm and the length of
corrugations ¼ 4 mm. The top radiator of the antenna and
the background metal are covered using a material that has
dielectric properties similar to the utilised substrate to
protect the antenna from the adverse effects of the coupling
liquid and to maintain optimal matching with the coupling
liquid. As indicated in Fig. 3, the antenna when immersed
in the designed coupling liquid has more than 10 dB return
loss across the band from 3.1 to 10.6 GHz. To verify the
Fig. 2 Photo of manufactured antenna
a Ground side with and without cover
b Top radiator with and without cover
c 6 × 2 planar array
Fig. 3 Measured reﬂection coefﬁcient of antenna 1 and the mutual
coupling between two selected pairs of elements
Fig. 1 Conﬁguration of the microwave imaging system for breast
cancer detection
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directive properties of the antenna, the gain and 3D radiation
pattern are calculated using the simulation tool. It is found
that the gain varies from 3.7 to 5.3 dBi across the band
from 3.1 to 10.6 GHz. The 3D pattern indicates directive
characteristics as revealed in Fig. 4. To evaluate the level of
losses in the antenna’s structure, the radiation efﬁciency is
calculated using the software CST Microwave Studio. It is
found that the efﬁciency is more than 80% across the whole
band of interest.
A 6 × 2 planar array is formed from the designed antenna
as indicated in Fig. 2c. The number of the elements in the
array is chosen to ﬁt the general size of the breast while
maintaining a reasonable low level of mutual coupling
between the elements of the array. In addition, the array
elements are arranged in two shifted lines to give the ability
of scanning two slices of the phantom at the same time
[18]. The horizontal and vertical spaces between the
elements are optimised for a minimum mutual coupling
between the elements of 220 dB as shown in Fig. 3.
4 Data acquisition
The experimental prototype system shown in Fig. 1 is used
in the monostatic and bistatic modes of operation. The
monostatic mode is operated when the six-antenna elements
in the upper or the lower part of the planar array is used to
image the object. The bistatic mode is operated when the
mechanical movement and the mechanical rotation facility
of the lift is used to move the phantom up and down and
rotate it by 908.
The UWB pulses are generated in both modes using VNA
in a step-frequency manner across the band from 3.1 to
10.6 GHz. In the ﬁrst case, the data (complex S-parameters)
are collected by activating either port 1, which is connected
via a switch to the upper six elements of the array or port 2,
which is connected to the lower six elements of the array,
of the VNA to record the data from the six-antenna
elements in the upper or the lower part of the planar array
S11, S22, . . ., S66 or S77, S88, . . ., S1212. The monostatic
approach is chosen here as it has so far given satisfactory
results and avoids the complexity in hardware and software
required for a multistatic approach.
The object body (rectangular breast phantom) is placed
on the adjustable lift. The horizontal distance between the
antenna and the phantom is ﬁxed to 20 mm, whereas the
vertical distance is adjusted to scan different slices from
the phantom (the section with target, and the section
without target). In the data acquisition, the data are ﬁrst
collected from port 1 for the upper part of the array that
faces a certain upper slice of the phantom. The lift is then
moved vertically to a distance equal to 26 mm (the vertical
distance between the two lines of the array) to ensure that
the antennas in the lower part face the same slice faced
previously by the upper part of the array. The data are then
collected from port 2. The data from ports 1 and 2 are
combined. In this case, data from 12-antenna elements at
different locations (as the lower part of the array is shifted
horizontally with respect to the upper part as indicated in
Fig. 1) with respect to the phantom are recorded to image
the object. Finally, the bistatic mode is repeated when the
phantom is rotated 908 to allow ports 1 and 2 of the VNA
recorded the data of 12-antenna elements after the phantom
rotating by 908.
In the previous two modes, all the antenna elements are
used as transmitters and receivers. Initial data for the two
ports (S11, . . ., S1212) of the VNA are recorded when there
is no imaged object present in the platform. These data are
subsequently used to remove reﬂections caused by the
platform.
5 Post-processing algorithm
In this work, a delay-and-sum confocal algorithm [19] with a
slight change is used to reconstruct the rectangular-shaped
breast phantom. In order to create accurate images, it is
necessary to ﬁnd the correct path that the wave-front
travels. For that reason, Fermat’s principle [20] is used to
estimate the path of the wave. It states that the path that
results in minimal propagation time is the real path. The
electromagnetic signals travel in the coupling medium and
the heterogeneous phantom; therefore the average dielectric
proprieties of the imaged body must be estimated to
accurately predict the length of the electrical path of the
signal.
The microwave imaging set-up data for this system are
provided in Fig. 5. The body to be imaged is assumed to be
cuboid-shaped that is discretised at evenly spaced points.
The points that lie on the surface are denoted by Bi(x, y, z).
Any discrete point inside the surface is denoted p(x, y, z).
The body to be imaged has permittivity and conductivity
that are denoted ePh and sPh, respectively. The coupled
medium surrounds the body to be imaged has permittivity
and conductivity of em and sm, respectively. The 12-
antenna elements of the planar array are used as signal
Fig. 4 3D radiation patterns of the antenna at
a 3.1 GHz
b 10.6 GHz
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sources. Before the confocal process can be applied, it is
necessary to perform the following pre-processing steps:
1. N time domain signals An(t) should obtained, where n ¼ 1,
2, 3, . . ., N, where N ¼ 12 in this work.
2. The scattered signals can be obtained from the incident
and the total ﬁeld Ascattern (t) = Atotaln (t)− Aincidentn (t) where
n ¼ 1, 2, 3, . . ., N.
3. To cancel any background signals such as the reﬂections
from the skin layer the differences in signals between the
antennas are constructed.
For n ¼ 1, 2, 3, . . ., N2 1; Fn(t) = Ascattern − Ascattern+1 and
FN (t) = AscatterN − Ascatter1 .
In order to mathematically explain the iterative process of
the imaging algorithm, it is convenient to deﬁne several
mathematical sets. Referring to Fig. 5, we consider the
object to be imaged to be discretised into points denoted
p deﬁned in Euclidean space by (x, y, z) coordinates.
Boundary points that exist on the edges of the body to
be imaged are denoted as Bd = {B1(x, y, z), B2(x, y, z),
B3(x, y, z), . . . , BNb (x, y, z) } where Bi(x, y, z) is the i
boundary points in rectangular space deﬁned by x, y and z
coordinates, and Nb is the number of the boundary points
corresponding to the skin layer. The set which contains all
points in the body and on the surface is denoted Z. The
antenna spatial coordinates are also denoted as {An ¼ An1(x,
y, z), An2(x, y, z), An3(x, y, z), . . ., AnN(x, y, z)} where Ani(x,
y, z) is the i antenna and N is the number of antennas. The
elements in the top array are denoted by An1, An2, . . ., An6,
whereas lower array elements are An7, An8, . . ., An12. The
pseudo-code for the confocal imaging algorithm is Fig. 6.
Here we implement Fermat’s principle by constructing
all possible propagation paths from the antenna to the
boundary points, and then from the boundary points to
the current point p; accordingly, our optimal path is the
minimal electrical distance. We then obtain the time delay
according to the distance and the velocity of the wave in
the coupling medium and in the phantom. A continuous
colour image is produced using a shading operator to
interpolate at non-tested points. Strong intensity colours
indicate the location of signiﬁcant scattering objects. In this
work, the average value of the permittivity and the
conductivity for breast phantom are set to ePh ¼ 10
and sPh ¼ 1.3, respectively. The background coupling
medium has em ¼ 10 and sm ¼ 1.3, respectively. The
abovementioned algorithm gives the iterative process to
construct the image from the processed scattered data. The
colour map intensity denoted by I, is given as a function of p.
To evaluate the effectiveness of the produced images
quantitative metrics are used [19]. In order to explain the
metrics used, it is convenient to deﬁne a further set of
points t that map to the location of the emulated tumour in
the phantom. The ﬁrst metric is the ratio of the average
intensity value of points located in the tumour area divided
by the average intensity points in normal breast tissues
denoted Q and deﬁned as
Q = m[I(p)]
m[I(p)]
∀p [T
∀p  T (2)
where m[†] is the mean function. A higher value for this
metric means the intensity of the tumour region is larger
than the background regions. The second metric represent
the ratio of the maximum intensity value of the tumour area
over the maximum intensity of the remaining points in the
colour map, denoted by g, and given as
g = max[I(p)]
max[I(p)]
∀ p [T
∀ p  Z (3)
The third metric is the absolute distance between the location
of the tumour and the location of the maximum intensity
given in the reconstructed image. If t denotes the centre of
the tumour, this metric is deﬁned as the following
E = |p∗ − t| where p∗ = argmax[I(p)]
p [T (4)
6 Result and discussions
The designed system is used to image the manufactured
cuboid-shape breast phantom. All the manufactured tumour
samples are inserted inside a 5-mm diameter straw with
25-mm length. The imaging algorithms are explained in the
next section with 2D and 3D versions.
6.1 Two-dimensional image reconstruction using
six-antenna elements
A 2D image reconstruction with the six-element array is done
by collecting the time-domain data from port 1; subsequently
the time-domain S-parameters S11, S22, . . . , S66 are passed to
the imaging algorithm. The emulated breast phantom and
tumour is placed 20 mm away from the centre of the upper
Fig. 5 Microwave imaging set-up used in the post-processing
algorithm
Fig. 6 Pseudo-code for the confocal imaging algorithm
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part of the planar array. The phantom is centred to face the
array. The target is inserted inside the breast phantom at the
location 35.5, 66.5 and 50 mm; this position is denoted T1.
The algorithm was set to compute the image intensity at
2618 evenly spaced (x, y) points at 1-mm intervals. On
average, this took 30 min to complete on a PC with Intel
Xeon X5650 processor and 48 GB of RAM. Fig. 7a shows
the imaging result of this conﬁguration. It is clear that the
system is successful in detecting the tumour. Another
conﬁguration is subsequently imaged with two emulated
tumours at (24, 54 and 35 mm) and (80, 83 and 35 mm)
denoted T2 and T3, respectively. The result is shown in
Fig. 7b. It is clear from the results that the two targets are
successfully detected.
In order to verify that using directive antennas in the array
is necessary to resolve targets in the z-dimension, a test of the
phantom with the target is done by moving the phantom up or
down a distance equal to 35 mm. This distance is measured to
ensure that we are scanning the area in the breast phantom
above or below the target level. The process in this section
is repeated and the imaging result of the breast phantom
upper, and similarly lower, the target is shown in Fig. 7c. It
is clear that this region appears without a scattering object.
6.2 Two-dimensional image reconstruction using
12 elements
A 2D image reconstruction of 12-antenna element array is
done by collecting the data from the upper and the lower
part of the planar array. The time domain scattered signals
S11, S22, . . ., S66 are captured by port 1 of the VNA,
whereas the signals S77, S88, . . . , S1212 are captured by port
2 and passed to the imaging algorithm . The imaging
process is repeated for the same targets T1, T2 and T3
mentioned in the previous section. A further emulated
tumour was also used for this experiment at position (66,
54 and 50 mm) denoted T4. This is to verify the ability of
the planar array to detect targets that are further away from
the array.
The phantom is moved down using the lift by a distance of
26 mm to ensure the two lines of the array face the same
section of the phantom. The distance between the array and
the phantom is kept at 20 mm.
Image reconstruction for phantoms with T1 and T4 are
shown in Figs. 8a and b. Image reconstruction of phantoms
with the dual targets (T2 and T3) is given in Fig. 8c.
Fig. 7 2D image reconstruction of 6-antenna elements
a One target
b Two targets
c Without target
Fig. 8 2D image reconstruction of 12-antenna elements
a and b One target
c Two targets
Fig. 10 3D image reconstruction when the phantom includes
a One target
b Two targets
Fig. 9 2D image reconstruction of 12-antenna elements with
phantom rotating 908
a and b One target
c Two targets
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Comparing the results of using the 12 elements of the array
(Figs. 8a and c) as opposed to the six-element array
(Figs. 7a and b) indicates that the background intensity of
the non-tumour regions decreases when the number of
elements in the array is increased.
6.3 Two-dimensional image reconstruction using
12 elements with 908 phantom rotation
This experiment involves using the 12-element array and
recording the S-parameters at 908 phantom rotation. This is
done by collecting the data from port 1 as mentioned in
section one and the phantom is subsequently rotated 908 to
collect the data again from the same port, but in this case
the antenna array faces a different angle of the phantom.
Therefore there are two sets of S-parameter data: with and
without phantom rotation. The phantom is moved down as
in Section 2 and the data are collected again from port 2
with and without phantom rotation. To set the imaging, we
combine the data without rotation in the ﬁrst and in the
second group together and the data with the rotation. In this
case, we have 12 datasets without phantom rotation and 12
datasets with phantom rotation. These datasets are used to
compute the image of the phantom with T1, T2, T3 and T4
targets as shown in Figs. 9a–c. Compared with the
previous imaging results, it is clear that the resolution of the
target increases when the phantom rotation is done and
the and the background intensity of the non-tumour regions
again has decreased.
6.4 Three-dimensional imaging results
The previous results only consider image reconstruction in a
2D plane because it allows results to be obtained in a short
period of time. We can, however, reconstruct the images in
a 3D using the same algorithm. In this experiment, the
algorithm computes the image intensity at 17 501 (x, y, z)
points spaced at 4-mm intervals in the x, y and z dimension.
The body to be imaged was illuminated at different z-axis
levels ranging from 10 to 90 mm at 10 mm intervals. On
average, it took 6 h to complete the image reconstruction
process. Fig. 10 gives 3D images produced by the presented
algorithm. These images were produced by plotting voxels
centred at the particular x, y, z coordinate when the intensity
at that point was within 90% of the maximum intensity.
The ﬁgure shows that the proposed algorithm is successful
in resolving single and multi-targets in the heterogeneous
breast phantom.
6.5 Metrics of the reconstruction images
The metric parameters are calculated for the imaging results
of the explained three cases to evaluate the accuracy of the
three utilised imaging techniques. Table 1 gives the
calculated value of Q, g and E parameters for all the three
cases. For the results shown in Fig. 7, the image intensity
as depicted by Q for T1, and T2 in the speciﬁc area of the
tumour is 1.8 times more than the intensity of the
background. For, T3 it is 0.53. In the same ﬁgure, the g
parameter is 1 for both T1, and T2, whereas it is 0.45 for
T3. These results indicate that the tumour is the strongest
scattering object when it positioned close to the array,
whereas its strength as a scattering object diminishes when
it is positioned away. The E metric for T1 and T2 is much
smaller compared with T3 which is very high. The E metric
indicates that the difference in the centre position of the
real target and detected target. The differences are
(T1) ¼ 1.15 mm, E(T2) ¼ 1 mm and E(T3) ¼ 6.5 mm.
For the results of Fig. 8 where the 12-antenna elements are
used to generate the images, Table 1 shows that the Q factors
for T1, T2 and T3 are 2, 2 and 0.77 indicating that the tumour
behaves as a stronger scattering object when the number
of the antenna is increased. The parameter g is one for all
T1, T2 and T4, whereas g for T3 is equal to 0.59. These
results indicate an improvement in the detection capability
when compared with using only 6-antenna elements. The
E metric for the results of Fig. 8 are (T1) ¼ 1.1 mm,
E(T2) ¼ 1 mm and E(T3) ¼ 4.5 mm. These values indicate
an improvement in predicting the correct position of the
tumours even if they are close to the centre position of the
phantom when the number of utilised antennas increases.
For the imaging results of Fig. 9 that are obtained by using
the combination of 12-antenna elements and mechanical
rotation, the Q parameter has the same values as in the
technique that does not involve mechanical rotation for the
targets T1 and T2. For T3, the metric Q is improved
compared with the two previous techniques. The metric g
for T1, T2 and T4, is the same as previously calculated
while it is improved to 0.7 for T3. The parameter E in this
technique for the different targets are (T1) ¼ 0.83 mm,
E(T2) ¼ 0.85 mm, E(T3) ¼ 3.2 mm and E(T4) ¼ 1.2 mm.
In comparison with the other two techniques that do not
include mechanical rotation, it is clear that the difference in
the positions of the real target and detected target is much
smaller. All these results indicate that phantom rotation with
larger number of antennas produces superior images.
7 Conclusion
The capabilities of a microwave imaging system that employs
a 6 × 2 planar array for breast tumour detection have been
demonstrated. In the designed system, the breast is assumed
to be gently pressed so that it can have a cuboid shape.
Three different cases are used to collect the data: 6-antenna
element, 12-antenna elements and 12-antenna elements with
908 phantom rotation. A delay-and-sum confocal algorithm
Table 1 Performance of the algorithm for the three reconstructing image methods
Targets 6-antenna elements 12-antenna elements 12-antenna elements with
phantom rotation
Q g E, mm Q g E, mm Q g E, mm
T1 1.8 1 1.15 2 1 1.1 2 1 0.83
T2 1.8 1 1 2 1 1 2 1 0.85
T3 0.53 0.45 6.5 0.77 0.59 4.5 1.4 0.7 3.2
T4 1.85 1 1.25 2 1 1.2
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is used to reconstruct 2D and 3D images of a rectangular
shaped heterogeneous breast phantom. The results show the
ability of the system in detecting a single or multi-tumours
in different locations.
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TABLE III
ANTENNA PERFORMANCES AT DIFFERENT FREQUENCIES
TABLE IV
ANTENNA GAIN AT 88 GHZ FOR DIFFERENT LOSSES
below 10 dB and the sidelobe level is below 8 dB. The degradation
of the sidelobe level is due to the perturbation caused by the WR10
waveguide sections and the transitions used in the measurement. Mea-
surements always include the transitions and an accurate measurement
of the antenna gain is dif¿cult. The measured gain, including the losses
due to the transitions, varies from 7.59 dBi at 88 GHz to 5.75 dBi at 90
GHz. Fabrication should avoid any air gap between the dielectric and
the metal plate [7]. Simulations show that even a 2 mil air gap signif-
icantly affects the leaky mode excitation and, as a result, the leakage
from the mode may disappear.
V. EFFECT OF DIELECTRIC AND METAL LOSSES
At millimeter wave frequencies, the dielectric and metal losses play
an important role in the gain performance of an antenna by reducing
the antenna ef¿ciency. Simulated antenna gain, under different loss
conditions, at 88 GHz, are given in Table IV. The same slot antenna
discussed in Section IV, with copper, and the loss tangent of the sub-
strate at 0.0001, but without the WR10 to SINRD waveguide tran-
sition, are considered. The back-to-back WR10 to SINRD transition
loss is within 0.5 dB. Due to the metal loss, the gain is reduced by
0.91 dB from its original value of 13.20 dBi. It is reduced by 0.35
dB due to the dielectric loss. Finally, when all losses are considered
the antenna
gain is reduced by 1.19 dB and the corresponding antenna ef¿ciency is
37%. However, these values depend upon the materials and the length
of the antenna.
VI. CONCLUSION
The operating bandwidth of an SINRD waveguide depends on the
periodicity of the hole arrays. As a result, the fast-wave frequency band
also depends on periodicity. The bandwidth increases with decreasing
periodicity. It can be utilized to tune the scan rate of an LWA. There
is no need to change the substrate speci¿cations. The LWAs are elec-
trically long antennas (several wavelengths). But, these antennas are
easily implemented in millimeter wave band due to the small wave-
length at this frequency range. In this context, it is necessary to imple-
ment the antenna using a low-loss dielectric material.
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Accurate Effective Permittivity Calculation of
Printed Center-Fed Dipoles and Its Application to
Quasi Yagi-Uda Antennas
A. Abbosh
Abstract—A closed-form method that accurately calculates the effective
permittivity as seen by printed center-fed dipoles is presented. That accu-
rate prediction enables the correct choice of the required dimensions of the
dipole for a certain resonant frequency. For quasi Yagi-Uda antennas that
usually have the driven element as a center-fed dipole, this means an ac-
curate prediction of the required length of the driver, and subsequently all
the other dimensions of the antenna without the need for extensive simula-
tions and optimizations. The results obtained by full-wave electromagnetic
simulations and measurements, over a wide range of design parameters,
prove the validity of the derived method, which is based on the conformal
mapping. The proposed method gives the correct estimation of the lengths
of the dipoles with less than 10% error compared with the optimized design
values. The conventional method results in estimations with as much as a
50% error.
Index Terms—Center-fed dipole, conformal mapping, printed dipole,
quasi-Yagi antenna.
I. INTRODUCTION
Printed center-fed dipoles are the main element of the many planar
antennas widely used due to their compact size, low pro¿le, light
weight, low cost, and compatibility with other microwave devices
[1]–[10]. A prime example, the quasi Yagi-Uda antenna, includes
a driver, which is usually a center-fed dipole, reÀector, and one or
several directors.
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The required dimensions of antenna elements that use the center-fed
dipole as a driver depend directly on the value of the effective rela-
tive permittivity as seen by the driver. For example, the length of the
driver of a quasi Yagi-Uda antenna is about half of the effective wave-
length at the design frequency; the director is slightly shorter, whereas
the reÀector is slightly longer than the driver. The distance between
the different elements of the antenna is around a quarter of the effec-
tive wavelength. The exact values of the director’s length and the dis-
tance between the antenna’s elements depend on the required radiation
pattern.
An extensive review of the literature has been conducted to deter-
mine the method most often used to calculate the initial dimensions of
center-fed dipoles and subsequently the other dimensions of antennas
using that dipole. It has been found that the following formula [11]
is usually adopted to estimate the effective relative permittivity
when using a substrate with a relative permittivity
(1)
The required driven dipole’s length for a certain required resonant
frequency is
(2)
where is the speed of light in free-space.
After examining the values of the initial and optimized dimensions
of the driven dipole in many published antennas [1]–[10], it is observed
that the optimized dimensions of the driven dipole is always signi¿-
cantly larger than the initial values calculated from (1) and (2). The
large difference between the initial calculated values and the optimized
values suggests that the estimation of the effective relative permittivity
according to (1) is signi¿cantly larger than the real value. Actually, (1)
is only correct when the utilized substrate that supports the dipole, and
thus the antenna as a whole, is in¿nitely thick.
The work included in this communication presents a closed-form so-
lution to that problem. The conformal mapping method used frequently
to estimate the effective permittivity of transmission lines [12]–[14]
is utilized to accurately calculate the effective relative permittivity of
the printed center-fed dipole. That permittivity can then be used to
accurately calculate the required length of the driven element for a
given resonant frequency and subsequently the overall dimensions of
the antenna.
II. PROPOSED METHOD
An outline of a center-fed dipole is shown in Fig. 1. One of the arms
of the dipole is labeled with a whereas the other arm is labeled with
a to indicate the 180 phase difference between them. In order to
¿nd the equivalent relative permittivity as seen by the driven dipole, a
quasi transverse electromagnetic propagation [12] is assumed for the
structure of Fig. 1(a). Thus, the effective relative permittivity is de-
termined from the effective capacitances of the driven element. The
values of those capacitors depend on the distribution of the electric
¿eld lines between the two arms of the driven elements and with other
parts of the antenna’s structure.
To understand the concentration of electric ¿eld lines in the struc-
ture of Fig. 1, the following assumptions are used. The two arms of
the dipole are on opposite phase excitation. Moreover, the distance
between the driven dipole and the ground is more than one tenth of a
wavelength and larger than the space between the two arms of the
dipole. Under those conditions, which are reasonable for antennas with
center-fed dipoles, the electric ¿eld lines are concentrated between the
Fig. 1. (a) Outline of printed center-fed dipole. (b) Electric ¿eld lines across
the section x- .
two arms of the driven elements as in Fig. 1(b). Hence, the effective
capacitance between the two arms of the dipole due to that ¿eld is
the main parameter that de¿nes the effective relative permittivity as
seen by the driven element, and consequently, as seen by the antenna
as a whole, if that driven element is not the only part of the antenna’s
radiator.
From the electric ¿eld lines indicated in Fig. 1(b), it is possible to
say that the total effective capacitance of the center-fed dipole includes
three components. The ¿rst one is due to the ¿eld lines in free-space
above the substrate; the second one is due to the ¿eld in the dielectric
substrate, and the third one is due to the ¿eld at free-space below the
substrate.With the help of the conformal mapping technique [12]–[14],
the three components of the effective capacitance of the driven element
can be calculated by doing several transformations so that each one of
them can eventually be represented as a parallel-plate capacitance. The
¿nal result for the total effective capacitance is
(3)
where is the relative permittivity of the substrate and is the width
of the dipole
(4)
(5)
and are the complete elliptical integral of the ¿rst kind
and its complementary, respectively, of the parameter . From the con-
formal mapping transformations, the parameters and are related
to the dimensions of the driven dipole and the substrate according to
the following equation
(6)
(7)
where is the length of the dipole, is the gap width between the two
arms of the dipole, and is the thickness of the substrate.
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Under the practically used design limits ( and ), the
parameters and can be approximated to
(8)
(9)
The effective relative permittivity, as seen by the driven dipole, is the
ratio of the capacitor to its value when
(10)
From (3) and (10)
(11)
Therefore, the resonant frequency for a certain center-fed driven
dipole of length can be found from
(12)
It is to be noted, from (4)–(11), that the effective relative permit-
tivity of the center-fed dipole depends on the substrate’s characteris-
tics ( and ), the gap width between the two arms of the dipole ,
and the dipole’s length . The effective relative permittivity, and thus,
the required length for a certain resonant frequency do not depend on
the width of the dipole or the distance between the dipole and the
ground . This ¿nal conclusion is the result of the practical assump-
tion that . The existence of the ground at certain smaller dis-
tances from the dipole slightly changes the distribution of the electric
¿eld lines between the two arms of the director and thus, adds a certain
small fringe capacitance to the effective total capacitance of the driven
dipole. However, that capacitance is very small compared with the ca-
pacitance between the two arms of the dipole . The negligible effect
of and are con¿rmed in the following section where the theory is
compared with measurements.
It is possible to show from (8), (9), and (11) that, when the thick-
ness of the substrate is very large compared with the gap ,
, which is equal to the estimated value by the conventional
method (1). On the other hand, when goes to zero, , which is
expected for an isolated dipole in free-space. Thus, it is sensible to say
that, the conventional method is a reasonable tool for estimating the di-
mensions of printed dipoles only when built using very thick substrates
with narrow gaps between the arms of the dipole.
The derived mode is used to calculate the effective relative permit-
tivity of the center-fed dipole for a wide range of design parame-
ters. The results are shown in Fig. 2. The effective relative permittivity
calculated using the conventional method (1) is included in Fig. 2 for
comparison.
The presented results indicate that increasing the gap width between
the two arms of the dipole or decreasing the thickness of the sub-
strate decreases signi¿cantly. Moreover, increasing the length of the
dipole also decreases . The effects of all those parameters are not in-
cluded in the conventional method.
In comparison with the value estimated using the conventional ap-
proach, it is possible to say that, the percentage difference between the
“realistic” values calculated using the proposed method and those cal-
culated using the conventional method increases with increasing the
relative permittivity of the substrate , decreasing the thickness of the
substrate , and increasing the dimensions of the dipole ( , and ).
Fig. 2. Effective relative permittivity calculated using the proposed method for
compared with the conventional method.
Fig. 3. Comparison between proposed method, conventional method, and full-
wave simulations for and . Indicated dimensions are in
(mm).
Therefore, it is expected that for antennas printed on thin high-permit-
tivity substrates, the difference between the initial, as per the conven-
tional method, and optimized lengths of the antenna elements, is quite
large.
III. VALIDATION OF THE METHOD
To validate the accuracy of the derived method, different tools are
adopted. First, the proposed method is used to calculate the resonant
frequency of a center-fed dipole for a wide range of design parameters.
The results of the calculations are compared with those obtained from
full-wave electromagnetic simulations. A snapshot of the calculations
is shown in Fig. 3. It is clear that the derived method is accurate in pre-
dicting the resonant frequency, whereas the conventional method gives
a length estimation that is signi¿cantly less than the required value for
a certain resonant frequency.
In order to validate the minor effect of the dipole’s width on the
resonant frequency, the results in Fig. 3 include two reasonable values
for (1 mm and 2 mm). It is observed that, increasing by 100%
only changes, and usually increases, the resonant frequency by less than
5% in the investigated cases.
In the second tool, the presented method is used to verify the opti-
mized lengths of center-fed dipoles that are used as part of developed
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TABLE I
COMPARISON BETWEEN THE DIPOLE’S LENGTH (mm) ESTIMATION
USING THE CONVENTIONAL METHOD, PROPOSED METHOD, AND
OPTIMIZED (DESIGN) VALUE
antennas available in the literature [1]–[10] and an antenna developed
in this work according to the design in [3]. To validate the proposed
method when a ground plane and one or more parasitic elements exist
as part of the antenna, the selected designs are all of the quasi Yagi-Uda
antenna type.
The characteristics of the substrate and dipole from each design in
[1]–[10] are used in (8)–(12) to calculate the required length of the
dipole at the design frequency. For the papers that do not explicitly
mention the design frequency ([2], [6], [8] and [9]), the ¿rst resonant
frequency of the antenna is used in the calculations. Table I includes
a comparison between the values obtained from the presented method,
optimized values used to develop the antennas, and initial values from
the conventional method.
To cover other scenarios, the design presented in [3] is used to de-
velop a quasi Yagi-Uda antenna that resonates at 10 GHz using the
substrate Rogers RO6006 ( and ) with
and . The substrate’s characteristics and
the gap width are chosen to reveal the weakness of the conventional
approach (1)–(2) when a thin substrate with high permittivity is used.
The antenna is designed using (8)–(12) for a resonant frequency of 10
GHz. A comparison, between the initial value using the presented and
conventional methods and the optimized value, is shown in the row D1
of Table I.
It is clear from Table I, that the proposed method is successful in
estimating the required dipole’s length with less than 10% error in all
the listed cases, which include a wide range of substrates, resonant fre-
quencies, ground dimensions and shapes, and number and position of
parasitic elements. The method is successful in the accurate predic-
tion of the effective relative permittivity, and thus, the dipole’s length,
even when the dipole is designed as a meandered structure [9] or dual
meandered structure for multibands [10]. The accuracy of the predic-
tions listed in Table I validates the suggested method and con¿rms the
principle utilized in this communication that says the effective rela-
tive permittivity, as seen by the driven element, is the effective relative
permittivity of the antenna as a whole. The ground plane and parasitic
elements have limited effect on that value assuming that they are not
very close to the driven element.
The conventional approach fails to accurately predict the required
dimensions in all the listed cases in Table I. The difference between the
lengths calculated using the conventional approach and the optimized
values is signi¿cant (30%–70%) in the listed cases. The only design
where the conventional method gives a reasonable estimation for the
required length of the dipole is from [7], which uses a relatively thick
substrate with low permittivity, as expected in the derived theory.
IV. CONCLUSION
A closed-form method for accurately calculating the effective rel-
ative permittivity of printed center-fed dipoles is presented. The pro-
posed method enables the correct choice of the required dimensions
of the dipole for a certain resonant frequency. For quasi Yagi-Uda an-
tennas, for example, this means an accurate prediction of all the dimen-
sions of the antenna.
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1 
 
Abstract— A quasi-Yagi antenna that has an ultra-wideband 
performance is presented. To enable that performance, the 
antenna utilizes a dual-resonant driver and a balun formed using 
a stepped-impedance coupled structure. The driver is designed to 
be dual-resonant by loading it with an inductor in the form of 
short section of narrow microstrip line at a certain position. The 
balun includes a T-junction of microstrip lines and two pairs of 
stepped-impedance coupled lines. The simulated and measured 
performance of the integrated antenna indicate less than -10 dB 
reflection coefficient, 3.6-4.5 dBi gain, 13-17 dB front-to-back 
ratio, less than -19 dB cross-polarization and more than 90% 
efficiency across more than 75% fractional bandwidth centered 
at 7.5 GHz.       
Index Terms— Quasi-Yagi antenna, balun, wideband antenna, 
planar antenna.  
I. INTRODUCTION 
uasi-Yagi antennas are widely used for many applications 
due to their compact size, low profile, lightweight, low-
cost, and compatibility with microwave circuits. This type of 
antenna is known to exhibit moderate gain, endfire radiation 
pattern with modest bandwidth. It consists of three main 
components; driver, reflector, and one or several parasitic 
directors. The truncated microstrip ground plane of the 
antenna acts as a reflector for the transverse-electric surface 
wave generated by the driver. The parasitic directors are used 
to enhance the radiation in the forward endfire direction. 
 Since the driver element of the planar quasi-Yagi antenna is 
a balanced structure, whereas the feeder is usually an 
unbalanced transmission line, most of the research work in the 
literature concerning quasi-Yagi antenna focuses on designing 
different types of balanced-to-unbalanced (balun) feeding 
structures. The various techniques used in the design of baluns 
and other parts of the antenna aim at broadening the 
impedance bandwidth of the antenna [1]-[12].  
In [1] and [2], a coplanar waveguide (CPW)-to-slotline 
transition is used to build a quasi-Yagi antenna. In another 
approach, a planar quasi-Yagi antenna utilizing a microstrip-
to-coplanar stripline (CPS) balun is proposed in [3], [4]. The 
combination of truncated ground plane and a feeding structure 
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in the form of two parallel strips on the two layers of the 
substrate is proposed [5]. A similar approach, but in this case 
using a uniplanar structure fed by a CPW, is adopted in [6] 
and [7].  In [8], a four-port bandpass filter is converted into a 
three-port balun that feeds a quasi-Yagi antenna. The 
traditional coaxial balun is converted into a planar balun and 
used to feed a quasi-Yagi antenna in [9] and [10].   
In another method, a combination of microstrip to CPS 
transition and artificial transmission line is used for the feeder, 
whereas the driver is designed in the form of meandered 
microstrip line [11]. In a different configuration, a partial 
ground plane that is separate from the reflector and a notched 
microstrip patch as driver are used [12].   
By inspecting the results presented in [1]-[12], it is clear 
that the available quasi-Yagi antennas achieve at most around 
50 % fractional bandwidth assuming the -10 dB reflection 
coefficient as a reference. In this paper, a quasi-Yagi antenna 
with more than 75 % fractional bandwidth and 13 dB front-to-
back ratio across is presented. The main features of the 
proposed antenna are the ultra-wideband (UWB) balun and a 
dual-resonant driver.  
The utilized balun in this work is based on the combination 
of stepped-impedance structures of T-junction and parallel-
coupled lines. The driver of the antenna is designed to be a 
dual-resonant dipole by loading it by an inductor in the form 
of a short section of narrow microstrip line at a certain 
distance from the feed point. The design is validated via 
theory, simulations and measurements. The developed antenna 
is designed to operate across a band centered at 7.5 GHz. The 
choice of this band is related to the future use of the antenna in 
a wideband microwave imaging system. 
II. PROPOSED ANTENNA 
The configuration of the proposed UWB quasi-Yagi 
antenna is depicted in Fig. 1. The design in this work includes 
two main contributions. The first one is the ultra-wideband 
balun that includes a stepped-impedance T-junction of   
microstrip lines and two pairs of stepped-impedance parallel-
coupled microstrip lines. The two pairs are arranged as 
indicated in Fig. 1 to ensure the required odd-mode excitation 
to the center-fed driver of the antenna across an ultra-
wideband. The odd-mode excitation here means that the two 
signals supplied to the two arms of the driver are out-of-phase 
with each other. The second contribution is the dual-resonant 
driver needed for the UWB performance. The dual-resonant is 
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2 
accomplished by loading the driver by a suitable inductor at a 
certain location to ensure that the resonant frequencies of the 
driver are properly positioned for wideband coverage. The 
inductor is implemented in the form of a short section of 
narrow microstrip line.  
A. Balun design  
As depicted in Fig. 1, the utilized balun includes two main 
parts. The first one is the stepped-impedance T-junction of 
microstrip lines needed to divide the input signal from Port#1 
into two equal parts. Those two signals are supplied to the 
input terminals of two pairs of stepped-impedance parallel-
coupled lines, which represent the second main part of the 
balun. Each pair of those coupled lines has four terminals. 
Two of them represent the input and output terminals of the 
coupled structure, whereas the remaining two terminals are 
connected to the ground using short circuit vias in one pair and 
left as open-ended microstrip lines in the other pair. This 
arrangement guarantees producing two out-of-phase signals at 
the two output ports of the balun (Port#2 and Port#3). The two 
output ports of the balun are connected with the coplanar 
stripline (CPS) needed to feed the driver of the antenna.    
The T-junction has a stepped impedance input line that is 
used to improve the matching with the 50 Ω input port 
(Port#1). The two output terminals of the T-junction are 
tapered for an improved matching with the two input terminals 
of the coupled structures. The coupled structures are also 
designed in the form of stepped impedance coupled lines for 
ultra-wideband performance [13]. To that end, each of the two 
coupled structures includes three sections as depicted in Fig. 1. 
The two side sections are similar with a length of݈௖ଵ, whereas 
the central section has a length݈௖ଶ. Based on the dimensions of 
the coupled structures, the side sections have an 
electromagnetic coupling factorܿଵ, whereas the central section 
has a coupling factorܿଶ.   
To find the required values for݈௖ଵ, ݈௖ଶ, ܿଵ, and ܿଶ for an 
ultra-wideband performance, the even-odd mode analysis for 
four-port devices [13] are utilized. Assuming a perfect 
matching at the three ports of the balun, it is possible to show 
that the proposed balun can cover the band from 3 GHz to 12 
GHz with 180°±10° differential phase between the two 
balanced outputs and less than 0.5 dB insertion loss using 
ܿଶ ൌ ʹܿଵ=0.8 and݈௖ଶ ൌ ʹ݈௖ଵ ൌ ߣ௖Ȁ͸,ߣ௖: The effective 
wavelength at the center frequency of the 
band ௖݂=(3+12)/2=7.5 GHz. This solution means that the 
coupled structure in the balun should have a total length 
(ʹ݈௖ଵ ൅ ݈௖ଶ) that is equal to one third of the effective 
wavelength at the center of the band.   
The value of the required coupling shows that for a UWB 
performance, the side sections are loosely coupled.  From the 
fabrication perspective when using the printed circuit 
technology, it is easy to realize the required loose coupling of 
0.4 at the two side-coupled sections using conventional 
parallel-coupled microstrip lines.   
 
Fig. 1 Configuration of the proposed antenna. 
 
TABLE I  DESIGN PARAMETERS (DIMENSIONS IN mm AND CAPACITOR IN pF) OF 
THE FINAL DESIGN 
 
Para. Value Para. Value Para. Value Para. Value 
݈௖ଵ 1.4 ݈௖ଶ 2.1 ݈ଵ 5.4 ݈ଶ 3.7 
݈ଷ 26.8 ݈ସ 15 ݈ହ 1.1 ݈଺ 7.4 
ݏ 0.26 ݓଵ 0.67 ݓଶ 0.9 ݓଷ 0.4 
ݓସ 0.4 ݓହ 2.6 ݓ଺ 0.78 ݓ଻ 0.7 
ݓ଼ 0.2 ݓଽ 1.1 ܵௗ 2 ݀ଵ 4.9 
݀௧ 1 ݀ଶ 5.8 ݀ଷ 3.4 ݈௚ 15 
ݓ௚ 32 ܥ௫ 0.35 
 
As per the calculated design values, the central section of 
the coupled structure should be tightly coupled. From the 
mode analysis terminology, the tight coupling requires low 
odd-mode impedance and high even-mode impedance. 
Therefore, a chip capacitor is connected between the two 
coupled lines at the middle of each of the central coupled 
sections to increase its odd-mode capacitor, and thus, to 
decrease its odd-mode impedance without the need for a 
narrow gap [14]. Moreover, a slotted ground is created 
underneath each of the central coupled sections to reduce the 
even-mode capacitor, and thus, increase the even-mode 
impedance, while using an easy-to-manufacture coupled 
structure [15].   
From the required coupling factors, it is possible to estimate 
the physical dimension of the coupled structure and the 
capacitance value of the chip capacitors following the 
conformal mapping analysis [16].   
B. Radiator design 
As shown in Fig. 1, the designed balun is integrated with a 
quasi-Yagi antenna that includes one driver, and one director. 
The ground plane of the balun operates as a reflector. Since 
the designed balun is proven to have an ultra-wideband 
performance, it is expected that the bottleneck in the way to 
realize an UWB performance of the whole integrated antenna 
is the driver.  
It is well known that since the driver of the antenna is a half 
wavelength resonator, the band is usually limited. To avoid 
this bottleneck, the driver is designed to be dual-resonant 
structure. The proposed driver is depicted in Fig. 1. The driver 
of total length ݈ଷ is designed to resonate close to the lower 
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frequency of the targeted band, whereas the part of the driver 
of length ݈ସ is designed to resonate at the middle of the band. 
To enable that dual-resonant behavior, the driver is loaded 
with an inductor in the form of a short section of narrow 
microstrip line at the boundaries between ݈ଷ and݈ସ as 
illustrated in Fig. 1.  
At the lower part of the frequency band, the inductor has a 
low impedance, and thus, the effective radiator is the dipole of 
total length ݈ଷ which is chosen so that the dipole resonates at a 
low frequency ௟݂. As the frequency increases, the inductor’s 
impedance increases in the value till it becomes a virtual open 
circuit. Thus, the effective radiator is the dipole of length݈ସ. 
The length ݈ସ is chosen so that this short dipole resonates at 
the center of the targeted band ௖݂. By the proper choice of the 
frequencies ( ௟݂ and ௖݂) and the dimensions of the narrow 
microstrip that represents the inductor, the band of the 
integrated antenna can be increased significantly. The 
dimensions of the microstrip line that forms the inductor can 
be calculated according to the procedure in [17]. 
To choose suitable lengths for the dual-resonant driver, the 
effective dielectric constant as seen by the driver is needed.   
The recently developed theory for the accurate estimation of 
the effective dielectric constant as seen by center-fed dipoles 
is utilized [18]. According to that theory, the effective 
dielectric constant as seen by the driver is 
ߝ௘ ൌ ͳ ൅ ͲǤͷሺߝ௥ െ ͳሻܭଶȀܭଵ             (1) 
ܭଵ ൌ ܭሺ݇ଵሻȀܭ′ሺ݇ଵሻ                (2) 
ܭଶ ൌ ܭሺ݇ଶሻȀܭ′ሺ݇ଶሻ                 (3) 
ߝ௥ǣdielectric constant of the substrate,ܭሺ݇௜ሻ and ܭ′ሺ݇௜ሻ: the 
complete elliptical integral of the first kind and its 
complementary, respectively, of the parameter ݇௜. The 
parameters ݇ଵ and ݇ଶ for a certain director’s length݈௜, gap 
between the two arms of the driverܵௗ, and thickness of the 
utilized substrate ݄ are given as [18] 
݇ଵ ൌ
௟೔
௟೔ାଶௌ೏
                    (4) 
݇ଶ ൌ ݁ିగௌ೏Ȁሺଶ௛ሻ                  (5) 
Therefore, the resonant frequency ௥݂ for a driver’s length ݈௜ 
can be found from 
௥݂ ൌ ܿȀൣʹ݈௜ඥߝ௘൧                    (6)  
ܿ=3×108 m/s. 
In the current antenna, the driver is designed to have the 
two resonant frequencies,  ௟݂=5 GHz and ௖݂=7.5 GHz. Thus, 
the lengths ݈ଷ and ݈ସ are calculated from (1)-(6) to be 21.3 mm 
and 13.6 mm, respectively, assuming the substrate Rogers 
RT6010 (ɂ௥ ൌ10.2, ݄ ൌ0.635 mm). In the calculation, the gap 
ܵௗ is assumed to be equal to the gap between the two output 
ports of the balun (2 mm) for a direct and easy connection 
between the output ports of the balun and the CPS feeder of 
the driver.   
Concerning the director, it is designed to have a length ݈଺ 
equal to 0.25ߣ௖, whereas the distances between the driver and 
the ground plane ݀ଶand between the driver and the director 
݀ଷare chosen to be 0.2ߣ௖ and 0.15ߣ௖, respectively, as per the 
guidelines of Yagi antenna design. The wavelength ሺߣ௖ሻat the 
center of the band (7.5 GHz) can be calculated from the 
effective dielectric constant (1). Using (6),݈଺, ݀ଶ and݀ଷcan 
be found to be 6.8 mm, 5.4 mm, and 4 mm, respectively.    
The final dimensions are then obtained using the sequential 
nonlinear programming in the software HFSS. The whole 
structure (antenna and balun) are optimized for the widest 
possible -10 dB reflection coefficient bandwidth that is 
centered at 7.5 GHz, and more than 10 dB front-to-back ratio. 
The final dimensions in (mm) using the substrate Rogers 
RT6010 (ɂ௥ ൌ10.2, ݄ ൌ0.64 mm) are listed in Table I.  The 
overall dimensions of the antenna are 27 mm× 32 mm.  
III. RESULTS AND DISCUSSIONS 
The designed antenna is fabricated (Fig. 2) and tested. The 
simulated and measured reflection coefficients of the antenna 
are presented in Fig. 3. The antenna covers the band from 4.7 
GHz to 10.4 GHz, which is equivalent to 75% fractional 
bandwidth, with less than -10 dB reflection coefficient. The 
simulated and measured results are in good agreement across 
the investigated band. The driver of the antenna is designed to 
have the first two resonant frequencies at 5 GHz and 7.5 GHz. 
The simulated results indicate that those two resonances 
appear at 5.1 GHz and 7.3 GHz, whereas the measured results 
show the two resonances at 5.1 GHz and 7.5 GHz. Those 
results validate the procedure used in designing the driver. 
To validate the directive properties of the antenna, the gain 
is simulated and measured. The simulated values shown in 
Fig. 4 indicate that the gain varies between 4 dBi and 5 dBi 
across the band from 4.7 GHz to 10.4 GHz. Across the same 
band, the measured gain varies between 3.6 dBi and 4.5 dBi. 
Apart from the good agreement at the center of the 
investigated band, the measured results indicate generally 
slightly lower values for the gain than the simulated values. 
The radiation pattern of the antenna is measured at the two 
principal planes (H-plane and E-plane) at three frequencies (5 
GHz, 7.5 GHz, and 10 GHz). The results depicted in Fig. 5 
confirm the directive properties of the antenna. The front-to-
back ratio of the antenna varies from 13 dB at 5 GHz to 17 dB 
at 10 GHz. At the endfire direction of the pattern, the co-
polarized signal is higher than the cross-polarized signal by 
more than 19 dB at the three selected frequencies. 
To evaluate the effect of the different dielectric and 
conductive losses on the radiation of the antenna, the radiation 
efficiency is calculated using HFSS as depicted in Fig. 4. It is 
revealed that the efficiency is more than 93% across the band 
from 4.5 GHz to 10.5 GHz. To verify the simulated values, the 
radiation efficiency is also estimated using the measured 3 dB 
beamwidths and gains [19]. It is found that the efficiency is 
more than 90% across the band from 4.5 GHz to 10.5 GHz. 
 
     (a)                                          (b) 
Fig. 2 Top (a) and bottom (b) views of the developed antenna. 
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Fig. 3 Reflection coefficient of the designed antenna. 
 
Fig. 4 Gain and efficiency of the antenna. Solid lines: Simulations. 
 
  
                             5 GHz                                                   7.5 GHz 
  
                            10 GHz 
Fig. 5 Measured radiation pattern of the antenna. 
IV. CONCLUSION 
An ultra-wideband quasi-Yagi antenna has been presented. 
The two main features of the presented antenna are the balun 
and the dual-resonant driver. The balun includes stepped-
impedance microstrip lines forming a T-junction and two pairs 
of coupled lines. The driver is designed to have two main 
resonances by loading it at a certain position by an inductor of 
short section of narrow microstrip line. The simulated and 
measured performance of the integrated antenna indicate less 
than -10 dB reflection coefficient, 3.6-4.5 dBi gain, 13-17 dB 
front-to-back ratio, less than -19 dB cross-polarization and 
more than 90% efficiency across 75 % fractional bandwidth.        
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A Planar UWB Antenna With Signal Rejection
Capability in the 4–6 GHz Band
A. M. Abbosh, M. E. Bialkowski, Fellow, IEEE, J. Mazierska, and M. V. Jacob
Abstract—The design of a compact planar antenna featuring
ultra wideband performance and simultaneous signal rejection in
the 4–6 GHz band, assigned for IEEE802.11a and HIPERLAN/2,
is presented. The design is demonstrated assuming RT6010LM
substrate with a relative dielectric constant of 10.2 and thickness
of 0.64 mm. The presented results show that the designed antenna
of 27 mm 20 mm dimensions has a bandwidth from 2.7 GHz
to more than 10 GHz excluding the rejection band. The antenna
features near omnidirectional characteristics and good radiation
efﬁciency.
Index Terms—Planar antenna, slot antenna, ultra wideband
(UWB) antenna.
I. INTRODUCTION
RECENT years have witnessed an increased interest in ultrawideband (UWB) antennas since the adoption of UWB
technology by the U.S.-FCC in 2002 [1]. Parallel to this recent
interest in UWB antennas, research has also focused on a mul-
tilayer dielectric substrate approach to the design of front end
modules to reduce the size of wireless transceivers [2]. In order
to achieve integration between the radio frequency (RF) front
end circuitry and a radiating structure, an UWB antenna should
preferably be of planar format. Several planar UWB antenna de-
signs, which have the potential to meet such requirements, were
reported in [3]–[7].
As UWB systems need to meet the condition of harmo-
nious operation with some already existing standards such as
the IEEE802.11a and HIPERLAN/2A, rejecting a particular
sub-band within the 4.0–6.0 GHz band becomes an important
design requirement. One method to meet the new constraint
is to employ a ﬁlter rejecting undesired frequencies. However,
a more attractive solution is to employ an UWB antenna with
sub-band rejection capabilities, as shown in [8]. One problem
with the design presented in [8] is that it is nonplanar and thus
does not fulﬁll the requirement for integration with a multilayer
dielectric RF front end circuitry.
In this article, a fully planar UWBantennawith a narrow band
rejection capability within the 4–6 GHz band is described. A
simple design technique is introduced to accomplish this goal.
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Fig. 1. Conﬁguration of the UWB antenna with capability of rejecting a narrow
sub-band: (a) a three-dimensional (3-D) model with the feeding structure and
(b) layout showing different design parameters.
Section II of this letter describes the proposed antenna design.
Computer simulations and measurements concerning voltage
standing wave ratio (VSWR), radiation pattern, and gain of the
proposed antenna are shown in Section III. Section IV concludes
the article.
II. DESIGN
The conﬁguration of a planar UWB antenna with the capa-
bility of rejecting frequencies within the 4.0–6.0 GHz band is
illustrated in Fig. 1.
The antenna structure is assumed to be in the -planewith its
higher dimension extending along the -axis. The radiating slot
is the result of intersecting of two circles in a conductive layer
on top of the substrate. The antenna is fed with a coplanar wave-
guide (CPW). The observed transition from CPW to a coaxial
probe can be regarded as via in a multilayer front end module.
A tuning slot to reject a signal within the 4–6 GHz band is in-
troduced in the second circle. Steps used to design this antenna
are summarized as follows.
1) Depending on the lowest frequency of operation ,
thickness of the substrate and its dielectric constant
, width , and length of the antenna structure are
calculated from [9] as
(1)
(2)
(3)
1531-1309/$20.00 © 2006 IEEE
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TABLE I
VALUES OF DESIGN PARAMETERS FOR UWB ANTENNA
(4)
where is the speed of light in free space and is the
effective dielectric constant. In the undertaken approach,
the parameter is neglected as it usually takes a small
value in comparison with .
2) The radiating slot is formed by cutting a circle (Circle1)
from the ground plane designed above and adding a second
circle (Circle2) to the ground plane in the manner shown
in Fig. 1. Diameters of Circle1 and Circle2 ( and ),
in the preliminary stage of the design are equal to
(5)
Usually, is taken to be lower than the value mentioned
in (5) to allow some space for the ground plane around the
radiating slot.
3) Centers of the two circles are shifted by and from
centre of the ground plane. Parts of the two circles that ex-
tend outside the ground plane from one direction are cut to
form the CPW needed to feed the antenna. Values of and
are chosen in order to maintain the required impedance
bandwidth.
4) In order to tune out the undesired band a tuning slot is
made in the second circle. The slot is in the shape of half
circle with diameter chosen according to the following
equation:
(6)
where is centre of the undesired band. Position of the
slot and its width are selected to control the rejected band.
Design parameters ( , , , , and ) for the UWB slot
antenna obtained using this method are optimized with Ansoft
HFSSv2 and an in-house developed program written in Mi-
crosoft-Perl 5.6 [10]. The initial and optimized values assuming
of 2.5 GHz and of 5.4 GHz are given in Table I. The opti-
mization was performed for the best impedance bandwidth ex-
cluding the undesired band. The optimized values differ by less
than 10% from the original ones. This result gives a lot of con-
ﬁdence in the presented design formulas.
Fig. 2. Measured and simulated VSWR against frequency for the designed
UWB antenna.
III. RESULTS AND DISCUSSION
The UWB antenna with signal rejection capabilities in the
4–6 GHz band was designed assuming RT6010LM substrate
with a dielectric constant equal to 10.2, tangent loss
0.0023 and thickness of 0.64 mm, which was readily available
to the authors.
Fig. 2 shows the simulated and measured results for the
VSWR with frequency for the designed antenna (with dimen-
sions presented in Table I) without and with the tuning slot.
For the antenna without the tuning slot both the computed
andmeasured VSWR characteristics reveal UWB behavior with
bandwidth from 2.7 GHz tomore than 10GHz assumingVSWR
2 as a reference. When the tuning slot is included, the worst
VSWR occurs over a narrow sub-band within the 4–6 GHz. The
choice is dependent on the length of the tuning slot. In the pass-
band the VSWR characteristics of the original UWB antenna are
only slightly affected by the presence of the tuning slot. Effect
of using tuning slot with different diameters is shown. It is clear
that position of the rejected band can be controlled by adjusting
diameter of the slot. Increasing diameter of the tuning slot shifts
the rejected band to a lower value by a proportion which is com-
patible with the design (6). It has been observed that in order to
maintain the behavior of the antenna within the desired band the
center of the tuning slot should coincide exactly with center of
Circle2. The rejected bandwidth can be increased using a wider
tuning slot. This is conﬁrmed by both simulated and measured
results, which show only small discrepancies.
From the UWB applications point of view the antenna is
required to have an omnidirectional radiation pattern. This re-
quirement is fulﬁlled by the designed antenna, as shown by
simulated results in Fig. 3.
The designed antenna measured gain is presented in Fig. 4.
This ﬁgure reveals that the gain (in dB) increases approximately
linearly with frequency for the band 3 GHz until 10 GHz and
is between 0.4 to 4.6 dB for the original antenna (without the
tuning slot) and for the modiﬁed antennas (with the tuning slot)
outside the rejected band. The gain in the rejected band is found
PAPER [25]
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Fig. 3. Three-dimensional radiation pattern for the UWB antenna (without the tuning slot) at different frequencies.
Fig. 4. Measured gain against frequency for the UWB antenna.
to be as low as 4.5 dB. The HFSS simulations have shown that
this antenna features more than 90% radiation efﬁciency in the
pass-band.
IV. CONCLUSION
In this letter, a simple design method for a planar UWB an-
tenna with signal rejection capabilities over the 4–6 GHz sub-
band has been presented. The proposed radiating element is a
slot formed by the intersection of two circles which also include
the CPW as a feed. A tuning slot is responsible for the sub-band
rejection. Computer simulations andmeasurements have proved
the validity of simple design formulas. The designed UWB an-
tenna features omnidirectional radiation pattern and good radia-
tion efﬁciency. The presented antenna conﬁguration and its de-
sign method should be of considerable interest to the designers
of UWB front ends employing multilayer substrates.
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pression for a given substrate condition. The stop-band level is also
lowest for the proposed EBG power plane.
Since the EBG power plane is also used as a reference plane for
signal lines, there could be a signal integrity problem due to the
many slots on the reference plane. The possible signal integrity
problem can be resolved using differential signaling, embedded
EBG power plane [6], or stitching capacitors [7].
4. CONCLUSION
A new EBG power plane comprised of thin spiral strip lines and
hybrid-cells is proposed for ultra-wideband suppression of the
GBN propagation. The hybrid-cell EBG structure offers both of
a high series inductance and a shorter period of the EBG lattice.
More than 30 dB GBN suppression has been measured in a wide
range of frequencies from 370 MHz to 8.27 GHz. We expect the
hybrid-cell EBG power plane be applied for high speed and
mixed modes PCB design by the wideband GBN suppression.
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ABSTRACT: A simple guideline for designing a compact ultra wide-
band planar antenna is presented. The proposed antenna has the capa-
bility to reject any undesired subband within the whole bandwidth of its
operation by incorporating a tuning slot within the radiating structure.
Using GML1032 dielectric substrate with a relative permittivity of 3.2,
the designed antenna features a compact size of 27  27 mm2. Results
of the measurement show that the designed antenna has a 10 dB return
loss bandwidth from 2.8 GHz to more than 11 GHz excluding any unde-
sired subband, such as the 4.9 –5.9 GHz band assigned for
IEEE802.11a and HIPERLAN/2. The antenna has near omnidirec-
tional characteristics, and its radiation efﬁciency is higher than 90%
over the whole pass-band. © 2007 Wiley Periodicals, Inc.
Microwave Opt Technol Lett 49: 2855–2859, 2007; Published online
in Wiley InterScience (www.interscience.wiley.com). DOI 10.1002/mop.
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1. INTRODUCTION
Ultra Wideband (UWB) is a short range communications technol-
ogy, which transmits the information in the form of very narrow
pulses. This former military technology has gained a lot of popu-
larity among researchers and wireless industry after the FCC
permitted the marketing and operation of UWB within the range of
3.1–10.6 GHz [1]. The global interest in the UWB technology is
increasing very fast because of the capability of this license ex-
empt wide bandwidth system to yield low cost, low energy, short
range, and extremely high capacity wireless communication links.
Figure 3 Measured and simulated insertion losses of the proposed hy-
brid-cell EBG structure. [Color ﬁgure can be viewed in the online issue,
which is available at www.interscience.wiley.com]
Figure 4 Comparison of insertion losses ( S21 ) of the L-bridged EBG,
EBS EBG, and the proposed Hybrid-cell EBG power plane. [Color ﬁgure
can be viewed in the online issue, which is available at www.interscience.
wiley.com]
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Compact and cheap UWB antennas are needed for the numer-
ous UWB applications, such as wireless communications, indoor
positioning, and medical imaging. The printed planar monopole
antennas are usually the preferred candidates as they can be easily
fabricated, and are of low cost and light weight. The biggest
challenge to ﬁt these antennas in a UWB system is to widen their
impedance bandwidth while maintaining high radiation efﬁciency.
Many UWB antennas have been reported in the literature, such
as the planar volcano-smoke slot antenna [2, 3], the planar trian-
gular monopole [4, 5], the multistructure coplanar waveguide fed
[6], the circular disc monopole [7], the stepped patch [8], and the
notched rectangular patch [9]. The main drawback for the above
mentioned designs is that they use a trial and error method with the
help of a simulation tool to get the desired UWB operation.
UWB antennas should also have the capability to reject any
interference with existing wireless networking technologies such
as the subband 4.9–5.9 GHz for IEEE 802.11a in the USA, and
HIPERLAN/2 in Europe [10]. This is due to the fact that UWB
transmitters should not cause any electromagnetic interference on
nearby communication systems such as wireless LAN (WLAN)
applications. Therefore, UWB antennas with notched characteris-
tics in WLAN frequency band are desired. Some designs have
appeared recently for UWB antennas with subband rejection ca-
pability [11, 12]. The design of the antennas in those articles
depends on the trial and error method with the help of sophisti-
cated software to achieve the required performance.
This article describes a design method for a compact planar
UWB antenna fed by a coplanar waveguide (CPW). The presented
method also shows how to design a tuning slot to reject any
undesired subband within the UWB frequency spectrum. The
method presented in this article is used to design an UWB antenna
that rejects the 4.9–5.9 GHz band, which is assigned for the
IEEE802.11a and HIPERLAN/2. Results of measurements for two
antennas, designed using the proposed method, are presented in
order to prove the validity of the proposed method and to show the
behavior of the return loss, radiation efﬁciency, and gain of the
manufactured antennas.
2. DESIGN
The conﬁguration of the proposed ultra wideband (UWB) antenna
with the capability of rejecting frequencies over a certain subband
is illustrated in Figure 1. The radiating structure is formed by the
connection of half an ellipse with a rectangular patch. The antenna
is assumed to be fed using a coplanar waveguide (CPW) to
enhance its broadband characteristics. The ground plane, which is
located around the CPW feeder, is in a shape of half an ellipse.
The design procedure starts by ﬁnding dimension of the an-
tenna feeder to give 50  characteristic impedance (Z0). This can
be achieved using the following equations [13];
Z0
30
e
Kk
Kk , (1)
k  s/s  2wc, (2)
e
r 1
2 A B, (3)
A  tan h	1.785 logh/wc 1.75
, (4)
B 
kwc
h 	0.04 0.7k 0.011 0.1r0.25 k
, (5)
where K(k) is the ﬁrst kind elliptical integral and K (k)  K
1 k2, s is the central conductor width, whereas, wc is the slot
width of the CPW, h is the substrate thickness, and r is the
dielectric constant of the substrate.
Depending on the lowest frequency of operation (fl  3.1
GHz), thickness of the substrate and its dielectric constant, width
(w) and length (l) of the antenna structure are calculated as
w  l 
c
2flr, (6)
where c is speed of light. The antenna is assumed to be in the xy
plane, with the dimension w extending along the x axis. Note that
the length and width of the antenna structure, according to (6), are
equal to half of the wavelength inside the substrate medium.
The ground plane of the antenna, which is located around the
CPW, is half of an ellipse with major diameter equal to (w). The
secondary diameter of the ground plane can be chosen to be within
the range of (0.5w) to (0.75w).
The radiating structure, which is located at a distance g from
the end of the ground plane, consists of two parts. The ﬁrst part,
which is connected directly with the feeder, is half an ellipse with
the same dimensions as for the ground plane. The second part is a
rectangular patch, which extends from the end of the half ellipse
till the end of the substrate. Parametric analysis on the best value
for g indicates that it should be less than thickness of the substrate
h to get the widest bandwidth. In the design procedure of this
article, g is assumed to be equal to (h/3).
Note that the above choice for dimension of the radiator and the
ground plane results in a horizontal elliptical dipole of a length
equal to a half wavelength, and it is elevated from the ground by
a distance which is about a quarter wavelength.
The above design procedure results in an antenna which covers
the whole UWB range from 3.1 to 10.6 GHz. If it is required to
Figure 1 Conﬁguration of the proposed UWB antenna. [Color ﬁgure can
be viewed in the online issue, which is available at www.interscience.
wiley.com]
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reject a certain subband within that range, an elliptical tuning slot
with length ls and width ws can be incorporated in the radiating
structure at a distance ps from the feeding point, see Figure 1. The
required length of the slot (ls) and its position (ps) depend on value
of the center frequency of the undesired subband (fc) and the
dielectric constant of the substrate according to the following
equations.
ls
c
2fcr, (7)
ps
c
4fcr. (8)
To maintain the performance of the antenna across the desired
band, width of the tuning slot should be chosen such that
ws
c
fhr, (9)
where fh ( 10.6 GHz) is the highest frequency of operation.
3. RESULTS
The proposed UWB antenna was designed using GML1032 sub-
strate with a dielectric constant equal to 3.2, tangent loss tan  
0.004, and thickness of 1.52 mm. Values of the design parameters
shown in Figure 1 calculated using (1–6) are: w l 27 mm, s
2.8 mm, wc  0.23 mm, g  0.5 mm.
Concerning the tuning slot, assume that it is required to design
the antenna to reject the subband 4.9–5.9 GHz from its response.
The center frequency of the undesired subband fc is equal to (4.9
 5.9)/2  5.4 GHz. Therefore, dimensions of the slot (ls, ps, and
ws) can be calculated, using (7–9), to be 15.6 mm, 7.8 mm, and 1
mm, respectively.
According to (7), if it is required to tune out a different subband
with different center frequency then it is possible to use the same
antenna structure with dimensions calculated using (1–6), but with
different slot parameters. In Figure 2 variation of the required slot
length and position with center frequency of the rejected subband
are shown together with the optimum values obtained using the
software HFSS. For all the cases shown in Figure 2, slot width (ws)
was constant at 1 mm. It is clear from Figure 2 that (7) and (8) give
an accurate estimation for dimensions of the required slot.
Two samples of the proposed antenna were manufactured,
one without a tuning slot and the other with a tuning slot to
reject the subband 4.9–5.9 GHz. Characteristics of the devel-
oped antennas were tested using a vector network analyzer in an
anechoic chamber. Figure 3 shows variation of the return loss
with frequency for the developed antennas. The measured char-
acteristics of the antenna without a slot reveal UWB behavior
with bandwidth from 2.8 GHz to more than 11 GHz assuming
a 10 dB return loss reference. It is also clear from Figure 3 that,
for the antenna with a tuning slot, the undesired subband was
tuned out, whereas the wideband behavior of the antenna was
maintained.
From the UWB applications point of view, the antenna is
usually required to have an omnidirectional radiation. Concern-
ing the designed antenna, this requirement is fulﬁlled over the
whole bandwidth as shown in Figure 4, especially at the xz
plane. The measurements reveal that, at the high frequency
band, the main beam tilts a little in the forward direction, as in
the radiation pattern of Figure 4 at 6 and 9 GHz for the yz plane.
The tilt in the radiation pattern is common for many wideband
planar antennas that have been reported in many recent papers.
This is because of the excitation of higher order current distri-
butions (modes) on the antenna structure at higher frequencies.
The measured radiation patterns of the antenna with a slot are
similar to the results shown in Figure 4 and therefore, they are
not shown here.
Figure 5 shows variation of the measured gain of the developed
antennas across the ultra wideband. It is clear from the results in
Figure 5 that the antennas have a low gain, which coincides with
the expected behavior of the omnidirectional antennas. The gain of
the antenna without a slot increases with frequency from 0.3 dB at
3 GHz to 3.1 dB at 9 GHz, and then it decreases a little and
becomes 2.7 dB at 11 GHz. Concerning gain of the developed
antenna with tuning slot, the measured results, presented in Figure
5, show that the general behavior of the gain is similar to that of
the antenna without tuning slot except for the rejected subband.
Across the band 4.9–5.9 GHz, the gain can be as low as 2.3 dB,
Figure 2 Comparison between the calculated and optimized tuning slot
design parameters for different values of the rejected subband center
frequency. [Color ﬁgure can be viewed in the online issue, which is
available at www.interscience.wiley.com]
Figure 3 Variation of the return loss with frequency for the manufac-
tured antennas
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when a tuning slot is used, compared with 2.4 dB for the antenna
without a slot. This proves the high capability of the added slot to
reject the undesired subband.
The last investigation concerns variations of the radiation efﬁ-
ciency for the designed antennas with and without the tuning slot.
Results of the calculations using the software HFSS indicated that
the investigated antennas feature a good efﬁciency, being greater
than 90% across the desired band.
4. CONCLUSION
In this article, a simple design method for a planar ultra wideband
antenna has been presented. The presented antenna covers the
frequency assigned by FCC for ultra wideband applications and
rejects the band assigned for other applications. The proposed
radiating element and the ground plane are of an elliptical shape
with a coplanar waveguide feeder. The results presented in this
article have shown that the designed antenna has a 10 dB return
loss bandwidth from 2.8 GHz to more than 11 GHz. The results
have also revealed that the undesired subband used by other
applications can be excluded from the response of the antenna by
making a tuning slot, with length, width, and position calculated
according to the design method, in the radiator of the antenna. The
designed antenna has shown omnidirectional radiation pattern and
more than 90% radiation efﬁciency in the pass-band.
Figure 4 Radiation pattern of the manufactured antenna without a slot at different frequencies. [Color ﬁgure can be viewed in the online issue, which is
available at www.interscience.wiley.com]
Figure 5 Variation of the gain with frequency for the manufactured
antennas
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ABSTRACT: In this article, a novel dual-band branch line coupler is
presented. The dual-band operation is realized by the LH-RH transmis-
sion line composed of strip-shaped complementary split ring resonators
(CSRRs) and series gap, which can produce LH band around 900 MHz
and RH band around 1800 MHz. The performances of the designed de-
vice at two operating frequencies are demonstrated by simulated and
measured results, which are in good agreement. © 2007 Wiley Peri-
odicals, Inc. Microwave Opt Technol Lett 49: 2859–2862, 2007;
Published online in Wiley InterScience (www.interscience.wiley.com).
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1. INTRODUCTION
In the recent years a new type of metamaterials called left-handed
materials (LHM) has attracted many attentions. These materials
with effective negative permittivity and permeability simulta-
neously are ﬁrst realized [1] by arranging arrays of thin metallic
continuous wires and split ring resonators (SRRs) [2]. LHM sup-
ports propagation of backward waves whose phase velocity is
opposite to the direction of energy ﬂow. From duality, negative
permittivity medium can be generated by complementary split ring
resonators (CSRRs) [3]. Marques and co-workers ﬁrst introduced
these two resonators into planar structures and a LH pass-band can
be found, while CSRRs combined with a series gap are fabricated
in microstrip technology and SRRs combined with a shunt strip are
fabricated in coplanar waveguide technology [4–6]. By improving
the series capacitance, the LH transmission band and RH trans-
mission band will overlap and bandwidth is increased [7, 8].
There are two another completely independent approaches
based on the theory of transmission lines to make LHM. One is to
use the interdigital capacitors and short-circuit stub inductors [9],
and the other is to use surface-mount-technology (SMT) lumped
elements (LEs) [10]. By using the composite LH and RH charac-
teristics implemented by the LEs, dual-band branch-line coupler
and rat-race coupler are realized [11].
In this article, a novel method is proposed to design dual-band
branch-line coupler, in which strip-shaped CSRRs combined with
series capacitance are used to produce LH and RH transmission
band. Two operating frequencies are chosen as 900 MHz and 1800
MHz which are used in global systems for mobile communications
(GSM). Simulated and measured results are in good agreement.
Because no lumped elements and grounded via are needed, this
device is easier to be fabricated compared with the dual-band
branch line coupler adopting lumped elements.
2. LH AND RH BAND
The layout of strip-shaped CSRRs combined with series capaci-
tance implemented by a series gap and its lumped element equiv-
alent T-circuit model are shown in Figure 1. As proposed in [8],
under the assumption that the electrical size is small compared
with the wavelength and considering the part as the basic cell of
periodical structure, the phase shift factor can be obtained:
cos 1
C1	2LCg1	2LcCc
2Cg1	2LcCc  C
(1)
Eq. (1) indicates that the left-hand pass-band occurs in the fre-
quency region:
fL
1
2 C  4CgLc4CgCc C  CCc L (2)
fH
1
2LcCc (3)
Right-hand pass-band can be found above the frequency:
fR
1
2LCg (4)
By adjusting the series capacitance Cg, right-hand pass-band can
be moved, and especially as Cg is increased to a certain value a
balanced CRLH transmission with wide pass-band can be pro-
duced, which give us the possibility that 900/1800 MHz dual-band
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Abstract  A complete design method for a compact 
ultra wideband planar antenna with subband 
rejection capability is presented. An interdigital 
resonator is incorporated in the microstrip feeder 
of the antenna to act as a bandstop filter, hence 
enabling the rejection of any undesired band 
within the passband of the antenna. Two samples 
of the proposed antenna were designed and 
manufactured. One of the developed antennas does 
not contain a resonator, whereas the other contains 
an interdigital resonator. The designed antennas 
feature a compact size of 25 mm × 25 mm. Results 
of the simulation and measurement show that the 
designed antennas have a bandwidth from 3 GHz 
to more than 11 GHz. The results also show that 
the use of the resonator in the microstrip feeder of 
the antennas efficiently rejects any undesired 
subband, such as the 4.9-5.9 GHz band assigned 
for IEEE802.11a and HIPERLAN/2. The gain of 
the antennas with resonator is about 2.5 dB at the 
passband, while it is less than -10 dB at the rejected 
subband.   
Index Terms- Ultra wideband antenna, interdigital 
resonator, subband rejection. 
I. INTRODUCTION
Ultra wideband (UWB) systems have received a 
considerable amount of interest with respect to 
communication and medical applications after 
the Federal Communication Commission in the 
USA permitted the marketing and operation of 
UWB within the range 3.1 GHz to 10.6 GHz.  
An antenna, which can efficiently radiate and 
receive UWB signals, is essential for the 
successful operation of these systems. In 
addition to the requirement of the 3.1-10.6 GHz 
bandwidth, the UWB antennas should have the 
capability to reject any interference with 
existing wireless networking technologies such 
as the subband 4.9-5.9 GHz for IEEE 802.11a in 
the USA, and HIPERLAN/2 in Europe. 
Therefore, UWB antennas with notched 
characteristics at certain bands are desired. 
Some designs have appeared recently for UWB 
antennas with subband rejection capability [1-
3].  The rejection capabilities of the antennas 
presented in those papers were achieved by 
creating a slot in the radiating element of the 
antennas.  Although the slot is usually designed 
to filter out the undesired band while keeping 
the desired band intact, the measured results , 
for example in [3], show that there is some 
negative impact on the return loss of the antenna 
at the high end of the passband.   
This paper describes a different design method 
for a UWB antenna with a subband rejection 
capability. An interdigital resonator is 
incorporated in the microstrip feeder of the 
antenna to filter out any undesired subband with 
negligible effect on the passband of the antenna.  
The method presented in this paper, is used to 
design a UWB antenna which rejects the 4.9-5.9 
GHz band, which is assigned for the 
IEEE802.11a and HIPERLAN/2.  The results of 
measurements for two manufactured antennas 
(one without a resonator and the other with an 
interdigital resonator) are presented in order to 
prove the validity of the proposed method.   
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II. DESIGN 
The configuration of the proposed UWB antenna 
is illustrated in Fig.1.  The radiating structure is 
formed from a circular strip. The antenna is fed 
using a microstrip line of width , which can be 
calculated using the microstrip design equations 
[4]. The ground plane, which is located at the 
other side of the substrate, is in the shape of half 
a circle. To reject a certain subband within the 
passband of the antenna, an interdigital resonator 
is incorporated in the microstrip feeder of the 
antenna in the manner shown in Fig.1a. 
mw
         (a)                                 (b) 
Fig.1. (a) Configuration of the proposed antenna 
and (b) details of the interdigital resonator.  
Depending on the lowest frequency of operation 
( =3.1 GHz) and the dielectric constant of the 
substrate (
lf
rH ), width ( ) and length ( l ) of the 
antenna structure are assumed to be equal to half 
of the effective wavelength calculated at :
w
lf
2/)1(2   rlf
clw H            (1) 
The ground plane of the antenna is in the shape 
of half a circle with diameter equal to ( ).  The 
radiating structure, which is located at a 
distance
w
g from the end of the ground plane, is in 
the form of a circular strip. The outer diameter of 
the strip is equal to , whereas the inner diameter 
is chosen such that width of the radiator is equal 
to  . A parametric analysis on the effect of 
on the performance of the antenna indicated 
that it has a negligible effect on the lower and 
upper frequency response of the antenna’s 
passband, while increasing  improves the 
return loss of the antenna at the centre of the 
passband. This means that if the antenna is 
designed to have an UWB performance without 
rejecting any subband then it is better to increase 
to as much as possible, depending of course 
on size of the antenna structure. Because the 
antenna designed in this paper is aimed to have a 
rejection capability at a certain subband near the 
centre of its passband, then is to be chosen 
such that the standing wave ratio (SWR) at that 
subband is around 2 (i.e. -10 dB return loss). 
Hence, the overall effect of  and the 
interdigital resonator, which is to be explained 
thereafter, results in an optimum rejection of the 
undesired subband.  
w
rw
rw
rw
rw
rw
rw
Concerning the gap value g  between the radiator 
and the ground plane, a parametric analysis on 
the best value for g  indicated that it should be 
comparable to thickness of the substrate  in 
order to get the widest bandwidth. In the design 
procedure of this paper, 
h
g is assumed to be equal 
to ( ).h
The above design procedure results in an antenna 
which covers the whole UWB range from 3.1 
GHz to 10.6 GHz. If it is required to reject a 
certain subband within that range, an interdigital 
resonator can be incorporated in the microstrip 
feeder of the antenna in the manner shown in 
Fig.1a.  This resonator consists of an interdigital 
capacitor in parallel with a pair of lumped-
element inductors. Configuration of the resonator   
is shown in Fig.1b.   
The interdigital capacitor was originally proposed 
by Alley [5] for use in lumped-element 
microwave integrated circuits. Letting the finger 
width  equal the space  to achieve maximum 
capacitance density, and assuming that the 
substrate thickness h is much larger than the 
finger width, a closed-form expression for 
estimation of capacitance of the interdigital 
capacitor is given by [5]; 
cw s
]252.0)3(11.0)[1(10937.3 14 u  nlC rr H   (2) 
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where  is length of the interdigital capacitor in 
(mm) and n is number of the fingers in the 
capacitor.
rl
Concerning the outer strips of the resonator 
shown in Fig.1b, they act as parallel inductors. 
An approximate design equation can be used to 
find value of the inductance of each strip 
depending on its width  and length  [6-7];lw rl
k
l
w
w
l
lL
r
l
l
r
r u»»¼
º
««¬
ª ¸¸¹
·
¨¨©
§u  2235.0193.1ln102 10   (3) 
¹¸
·
©¨
§ 
h
w
k lln145.057.0            (4) 
The resonator shown in Fig.1a has two inductors 
and an interdigital capacitor connected in 
parallel. Therefore, the resonance frequency is 
equal to: 
2/2
1
LC
fr S          (5) 
At resonance, the interdigital resonator used in 
this paper behaves like an open circuit because of 
the parallel resonance. Hence, the frequency 
given in (5) can be assumed as the centre of the 
rejected subband. The design parameters for the 
resonator can be found using (2)-(5) for a certain 
rejected subband. In this paper, the centre of the 
rejected subband is considered to be 
(4.9+5.9)/2=5.4 GHz in order to tune out any 
interference caused by the subbands used by 
IEEE802.11a and HIPERLAN/2. 
III. RESULTS 
The proposed UWB antenna was designed and 
manufactured using Rogers 4003C substrate 
( rH =3.38, tanį=0.00023, and thickness=0.508 
mm). Values of the design parameters for the 
antenna and the incorporated resonator were first 
calculated using the proposed design procedure 
and then optimized using the software Ansoft 
HFSSv10. The optimized values are; =25 mm, 
= 25.5 mm, 
w
l g =0.5 mm, =6 mm, = 1.17 
mm, =5.5 mm, =0.13 mm, =0.13 mm, and 
=0.13 mm.  
rw mw
rl cw s
lw
Two samples of the proposed antenna were 
manufactured, one without and the other with the 
interdigital resonator. Characteristics of the 
developed antennas were tested via simulations 
using the software HFSSv10 and via 
measurements using a vector network analyser in 
an anechoic chamber. Fig.2 shows variation of 
the SWR with frequency for the developed 
antennas. The simulated and measured 
characteristics of the antenna without a resonator 
reveal UWB behaviour with bandwidth from 3 
GHz to more than 11 GHz assuming SWR=2 (or 
10 dB return loss) as a reference.  It is also clear 
from Fig.2 that, for the antennas with a resonator, 
the undesired subband was tuned out, whereas 
the wideband behaviour of the antenna was 
maintained. The simulated and measured results 
are in good agreement.   
2 3 4 5 6 7 8 9 10 11
1
2
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6
7
8
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10
Frequency(GHz)
S
W
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Simulated w/o resonator
Measured w/o resonator
Simulated with resonator
Measured with resonator
Fig.2. Variation of the SWR with frequency. 
From the UWB applications point of view, the 
antenna is usually required to have an 
omnidirectional radiation. Concerning the 
designed antenna, this requirement is fulfilled 
over the whole bandwidth as shown in Fig.3 for 
the antenna without a resonator. The radiation 
patterns of the antenna with a resonator are 
similar to the results shown in Fig.3 and 
therefore, they are not shown here.
3 GHz                      6 GHz                         9 GHz 
Fig.3. Three dimensional radiation pattern of the 
antenna at different frequencies. 
Fig.4 shows variation of the measured gain of the 
developed antennas across the ultra wideband. It 
is clear from the results in Fig.4 that the antennas 
have a low gain, which coincides with the 
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expected behavior of the omnidirectional 
antennas. The gain of the   antenna without a 
resonator increases with frequency from around 0 
dB at 3.1 GHz to 4.3 dB at 9 GHz, and then it 
decreases a little and becomes 3 dB at 11 GHz. 
Concerning gain of the developed antenna with 
the interdigital resonator, the measured results, 
presented in Fig.4, show that the general behavior 
of the gain is similar to that of the antenna 
without a resonator except for the rejected 
subband. Across the band 4.9 GHz to 5.9 GHz, 
the gain can be as low as -10 dB, when a 
resonator is used, compared with 2.5 dB for the 
antenna without a resonator. This proves the high 
capability of the proposed resonator to reject the 
undesired subband.   
3 4 5 6 7 8 9 10 11
-10
-5
0
5
Frequency(GHz)
G
ai
n(
dB
)
w/o resonator
with resonator
Fig.4. Variation of the measured gain with 
frequency for the manufactured antennas. 
If the antenna is to be used in UWB pulse 
transmission/reception then the group delay of 
the antenna is of utmost importance as it 
indicates the level of distortion in the received 
pulse. Concerning the designed antenna, the 
simulation results indicated that the antenna has 
an almost flat group delay across its passband 
with a maximum deviation of less than 1ns. 
The last investigation concerns variation of the 
radiation efficiency for the designed antennas 
with and without the resonator. Results of the 
calculations using the software HFSS indicated 
that the proposed antennas feature a good 
efficiency, being greater than 90% across the 
desired band.  
IV. CONCLUSION 
The design of a compact ultra wideband planar 
antenna with subband rejection capability has 
been presented. An interdigital resonator is 
incorporated in the microstrip feeder of the 
antenna to act as a bandstop filter, hence enabling 
the rejection of any undesired band within the 
passband of the antenna. Two samples of the 
proposed antenna were designed and 
manufactured. One of the developed antennas 
does not contain a resonator, whereas the other 
contains an interdigital resonator. The designed 
antennas feature a compact size of 25 mm × 25 
mm. Results of the simulation and measurement 
show that the designed antennas have a 
bandwidth from 3 GHz to more than 11 GHz. 
The results also show that the use of the resonator 
in the microstrip feeder of the antennas 
efficiently rejects any undesired subband, such as 
the 4.9-5.9 GHz band assigned for IEEE802.11a 
and HIPERLAN/2. The gain of the antennas with 
the resonator is about 2.5 dB at the passband, 
while it is less than -10 dB at the rejected 
subband.
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A complete design method for a compact uniplanar ultra-wideband antenna with subband rejection capability is presented. A
slotline resonator is incorporated in the coplanar waveguide feeder of the antenna to act as a bandstop ﬁlter, hence enabling the
rejection of any undesired band within the passband of the antenna. Two samples of the proposed antenna were designed and
manufactured. One of the developed antennas does not contain a resonator, whereas the other contains a slotline resonator. The
designed antennas feature a compact size of 27mm × 27mm. Results of the simulation and measurement show that the designed
antennas have a bandwidth from 3GHz to more than 11GHz. The results also reveal that the use of the resonator in the feeder of
the antenna eﬃciently rejects any undesired subband, such as the 4.9–5.9 GHz band assigned for IEEE802.11a and HIPERLAN/2.
The gain of the antennas with the resonator is about 2.2 dBi at the passband, while it is less than −8 dBi at the rejected subband.
Copyright © 2008 Amin M. Abbosh. This is an open access article distributed under the Creative Commons Attribution License,
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1. INTRODUCTION
Ultra-wideband (UWB) is a short range communications
technology. It has gained a lot of popularity among research-
ers and the wireless industry after the FCC permitted the
marketing and operation of UWB within the range 3.1GHz
to 10.6GHz [1]. The global interest in the UWB technology
is increasing very fast due to the capability of this license
exempt wide bandwidth system to yield low cost, low
energy, short range, and extremely high capacity wireless
communication links.
In addition to the requirement of the 3.1–10.6GHz band-
width, the UWB antennas should also have the capability
to reject any interference with existing wireless networking
technologies such as the subband 4.9–5.9GHz for IEEE
802.11a in the USA, and HIPERLAN/2 in Europe. Therefore,
UWB antennas with notched characteristics at certain bands
are desired. The ability to provide this function in the
antenna can signiﬁcantly relax the requirements imposed
upon the ﬁltering electronics within the wireless communi-
cation system.
One of the ﬁrst attempts to design a band-notched ultra-
wideband antenna was presented in [2]. The design of a
UWB antenna with a good impedance matching over
the desired band was achieved using a genetic algorithm
optimization code. A manual trial-and-error approach was
then utilized to modify the design towards a band-notched
antenna. In a later stage, the authors of [2] extend their
optimization technique to improve the radiation pattern of
their band-notched design [3].
A systematic method for designing frequency notched
ultra-wideband antennas was presented in [4]. By delib-
erately introducing a narrow band resonant structure, an
antenna may be made capable of rejecting particular fre-
quencies. This technique is useful for creating UWB antennas
with narrow frequency notches, or for creating multiband
antennas.
Reviewing the literature shows that there are many diﬀer-
ent methods used to achieve the band-notched function. The
conventional methods are cutting a slot of diﬀerent shapes
on the radiating patch [5–7], inserting a slit on the patch
[8], embedding a quarter-wavelength tuning stub within a
large slot on the patch [9], putting parasitic elements near
the radiator as ﬁlters to reject the limited band [10], or
introducing a parasitic open-circuit element, rather than
modifying the structure of the antenna’s tuning stub [11].
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This paper describes a diﬀerent design method for a
UWB antenna with a subband rejection capability. Instead
of modifying the radiator as with the proposed methods
in the literature, a slotline resonator is incorporated in the
coplanar waveguide feeder of the antenna to ﬁlter out any
undesired subband with negligible eﬀect on the passband
of the antenna. The method presented in this paper is used
to design a uniplanar UWB antenna which rejects the 4.9–
5.9GHz band, which is assigned for the IEEE802.11a and
HIPERLAN/2. The results of simulations and measurements
for twomanufactured antennas (one without a resonator and
the other with a slotline resonator) are presented in order to
prove the validity of the proposed method.
2. DESIGN
The conﬁguration of the proposed UWB antenna with the
capability of rejecting frequencies over a certain subband is
illustrated in Figure 1. The radiating structure is formed by
the connection of half an ellipse with a rectangular patch.
The antenna is assumed to be fed using a coplanar waveguide
(CPW) to enhance its broadband characteristics. The ground
plane, which is located around the CPW feeder, is in the
shape of half an ellipse.
The design procedure starts by ﬁnding dimension of the
antenna feeder to give 50Ω characteristic impedance (Zo).
This can be achieved using the following equations [12]:
Zo = 30π√
εe
K ′(k)
K(k)
,
k = s
s + 2wc
,
εe = εr + 12 [A + B],
A = tanh {1.785 log (h/wc) + 1.75},
B = kwc
h
{
0.04− 0.7k + 0.01(1− 0.1εr)(0.25 + k)},
(1)
where K(k) is the ﬁrst kind elliptical integral and K ′(k) =
K(
√
1− k2), s is the central conductor width, whereas wc is
the slot width of the CPW, h is the substrate thickness, and εr
is the dielectric constant of the substrate.
Depending on the lowest frequency of operation ( fl =
3.1GHz), thickness of the substrate and its dielectric con-
stant, width (w), and length (l) of the antenna structure are
calculated as
w = l = c
2 fl
√
εr
, (2)
where c is the speed of light. The antenna is assumed to be
in the xy plane, with the dimension w extending along the x-
axis. Note that the length and width of the antenna structure,
according to (2), are equal to half of the wavelength inside the
substrate medium.
It is worthwhile to mention that (2) gives an accurate
estimation of the required dimension of the antenna for a
w
l
g
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(top layer)
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Ground
(top layer) CPW
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Figure 1: (a) Conﬁguration of the proposed antenna, (b) details of
the slotline resonator, and (c) the transmission-line model of the
resonator.
low value of the dielectric constant of the substrate, that is,
less than 4. If it is required to ﬁnd a rough estimation of the
required dimension for any value of the dielectric constant,
the following formula can be used:
w = l = c
2 fl
√(
εr + 1
)
/2
. (3)
The ground plane of the antenna, which is located
around the CPW, is half of an ellipse with major diameter
equal to (w). The secondary diameter of the ground plane
can be chosen to be around (0.5w).
The radiating structure, which is located at a distance
g from the end of the ground plane, consists of two parts.
The ﬁrst part, which is connected directly with the feeder, is
half an ellipse with the same dimensions as for the ground
plane. The second part is a rectangular patch which extends
from the end of the half ellipse till the end of the substrate.
Parametric analysis on the best value for g indicates that it
should be less than thickness of the substrate h in order to get
the widest bandwidth. In the design procedure of this paper,
g is assumed to be equal to (h/3).
Note that the above choice for dimension of the radiator
and the ground plane results in a horizontal elliptical dipole
of a length equal to a half wavelength, and it is elevated from
the ground by a distance which is about a quarter wavelength.
The explained design procedure (1)–(3) results in an
antenna which covers the whole UWB range from 3.1GHz to
10.6GHz. If it is required to reject a certain subband within
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that range, a slotline resonator can be incorporated in the
feeder of the antenna in the manner shown in Figure 1(a).
Conﬁguration of the resonator is shown in Figure 1(b).
Length of the slotline resonator is assumed to be equal to a
quarter of the eﬀective wavelength calculated at the center of
the rejected band.
To understand eﬀect of the slotline used in this paper, a
transmission line model of the coplanar waveguide and the
slotline resonator is shown in Figure 1(c). The resonator is
equivalent to a short-circuited end series stub. At the center
of the rejected band, the stub’s length is equal to a quarter
wavelength which means that the stub appears eﬀectively as
an open circuit at its point of connection with the main
transmission line, which is the coplanar waveguide for the
design presented in this paper. This comes from the fact
that the input impedance of a quarter-wavelength stub is
equal to Z2o /Zt [13], where Zo is the characteristic impedance
of the stub and Zt is the terminal impedance of the stub,
which is equal to zero in the stub considered in this paper.
At the frequencies, which are far away from the resonance
frequency of the stub, the resonator has negligible eﬀect
on the performance and the feeder and hence, the antenna
performs as if there is no resonator.
It is to be noted that in order to use the space available
for the stub eﬃciently and to make the antenna compact in
size, the stub is folded in the manner shown in Figure 1(b).
3. RESULTS
The proposed UWB antenna was designed using GML1032
substrate with a dielectric constant equal to 3.2, tangent loss
tan δ = 0.004, and thickness of 1.52 mm. Values of the design
parameters for the antenna and the incorporated resonator
were ﬁrst calculated using the proposed design procedure
and then optimized using the software Ansoft HFSSv10.
The optimized values are: w = l = 27 mm, s = 2.9 mm,
wc = 0.25 mm, g = 0.5 mm, lr = 11 mm, ws = 0.3 mm, and
sr = 0.1 mm.
Two samples of the proposed antenna were manu-
factured, one without and the other with the slotline
resonator. Characteristics of the developed antennas were
tested via simulations using the software HFSSv10 and
via measurements using a vector network analyser in an
anechoic chamber. Figure 2 shows variation of the SWR with
frequency for the developed antennas. The simulated and
measured characteristics of the antenna without a resonator
reveal UWB behavior with bandwidth from 3GHz to more
than 11GHz assuming SWR= 2 (or 10 dB return loss) as
a reference. It is also clear from Figure 2 that, for the
antennas with a resonator, the undesired subband was tuned
out, whereas the wideband behavior of the antenna was
maintained. The simulated and measured results are in good
agreement.
It is worthwhile to mention that the slot width of the
resonator sr can be used to adjust width of the rejected
subband. A parametric analysis using the software HFSS
shows that increasing sr increases width of the rejected
band and its level of rejection, that is, a higher VSWR at
the rejected band with a larger slot width. Moreover, the
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Figure 2: Variation of the SWR with frequency.
parametric analysis shows that width of the part of the feeder
bounded by the resonator, that is, ws in Figure 1(b), has
a signiﬁcant eﬀect on the level of rejection. Optimization
techniques can be utilized to achieve a certain compromise
between the required width of the rejected band and the level
of rejection.
From the UWB applications point of view, the antenna
is usually required to have an omnidirectional radiation.
Concerning the designed antenna, this requirement is ful-
ﬁlled over the whole bandwidth as shown in Figure 3 for the
antenna without a resonator. The radiation patterns of the
antenna with a resonator are similar to the results shown in
Figure 3 and therefore, they are not shown here.
Figure 4 shows variation of the measured gain of the
developed antennas across the ultra-wideband. It is clear
from the results in Figure 4 that the antennas have a
low gain, which agrees with the expected behavior of the
omnidirectional antennas. The gain of the antenna without
a resonator increases with frequency from around 0 dBi
at 3.1 GHz to 3 dBi at the range 9–11GHz. Concerning
gain of the developed antenna with the slotline resonator,
the measured results, presented in Figure 4, show that the
general behavior of the gain is similar to that of the antenna
without a resonator except for the rejected subband. Across
the band 4.9GHz to 5.9GHz, the gain can be as low as
−8 dBi, when a resonator is used, compared with 2.2 dBi
for the antenna without a resonator. This proves the high
capability of the proposed resonator to reject the undesired
subband.
The last investigation concerns variation of the radiation
eﬃciency for the designed antennas with and without the
resonator. Results of the calculations using the software
HFSS indicated that the proposed antennas feature a
good eﬃciency, being greater than 92% across the desired
band.
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Figure 3: The measured radiation pattern of the antenna at (a) 3GHz and (b) 6GHz.
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Figure 4: Variation of the measured gain with frequency for the
manufactured antennas.
4. CONCLUSION
This paper has presented a complete design method for
a compact ultra-wideband antenna with band-notched
characteristics. The subband rejection is accomplished by
incorporating a slotline resonator in the coplanar waveguide
feeder of the antenna. To validate the proposed method,
two samples of the proposed antenna were designed and
manufactured: one does not contain a resonator, whereas the
other contains a slotline resonator. Results of the simulation
and measurement have shown that the designed antennas
have an ultra-wideband performance with bandwidth from
3GHz to more than 11GHz. The results have also shown
eﬀectiveness of the resonator in rejecting any undesired
band, such as the 4.9-5.9GHz band, where the gain of the
antenna with the resonator was reduced by more than 10 dB
at the rejected band.
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4. CONCLUSION
A room-temperature multiwavelength Yb-dope ﬁber laser based
on a MZI by exploiting SHB and PHB effects was proposed and
demonstrated. With this laser setup, stable eight-wavelength lasing
was achieved, the lasing wavelengths are in the range of
1039.43  1047.08 nm, and the WLS is 1.1 nm. Triple-, and
dual-wavelength operation with 1.1-nm to its integral multiples
WLS have been obtained by simply adjusting the intracavity PCs.
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ABSTRACT: The design of a compact ultra wideband planar antenna
with subband rejection capability is presented. A spurline is incorpo-
rated in the microstrip feeder of the antenna to act as a bandstop ﬁlter,
hence enabling the rejection of any undesired band within the passband
of the antenna. Results of a parametric investigation are presented to
show effect of the spurline parameters on width of the rejected subband.
The investigation shows that increasing the slot and spurline widths in-
creases width of the rejected subband. Three samples of the proposed
antenna were designed and manufactured. One of the developed anten-
nas does not contain spurline, whereas the other two contain spurlines
with different dimensions. The designed antennas feature a compact size
of 25 mm  25 mm. Results of the simulation and measurement show
that the designed antennas have a bandwidth from 3 GHz to more than
11 GHz. The results also show that the use of the spurlines in the mi-
crostrip feeder of the antennas efﬁciently rejects any undesired subband,
such as the 4.9–5.9 GHz band assigned for IEEE802.11a and HIPER-
LAN/2. The gain of the antennas with spurline is about 2.5 dB at the
passband, while it is less than 15 dB at the rejected subband. © 2008
Wiley Periodicals, Inc. Microwave Opt Technol Lett 50: 725–728, 2008;
Published online in Wiley InterScience (www.interscience.wiley.com).
DOI 10.1002/mop.23205
Key words: planar antenna; subband rejection; ultra wideband antenna
1. INTRODUCTION
Design of ultra wideband (UWB) antennas is receiving an in-
creased attention from the researchers and the wireless industry
after the Federal Communication Commission in the USA permit-
ted the marketing and operation of UWB within the range 3.1 GHz
to 10.6 GHz. In addition to the requirement of the 3.1–10.6 GHz
bandwidth, the UWB antennas should have the capability to reject
any interference with existing wireless networking technologies
such as the subband 4.9–5.9 GHz for IEEE 802.11a in the USA,
and HIPERLAN/2 in Europe [1]. Therefore, UWB antennas with
notched characteristics at certain bands are desired. Some designs
have appeared recently for UWB antennas with subband rejection
capability [2-4]. The rejection capabilities of the antennas pre-
sented in those articles were achieved by creating a slot in the
radiating element of the antennas. Although the slot is usually
designed to ﬁlter out the undesired band while keeping the desired
band intact, the measured results show that it has a negative impact
on the return loss of the antenna at part of the passband.
This article describes a different design method for a UWB
antenna with a subband rejection capability. A spurline is incor-
porated in the microstrip feeder of the antenna to ﬁlter out any
undesired subband with negligible effect on the passband of the
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antenna. The method presented in this article, is used to design
UWB antennas that reject the 4.9–5.9 GHz band, which is as-
signed for the IEEE802.11a and HIPERLAN/2. The results of
measurements for three manufactured antennas (one without a
spurline and the other two with spurlines having different dimen-
sions) are presented to prove the validity of the proposed method.
2. DESIGN
The conﬁguration of the proposed UWB antenna with the capa-
bility of rejecting frequencies across a certain subband is illus-
trated in Figure 1. The radiating structure is formed from a circular
strip. The antenna is assumed to be fed using a microstrip line of
width wm, which can be calculated using the well-known micros-
trip design equations [5]. The ground plane, which is located at the
other side of the substrate, is in the shape of half a circle.
Depending on the lowest frequency of operation (fl 3.1 GHz)
and the dielectric constant of the substrate (r), width (w) and
length (l) of the antenna structure are assumed to be equal to half
of the effective wavelength calculated at fl: w l
c
2flr  1/2.
The ground plane of the antenna is half of a circle with
diameter equal to (w). The radiating structure, which is located at
a distance g from the end of the ground plane, is in the form of a
circular strip. The outer diameter of the strip is equal to w, whereas
the inner diameter is chosen such that width of the radiator is equal
to wr. A parametric analysis on the effect of wr on the performance
of the antenna indicated that it has negligible effect on the lower
and upper frequency response of the antenna’s passband, while
increasing wr improves the return loss of the antenna at the centre
of the passband, i.e., across the band 5–7 GHz. Because the
antenna designed in this article is aimed to have a rejection
capability at a certain subband within its passband, then wr is to be
chosen such that the standing wave ratio (SWR) at that subband is
around 2 (i.e., 10 dB return loss). Hence, the overall effect of wr
and the spurline, which is to be explained thereafter, results in an
optimum rejection of the undesired subband.
Concerning the gap value g between the radiator and the
ground plane, the parametric analysis on the best value for g
indicates that it should be comparable to thickness of the substrate
h in order to get the widest bandwidth. In the design procedure of
this article, g is assumed to be equal to (h).
The above design procedure results in an antenna which covers
the whole UWB range from 3.1 GHz to 10.6 GHz. If it is required
to reject a certain subband within that range, a spurline can be
incorporated in the microstrip feeder in a manner shown in Figure
1(a). As the spurline has a high rejection capability across its
stopband and a very low insertion loss across its passband [6], then
incorporating it into the antenna’s feeder is expected to have
negligible effect on the performance across the passband, while it
ﬁlters out the undesired subband. The spurline consists of a pair of
coupled microstrip lines with one line open ended; both lines are
connected together at the other end. Conﬁguration of the spurline
is shown in Figure 1(b).
The spurline is described by three parameters: slot length ls,
slot width s, and spurline width ws, see Figure 1(b). Length of the
slot deﬁnes center of the rejected subband and it is equal to quarter
of the effective wavelength calculated at that frequency. The
performance of the spurline can be analyzed assuming a quasi
TEM propagation modes and using the even- and odd-mode theory
of the coupled lines [7]. According to that theory, the slot width s
and the spurline width ws deﬁne value of the even- and odd-mode
impedances which, in turn, deﬁne the frequency response of the
spurline.
A parametric analysis was used to show effect of s and ws on
width of the rejected subband. Rogers4003C (dielectric constant
3.38, tangent loss tan   0.00023, and thickness  0.508 mm)
was assumed as a substrate for the purpose of the analysis. Figure
2 shows the results of the analysis. It is to be noted that the
fractional bandwidth of the rejected subband with respect to its
centre was calculated assuming the 3 dB insertion loss as a
reference. The slot and spurline widths have a direct effect on
value of the coupling between the two coupled lines of the spur-
line. Therefore, they deﬁne width of the rejected subband. The
results shown in Figure 2 indicate that the smaller are the widths
s and ws, the narrower is the rejected subband. Increasing width of
the gap or the spurline increases width of the rejected subband till
a certain value after which, increasing the widths has no effect any
more on width of the rejected subband. The gap between the input
microstrip line and the open-circuited line of the coupler has a
negligible effect on the performance of the ﬁlter. Therefore, it is
considered to be approximately equal to the slot width.
Figure 1 (a) Conﬁguration of the proposed UWB antenna, and (b)
details of the spurline. [Color ﬁgure can be viewed in the online issue,
which is available at www.interscience.wiley.com]
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Figure 2 Effect of the spurline’s dimensions on the fractional bandwidth
of the rejected subband. [Color ﬁgure can be viewed in the online issue,
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3. RESULTS
The proposed UWB antenna was designed and manufactured using
Rogers4003C substrate (r  3.38, tan   0.00023, and thick-
ness  0.508 mm). Values of the design parameters for the
antenna were ﬁrst calculated using the proposed design procedure
and then optimized using the software Ansoft HFSSv10. The
optimized values are as follows: w  25 mm, l  25.5 mm, g 
0.5 mm, wr  6 mm, and wm  1.18 mm.
Concerning the spurline, assume that it is required to design the
antenna to reject the subband 4.9 GHz to 5.9 GHz from its
response. The center frequency of the undesired subband fc is equal
to (4.9  5.9)/2  5.4 GHz. Therefore, length of the spurline is
equal to 8.7 mm, which is quarter of the effective wavelength at
the center of the rejected subband. The fractional bandwidth of the
rejected subband is equal to (5.9–4.9)/5.4  18.5%. From Figure
2, it is clear that there are several combinations of s and ws values
to achieve the required fractional bandwidth of the rejected sub-
band. One of them is as follows: s ws 0.2 mm. If it is required
to reject a narrower band then lower values for s and ws can be
used. As an example for this case, another antenna with s  ws 
0.1 mm was also manufactured and tested.
Three samples of the proposed antenna were manufactured, one
without a spurline and the other two with spurline1 (with s  ws
 0.2 mm) and spurline2 (s  ws  0.1 mm). Characteristics of
the developed antennas were tested via simulations using the
software HFSSv10 and via measurements using a vector network
analyzer in an anechoic chamber. Figure 3 shows variation of the
SWR with frequency for the developed antennas. The simulated
and measured characteristics of the antenna without a spurline
reveal UWB behavior with bandwidth from 3 GHz to more than 11
GHz assuming SWR  2 (or 10 dB return loss) as a reference. It
is also clear from Figure 3 that, for the antennas with a spurline,
the undesired subband was tuned out, whereas the wideband be-
havior of the antenna was maintained. Antenna with spurline1
shows a wider ﬁltered subband compared with the antenna with
spurline2 which has lower values for the slot and spurline widths.
The simulated and measured results are in good agreement. The
width of the rejected subbands in the simulated and measured
results of Figure 3 agrees well with the results of the parametric
analysis shown in Figure 2.
From the UWB applications point of view, the antenna is
usually required to have an omnidirectional radiation. Concerning
the designed antenna, this requirement is fulﬁlled over the whole
bandwidth as shown in Figure 4 for the antenna without a spurline.
The radiation patterns of the antennas with a spurline are similar to
the results shown in Figure 4 and therefore, they are not shown
here.
Figure 5 shows variation of the measured gain of the developed
antennas across the ultra wideband. It is clear from the results in
Figure 5 that the antennas have a low gain, which coincides with
the expected behavior of the omnidirectional antennas. The gain of
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Figure 3 Variation of the standing wave ratio with frequency for the
manufactured antennas. [Color ﬁgure can be viewed in the online issue,
which is available at www.interscience.wiley.com]
Figure 4 The three dimensional radiation pattern of one of the designed
antennas at different frequencies. [Color ﬁgure can be viewed in the online
issue, which is available at www.interscience.wiley.com]
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the antenna without a spurline increases with frequency from 0 dB
at 3.1 GHz to 4.3 dB at 9 GHz, and then it decreases a little and
becomes 3 dB at 11 GHz. Concerning gain of the developed
antennas with spurline, the measured results, presented in Figure 5,
show that the general behavior of the gain is similar to that of the
antenna without tuning slot except for the rejected subband. Across
the band 4.9 GHz to 5.9 GHz, the gain can be as low as 15 dB,
when a spurline is used, compared with 2.5 dB for the antenna
without a spurline. This proves the high capability of the spurline
to reject the undesired subband.
The last investigation concerns variation of the radiation efﬁ-
ciency for the designed antennas with and without the spurline.
Results of the calculations using the software HFSS indicated that
the investigated antennas feature a good efﬁciency, being greater
than 90% across the desired band.
4. CONCLUSION
The design of a compact ultra wideband planar antenna with
subband rejection capability has been presented. A spurline is
incorporated in the microstrip feeder of the antenna to act as a
bandstop ﬁlter, hence enabling the rejection of any undesired band
within the passband of the antenna. The results of a parametric
investigation have been presented to show effect of the spurline
parameters on width of the rejected subband. The investigation has
revealed that increasing the slot and spurline widths increases
width of the rejected subband.
Three samples of the proposed antenna were designed and
manufactured. One of the developed antennas does not contain
spurline, whereas the other two contain spurlines with different
dimensions. The designed antennas feature a compact size of 25
mm  25 mm. Results of the measurement have shown that the
designed antennas have a bandwidth from 3 GHz to more than 11
GHz. The results have also shown that the use of the spurlines in
the microstrip feeder of the antennas efﬁciently rejects any unde-
sired subband, such as the 4.9–5.9 GHz band assigned for
IEEE802.11a and HIPERLAN/2. The gain of the antennas with
spurline is about 2.5 dB at the passband, while it is less than 15
dB at the rejected subband.
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ABSTRACT: This letter presents highly linear three-way Doherty
power ampliﬁer (DPA) using power tracking bias supply method. The
drain biases of carrier and peaking ampliﬁers and the gate biases of
peaking ampliﬁers are adaptively controlled by the power tracking cir-
cuit according to average power levels of the input signal. For valida-
tion, a three-way DPA is implemented using 30-W Si LDMOSFETs and
tested for two-tone and 1-carrier WCDMA signals at 2.14 GHz. The
measured results show the notable linearity improvement over a wide
output power range. © 2008 Wiley Periodicals, Inc. Microwave Opt
Technol Lett 50: 728–731, 2008; Published online in Wiley InterScience
(www.interscience.wiley.com). DOI 10.1002/mop.23198
Key words: Doherty ampliﬁer; efﬁciency; linearity; power tracking
1. INTRODUCTION
For base stations and repeaters, both high efﬁciency and high
linearity are required of power ampliﬁers (PAs) in modern wireless
communications to overcome thermal problems, which need large
and expensive heat sink requirements. Recently, the Doherty
power ampliﬁer (DPA) has received attention as a promising
candidate to improve efﬁciency. The DPA shows high efﬁciency at
a large back-off region, but poor linearity compared with the
class-AB PA [1]. Analog or digital predistortion and feedforward
linearization techniques have been used to improve the linearity of
the DPA [2–4]. Analog predistortion techniques have simple cir-
cuitry and low cost, but show limited performance. Digital predi-
tortion and feedfoward techniques provide excellent linearity im-
provement, but are bulky in size and in circuit complexity.
Furthermore, feedforward techniques decrease the high efﬁciency
of the DPA owing to their inherent poor efﬁciency. To achieve
linearity improvement of the DPA without extra linearization
techniques, the N-way conﬁguration, uneven power drive methods,
and so on have been applied to the DPA. However, their perfor-
mances have not been enough satisfy linearity speciﬁcations [5, 6]
In this letter, we propose a three-way DPA with an adaptive
bias supply scheme using the power tracking method for improv-
ing linearity without extra linearization techniques. To achieve our
goal, the drain biases of carrier and peaking ampliﬁer and the gate
biases of peaking ampliﬁers are controlled adaptively according to
average power level of the input signal. For veriﬁcation, a three-
way DPA is implemented using 30-W LDMOSFETs and tested
using two-tone and 1-carrier WCDMA signals at 2.14 GHz. The
measured results show the notable linearity improvement with
proper efﬁciency over a wide range of output power levels.
2. IMPLEMENTATION OF POWER TRACKING DPA
Figure 1 shows the concept of the power tracking method, which
does not track the actual envelope of the signal, but changes the
supply voltage based on the average power level. So, power is lost
in the valleys of the envelope. However, the average power level
in WCDMA applications varies on a signiﬁcantly slower timescale
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Design of UWB Planar Band-Notched Antenna
Using Parasitic Elements
A. M. Abbosh and M. E. Bialkowski
Abstract—A method is described to reject certain bands within the pass-
band of an ultrawideband (UWB) planar antenna using parasitic elements.
In the presented design, the antenna is created by a planar monopole and
a ground plane both of half circle shape, whereas parasitic elements are
in the form of printed strips. Four examples of UWB antenna design are
shown. The ﬁrst design is without parasitic, while the remaining ones are
with parasitics to reject a single narrow band, a wide band or three narrow
bands. The results of simulation and measurements show that all these an-
tenna designs exhibit a 10-dB return loss bandwidth from 3 GHz to 11 GHz
excluding the rejected bands. More than 10 dB gain drop is recorded in the
suppressed bands. The time domain transmission test between two iden-
tical antennas without the parasitic strips shows an almost distortionless
pulse performance.
Index Terms—Band-notched antenna, planar antenna, ultra wideband
antenna.
I. INTRODUCTION
Ultrawideband (UWB) technology has gained a lot of popularity
among researchers and the wireless industry after the FCC permitted
its marketing within the frequency band of 3.1 GHz to 10.6 GHz [1].
The attractiveness of UWB is in its capability of offering high capacity
short-range wireless communication links using low-cost low-energy
transceivers. To establish the communication between two nodes, these
transceivers require UWB antennas, preferably of small size and low
manufacturing cost. Planar monopole antennas of various shapes and
feeding structures (coaxial, micrsotrip and coplanar waveguide type)
have been found as good candidates to fulﬁl this requirement.
Because of the existence of other wireless standards, such as IEEE
802.11a or HIPERLAN/2 operating in the 4.9–5.9 GHz, an additional
requirement for UWB antennas is to reject some bands within the ultra
wide passband. In these cases, UWB antennas with notched charac-
teristics at certain bands are desired. The function of rejecting certain
frequencies can be accomplished within the wireless transceiver by em-
ploying a band rejection ﬁlter. This calls for allocating a suitable area
within the transceiver for such a device. This requirement can be sig-
niﬁcantly relaxed by introducing the band rejection function within the
UWB antenna structure.
The literature review shows a number of different methods that can
be used to achieve the band-notch function. One of the ﬁrst attempts
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Fig. 1. Conﬁguration of the utilized UWB antenna with parasitic elements.
to design a band-notched ultra wideband antenna was presented in [2].
The design of a UWB antenna with a good impedance matching over
the desired band was achieved using a genetic algorithm optimization
code. A manual trial-and-error approach was then applied to modify
the design towards a band-notched antenna. In a later stage, the authors
of [2] extended their optimization technique to improve the radiation
pattern of the presented band-notched design [3].
The other band rejection methods reported in the literature that can
be applied to a UWB antenna include cutting a slot of different shapes
on the radiating patch [4]–[7], inserting a slit on the patch [8], embed-
ding a quarter-wavelength tuning stub within a large slot on the patch
[9], putting parasitic patches near the radiator as ﬁlters to reject the lim-
ited band [10] or introducing a parasitic open-circuit element [11]. In
addition, in [12] the split ring resonator was utilized within the radiator
to achieve the required band rejection. In [13], the combined effect of
ground plane deformation and slots embedded within the radiator was
employed to build an UWB antenna with band-notch characteristics.
However, the use of embedded slots within the radiator had the negative
impact on the gain of the antenna. The gain across a signiﬁcant part of
the passband was below 2 dBi. Also, the use of the deformed ground
plane made it difﬁcult to integrate the antenna with the RF frontend.
This communication describes a new method for the design of a
UWB planar antenna with band-notch characteristics. In this method,
parasitic elements in the form of printed strips placed in the radiating
aperture of the planar antenna at the top and bottom layer are employed
to suppress the radiation at certain frequencies within an ultra wide fre-
quency band. The parasitic elements have dimensions which are chosen
according to a certain formula. They can be used to reject a single
narrow band, a wide band, or three narrow bands, while the normal
performance of the antenna is maintained at the remaining passband.
The effectiveness of the proposed method compares favorably with the
other methods aiming at the band rejection within UWB. The voltage
standing wave ratio (VSWR) at the rejected bands is more than 30,
while the antenna gain is reduced by more than 10 dB.
II. DESIGN
The conﬁguration of the investigated planar UWB antenna with the
capability of rejecting frequencies over a certain band is illustrated
in Fig. 1(a). The radiating structure is in the form of half circle. The
ground plane located at the reverse side of the substrate is also in the
shape of half circle. The antenna is fed using a microstrip line whose
width is calculated using the well-known microstrip line design equa-
tions [14].
Depending on the lowest frequency of operation       ,
thickness of the substrate and its dielectric constant  , width  
and length   of the antenna structure are calculated as:
   

	  
  

(1)
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where   is the velocity of light in free space. Note that the length and
width of the antenna structure, according to (1), are equal to half of the
effective wavelength.
Diameter of the half circle representing the ground plane and the
radiator is chosen to be equal to . There is a gap equal to  between
the radiating element at the top layer and the ground plane at the bottom
layer. Parametric analysis concerning the choice of the best value of 
indicates that it should not be larger than thickness of the substrate 
in order to get the largest operational bandwidth.
Note that the above choice for dimensions of the radiator and the
ground plane results in a horizontal tapered dipole of a length equal to
a half wavelength, which is elevated from the ground by about a quarter
wavelength at  .
The above outlined design procedure results in an antenna which
covers the whole UWB range from 3.1 GHz to 10.6 GHz. In order to
reject a certain band, which extends from a low frequency   to a high
frequency  within the speciﬁed passband, the use of printed para-
sitic elements with tapered ends is postulated. Such parasitic elements
with an outer length   and an inner length  are proposed to be placed
in the top and bottom layer facing the tapered slot, which is formed
by the radiator and the ground plane, as shown in Fig. 1. It is known
from the antenna theory that a non-resonating dipole is transparent to
incident waves. However, it becomes a strong scatterer when its effec-
tive length becomes a half-wavelength at the frequency of the incident
wave. This property is applied here to obtain certain frequencies re-
jection by placing strip dipoles in the radiating aperture of the original
UWB antenna.
Following this principle, the parasitic element’s dimensions are se-
lected according to the following expression:
   
 
 
  


  
 

  

 (2)
If the designed UWB antenna was required to reject a number of
discrete narrow bands within the passband, a set of narrow width strips
equal to the number of the rejected bands could be used. In this case,
length of each of the strips of the parasitic elements would be calculated
using (2).
III. RESULTS
The design of the proposed UWB antenna is undertaken assuming
Rogers RO4003C substrate with a dielectric constant equal to 3.38,
tangent loss   , and thickness     . The design
follows the described guidelines followed by the optimization with the
software HFSSv10.
The ﬁrst design concerns a UWB antenna without a rejection band.
Values of the design parameters shown in Fig. 1 calculated using the
presented method and optimized using HFSSv10 are    ,   
 ,    		 ,     .
The next design concerns a UWB antenna with a selected rejection
band. In this case, parasitic elements are added to the UWB antenna
designed in the previous step. In order to verify accuracy of the pro-
posed formula (2) for working out the length of the parasitic element,
its length is varied and the rejected frequency is calculated using (2). In
this case, the parasitic element width is chosen to be 0.4 mm. The ob-
tained results are compared with those produced by the full-wave elec-
tromagnetic simulation HFSSv10. The comparison, which is shown in
Fig. 2, indicates that expression (2) gives quite an accurate estimation
for length of the required parasitic element.
The next step concerns the design of three UWB antennas with cer-
tain rejection characteristics. One of the antennas aims at rejecting a
Fig. 2. Comparison between the calculated and simulated values of the center
frequency of the rejected band for different lengths of the parasitic elements.
certain narrow band (5 to 6 GHz), the other one is designed to re-
ject a wide band (4 GHz to 7 GHz), whereas the third one is designed
to reject three bands (4.5 GHz to 5.5 GHz, 6.5 GHz to 7.5 GHz, and
8.5 GHz to 9.5 GHz). The procedure adopted in the design was to cal-
culate the required dimensions using the proposed method and then the
software HFSS was used to optimize the dimensions for the best pos-
sible performance. The calculated dimensions of the parasitic elements
for the narrowband rejection are;      ,    	 , whereas
the optimized values are;     	 ,    	
 . With re-
spect to the wideband rejection design, the calculated dimensions are;
     ,    	 , whereas the optimized values are;    
 ,    	 . The calculated dimensions for the three-band
rejection design are;      ,    	 ,    		 ,
whereas the optimized values are;     	 ,    	 ,
   	
 . It is clear that the presented method gives an accu-
rate estimation of the required parasitic lengths where the difference
between the calculated and the optimized values is around 10%.
In the next step, the four designed antennas were manufactured and
experimentally tested. Characteristics of the developed antennas were
obtained using a vector network analyser in an anechoic chamber;
whereas the simulations were carried out using HFSSv10. Fig. 3
shows variation of the voltage standing wave ratio (VSWR) with
frequency for the developed antennas. The measured and simulated
characteristics of the antenna without parasitic elements reveal UWB
behaviour with bandwidth from 3 GHz to more than 11 GHz assuming
VSWR    (or return loss of 10 dB) as a reference. Concerning
the antennas with parasitic elements, Fig. 3 shows that the undesired
band is tuned out, whereas the wideband behaviour of the antenna is
maintained. VSWR is more than 30 at the center of the rejected bands
indicating a complete tuning out of that frequency.
From the UWB applications point of view, the UWB antennas are
usually required to have an omnidirectional radiation. Concerning the
designed antennas, this requirement is fulﬁlled over the whole pass-
band of 3.1–10.6 GHz, as shown in the measured radiation pattern in
Fig. 4 at three frequencies (3, 6 and 9 GHz) for the two principal planes
(xz-plane and yz-plane). The antenna was assumed to be in the xy-plane
with the width  extending along the -axis. The results, which are
shown in Fig. 4, indicate an omnidirectional performance, especially
in the xz-plane, knowing that the radiated ﬁeld was found to be lin-
early polarized in the 	 direction. The radiation patterns of the antenna
PAPER [30]
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Fig. 3. Variation of the VSWR with frequency for the developed antennas.
Fig. 4. The measured radiation pattern of the antenna without parasitic ele-
ments at different frequencies.
with parasitic elements across their passbands are similar to the results
shown in Fig. 4 and therefore, they are not presented here.
Fig. 5 shows variation of the measured gain of the developed an-
tennas across the ultra wideband. It is clear from the results in Fig. 5
that the antennas have a low gain, which is expected for omnidirectional
antennas. The gain of the antenna without parasitic elements increases
with frequency from  0.2 dBi at 3 GHz to 3.9 dBi at 9 GHz, and then
it decreases a little and becomes 3.6 dBi at 11 GHz. Concerning gain
of the developed antennas with parasitic elements, the measured re-
sults, presented in Fig. 5, show that the general behavior of the gain is
similar to that of the antenna without parasitic elements except for the
rejected bands. Across the rejection bands, the gain can be as low as
 8 dBi, when the parasitic elements are used, compared with 2–3 dBi
for the antenna without parasitic elements. Therefore the antenna gain
Fig. 5. Variation of the gain with frequency for the manufactured antennas.
Fig. 6. The time domain response of the UWB antenna without parasitics.
is suppressed by more than 10 dB. This proves the high capability of
the added parasitic elements to reject the undesired bands.
The last test concerns the ability of the designed UWB antennas to
transmit and receive pulses. In this case, only the antenna without the
parasitic elements is tested. Two identical originally designed UWB
antennas without parasitics are used to measure the transmission coef-
ﬁcient between their feeding ports in the frequency domain. In the next
step, these results are transformed (via an Inverse Fast Fourier Trans-
form, IFFT) to the time domain using the time-domain capability of
HP8510C/HP8530 VNA. Using this in-built function, the frequency
range of 3.1 to 10.6 GHz with 100 steps is selected as the basis for
carrying out IFFT. The time-domain results for the transmission coef-
ﬁcient obtained when the two co-polarized antennas are separated by a
distance of 40 cm are shown in Fig. 6. In this ﬁgure, the received pulse
is scaled so that its peak value is equal to that of the transmitted pulse.
From Fig. 6, it can be observed that the original UWB antenna without
the parasitic strips supports an almost distortionless pulse transmission.
IV. CONCLUSION
In this communication, parasitic elements in the form of printed
strips placed in the radiating aperture of a planar monopole at the top
PAPER [30]
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and bottom layer have been used to reject certain bands within its UWB
passband. The radiating element and the ground plane of the adopted
antenna’s conﬁguration are of a half circle shape. Four samples of
antennas have been designed and tested: one without parasitics, the
second one with parasitics to reject a certain narrow band, the third
with wide parasitics to reject a wide band, whereas the fourth antenna
with three narrow parasitics to reject three narrow bands. The results
of simulation and measurements presented in this communication have
shown that the designed antennas have a bandwidth from 3 GHz to 11
GHz excluding the rejected band. The results have revealed that the
undesired bands used by other wireless applications can be excluded
from the response of the antenna, as the presence of parasitic elements
reduces the antenna gain by 10 dB in these bands.
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A Directive Resonator Antenna Using
Degenerate Band Edge Crystals
Salih Yarga, Kubilay Sertel, and John L. Volakis
Abstract—A new small antenna formed by a periodic assembly of two-
tone dielectrics (Barium-titanate and Alumina) emulating an anisotropic
medium is presented. Directive radiation characteristics are achieved when
operated close to the band edge frequencies of a class of anisotropic pho-
tonic crystals supporting degenerate band edge (DBE) modes. Unique as-
pects of the antenna design are its smaller size     
   and nearly optimum aperture efﬁciency. The subject 3-D as-
sembly, fed by a slot on a ground plane, achieved a directivity of 10.17 dBi.
This communication presents the design of the 3-D assembly using full-
wave simulations and provides experimental veriﬁcation of the overall an-
tenna performance.
Index Terms—Artiﬁcial anisotropic dielectrics, degenerate band edge
crystals, directive antennas, electromagnetic band gap structures, periodic
structures, photonic crystals.
I. INTRODUCTION
Gain enhancementmethods for small antennas embedded inmaterial
layers have recently been reconsidered in relation to metamaterial ap-
plications. Earlier designs [1], [2] consisted of dielectric layers of high
permittivity      placed over a ground plane (at a distance   for
broadside radiation). By properly tuning the excitation placement and
layer thicknesses, substantial gain improvements were achieved. How-
ever, these designs required comparatively large structures for practical
applications. Speciﬁcally, an overall thickness of more than   is re-
quired to realize the essential reﬂections from the ground plane. Also,
these longitudinal resonances imply leaky wave radiation with aperture
efﬁciencies of less than 50%.
Alternatively, periodic superstrates may be used as band-pass ﬁlters
to realize Fabry–Perot (F-P) resonances within the pass-band of EBGs
[3], [4]. These conﬁgurations are typically designed to operate at
the F-P resonance closest to the ﬁrst band edge frequency, and thus
leveraging the increased (directional) selectivity at the band edge
(implying higher Q resonances). Recently introduced degenerate band
edge (DBE) crystals [5] further increase the directional selectivity
by achieving a maximally ﬂat band edge. Unlike a regular band
edge in conventional EBGs    , the DBE resonance in
anisotropic EBGs is characterized by   ,     ,
and   . As a result, the F-P resonances of DBE crystals
are much stronger (when compared to ordinary EBGs) [5], [6]. Hence,
resonances with quality factors similar to those of ordinary EBGs can
be realized using fewer unit cells (i.e., thinner overall dimensions) [7].
Degenerate band edge (DBE) crystals can be realized via uniaxial
dielectrics with in-plane anisotropy to yield a maximally ﬂat k- dia-
gram (for plane waves propagating normal to the unit cell). As noted in
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DESIGN OF DUAL-BAND MICROSTRIP REFLECTAR-
RAY USING SINGLE LAYER MULTIRESONANCE DOU-
BLE CROSS ELEMENTS
A. M. Abbosh
School of ITEE
The University of Queensland
St Lucia, Qld4072, Australia
Abstract—A multiresonance double cross element is used to design
a dual-band reﬂectarray with dual linear polarization. The proposed
element has a single conductive layer structure which makes it easy to
manufacture. The results presented in this paper show that the mutual
eﬀect between the elements of the two bands is negligible. Hence, it is
easy to achieve the phase compensation for each band separately. The
simulated and measured results for an element designed to cover the
X- and K-bands have conﬁrmed the suitability of the proposed element
to build a dual-band reﬂectarray.
1. INTRODUCTION
The microstrip reﬂectarray is an antenna that consists of a ﬂat
reﬂecting surface with many microstrip elements and a feed antenna.
It uses a suitable phasing scheme to convert a spherical wave produced
by its feed into a plane wave [1–6]. The microtsrip reﬂectarray
is a high gain antenna which evolved as an eﬃcient and cost-
eﬀective replacement of the parabolic reﬂectors and phased arrays:
The parabolic reﬂector lacks the ability to achieve wide angle beam
scanning, whereas the high gain phased array with electronic scanning
is very expensive due to its complicated beamforming network and
ampliﬁer modules [1].
Some applications have emerged recently; where it is required
to design a reﬂectarray within a limited certain space to cover two
widely separated bands, such as the X- and K-bands for NASA
space systems [1]. The conventional design of the reﬂectarray cannot
Corresponding author: A. M. Abbosh (aabbosh@ieee.org).
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accomplish the requirements of such dual-band applications. Hence,
new methods have been proposed by many authors to design a
reﬂectarray which covers the two bands with a high gain and wide
scanning angle capability. A stacked structure which is formed from
multiple small square loops at the top layer and a large square loop
at the bottom layer were proposed in [7] to achieve a dual band
performance with dual linear polarisation; whereas variable size crossed
dipoles were presented in [8]. For the case of a closely spaced dual
band operation, square loop elements were suggested in [9]. The
phase compensation in this case was achieved by using a variable angle
rotation technique. For linear polarisation, variable size pairs of dipoles
were used for the case of widely or closely separated dual bands [1].
In another important development, the stacked approach was
used as a suitable solution to the requirement of dual band operation
accompanied by a compact size [10]. Two stacked patches with
variable size were used independently for the phase compensation
at the two bands. In another multi-layer conﬁguration, perforated
patches loaded by slots at the ground plane are used as the radiating
elements at C-band and rectangular patches directly loaded by slots
are used at K-band [11]. In a recent design [12], a single-layer dual
closely separated bands (12GHz and 14GHz) orthogonal polarisation
reﬂectarray antenna composed of a combination of split cross and
rectangle rings for one band and double split square rings for the other
band was proposed. A similar combination was also proposed for a
broadband single band operation [13].
In this paper, a single-layer mulitresonance double cross
reﬂectarray element, which was presented in [14], is modiﬁed to achieve
the dual band operation with a dual linear polarisation. The curved
multiresonance cross structure utilized in this paper has a broad
bandwidth compared with the single-resonance elements, such as the
printed dipoles or patches [15], and it is easy to manufacture compared
with the stacked elements. In the presented results, it is shown that
the proposed element can operate eﬃciently at the dual bands 10GHz
and 18GHz with negligible mutual eﬀect between them.
2. DESIGN
To design a dual band reﬂectarray, a multiresonance double cross-
element shown in Fig. 1 is considered [8]. The microstrip reﬂectarray
was designed to operate in the X- and K-bands. The reﬂectarray is
assumed to be formed by many of the elements shown in Fig. 1 arranged
in a square lattice with periodicity of 15mm, which is equivalent to half
a wavelength at centre of the lower band (X-band), i.e., 10GHz. They
PAPER [31]
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(a) (b)
Figure 1. Conﬁguration of the multiresonance double cross element.
(a) Top view, and (b) side view.
are assumed to have a double symmetry as required in dual polarised
applications. It is to be noted that the chosen value for the cell size
prevents the appearance of grating lobes at the higher band, which is
18GHz in this case, as the inter-element separation is less than one
free space wavelength.
The conﬁguration of the chosen element and substrate is shown
in Fig. 1. Lengths of the dual cross elements (L1, L2) were changed to
show their eﬀect on the phase performance at the two assigned bands,
while their widths (W1, W2) were ﬁxed at 0.3mm. As a general rule,
values of the lengths L1 (and L2) should vary between quarter and half
of the eﬀective wavelength at the lower (and higher) bands in order to
achieve the required 360◦ phase variation across each of the two bands.
The substrate used to support the cross elements is assumed to
consist of a thin laminate of Rogers RT5880 with εr = 2.2, and
thickness h = 0.13mm, in addition to a 6mm of Foam with a dielectric
constant equal to 1.07. The parametric analysis using the software CST
Microwave Studio has proven that this combination gives a suitable
balance between the required volume occupied by the structure and
the phase performance concerning the slope and range.
3. RESULTS AND DISCUSSIONS
Variation of the return loss’s phase was studied as a function of
frequency. Only the case of a linearly polarised TEM plane wave,
which is normally incident on an inﬁnite periodic array of identical
elements, is considered. In this case, the side walls of the equivalent
TEM waveguide are formed by a perfect magnetic conductor, while its
bottom and top walls are composed of a perfect electric conductor.
Using the equivalent unit cell waveguide approach, phase of the
reﬂected wave was calculated for the loaded waveguide. The structure
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Figure 2. Variation of phase of the return loss with frequency for
diﬀerent lengths of the two cross elements.
was modelled using the software CST Microwave Studio.
Figure 2 shows variation of phase of the reﬂection coeﬃcient with
frequency for diﬀerent lengths of the two cross elements. It is clear
from this ﬁgure that the utilised structure has two resonant frequencies;
one at around 10GHz, while the other is around 18GHz. Fig. 2 also
reveals that the phase range for each of the two resonators exceeds
the required 360◦. Eﬀect of varying length of each element on value
of the resonant frequency is also shown in Fig. 2. Increasing length
of the low-band element L1 from 10mm to 11.5mm shifts the ﬁrst
resonant frequency from 10GHz to 9.5GHz, while changing length
of the high-band element L2 from 5mm to 6mm shifts the second
resonant frequency from 18GHz to 17.5GHz. It is also clear from
Fig. 2, that changing length of the high-band element has no eﬀect
on the low resonant frequency, and similarly changing length of the
low-band element has no eﬀect on the high resonant frequency. This
means that it is possible to achieve the required phase compensation
for each of the two bands independently by changing length of that
band’s element.
To make sure that the low-band element has a negligible eﬀect on
the phase performance at the high band, the simulation was carried
out for two cases; the ﬁrst case is when the low-band element has
length = 10mm, while the second case is when there is no low-
band element, i.e., L1 = 0. The result, which is depicted in Fig. 3,
reveals that the phase performance and value of the high band resonant
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frequency is almost constant with or without the presence of the
low-band element. Similarly, the simulation was also performed to
make sure that the high-band element has negligible eﬀect on the low-
band performance. The result shown in Fig. 4 conﬁrms the design
Figure 3. Eﬀect of the low-band element on the phase performance
of the high-band element.
Figure 4. Eﬀect of the high-band element on the phase performance
of the low-band element.
PAPER [31]
72 Abbosh
expectation that there is no mutual eﬀect between the two elements.
As a another step to test the coupling eﬀect on the performance of
the two elements that form the double cross cell, the phase performance
at the two resonant frequencies 10GHz and 18GHz for diﬀerent lengths
of the two multiresonant elements is simulated. The result is shown in
Fig. 5 for L1 from 7mm to 12.5mm with L2 = 5mm, and for L2 from
3mm to 7mm for L1 = 10mm. It is obvious from Fig. 5 that the two
Figure 5. The phase performance of the proposed unit cell at 10GHz
and 18GHz as a function of the element lengths (L1 and L2).
Figure 6. The measured and simulated performance of the proposed
unit cell.
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elements operate almost independently at 10GHz and 18GHz.
As a ﬁnal step in checking performance of the proposed
reﬂectarray, a unit cell with L1 = 10mm, and L2 = 5mm and a double
layer substrate (RT5880 with h = 0.13mm, in addition to 6mm of
Foam) was manufactured, and tested using the waveguide approach [1].
Performance of the manufactured cell is shown in Fig. 6. It is clear
that the developed cell has two resonant frequencies, which are 11GHz
and 17GHz according to the measured results, and 10GHz and 18GHz
according to the simulations. The total phase variation across the two
bands is around 800◦, which is more than the minimum value (720◦)
needed for a dual-band operation. Amplitude of the return loss across
the band 8GHz to 20GHz was also simulated and measured. The
measured results shown in Fig. 6 reveal that while the return loss is
as low as 0.2 dB across most of the investigated band, it has higher
values (more than 0.4 dB) at the resonant frequencies. This result is
consistent with the simulated results shown in Fig. 6 and with the
previously published ﬁndings, which show that the maximum return
loss of the reﬂectarray occurs at its resonant frequencies [16].
4. CONCLUSION
A single-layer multiresonance curved double cross element, which can
be used to build a dual-band reﬂectarray with dual linear polarization,
has been presented. The results presented in this paper have shown
that the mutual eﬀect between the cross elements of the two bands
is negligible, which makes it easy to achieve the phase compensation
for each band separately. The simulated and measured results for an
element designed to operate at the X- and K-bands have conﬁrmed the
suitability of the proposed multiresonance cross element for the design
of a dual-band reﬂectarray.
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Planar Multiband Antenna for Compact
Mobile Transceivers
Abdolmehdi Dadgarpour, Amin Abbosh, Senior Member, IEEE, and Farid Jolani, Student Member, IEEE
Abstract—A compact planar antenna for portable multistan-
dard transceivers is presented. The proposed microstrip-fed
antenna includes a symmetrical double G-shaped radiator and
slotted ground plane. A return loss of better than 10 dB is achieved
at the frequency bands PCS (1850–1990 MHz), WLAN+ Blue-
tooth (2400–2480 MHz), WiMAX (2500–2690 MHz), WiMAX
(3400–3600 MHz), HIPERLAN2 (5150–5350/5470–5725 MHz),
and IEEE 802.11a (5150–5350–5725–5825MHz).Moreover, the re-
turn loss is more than 6 dB across the DCS band (1.71–1.88 GHz).
The proposed antenna is printed on a single-layered FR4 sub-
strate, and it occupies a small volume of     mm . The
simulated and measured performance of the antenna conﬁrms its
multiband operation and omnidirectional radiation pattern.
Index Terms—Multiband antenna, portable transceiver,
WiMAX, WLAN.
I. INTRODUCTION
T HE RAPID growth in the applications of mobile com-munication systems means that many functions are to be
integrated into a mobile handset. A single handset is now re-
quired to deal with multistandard services such as voice, data,
video, broadcasting, and digital multimedia. This development
has led to a great demand for compact multiband antennas de-
signed speciﬁcally to handle multistandard services.
The antennas to be used in mobile handsets should havemany
features such as ease of fabrication, high-efﬁciency multiband
behavior, low proﬁle, simple structure, low cost, and ease of in-
tegration with RF front end. Various antenna conﬁgurations are
shown to be promising candidates for mobile handsets [1]–[8].
The planar inverted-F antenna (PIFA) presented in [1] has
narrow bandwidth that prevents its usage in the modern trend of
multiband devices. Several methods were proposed to broaden
the bandwidth of the PIFA and make it a multiband planar
antenna. In one approach [2], [3], the radiating element is mod-
iﬁed by providing several radiating branches and elongating
the radiator’s dimension to generate multiple resonant modes.
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This approach is utilized to design multiband handset antennas
at GSM900, DCS, PCS, and UMTS. The other used technique
is through a better utilization of the ground plane [4]–[8]. The
problem with some of the adopted techniques is the distribu-
tion of slots across the ground, which limits the capability to
integrate the antenna with the RF circuitry.
In [9], a multiband coplanar inverted-F antenna was pro-
posed. In the presented structure, a microstrip line that is used
to feed the primary radiator is coupled to open-ended slots in
the ﬁnite-size ground. This arrangement enables the launching
of additional resonant frequencies. The proposed conﬁguration
is employed to build antennas for the two standards, WLAN
and WiMAX.
A printed-loop antenna with wideband characteristics is
presented for laptop computer applications [10]. The utilized
rectangular loop pattern generates four resonant modes below
4 GHz to support several standards with better than 6 dB return
loss.
A planar multiband antenna that comprises a dual-band in-
verted-F resonator and two parasitic elements is proposed to
support six standards [11]. One element of the antenna generates
a dipole mode, and another is used to excite a loop mode. The
measured results show a return loss of more than 6 dB across
the bands of interest.
A folded dual-loop multiband antenna is proposed in [12]. It
is fabricated using a pair of symmetric meander strips to form
two loops. The design reveals more than 6 dB return loss across
the bands GSM/DCS/PCS/UMTS.
In this letter, a simple technique is proposed to design amulti-
band antenna that covers the standards PCS/WLAN+Bluetooth/
WiMAX/HIPERLAN/IEEE 802.11a with more than 10 dB re-
turn loss, and DCS with more than 6 dB return loss. The an-
tenna includes a symmetrical double G-shaped radiator that is
connected to a microstrip feeder. To achieve additional resonant
frequencies and to control the position of those frequencies, an
open-circuit slot, short-circuit slot, and pair of narrow slits are
embedded in the upper part of the ground plane. Moreover, a
short-circuit via is used to connect one arm of the radiator to the
slotted ground plane.
II. ANTENNA STRUCTURE
The geometry of the proposed antenna is shown in Fig. 1.
It is designed using FR4 substrate (dielectric constant
and thickness mm, loss tangent ). The antenna
consists of two inverted G-shaped radiating elements that are
symmetrically connected to a microstrip feeder. One of the
G-shaped radiators is connected to the ground plane through
a short-circuit via. A slotted ground plane is used for the
proposed antenna in order to increase the number of resonant
1536-1225/$26.00 © 2011 IEEE
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Fig. 1. Conﬁguration of the proposed antenna.
Fig. 2. Simulated reﬂection coefﬁcient of (a) initial designwithout short-circuit
slot or pair of slits, (b) with short-circuit stub, (c) and pair of narrow slits.
frequencies. The overall dimensions of the antenna is equal to
mm .
In order to show the effect of the short-circuit slot (length
and width ) and the pair of slits ( and ) on the per-
formance of the antenna, the return loss is simulated for three
conﬁgurations: one without a slot and a pair of slits, another
with a slot but without slits, and the last one, which is the ﬁnal
design, includes a slot and a pair of slits. The results using the
software CST Microwave Studio are shown in Fig. 2. Adding a
short-circuit slot in the ground plane as depicted in Fig. 1 results
in an additional resonance at 2.6 and 5.8 GHz by improving the
matching between the 2.6- and 5.8-GHz radiators and the input
feeder. If a pair of slits is embedded in the ground plane in the
manner shown in Fig. 1, the resonant frequency at the higher
band 5.8 GHz shifts to be exactly at 5.5 GHz, and thus, the an-
tenna covers the band 5–6 GHz assuming the 10-dB return loss
as a reference. The pair of slits thus enables the ﬁne-tuning of
the radiator at the 5-GHz band.
Fig. 3. Calculated surface current density of the proposed antenna at (a) 1.9,
(b) 2.6, (c) 3.5, and (d) 5.5 GHz.
In order to show the effect of each part of the antenna on the
performance, the surface current density of the antenna shown
in Fig. 1 is calculated using CST Microwave Studio, and the re-
sults are depicted in Fig. 3. At the lowest resonant frequency
(1.9 GHz), the surface current density launched from the mi-
crostrip feeder is concentrated along the double G-shaped radi-
ator, as shown in Fig. 3(a), indicating that the double G-shaped
radiator is responsible for generating that resonance. The oper-
ation of the antenna at the resonant frequency 1.9 GHz can be
compared to that of the PIFA. The top section of the radiator is
folded down in a G-shaped element to reduce the antenna’s di-
mensions, while maintaining the required resonant trace length.
As with any PIFA, this G-shaped section introduces capacitance
to the input impedance of the antenna, which is compensated
by using a short-circuit shunt stub. That stub is implemented
in the proposed antenna using the lower G-section, which is
connected to the ground plane. To prove the matching effect of
the lower G-section, the input impedance of the 1.9-GHz radi-
ator was calculated using Microwave Studio and found to be
, and without and with the lower
G-section, respectively.
At the next resonant frequency (2.6 GHz), the surface cur-
rent is concentrated at the upper G-shaped radiator as depicted
in Fig. 3(b), whereas it is concentrated at the lower grounded
G-shaped radiator at 3.5 GHz as revealed in Fig. 3(c). At the
upper frequency band (5.5 GHz), the radiation is mainly from
the open-ended stub as shown in Fig. 3(d). This stub is
chosen to have a length equal to a quarter of the effective wave-
length calculated at 5.8 GHz. It is worth mentioning that the
pair of slits ( and ) is located underneath the stub
to operate as a tuning element for the 5.5-GHz radiator and
PAPER [32]
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Fig. 4. Photograph of (a) the top and (b) bottom layer of the manufactured
antenna.
to make the radiation at this band omnidirectional. In order to
quantify the matching effect of the different stubs used in the
proposed antenna, the input impedance of the effective radia-
tors is calculated using the employed software with and without
all the stubs. It is found to be , and
without the stub for the frequencies 2.6, 3.5, and
5.5 GHz, respectively. By including the effect of the stubs, the
input impedance becomes , 47.4 , and
with the stubs for the frequencies 2.6, 3.5, and 5.5 GHz,
respectively.
As an initial design procedure for the proposed antenna, the
length of the effective radiator at each resonant frequency as re-
vealed fromFig. 3 is chosen to be a quarter of the effectivewave-
length at that frequency. For example, the length of the effective
radiator at 1.9 GHz, i.e., as revealed from com-
paring the main concentration of the current density in Fig. 3(a)
to the deﬁnition of dimensions in Fig. 1, is chosen to be equal
to a quarter of the effective wavelength (24 mm). Using CST
Microwave Studio, the optimum value for the effective radiator
at 1.9 GHz was found to be 27.5 mm. The optimum dimensions
(mm) of the other design parameters as obtained using the soft-
ware CST Microwave Studio are the following: ,
, , , , ,
, , , , , ,
and . The width of the two slits is 0.5 mm.
III. RESULTS AND DISCUSSION
The proposed antenna was manufactured and tested
(Fig. 4). The substrate used for the antenna is FR4 with
dielectric constant , loss tangent , and
thickness mm. The antenna has an overall size of
40 30 mm .
The simulated and measured reﬂection coefﬁcient of the
antenna is shown in Fig. 5. Assuming the 10-dB return loss
as a reference, the presented results indicate that the antenna
has the following bandwidths: 190 MHz (1.80–1.99 GHz),
400 MHz (2.4–2.8 GHz), 400 MHz (3.3–3.7 GHz), and
1000 MHz (5–6 GHz). Thus, the proposed antenna can support
Fig. 5. Simulated and measured reﬂection coefﬁcient of the antenna.
the following standards with better than 10 dB reﬂection coef-
ﬁcient: PCS, 2.4/5.5-GHz WLAN, Bluetooth, 2.5/3.5/5.5-GHz
WiMAX/HIPERLAN2/IEEE 802.11a. If a reﬂection coefﬁ-
cient of 6 dB is used as a reference, the antenna also covers
the DCS band (1.71–1.88 GHz). There is a good agreement
between the simulated and measured results of Fig. 5 that
conﬁrms the practicability of the proposed antenna.
The effect of changing the size of the ground plane on the
resonant frequencies of the antenna was investigated. A para-
metric analysis was employed to ﬁnd out the effect of ground
length on the values of the resonant frequencies. It was
noted that there is no signiﬁcant change in the performance of
the antenna when increasing the length from around 36 to 50
mm. However, if the length is made less than 36 mm, the res-
onant frequencies, especially at the lower band, start to shift
slightly. This means that it is possible to increase the length be-
yond the assumed value (40 mm) without affecting the resonant
frequencies. This is an important feature of the antenna as the
performance is not affected by any increase in the length of the
ground. Thus, the direct integration of the antenna with other
RF devices that have their own ground does not change the an-
tenna’s resonant frequencies.
The maximum gain of the antenna was measured by com-
paring the received power when using the designed antenna to
that received when a reference-gain antenna is used. The mea-
surement was done in an anechoic chamber along the three prin-
cipal planes. The measured gain of the proposed antenna at
different frequencies is depicted in Fig. 6. The maximum gain
varies between 0.3 dBi at 1.9GHz and 2.2 dBi at 5.5 GHz. Those
values for the gain are an indication of the omnidirectional per-
formance of the antenna. In order to quantify the different losses
in the antenna, the radiation efﬁciency of the antenna was cal-
culated using the adopted software. The results shown in Fig. 6
indicate that the antenna has more than 80% efﬁciency at all of
the investigated bands.
The normalized two-dimensional radiation patterns of the
proposed antenna measured at 1.9, 3.5, and 5.5 GHz along the
three principal planes ( , , and ) are shown in Fig. 7. The
orientation of the antenna with respect to the -, -, and -axes
PAPER [32]
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Fig. 6. Measured gain and calculated radiation efﬁciency of the antenna.
Fig. 7. Normalized measured radiation pattern of the antenna. The  -, -, and
-axes are shown in Fig. 1.
is clariﬁed in Fig. 1. The presented results in Fig. 7 indicate
omnidirectional characteristics along those planes. The radia-
tion pattern for the co- and cross-polarized signals at the three
principal planes and different frequencies has no deep nulls
in any direction. This is an important factor when choosing
antennas for the mobile devices. Those devices usually operate
in a multipath environment where the direction of arrival of
the signal varies randomly. If the antenna has a deep null in a
certain direction that aligns with the direction of the signal’s ar-
rival, signal dropouts occur. To prevent this undesired situation
from happening, the antenna that has radiation patterns similar
to those depicted in Fig. 7 is usually preferred.
As shown in Fig. 7, the proposed antenna has a dipole-like
radiation pattern at the low frequency band with a near-perfect
omnidirectional pattern in one plane and an 8-shaped pattern in
the other planes. At the high frequency band (5.5 GHz), the an-
tenna has almost omnidirectional properties in all the principal
planes.
The compact size, simple structure, omnidirectional proper-
ties, and multiband coverage make the proposed antenna an at-
tractive candidate for portable multistandard devices.
IV. CONCLUSION
A multiband antenna for portable systems has been pre-
sented. The structure of the proposed microstrip-fed antenna
comprises mainly a symmetrical double G-shaped radiator.
A slotted ground plane is utilized underneath the radiator
to generate more resonant frequencies that are required for
the modern multistandard mobile systems. The simulated
and measured results have shown that the proposed antenna
can cover PCS/WLAN/WiMAX/HIPERLAN2/IEEE802.11a
with reﬂection coefﬁcient better than 10 dB, and DCS with
reﬂection coefﬁcient less than 6 dB. The antenna has an
omnidirectional radiation pattern in the three principal planes.
The compact size of the antenna, which occupies a volume of
mm , its multiband frequency coverage, and
its omnidirectional properties make it a good candidate for the
modern multistandard mobile transceivers.
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ABSTRACT: A planar antenna for multiband operation is presented.
The proposed microstrip-fed antenna includes a slotted ground plane,
a T-shaped radiator, meandered and open circuit strips. A return loss
of better than 10 dB is achieved at the frequency bands personal
communication system (PCS) (1850–1990 MHz), UMTS (1920–2170
MHz), WiBro (2300–2390 MHz), WLAN þ Bluetooth (2400–2480
MHz), WiMAX (2500–2690 MHz), and WiMAX (3400–3600 MHz). If
a return loss of 6 dB is considered as a standard, the antenna can
cover DCS (1710–1880 MHz). The proposed antenna occupies a
small volume of 40  30  1.6 mm3, which makes it attractive to the
portable devices. The simulated and measured performance of the
antenna conﬁrms its multiband operation and omnidirectional
radiation pattern. VC 2011 Wiley Periodicals, Inc. Microwave Opt
Technol Lett 53:2700–2703, 2011; View this article online at
wileyonlinelibrary.com. DOI 10.1002/mop.26319
Key words: dual-band printed monopole antenna; L-slot; arm-slot;
broad forward beam
1. INTRODUCTION
The rapid growth in the applications of mobile communication
systems means that a single handset is required nowadays to
deal with multistandard services such as voice, data, video,
broadcasting, and digital multimedia. This has led to a great
demand for designing compact multiband antennas for mobile
handsets.
Besides the multiband behavior, the antennas installed in
the mobile handsets should have high efﬁciency, low proﬁle,
simple structure, easy fabrication, low cost, and easy integra-
tion with the radio frequency front-end. One of the impor-
tant candidates for mobile handsets is the planar inverted-F
antenna (PIFA). Multiple resonant modes are generated in
the PIFA by increasing the branches of the radiator, elongat-
ing the radiator’s dimension, or modifying the ground plane
[1–5]. Some of the proposed methods result in a large
antenna size that imposes a practical challenge when embed-
ding the antenna in the limited space available in handheld
devices. Most of the proposed antennas [1–3] achieve around
6-dB return loss at the required bands. Moreover, some of
the proposed antennas do not achieve the required three-
dimensional omnidirectional radiation at all the covered
bands.
In this letter, a simple technique is proposed to design a mul-
tiband antenna that covers the standards PCS/UMTS/WiBro/
WLAN þ Bluetooth/WiMAX with more than 10-dB return loss.
The microstrip-fed antenna includes a T-shaped radiating ele-
ment with multiple stubs to generate more resonant frequencies.
By properly etching a slot line in the ground plane, the antenna
can achieve the required resonant frequencies with onmnidirec-
tional radiation in the three principal planes as required in the
mobile devices.
2. PROPOSED ANTENNA
The geometry of the proposed antenna is shown in Figure 1. It
is designed using FR4 substrate (dielectric constant ¼ 4.4 and
thickness ¼ 1.6 mm). The antenna consists of T-shaped radiat-
ing elements connected with multiple stubs, one of them
strongly coupled to the ground using a short circuit via to gener-
ate multiple resonant frequencies. The combination of the T-
shaped section and the multiple stubs forms a double F-shaped
radiator. To enhance the performance at the resonant frequen-
cies, the return loss becomes better than 10 dB at those resonant
frequencies, and to achieve a three-dimensional omnidirectional
radiation, slotted ground plane is used. The overall dimensions
of the antenna is W  L ¼ 30 mm  40 mm.
To show the role of each part of the antenna on the perform-
ance, the surface current density of the antenna is shown in Fig-
ure 2 at the three resonant frequencies 2.1, 2.3, and 3.5 GHz.
The current density is calculated using CST Microwave Studio.
At the lowest resonant frequency (2.1 GHz), the surface current
density is concentrated along the part of the antenna that resem-
bles an inverted-F structure. Thus, the operation of the antenna
at the resonant frequency 2.1 GHz can be compared with that of
the PIFA antenna. The top left section of the radiator is folded
to reduce the antenna’s dimensions, while maintaining the
required resonant trace length. As with any PIFA antenna, sec-
tion of the antenna introduces capacitance to the input imped-
ance of the antenna, which is compensated by using a short-
ended shunt stub. The stub is implemented in the proposed
antenna using the lower right section of the radiator, which is
connected to the ground plane through a via.
At the next resonant frequency (2.3 GHz), the surface current
depicted in Figure 2(b) is concentrated at the upper right section
of the radiator that resembles an F-shaped structure. Hence, the
performance of the antenna can also be explained in a similar
manner to that of the 2.1 GHz. However, the length of the effec-
tive radiator in this case is smaller than that required for the 2.1
Figure 1 Conﬁguration of the proposed antenna. [Color ﬁgure can be
viewed in the online issue, which is available at wileyonlinelibrary.com]
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GHz resonant frequency. For the 3.5-GHz resonant frequency,
Figure 2(c) reveals that the excitation is due to the coupling of the
microstrip feeder and the short-circuit stub with the ground plane.
The distribution of the surface current density depicted in Fig-
ure 2 is used to ﬁnd the dimensions of the different elements of
the antenna. The method adopted in this letter is to make the total
length of the path of the surface current density at each resonant
frequency equal to quarter of the effective wavelength calculated
at that frequency. The overall structure is then optimized to
achieve better than 10-dB return loss across the required fre-
quency bands with an omnidirectional radiation pattern. The opti-
mum dimensions of the different elements of the antenna shown
in Figure 1 are: WP ¼ 9 mm, WC ¼ 2.5 mm, WOC ¼ 4.35 mm,
WS1 ¼ 3 mm, LP ¼ 19 mm, LS1 ¼ 8 mm, LS2 ¼ 5.85 mm, and
LS3 ¼ 2.3 mm. The width of the two slits is 0.5 mm.
3. RESULTS AND DISCUSSION
The proposed antenna is manufactured using the substrate FR4
with dielectric constant ¼ 4.4 and thickness ¼ 1.6 mm. A photo
of the manufactured antenna is shown in Figure 3.
The simulated and measured reﬂection coefﬁcient of the
antenna is shown in Figure 4. Assuming the 10-dB return loss
as a reference, the presented results indicate that the antenna has
Figure 2 Distribution of the surface current density at the three reso-
nant frequencies. [Color ﬁgure can be viewed in the online issue, which
is available at wileyonlinelibrary.com]
Figure 3 Photo of the top (a) and bottom layer (b) of the manufac-
tured antenna. [Color ﬁgure can be viewed in the online issue, which is
available at wileyonlinelibrary.com]
Figure 4 Simulated and measured reﬂection coefﬁcient. [Color ﬁgure
can be viewed in the online issue, which is available at
wileyonlinelibrary.com]
Figure 5 Measured gain and simulated radiation efﬁciency. [Color
ﬁgure can be viewed in the online issue, which is available at
wileyonlinelibrary.com]
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the following bandwidths: 0.9 GHz (1.8–2.7 GHz) and 400 MHz
(3.3–3.7 GHz). Thus, the proposed antenna can support the follow-
ing standards with better than 10 dB reﬂection coefﬁcient: PCS,
UMTS, 2.4-GHz WLAN, Bluetooth, WiBro, 2.5 and 3.5 GHz
WiMAX. If a return loss of 6 dB is assumed as a standard, it also
covers the DCS band (1.71–1.88 GHz). As shown in Figure 4, there
is a good agreement between the simulated and measured results.
The measured gain of the proposed antenna at different fre-
quencies is depicted in Figure 5. The maximum gain varies
between 0.2 dBi at 1.8 GHz and 1.4 dBi at 3.5 GHz. Those val-
ues for the gain are an indication of the omnidirectional per-
formance of the antenna. To make sure of the level of losses in
the designed antenna, the simulated radiation efﬁciency of the
antenna is also shown in Figure 5. It is clear that the antenna
has more than 85% radiation efﬁciency across the investigated
frequency bands.
The two-dimensional radiation patterns of the proposed antenna
measured at 2.3 and 3.5 GHz along the three principal planes (xz,
yz, and xy) are shown in Figure 6. The orientation of the antenna
with respect to the x, y, and z axes is clariﬁed in Figure 1. It is
worth mentioning that the radiation pattern at 2.1 GHz is similar
to that at 2.3 GHz, and thus, it is not shown in Figure 6.
The presented results in Figure 6 indicate omnidirectional
characteristics along those planes. The radiation pattern for the
copolarized and cross-polarized signals at the three principal
planes and different frequencies has no deep nulls in any
direction. This is an important factor when choosing antennas
for the mobile devices. As those devices operate in a multipath
environment, the direction of arrival of the dominant signal
varies randomly. If the antenna has a deep null in the direction
of the dominant signal, signal dropouts occur. To prevent this
undesired situation from happening, the handset antenna should
not have deep nulls in any direction. This proposed antenna
achieves this target as revealed in Figure 6.
The compact size, simple structure, omnidirectional radiation,
and multiband coverage with more than 10-dB return loss
should make the presented antenna an attractive candidate for
portable multistandard devices.
4. CONCLUSION
A compact multiband antenna for portable systems has been pre-
sented. The structure of the proposed microstrip-fed antenna
comprises mainly of T-shaped radiator, multiple stubs that form
double F-shaped radiator with the T-section, and slotted ground
plane. The simulated and measured results have shown that the
proposed antenna can cover PCS/UMTS/WiBro/WLAN þ Blue-
tooth/WiMAX with return loss more than 10 dB, and DCS with
return loss more than 6 dB. The antenna has an omnidirectional
radiation pattern in the three principal planes.
Figure 6 Measured radiation patterns. [Color ﬁgure can be viewed in the online issue, which is available at wileyonlinelibrary.com]
2702 MICROWAVE AND OPTICAL TECHNOLOGY LETTERS / Vol. 53, No. 11, November 2011 DOI 10.1002/mop
PAPER [33]
REFERENCES
1. Z. Zhang, G. Fu, S. Gong, and S. Zuo, A multiband monopole
antenna for mobile handsets, Microwave Opt Technol Lett 52
(2010), 2120–2122.
2. D. Kang and Y. Sung, Compact hexaband PIFA antenna for mobile
handset application, IEEE Antenna Wireless Propag Lett 9 (2010),
1127–1130.
3. J. Lu and B. Huang, Planar multi-band monopole antenna with L-
shaped parasitic strip for WiMAX application, Electron Lett 46
(2010), 671–672.
4. S. Su and F. Chang, Compact, printed mobile-unit antenna for 2.4
and 5 GHz WLAN applications, Microwave Opt Technol Lett 52
(2010), 2648–2653.
5. G. Kang and Z. Du, A novel compact broadband printed monopole
antenna for mobile handsets, Microwave Opt Technol Lett 53
(2011), 118–121.
VC 2011 Wiley Periodicals, Inc.
FUZZY LOGIC-BASED AUTOMATIC GAIN
CONTROLLER FOR EDFA
Murat Yucel
Department of Electronics and Computer Education, Faculty of
Technical Education, Gazi University, 06500 Ankara, Turkey;
Corresponding author: muyucel@gazi.edu.tr
Received 2 February 2011
ABSTRACT: In this study, the fuzzy logic (FL)-based automatic gain
controller (AGC) is designed to obtain a ﬁxed gain level of erbium-
doped ﬁber ampliﬁers along C band based on experimental results. A
FL-AGC with two inputs and one output is considered where the inputs
are signal power and signal wavelength and the output is the pump
laser current. The output gain variations are examined by varying both
input signal levels from 15 to 35 dBm and signal wavelength from
1526 to 1564 nm. The results are well kept within 30-dB gain level with
a ripple of 60.1 by using FL-AGC circuit. VC 2011 Wiley Periodicals,
Inc. Microwave Opt Technol Lett 53:2703–2705, 2011; View this article
online at wileyonlinelibrary.com. DOI 10.1002/mop.26318
Key words: automatic gain control; fuzzy logic; EDFA; C band
1. INTRODUCTION
Flat gain proﬁle for erbium-doped ﬁber ampliﬁers (EDFAs) is
an important parameter in wavelength division multiplexing
(WDM) and dense WDM applications for long haul optical sys-
tems and networks [1–4]. In addition to that the signals that are
added/dropped from these systems change the output signal level
of each channel producing remarkable optical power transients
that propagate throughout the optical network. These power
transients can cause serious deterioration of system performance
parameters such as output gain, bit-error rate, and signal-to-noise
ratio during the transients. For the purpose of overcoming the
performance deterioration of optical network, it is critical to
keep a ﬁxed optical signal level per channel, and the EDFA
gain must be controlled so as to be constant at high speeds. To
avoid from these limitations, many automatic gain controller
(AGC) schemes for the ﬁxed output gain and decreasing the
transients in EDFAs are suggested [5–11].
The AGC schemes are generally classiﬁed as either pure
electronic, all-optical, or a combination of both optical and elec-
tronic feedbacks [5]. In this article, a new AGC scheme using
fuzzy logic (FL)-based pure electronic feedback is proposed for
controlling the pump current. Electronic control methods are
generally based on pump laser power adjustment for stabilizing
the output signal level. AGC circuits have typically 1 dB out-
put gain variation, and they cannot immediately perform the ad-
aptation to different wavelengths and input signal powers. The
proposed method is simple, efﬁcient, low cost, and easily carried
out, and its output gain ripple is very low, with accurate predic-
tions, which does not require rigorous calculations. There are
previously proposed FL models that can be found in literature
[12–14]; however, this study deals with the AGC that is applica-
ble to EDFAs operating along C band at any wavelength and
signal power.
2. THE STRUCTURE OF THE FL-AGC SYSTEM
In recent years, FL control techniques have been applied to a
wide range of systems. The FL approach is very useful in many
ﬁelds to avoid complicated mathematical equations using expert
knowledge and experience by fuzzy rules. FL control is a signif-
icant invention for the application of control systems. It has
very simple linguistic rules, and it is easy to apply to a system
that will be controlled. The proposed FL-AGC deals with the
use of FL in the modeling of EDFA to determine the input sig-
nal power and wavelength dependence of pump laser current.
Figure 1 shows the basic structure of the FL-AGC system.
In Figure 1, input variables, which are signal power and
wavelength, are the essential variables to obtain fuzziﬁed data
by the fuzziﬁcation interface (FI) of FL-AGC. FI unit uses fuzzy
sets to operate that are represented by membership functions
(MFs) that deﬁnes how the input space is mapped to a member-
ship value between 0 and 1, which is shown in Figure 2. In this
study, the triangular-shaped MFs is used as it provides both
accurate results and fastest calculation time among other MFs
used in the analysis. The FL-AGC used in the simulations is
Mamdani-type [15] FL-AGC with typical if-then rule structures.
The knowledge base (KB) unit consists of a database (DB)
unit and a rule base (RB) unit. The DB unit provides essential
explanations, which are used to explain linguistic control rules
(LCRs), fuzzy data manipulation, and the RB that characterizes
the control aims and control strategy of the experts by the way
of a set of LCRs. The decision-making logic (DML) unit checks
the KB to ﬁnd the output value for the several input values sym-
bolized by the MFs. The communication between DB and DML
units is continuous. The RB unit includes a series of fuzzy rules,
which deﬁnes the relation between input and output variables. In
this study, rules are occupied for the signal power and wave-
length as shown in Table 1. In this table, the linguistic variables
mf1 and mf13 correspond to smallest and biggest MFs, respec-
tively. These rules are used in max–min fuzzy method.
The resulting fuzzy set must be converted to a number that
can be sent to the process as a control signal. This operation is
called defuzziﬁcation, and a defuzziﬁcation interface unit is
used that performs the reverse process of the fuzziﬁcation block.
It converts the range of output variables into corresponding uni-
verse of discourse and gives nonfuzzy data up from inferred fuz-
ziﬁed data. There are several defuzziﬁcation methods. In this
Figure 1 The basic structure of the FL-AGC system
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Abstract: A planar antenna with ultrawideband (UWB) performance and dual band-notched characteristics is proposed. The main
features of the antenna are the compact dimensions and omnidirectional radiation across the whole band of operation. The radiator
of the antenna is a slotted square patch. The ground plane is located at the bottom layer, which also includes a Q-shaped
conductor-backed plane used to widen the impedance bandwidth. Dual band-notched characteristics are achieved by an
inverted T-shaped strip inside the slotted radiator and a pair of mirror inverted L-shaped slots at the two sides of the radiator.
The measured results of the manufactured (12 × 16 mm) antenna on 1.6 mm FR4 substrate show that the antenna operates
with voltage standing wave ratio (VSWR) less than two over the frequency band from 2.5 to 10.8 GHz. That wideband is
featured by the existence of two notched bands (3.23–4.3 and 5–6 GHz), where the VSWR is more than nine, aimed at
suppressing any interference from IEEE802.16 WiMAX (3.3–3.6 GHz), C-band systems (3.7–4.2 GHz) and IEEE802.11a
WLAN (5.15–5.825 GHz). The antenna has an omnidirectional radiation across the whole UWB as validated by the
measured radiation pattern and gain.
1 Introduction
The ultrawideband (UWB) technology has attracted a huge
interest recently because of its unlimited applications in
short-range wireless communication, localisation and
tracking, medical imaging and monitoring and many more
[1–4].
One of the key elements to secure a successful UWB
system is an UWB antenna with compact dimensions,
proper characteristics and immunity to interferences from
nearby systems that use parts of the UWB spectrum.
The main parameters in designing UWB antennas,
especially for indoor applications, are easy to manufacture
structure, compact size and omnidirectional radiation pattern
across the band from 3.1 to 10.6 GHz [1–8]. Since there
are several existing systems operating within the UWB
frequency spectrum, such as IEEE802.16 WiMAX (3.3–
3.6 GHz), C-band system (3.7–4.2 GHz) and IEEE802.11a
WLAN (5.15–5.825 GHz), the UWB antenna is required to
have the capability to notch those bands, and thus, to
protect the UWB system, and those systems at the same
time, from any interference between them.
Many designs are available in the literature concerning the
UWB antenna with band-notched characteristics. Those
designs use different types of slots, slits and parasitic
elements in the radiator, the ground plane or even in the
feeder to achieve the required band-notching characteristics
with limited impact on the required passband [9–23]. Many
of the proposed designs in the literature are a result of a
trial-and-error approach, whereas there are a few that follow
a systematic design approach [17, 19, 23].
In this paper, the target is to present a compact structure with
a step-by-step design procedure. The ﬁnal performance of the
antenna is aimed at achieving the required UWB and to have
dual notched bands that can be adjusted using an empirical
formula. The ﬁrst notched frequency band is achieved by
using a pair of mirror inverted L-shaped slots embedded in
the radiator, whereas the second notched band is realised by
an inverted T-shaped strip inside the radiator. The impedance
bandwidth is enhanced by using a P-shaped conductor-
backed plane. The antenna has a compact size of
12 × 16 mm on 1.6 mm FR4 substrate. The presented design
is validated by simulations and measurements.
2 Antenna design
Assume that a substrate with a dielectric constant of (1r) is
chosen to support an antenna that operates across, at least,
the UWB frequency range from 3.1 to 10.6 GHz. The
centre frequency ( fc) of the band in this case is 6.85 GHz.
The design suggested in this paper starts by assuming that a
square path of dimensions lg/2 × lg/2 (where lg is the
guide wavelength ¼ c/( NameMeNameMeNameMe1r√ fc), and c is the speed of light in
free space) is placed at the top layer of a substrate as
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depicted in Fig. 1a. The antenna is fed by a microstrip line
with 2 mm width for 50 V impedance.
Using the parametric analysis of the software HFSS, and
assuming a substrate FR4, with thickness ¼ 1.6 mm and
1r ¼ 4.4, it is possible to show that with reduced ground
plane, at the bottom layer, of dimensions 3 × 10 mm
the antenna’s performance concerning the voltage standing
wave ratio (VSWR) is as depicted in Fig. 2. The optimum
gap between the radiator and the ground plane is 2.9 mm.
The antenna covers the band from 3.4 to 10.5 GHz with
VSWR less than two.
To modify the performance of the antenna by creating two
notched sub-bands at the WiMAX (3.3–3.6 GHz), C-band
(3.7–4.2 GHz) and WLAN (5.15–5.825), the square patch
is slotted in the manner shown in Fig. 1b. A pair of mirror-
inverted L-shaped slots at the two sides of the radiator is
created so that the ﬁrst notched band is centred at
3.75 GHz, whereas the inverted T-shaped strip inside the
radiator is responsible for making the second notched band
centred at 5.48 GHz. The slot’s length Lp1 deﬁnes the ﬁrst
notched band, whereas the strip’s length Lp2 deﬁnes the
second notched band. The relation between the centre of the
notched bands ( fp1 and fp1) and those two design
parameters is
Lp1 =
c
4fp1
NameMeNameMeNameMe
1re
√ (1)
Lp2 =
c
4fp2
NameMeNameMeNameMe
1re
√ (2)
Lp1 is the effective dielectric constant, which can be
calculated for the microstrip structures using the formula in
[24]. For the notched bands that are centred at the
frequencies 3.75 and 5.48 GHz, the values of the designed
parameters Lp1 and Lp2 can be calculated from (1) and (2)
as 11.2 and 7.6 mm, respectively. Using the calculated
values for Lp1 and Lp2, the overall dimensions of the
antenna is optimised by using HFSS. The optimised values
are shown in Fig. 1b. The performance of the antenna is
depicted in Fig. 2 concerning the VSWR. It is clear that the
antenna covers the band from 2.5 to 9.8 GHz with VSWR
that is less than two. The two bands centred at 3.75 and
5.48 GHz are notched with VSWR that is larger than 20 for
the ﬁrst band and nine for the second band. However, it is
clear also from Fig. 2 that the antenna has a poor performance
at the frequency band between 9.8 and 10.6 GHz, which
should be part of the UWB spectrum. To improve the
performance at that band, a P-shaped conductor-backed
structure is included at the bottom layer symmetrically
oriented with respect to the longitudinal direction of the
antenna as depicted in Fig. 1c. The dimensions of the added
structure are optimised for the best possible performance at
the frequencies 9.8 GHz and above without negatively
Fig. 1 Antenna design
a Conﬁguration of an initial design (square patch antenna)
b Top layer of the ﬁnal design (units, mm)
c Bottom layer
Optimised dimensions are shown in b and c
Fig. 2 Simulated VSWR for the initial square patch structure, the
slotted radiator structure and the slotted radiator with backed
conductor Fig. 3 Simulated VSWR of the antenna with different values for Lp1
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affecting the performance at the lower band. The optimised
dimensions of the P-shaped conductor are shown in Fig. 1c.
The ﬁnal performance is shown in Fig. 2. It is clear that the
performance has been improved signiﬁcantly at the band
between 9 and 11.7 GHz without affecting the performance at
the lower band. The ﬁnal design covers the band from 2.5 to
11.7 GHz using VSWR ¼ 2 as the reference.
In order to verify the validity of the design (1) and (2), the
performance of the antenna for different values of Lp1 and Lp2
is calculated using the simulation tool and the results are
shown in Figs. 3 and 4. It is clear that the design parameter
Lp1 deﬁnes the position of the ﬁrst notched band, whereas
the second design parameter Lp2 deﬁnes the second notched
band. It is possible to show using the design equation of
microstrip structures [24] that for the utilised structure, the
effective dielectric constant is given approximately as
1re ¼ 3.2. If this value is substituted in (1) and (2) along
with the values of Lp1 and Lp2 that are used to generate the
simulation results of Figs. 3 and 4, the location of the
centre of the notched bands ( fp1 and fp1) calculated from
(1) and (2) are almost the same simulated values shown in
Figs. 3 and 4.
In another step to obtain some insight into the physical
meaning of the generated notched bands by the utilised
L-shaped slots and T-shaped strip, the surface current
distribution at the centre of the two notched bands and a
frequency within the passband are calculated using HFSS
and is shown in Fig. 5.
It is clear from Fig. 5a that the current ﬂows in opposite
directions at the two edges of the inverted L-shaped slots at
3.7 GHz. Thus, the total effective radiation is very low, and
thus a notched band is achieved. In Fig. 5b, the surface
current at 5.4 GHz at the internal inverted T-shaped strip is
in reverse direction to the current in the outer edges of the
radiator. Thus, the overall radiation at this band is very
limited and a second notched band is achieved. Outside the
notched bands, the whole structure behaves as a radiator as
indicated by the simulated current distribution of the
Fig. 4 Simulated VSWR of the antenna with different values for Lp2
Fig. 5 Simulated current distribution of the dual band-notched monopole antenna at
a 3.7 GHz
b 5.4 GHz
c 9.5 GHz
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antenna at 9.5 GHz (Fig. 5c). The current at the different parts
of the antenna are in the same direction, and thus an effective
radiation occurs.
3 Measured results and discussion
The developed antenna that has the dimensions
Wsub ¼ 12 mm and Lsub ¼ 16 mm was tested using an
Agilent 8722ES Vector Network Analyzer (VNA). The
main problem facing the accurate measurements of the
characteristics of the designed antenna, just like any other
small antenna, is the effect of the coaxial cable connecting
the antenna with the VNA. If not decoupled properly, the
measurement cable becomes part of the radiating structure,
and thus, changes the input impedance of the antenna.
Moreover, the cable distorts the far-ﬁeld radiation pattern of
the antenna by reradiating part of the signal that leaks into
the cable. For those reasons, several techniques were
proposed in the literature to decouple the cable from the
antenna, such as using different types of baluns, ferrite
beads or optic links [25–27]. In this paper, high impedance
ferrite beads are employed along the measurement cable
close to its connection with the antenna to reﬂect and/or
absorb the induced power on the cable. This action
minimises the effect of the cable on the antenna signiﬁcantly.
The results concerning the VSWR values are shown in
Fig. 6. They indicate an impedance bandwidth from 2.5 to
10.8 GHz excluding the two notched bands (3.2–4.2 and
5–5.9 GHz). There is generally a good agreement between
the simulated and measured results.
The other important parameter needed to verify the
performance of the UWB antenna is the variation of the
group delay across the band of operation. For a distortion
less performance, the deviation in the group delay at the
passband should be as small as possible. The group delay
was measured for the developed antenna by using two
antennas as a transmitter and receiver. The distance between
the antennas was 10 cm and they face each other in the
broadside direction. The mastered group delay is shown in
Fig. 6. It is clear that the peak-to-peak variation in the
group delay is less than 0.5 ns in the passband, whereas it
is up to 3 ns in the notched bands.
To conﬁrm the omnidirectional behaviour of the antenna,
the measured radiation pattern at the frequencies 3, 4.5, 8
and 10 GHz, in the x–z and y–z planes are shown in
Fig. 7. From an overall view of these radiation patterns, the
proposed antenna behaves quite similar to the typical
printed monopoles in the lower and middle frequency
bands. The H-plane patterns are almost omnidirectional, but
they are more directional in the higher band.
Fig. 8 shows the measured maximum antenna gain from 3
to 11 GHz for the developed antenna. The simulated gain of a
square patch structure is also shown to conﬁrm the effect of
the utilised approach in the rejection of two sub-bands. The
Fig. 6 Measured and simulated VSWR of the proposed dual band-
notched monopole antenna (inset)
Fig. 7 Measured radiation patterns of the antenna at
a 3 GHz
b 4.5 GHz
c 8 GHz
d 10 GHz
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ﬁgure indicates that the realised dual band-notched antenna
has good gain ﬂatness except at the two notched bands. As
shown in Fig. 8, the gain decreases drastically at the
notched bands.
All of the aforementioned characteristics certify that the
antenna is a promising candidate for UWB systems that
need to avoid any interference with nearby wireless systems
using the bands WiMAX (3.3–3.6), C-band (3.7–4.2) and
WLAN (5.15–5.825).
4 Conclusion
A compact microstrip-fed printed monopole antenna with
UWB performance and dual band-notched characteristics
has been presented. The radiator of the antenna is in the
form of slotted square patch, whereas the ground is a
reduced size rectangular plane. The slots dimensions are
selected according to an empirical formula to create two
notched bands at the desired frequencies. The ﬁrst notched
band aimed at preventing any interference with existing
WiMAX and C-band systems is achieved by using a pair of
mirror inverted L-shaped slots in the radiation patch, which
exempt from interfaces. The second notched band aimed at
preventing the interference with the 5 GHz WLAN systems
is achieved by an inverted T-shaped strip extended inside
the slotted radiator. A P-shaped conductor-backed plane
with proper dimensions is used to extend the bandwidth of
the antenna. The measured results of a 12 × 16 mm
antenna on an FR4 substrate that has 1.6 mm thickness
show a wide impedance bandwidth (131%) from 2.5 to
10.8 GHz, two notched bands centred at 3.7 and 5.4 GHz
and an omnidirectional radiation.
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Design of Compact Directional Couplers
for UWB Applications
Amin M. Abbosh and Marek E. Bialkowski, Fellow, IEEE
Abstract—This paper presents a simple designmethod for a class
of compact couplers, which offer coupling in the range of 3–10 dB
over an ultra-wide frequency band from 3.1 to 10.6 GHz. The pro-
posed couplers are formed by two elliptically shaped microstrip
lines, which are broadside coupled through an elliptically shaped
slot. Their design is demonstrated for a 3-, 6-, and 10-dB coupling
assuming a 0.508-mm-thick Rogers RO4003C substrate. Results of
simulation and measurements show that the designed devices ex-
hibit a coupling of 3 1 dB, 6 1.4 dB and 10 1.5 dB across the
3.1–10.6-GHz band. This ultra-wideband coupling is accompanied
by isolation and return loss in the order of 20 dB or better. The
manufactured devices including microstrip ports occupy an area
of 25 mm 15 mm.
Index Terms—Compact ultra-wideband (UWB) couplers, cou-
pled circuits, directional couplers, planar coupler design.
I. INTRODUCTION
BROADBAND microwave directional couplers are a veryimportant category of passive microwave circuits. They
are used to combine or divide signals with appropriate phase of
90 , and are commonly used in microwave subsystems such
as balanced mixers, modulators, and antenna beam-forming
networks [1]. In addition, they are essential for developing
the cost-effective measurement equipment [2]–[4]. Our partic-
ular interest in these devices is with respect to developing an
ultra-wideband (UWB) microwave imaging system for breast
cancer detection [5], [6]. In these and many other applications,
the required couplers are often required to be accomplished
in planar (stripline or microstrip) technology. In order to
achieve their broadband operation, the approach of coupled
transmission lines can be employed. The inherent feature of
this approach is that matching and directivity is perfect, and
independent of frequency, at least under ideal conditions. How-
ever, the challenge is to obtain a tight coupling in the range of
3–6 dB.
Using coupled microstrip lines, the tight coupling can be ac-
complished using the Lange [7] or tandem coupler conﬁgura-
tions [8]–[10]. However, they require wire crossovers, which
Manuscript received March 29, 2006; revised June 14, 2006. This work was
supported by the Australian Research Council under Grant DP0449996 and
Grant DP0450118.
The authors are with the School of Information Technology and Electrical
Engineering, The University of Queensland, St. Lucia, Qld. 4072, Australia
(e-mail: abbosh@itee.uq.edu.au; meb@itee.uq.edu.au).
Color versions of one or more of the ﬁgures in this paper are available online
at http://ieeexplore.ieee.org.
Digital Object Identiﬁer 10.1109/TMTT.2006.889150
is inconvenient from the manufacturing point-of-view. In ad-
dition, the Lange coupler features narrow strips, which create
additional manufacturing problems due to the requirement for
strict etching tolerances. In turn, the broadband tandem cou-
pler may require wiggles or serpentines to equalize even- and
odd-mode phase velocities [9], [11] when realized in microstrip
technology.
In order to avoid these problems, the slot-coupling approach
involving a double-sided substrate, which was ﬁrst proposed by
Tanaka et al. [12], can be applied to realizing a tight coupling.
The structure is formed by two microstrip lines separated by
a rectangular slot in the common ground plane. Its design for-
mulas were given in [13].
When one aims only at the design of a 3-dB coupler, an alter-
native is the microstrip-slotline approach, which was described
by de Ronde [11]. In contrast to Tanaka et al., the de Ronde’s
approach preserves the one-layer microstrip format of the cou-
pler at an expense of etching both sides of a ceramic substrate.
One side of this coupler is formed by two parallel connected
microstrip lines, while the other one includes a straight slotline
with two circular terminating slots. In addition, de Ronde sug-
gested the use of a capacitive disc below the slotline to enhance
broadband performance. A very important feature of this cou-
pler is a multioctave operation and a very compact size.
By introducing modiﬁcations to the original de Ronde’s de-
sign, Garcia [14] demonstrated an alternative conﬁguration of a
compact planar 3-dB coupler operating, similarly as de Ronde’s
device, over the 4 : 1 bandwidth. In his design, Garcia avoided
the circular terminating slots and the capacitive disc. Instead, he
enlarged the size of a slot below the microstrip layer. This could
be the key to achieving UWB performance.
By neglecting the capacitive disc beneath the slot, which ap-
peared in the original de Ronde’s conﬁguration, Schiek [15],
and then Hoffmann and Siegl [16], produced the design rules
for the microstrip-slot 3-dB coupler. However, for the simpliﬁed
conﬁgurations, their designs were not as broadband as offered
by de Ronde and Garcia.
In this paper, we describe a class of compact planar couplers,
which are capable of providing coupling between 3–10 dB over
an ultra-wide frequency band. In order to ﬁnd initial dimen-
sions of these devices, simple design equations similar to the
ones described in [13] are applied. Final dimensions are ob-
tained with the use of full-wave electromagnetic analysis soft-
ware package such as Ansoft’s High Frequency Structure Simu-
lator (HFSS). The validity of the presented designs is conﬁrmed
experimentally.
0018-9480/$25.00 © 2007 IEEE
PAPER [35]
190 IEEE TRANSACTIONS ON MICROWAVE THEORY AND TECHNIQUES, VOL. 55, NO. 2, FEBRUARY 2007
Fig. 1. (a) Layout of the proposedwideband coupler includingmicrostrip ports.
(b) Equivalent conﬁguration used to work out initial dimensions. (c) Electric
ﬁeld lines for odd- and even-mode excitation.
II. DESIGN
The conﬁguration of a compact coupler, which is capable of
providing a tight coupling over an ultra-wide frequency band, is
shown in Fig. 1(a). In concept, it is similar to the one of Tanaka
et al. [12]. The differences concern the shaping of the broadside
coupled strips and the slot. They seem to be the key factors be-
hind the UWB performance.
The coupler consists of three conductor layers interleaved by
two dielectrics. The top conductor layer includes ports 1 and 2.
The bottom conductor layer is similar to the top layer, but the
ports here are ports 3 and 4. Note that ports 3 and 4 are on op-
posite sides of the substrate compared to ports 1 and 2, but that
this is not a limitation in many applications. The two layers are
coupled via a slot, which is made in the conductor supporting
the top and bottom dielectrics. As observed in Fig. 1(a), the
two microstrip conductors and the slot are of an elliptical shape.
The curved microstrip lines are included to make connections to
subminiature A (SMA) ports. By assuming that the curved mi-
crostrip lines are shortened to zero length, the structure features
double symmetry with respect to the horizontal plane ,
in which the slot is located, and the vertical plane . For
the purpose of analysis and design of this coupler, it is sufﬁcient
to utilize only the horizontal symmetry plane. In this case, an
even-odd mode approach with respect to ports 1 and 3 can be
applied to analyze this circuit [17].
The initial analysis and design procedure can be simpliﬁed
by approximating the two elliptical conducting patches and the
slot by their rectangular equivalents, as shown in Fig. 1(b). In
this case, the rectangular microstrip width and length are
and , respectively. The rectangular slot width and length are
denoted by and .
For the equivalent rectangular shapedmicrostrips and slot, the
analysis and design procedure is similar to the one described in
[13]. Assuming that the coupler is required to have cou-
pling, the even and odd mode characteristic imped-
ances are calculated using (1) and (2) as follows:
(1)
(2)
where is the characteristic impedance of the microstrip ports
of the coupler.
Assuming that and the coupling factor is
3, 6, or 10 dB, the values of and can be calculated
from (1) and (2) and are given as follows: 120.5 and 20.7
for dB, 86.7 and 28.8 for dB, and 69.4
and 36.0 for dB.
Before commencing the design, we consider the operation
of this coupler for the odd and even modes. When the odd
mode is excited, the slot can be replaced by a perfect electric
conductor. The resulting upper part of the equivalent coupler
shown in Fig. 1(b) becomes a microstrip line whose charac-
teristic impedance is . The width realizing can be
determined using standard design equations for a microstrip
transmission line [17]. Alternatively, the static formulas de-
scribed in this paper can be used. From Fig. 1(c), one can see
that, in the odd mode, the electric ﬁeld concentrates mostly in
the parallel-plate region formed by the patch and ground plane.
A fringe effect, also observed in Fig. 1(c), is less pronounced
for small as becomes large in comparison with the
substrate thickness .
A different wave propagation condition occurs under the
even-mode wave excitation. For this mode, the magnetic con-
ductor replaces the slot in the ground plane. Its presence pushes
an electric ﬁeld (launched from the microstrip port) outside the
parallel-plate region. This is because the magnetic conductor
forming the lower plate does not allow the electric ﬁeld to be
perpendicular to its surface. As a result, the even-mode wave
travels in two antipodal slot regions outside the parallel-plate
region, as shown in Fig. 1(c). In order to enable a smooth
launch of the even-mode wave from the microstrip port to the
two antipodal slotlines, the transition formed by the elliptically
shaped patches and the ground slot, as shown in Fig. 1(a), is
required.
The dimensions and of the equivalent rectangular
shaped coupler [see Fig. 1(b)], providing the required even-
and odd-mode characteristic impedances, are determined using
a static approach similar to the one presented in [13]. By using
this approach, and are given by (3) and (4) as follows:
(3)
(4)
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where is the ﬁrst kind elliptical integral and
. Following [13], the parameters and are cal-
culated using (5) and (6) as follows:
(5)
(6)
where is the thickness of the substrate, is the width of the
top and bottom microstrip patches, and is the width of the
slot of Fig. 1(b).
Using the analysis in [18], the ratio of elliptical functions ap-
pearing in (3) and (4) can be approximated by the following:
for
for
(7)
The synthesis task of determining and for given values
of and is accomplished by solving (3)–(7) using the
Gauss–Newton iteration method.
The last step of the design procedure concerns the determi-
nation of the coupler’s length. Here, is chosen to be
, where is the effective wavelength for the
microstrip line and can be calculated using standard formulas
such as those presented in [17].
Formulas (3)–(7) enable calculations of the equivalent param-
eters of the rectangular shaped coupler of Fig. 1(b). The next
step is to work out the dimensions of the elliptically shaped
counter part. Due to compact size, where the dimension is equal
or less than a quarter of the effective wavelength, one can ex-
pect a similar performance when the rectangular and elliptically
shaped couplers occupy an approximately equal area. Using
this equivalence principle and assuming that the mean algebraic
length of the elliptically shaped coupler is equal to its rectan-
gular counterpart such that , then the
width of the microstrip and the width of the slot for the
elliptically shaped coupler can be obtained using (8) and (9) as
follows:
(8)
(9)
The ﬁnal dimensions , , and are adjusted by iteratively
running the ﬁnite-element method design and analysis package
Ansoft HFSSv9.2.
In order to test the coupler experimentally, its ports need to
be connected to SMA coaxial connectors. To minimize possible
reﬂections, curved microstrip lines, as shown in Fig. 1(a), can
be used. Our simulations have revealed that for high-quality
impedance match, the radius of these curved lines should not
be less than twice the width of the microstrip line.
TABLE I
VALUES OF DESIGN PARAMETERS IN MILLIMETERS
Fig. 2. Simulated performance of the designed 3-dB directional coupler.
III. RESULTS
The validity of the presented design method is tested in ex-
amples of 3-, 6-, and 10-dB directional couplers aimed for oper-
ation in the 3–10-GHz frequency band. For this band, the center
frequency of operation is 6.5 GHz. A Rogers RO4003C sub-
strate featuring a dielectric constant of 3.38 and a loss tangent
of 0.0027, 0.508-mm thickness, plus 17- m-thick conductive
coating is selected for the couplers development.
Using the proposed method, the dimensions , , and
are determined and are shown in Table I. One can ﬁnd that the
obtained values are not too far off from the ones calculated using
(3)–(9). First, mm using [13] or mm using
(4), mm, mm, and mm.
Therefore, mm (for mm), mm,
and mm.
The return loss, coupling, and isolation of the designed cou-
plers are ﬁrst veriﬁed using HFSS. Fig. 2 shows the simulated
amplitudes of the scattering parameters for the designed 3-dB
coupler. These are followed by results of the phase difference
between the two output ports, as shown in Fig. 3.
It is clear that the designed coupler features UWB character-
istics. The coupling is 3 0.8 dB for the 3.1–10.6 GHz band.
The isolation and return loss are better than 28 and 22 dB, re-
spectively, for the band. In Fig. 3, it is observed that the phase
difference between ports 2 and 3 is 90 1 over the band. This
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Fig. 3. Simulated phase characteristic.
Fig. 4. Simulated performance of the designed 6-dB directional coupler.
result together with the magnitude results shown in Fig. 2 indi-
cates that the coupler operates as a backward wave quadrature
coupler [17].
Figs. 4 and 5 show the simulated amplitudes of the scattering
parameters for the designed 6- and 10-dB couplers.
It can be seen that, for the 6- and 10-dB couplers, the best
result for the coupling is obtained for frequencies around the
center frequency. The gradual deviation from the speciﬁed value
of coupling then occurs. In general, the three couplers feature
quite a good UWB performance despite only being formed by a
one-quarter-wave section of (nonuniformed) coupled lines.
The directional couplers are then manufactured and tested
using a vector network analyzer. The photograph of the one of
the manufactured 3-dB couplers is shown in Fig. 6.
The overall dimensions of the coupler including bent mi-
crostrip lines are 25 mm 15 mm, indicating that the device
is of a very compact size. The manufactured 6- and 10-dB cou-
plers have the same size.
Fig. 5. Simulated performance of the designed 10-dB directional coupler.
Fig. 6. Manufactured 3-dB coupler.
The measured results are presented in Figs. 7–9. As observed
in Figs. 7–9, all of the manufactured couplers show UWB be-
havior with coupling 3 0.8, 6 1.4, and 10 1.5 dB for the 3-,
6-, and 10-dB couplers, respectively, across the 3.1–10.6-GHz
band. The isolation is better than 23, 20, and 19 dB, while the
return loss is better than 21, 18, and 19 dB for the 3-, 6-, and
10-dB couplers, respectively.
As observed from the presented data in Figs. 7–9, the oper-
ation of the 3-dB coupler seems to be best and is superior over
the one of Garcia [14], which showed the 3 dB 1-dB bandwidth
from 4.5 to 8 GHz and the isolation of around 20 dB.
The manufactured 6- and 10-dB couplers exhibit some in-
sertion losses, which are not observed in the simulated results.
These can be due to conduction and dielectric losses, the difﬁ-
culty of manual aligning the two microstrip layers forming this
type of coupler, and coaxial connectors. The 6- and 10-dB cou-
plers have a smaller width than the 3-dB coupler and as such
they are more sensitive to aligning errors. However, in general,
the agreement between the simulated and measured results can
be considered as very good.
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Fig. 7. Measured performance of the manufactured 3-dB coupler.
Fig. 8. Measured performance of the manufactured 6-dB coupler.
Fig. 9. Measured performance of the manufactured 10-dB coupler.
In some applications, one may wish to house the designed
couplers in enclosures. In this case, it is important to assess the
effect of shielding. Here, this problem was investigated only via
computer simulations. Only brief comments concerning the re-
sults of these simulations are reported. The produced simulation
results revealed that a metal cover with a height of 0.5 cm below
and above the three investigated couplers did not adversely af-
fect their performance, as the electrical characteristics were very
similar to those shown in Figs. 2–5. Only small adverse effects
of the enclosure were observed when the shielding height above
and below the coupler structure was reduced to 0.25 cm.
IV. CONCLUSION
A simple method has been proposed for the design of com-
pact directional couplers for UWB applications. The proposed
devices are formed by a multilayer microstrip structure with
broadside slot coupling. The coupling is controlled by elliptical
shapes of microstrip conductors and a coupling slot. The design
method has been demonstrated for the case of 3-, 6-, and 10-dB
coupling. The couplers have beenmanufactured and experimen-
tally tested. They have shown UWB behavior across the band
from 3.1 to 10.6 GHz. Due to compact size and good electrical
performance, they should be of considerable interest to the de-
signers of UWB components. Our particular aim is to use them
in a UWB microwave imaging instrumentation [4]–[6].
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ABSTRACT: This article presents the conﬁguration and design method
of a compact ultra wideband 3dB quadrature coupler employing a mi-
crostrip/slot technology. The proposed device uses two substrates with a
common ground plane. It is formed by two identical multisection ellipti-
cal conducting strips, which are broadside coupled through a multisec-
tion elliptical slot in the ground plane. Results of simulation and mea-
surements show that the coupler exhibits a coupling equal to 3  1 dB
for the band 2.3–12.3 GHz. The isolation and return loss are better than
23 dB across that band. © 2007 Wiley Periodicals, Inc. Microwave Opt
Technol Lett 49: 2101–2103, 2007; Published online in Wiley Inter-
Science (www.interscience.wiley.com). DOI 10.1002/mop.22674
Key words: directional coupler; quadrature coupler; UWB coupler
1. INTRODUCTION
A 3 dB microwave directional coupler is a very important passive
microwave device, which is used for signal dividing/combining
and phasing in many microwave sub-systems [1].
For ease of integrating with other passive or active components
it is often required to be designed in planar technology. In order to
achieve its broadband operation, an approach of coupled transmis-
sion lines is often employed.
Examples of broadband 3 dB planar couplers that use coupled
lines include the Lange [2] and tandem couplers [3]. Their short-
coming is that they require wire crossovers, narrow or wiggled
strips, which is inconvenient from the manufacturing point of
view. Alternative approaches to realizing broadband 3dB planar
couplers include those introduced by De Ronde [4], Garcia [5] and
Tanaka et al. [6]. The important feature of these alternatives is that
they use microstrip/slot technology to achieve a very compact
design of a 3dB coupler offering a 4:1 bandwidth by using just a
quarter-wavelength section of coupled lines.
By extending the idea of Tanaka et al. [6], we presented in [7]
designs of compact planar couplers, which are capable of provid-
ing a coupling between 3 and 10 dB across the band 3.1 to 10.6
GHz. To achieve UWB performance we proposed to use ellipti-
cally shaped broadside coupled strips and a slot created in a
common ground plane of two dielectric substrates. Via full EM
computer simulations we found that an elliptical shape provides
the best performance of this type of coupler when its electrical
length is set at quarter wavelength at the center frequency of the
design band. This is one of major differences to the design of
Tanaka et al. which used rectangular section of the strips and the
slot.
The design presented in [7] uses bent sections of microstrips,
which are attached to the elliptically shaped strips to make con-
nections to external ports. The bent microstrip lines offer a possi-
bility of inclusion of new elliptically shaped microstrip/slot sec-
tions to extend the operational bandwidth of this coupler. This
possibility is explored in the design of a cascaded coupler operat-
ing from 2.3 to 12.3GHz, which is described in this article. The
validity of the proposed design is conﬁrmed experimentally.
2. DESIGN
The conﬁguration of the proposed directional coupler is shown in
Figure 1. The difference between this conﬁguration and the one
presented in [7] concerns inclusion of two extra microstrip/slot
sections on the left and right hand sides of the middle microstrip/
slot section. In contrast to the original design, the two new mi-
crostrip/slot sections replace part of the bent sections of microstrip
lines that make connections to external ports.
As shown in Figure 1 the proposed coupler consists of three
conductor layers interleaved by two dielectrics. The top conductor
layer contains the Ports 1 and 2. The bottom conductor layer is
identical to the top layer but the ports there are designated as 3 and
4. The two layers are coupled via a slot, which is made in the
conductor supporting the top and bottom dielectrics. As seen in
Figure 1(a) and (c) the top and bottom conductor layers are formed
from the connection of a central ellipse with two side ellipses that
are smaller in size.
The analysis and design procedure can be initiated by extend-
ing the method presented in [7] to the case of three sections
symmetrical coupler [8]. By assuming that the length of each
Figure 1 Layout of the proposed UWB 3dB-coupler. (a) top layer, (b)
mid layer, (c) Bottom layer and (d) the whole structure. Diameters of the
ellipses in the i-th section are Dji, where j  1 for primary diameter of the
microstrip patches in (a) and (c), j  2 for primary diameter of slots in (b)
and j  3 for the secondary diameters. [Color ﬁgure can be viewed in the
online issue, which is available at www.interscience.wiley.com]
DOI 10.1002/mop MICROWAVE AND OPTICAL TECHNOLOGY LETTERS / Vol. 49, No. 9, September 2007 2101
PAPER [36]
section is around quarter of the effective wavelength at the center
frequency it can be shown that;
C  C2 2C1 (1)
where c2 and c1 are coupling of the central and outer sections,
respectively. The even (Zoei) and odd (Zooi) mode characteristic
impedances for each section are calculated using Eqs. (2), (3):
Zoei Zo1 Ci1 Ci (2)
Zooi Zo1 Ci1 Ci (3)
where zo is the characteristic impedance of the microstrip ports of
the coupler.
Assuming that zo  50  and the coupling factor c  0.708 or
CdB  3 dB, and C2  0.892 or 1 dB then from Eqs. (1), (2), and
(3);
C1 0.092 or 20.7dB, Zoe1 54.8 , Zoo1 45.6 , Zoe2
 209 Zoo2  12 .
The dimensions of the elliptical microstrips and slots offering the
required even and odd mode characteristic impedances can be
determined using a static approach [6]. Using this approach, Zoei
and Zooi are given by;
Zoe1 
60
r
Kk1i
Kk1i
(4)
Zooi 
60
r
K k2i
Kk2i
(5)
where K(k) is the ﬁrst kind elliptical integral and K k
 K1 k2. The parameters k1i and k2i have a direct relation
with dimensions of the i-th section of the coupler as shown below.
Rearranging the equations in [7] it is possible to ﬁnd the design
parameters:
k1i  sinh2 0.617D2iD3i/hlisinh2 0.617D2iD3i/hli cosh2 0.617D1iD3i/hli (6)
k2i tanh0.617D1iD3i/hli (7)
where h is thickness of the substrate, D1i and D2i are diameter of
the i-th section of the elliptical microstrip line and slot, respec-
tively. D3i is length (or secondary diameter) of the i-th section of
the microstrip and slot. li is a quarter of the effective wavelength
for section i calculated at a centre frequency fi. The centre fre-
quency for the two sections can be assumed equal at the initial
stage of the design. Our simulation results indicate that to get the
widest possible bandwidth it is better to design the centre section
at about 10% lower than the centre frequency of the assumed band
Figure 2 Photo for the developed coupler. [Color ﬁgure can be viewed
in the online issue, which is available at www.interscience.wiley.com]
Figure 3 Simulated performance of the designed 3 dB coupler. (a)
amplitude and (b) phase. [Color ﬁgure can be viewed in the online issue,
which is available at www.interscience.wiley.com]
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while the outer sections are to be designed at a frequency which is
higher than the centre frequency by about 10%. The relation
between D3i and li is given by [7];
D3i li2 0.7855D1iD3i/li	2 li/ 2 (8)
3. RESULTS
The validity of the presented design method is tested by designing
and building a 3 dB directional coupler aimed for operation in the
2 to 12 GHz frequency band. For this band, the design frequency
is 7 GHz. Rogers RO4003C substrate featuring a dielectric con-
stant of 3.38 and a loss tangent of 0.0027, 0.508 mm thickness plus
17 m thick conductive coating is selected for the coupler’s
development. Using the proposed design method and with the help
of ﬁne tuning using the optimization capability of the software
Ansoft HFSSv10, parameters of the coupler are found to be; D11
 2 mm, D12  6.5 mm, D21  1.8 mm, D22  10.5 mm, D31 
6.6 mm, D32  7.4 mm. It was found that the optimized values of
the design parameters are less than 10% different from those
obtained by the described design method. This indicates the high
accuracy of the method. A photograph of the developed coupler is
shown in Figure 2.
The return loss, coupling, isolation and phase behavior of the
designed coupler are ﬁrst veriﬁed with the use of CST Microwave
Studio, as shown in Figure 3. From the results shown in Figure 3,
it is apparent that the designed coupler features desired character-
istics across the assumed frequency band. The coupling is 3  1
dB for the band 2.1–12 GHz. The isolation is higher than 25 dB
and return loss is better than 20 dB (25 dB on average) for the
same band. The simulated phase difference between Ports 2 and 3
is 90  1.5 degree in the same band.
The developed directional coupler (including SMA ports) is
tested using a vector network analyzer. The measured results are
shown in Figure 4. The coupler reveals UWB behavior with
coupling equal to 3  1dB for the band 2.3 to 12.3 GHz. The
isolation and the return loss are better than 23 dB across the band.
The measured phase difference between Ports 2 and 3 is 90  2.5°
over the same band. These results show good agreement between
the measured (see Fig. 4) and simulated (see Fig. 3) performances
of the coupler.
4. CONCLUSION
A novel UWB 3dB directional coupler of a compact size accom-
panied by a simple design method has been described. The struc-
ture of the proposed coupler is multilayer with broadside micros-
trip/slot coupling. The designed coupler shows UWB behavior
across the band from 2.3 to 12.3 GHz. Because of its compact size
and excellent electrical performance it should be of considerable
interest to designers of UWB components.
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Compact Microwave Six-Port Vector Voltmeters
for Ultra-Wideband Applications
Marek E. Bialkowski, Fellow, IEEE, Amin M. Abbosh, and Norhudah Seman, Student Member, IEEE
Abstract—This paper presents the design of two compact fully
integrated six-port devices, which, from scalar power measure-
ments, are capable of determining the ratio of two complex
voltages or two complex wave amplitudes over an ultra-wide fre-
quency band of 3.1–10.6 GHz. These vector voltmeters are formed
by multilayer microstrip/slot couplers and power dividers that are
assembled without using wire vias or crossovers. An ultra-wide-
band operation of these fully integrated six-port voltmeters is
conﬁrmed by full electromagnetic simulations and measurements.
Index Terms—Couplers, power dividers, six-port techniques,
ultra-wideband (UWB).
I. INTRODUCTION
MANY microwave applications require the determinationof a ratio of two complex voltages or two complex wave
amplitudes over a speciﬁed frequency band. Such a task can be
performed using a microwave vector network analyzer (VNA),
which is one of the most popular microwave measurement in-
struments in use today. Based on a heterodyning receiver tech-
nique, this device is capable of providing a very accurate mag-
nitude and phase measurement of two complex signals over
a large dynamic range (90 dB or more). This is possible due
to the use of a sophisticated receiver technique that involves a
frequency synthesized source and double frequency conversion
from a gigahertz region to a 100-kHz region, where signals can
be processed using digital techniques. Its excellent performance
is offset by its high price tag and a bulky size, which make its
use limited to a laboratory environment.
In [1], Hoer and Roe, and in [2] and [3], Engen introduced
the concept of a six-port vector voltmeter as a low-cost alter-
native to the conventional VNA. This device, which is formed
by a six-port junction and four scalar power detectors, relies on
a low-cost homodyne receiver technique. By performing simple
mathematical operations on powers measured at the four chosen
ports, it can provide information about the ratio of two complex
microwave signals in the remaining two ports. An inclusion of
additional couplers and/or power dividers turns this device into
a reﬂectometer or a network analyzer [4]–[6]. For a dynamic
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range of 60 dB, the power levels at the four detectors vary only
within a 15–20-dB range [3], which is convenient from the point
of view of signal conditioning for the analog-to-digital conver-
sion. The 60-dB dynamic range can be increased by employing
a locking ampliﬁer technique [7]. Due to its small size and much
lower manufacturing price, the six-port voltmeter can be used as
a portable device in harsh environments. Due to the same rea-
sons, it can be used in multiples, as a receiver connected to in-
dividual elements of a large size array antenna.
Our interest in a six-port vector voltmeter is with respect to
two application areas, which are microwave imaging [8] and
ultra-wideband (UWB) communications [9]. In the ﬁrst case, we
aim to use UWB vector voltmeters in conjunction with tapered
slot antennas to form a planar or circular array in a high-resolu-
tion microwave camera [8]. With respect to UWB communica-
tions, a six-port voltmeter is aimed to be used as a UWB phase
detector or modulator/demodulator [9]. In the two cases, our
considerations are constrained to the 3.1–10.6-GHz ultra-wide
frequency band, as speciﬁed in [10].
In the past, wideband six-port voltmeters were assembled
using commercially available 90 and 180 couplers and power
dividers in stripline, microstrip, and waveguide technology.
Since individual couplers and dividers need to be connected,
e.g., using coaxial connectors and cables, this approach does
not result in an integrated six-port design. Another hurdle is
the increased development cost. These commercially available
components are not cheap, especially when a UWB perfor-
mance is of concern. In turn, applying the available designs of
UWB couplers and dividers, from the open microwave litera-
ture, to form an integrated six-port design is also a challenge.
For example, coupled-line 3-dB couplers, which employ the
tandem conﬁguration, require crossovers [11]. This creates
a challenge to manufacture them even in well-advanced mi-
crowave laboratories.
In order to counter this situation, symmetric planar ﬁve-ports
were studied for some time to obtain low-cost fully integrated
six-port voltmeters [12]. Unfortunately, their operational band-
width is limited to approximately one octave [13]. The largest
operational bandwidth of 76% for a planar ﬁve-port that em-
ployed multiple circular rings and star networks was demon-
strated in [14].
The hurdles associated with the design of UWB stripline cou-
plers (caused by the use of crossovers) and the limited oper-
ational bandwidth of planar ﬁve-ports have triggered our in-
vestigations into new conﬁgurations of multilayer microstrip
couplers and dividers to form a fully integrated UWB six-port
vector voltmeter. Our particular interest has focused on com-
plimentary multilayer microstrip and slot structures because of
0018-9480/$25.00 © 2007 IEEE
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Fig. 1. Conﬁguration of a six-port vector voltmeter (without detectors)
showing signals distribution for an ideal case.
their potential to enable a UWB performance while avoiding
wire crossovers.
In the ﬁrst step, we choose the multilayer microstrip/slot
UWB coupler [16] to form a six-port voltmeter. This coupler,
being of broadside coupled lines type, has its ports on two
sides of a common ground plane. As a result, it is incompatible
with many available UWB power dividers of uniplanar type
to realize an integrated six-port voltmeter. An initial solution
concerning a multilayer microstrip divider that offers compat-
ibility with the earlier designed UWB microstrip/slot coupler
has been described in [15]. In this paper, we provide full details
of the solution shown in [15] and point out its shortcomings.
As a result of additional research, we propose a new multilayer
divider and then we show a new UWB six-port voltmeter,
which offers better integration capabilities than its predecessor
reported in [15].
II. DESIGN
Following the guidelines presented in [3], a six-port vector
voltmeter can be designed using three 3-dB quadrature couplers
and one in-phase (0 phase difference between the output
ports) or out-of-phase (180 phase difference between the
output ports) power divider. In an alternative arrangement,
four 3-dB quadrature couplers can be exclusively used to build
this device. Here, we concentrate on the design of the vector
voltmeter formed by three 3-dB quadrature couplers and one
out-of-phase power divider, as shown in Fig. 1.
The reason for choosing this conﬁguration is that it provides
a better signal balance than the one employing exclusively
quadrature couplers. As a result, the operation of this six-port
is less affected by the nonideal performance of its individual
components. In Fig. 1, Q denotes a 3-dB quadrature coupler,
while D represents an out-of-phase power divider.
Assuming that the couplers and the divider operate in an ideal
manner (as shown by the signal distribution in Fig. 1), the real
and imaginary parts of the ratio of two complex signals and
can be expressed in terms of powers measured by four
square-law power detectors as follows:
(1)
This formula can be used for real-time processing or for dis-
playing the ratio of two complex signals. In order to obtain
more accurate results for , computer correction techniques in-
volving a suitable calibration stage can be applied, as described
in [1]–[3].
The challenge is to obtain a compact and integrated design of
the device shown in Fig. 1, which would operate well, but not
necessarily in an ideal manner, over the ultra-wide frequency
band of 3.1–10.6 GHz.
In order to obtain a suitable solution to this problem, we
apply a multilayer microstrip/slot technology to design a 3-dB
quadrature coupler (Q) and an out-of-phase power divider (D).
The strategy to design a UWB 3-dB microstrip/slot coupler fol-
lows the one that has recently been reported by Abbosh and
Bialkowski in [16]. The design of this coupler stems from an ex-
tension of the work of de Ronde [17], Garcia [18], and Tanaka
et al. [19]. The design shown in [16] outperforms the ones de-
scribed in [17]–[19].
The problem is that this coupler cannot be directly integrated
with commonly available planar UWB in-phase or out-of-phase
power dividers such as the multistage Wilkinson divider. This is
because two pairs of its input/output ports appear on two sides
of a common ground plane, whereas the Wilkinson divider has
its all three ports in one plane.
In order to overcome this problem, in the ﬁrst instance,
we propose to use a UWB out-of-phase divider, which was
described in [20]. This power divider employs a parallel strip
input port and two microstrip output ports on opposite sides of
a ground plane, as required for connecting the microstrip/slot
coupler described in [16]. Here, we introduce a taper for the
input port of this divider [20] to obtain a better performance.
One shortfall of this power divider is a parallel-strip input
port, which prevents its integration with other components
having microstrip type ports. In order to overcome this short-
fall, we introduce a new design of a UWB out-of-phase divider
with three microstrip ports.
The conﬁgurations of the 3-dB coupler and two alternative
out-of-phase power dividers to form an integrated vector volt-
meter are shown in Fig. 2(a)–(c).
The UWB coupler shown in Fig. 2(a) consists of three con-
ductor layers interleaved by two dielectric layers. The top and
bottom conductor layers include elliptically shaped microstrips.
The two layers are coupled via an elliptical slot, which is made
in the conductor supporting the top and bottom dielectric layers.
The choice of an elliptical shape for the microstrips and the slot
was found to be advantageous in terms of obtaining high-quality
return loss, coupling, and isolation over UWB. The microstrip
lines forming the input/output ports of the coupler are designed
to have 50- characteristic impedance.
The out-of-phase power dividers shown in Fig. 2(b) and (c)
also use two substrates supported by a common ground plane.
In the divider shown in Fig. 2(b), the input port is formed by a
parallel stripline, which is transformed into two microstrip-line
output ports. This arrangement enables equal signal division in
magnitudewith a 180 difference in phase. The common ground
plane is removed in the parallel strip line region; however, it
exists in the region of the two microstrip lines. Similarly, as in
the coupler of Fig. 2(a), the two microstrip lines are designed to
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Fig. 2. Conﬁguration of: (a) UWB 3-dB microstrip/slotline coupler, (b) power
divider with a parallel strip input port and two microstrip output ports, and
(c) power divider with three microstrip ports.
have 50- characteristic impedance. Compared with the design
described in [20], the conﬁguration shown in Fig. 2(b) uses the
Klopfenstein taper in the parallel strip region [15], whereas in
[20], the taper has an elliptical shape. There is also an impedance
step to compensate for the discontinuity between the microstrip
and parallel strip regions.
The out-of-phase power divider shown in Fig. 2(c) has three
microstrip ports. The input port can appear on either side of
the ground plane, while each of the two output ports is on the
opposite side to the other. This allows for the connection of
another divider of the same type or a coupler of Fig. 2(a). The
divider of Fig. 2(b) employing a parallel strip input port does
not provide this ﬂexibility.
The input port (port 1) of the divider in Fig. 2(c) is a tapered
microstrip line in order to improve matching between the 50-
input port and the junction loaded by two output ports (ports 2
and 3). In addition, this divider uses a UWB microstrip to slot
transition and then a UWB T-junction with a vertical slot as a
via to the two microstrip output ports. The design of a single mi-
crostrip/slot transition follows the ideas described in [21]. Here,
this transition is used three times to create a new out-of-phase
power divider. Equal signal division in magnitude and a 180
phase difference stems from the symmetry and the fact that the
two output microstrip lines run in opposite directions. This 180
out-of-phase signal division was conﬁrmed by a detailed ﬁeld
and signal study using Ansoft’s High Frequency Structure Sim-
ulator (HFSS). It is worthwhile to note that if the two output mi-
crostrip lines run in the same direction [instead of the opposite
directions, as shown in Fig. 2(c)], then the device becomes an
in-phase divider with an operational bandwidth similar to that
of the out-of-phase divider.
Initial dimensions of the coupler and the two power dividers
of Fig. 2 are obtained using the design rules for the coupled
lines, parallel strip lines, microstrip lines, and microstrip–slot
transitions. For example, for the coupler, we ﬁrst select the
width of the microstrip line for 50- characteristic
impedance. We then apply the even-odd mode analysis for
uniform broadside coupled lines [16] to work out the remaining
dimensions, which include the length of the microstrip/slot
and the widths and of the patch and slot. The length
governs the frequency of operation, while the widths and
are responsible for the value of the coupling coefﬁcient.
They are sensitive design parameters.
Similar design principles are applied to the two dividers.
The widths of the microstrip lines and the parallel
stripline in Fig. 2(b) are chosen for 50- characteristic
impedance. The remaining dimensions are chosen using the
following guidelines. In the divider of Fig. 2(b), a longer
parallel stripline taper is responsible for a better
quality return loss. Other parameters, such as line bents, have
secondary inﬂuence on the performance of this divider.
Similarly, as in its predecessor of Fig. 2(b), the divider of
Fig. 2(c) has only a few parameters, which need to be deter-
mined. These are the diameter of the virtual open circuit ,
the diameter of the virtual short circuit , the slot width
, and the slot length. Via computer simulations, we found
that the reduction of diameter of the virtual short and
the open circuit leads to shifting the operational band to-
wards higher frequencies. This frequency shift is accompanied
by slightly increased insertion losses. This ﬁnding is in agree-
ment with the one for a single microstrip/slotline transition [21].
The narrower slot allows for a higher return loss at the input port.
However, to avoidmanufacturing problems, wider slots are used
in our ﬁnal design. The changes both in the slot length and width
have a secondary inﬂuence on the divider’s performance. Fol-
lowing these guidelines, we use the formulas described in [20]
and [21] to determine the dimensions of this divider.
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The initial design of the coupler and the dividers is followed
by a ﬁne tuning with full-wave electromagnetic (EM) analysis
software (in our case, Ansoft’s HFSS and CST’s Microwave
Studio). We found that the design formulas given in [16],
[20], and [21] provide a very good approximation to the ﬁnal
dimensions.
III. RESULTS
Two double-sided Rogers RO4003C printed circuit boards
(PCBs) were used to develop the prototype couplers, dividers,
and then the six-port devices. The chosen substrate features a
relative dielectric constant of 3.38 and a loss tangent of 0.0027.
It is 0.508-mm thick and includes 17 m of conductive coating.
In the ﬁrst step, the coupler of Fig. 2(a) and the dividers of
Fig. 2(b) and (c) were designed, manufactured, and tested. Here,
we brieﬂy report on the performance of the 3-dB coupler and the
ﬁrst out-of-phase divider [of Fig. 2(b)], whereas more informa-
tion is given on the out-of-phase divider of Fig. 2(c).
For dimensions of mm, mm,
mm, and mm, the coupler pro-
vides the simulated coupling of 3 dB 0.8 dB, the return loss
better than 22 dB, and the isolation of not less than 28 dB in
the 3.1–10.6-GHz band.
The divider of Fig. 2(b) having dimensions of
mm, mm, mm, mm,
mm, mm, mm, mm,
and mm offers the input return loss greater than
16 dB, power division of 3.32 dB 0.1 dB, the output
return loss greater than 8 dB, and the phase difference between
the output ports of 180 1 across the same frequency
band. The validity of the simulated results was conﬁrmed by
measurements.
The power divider of Fig. 2(c) having dimensions
mm, mm, mm, and mm offers
the input return loss greater than 13.5 dB, power division of
3.32 dB 0.3 dB, the output return loss greater than 8 dB,
and phase difference between the output port of 180 0.5
across the same frequency band. This is demonstrated in Fig. 3.
Similarly as for the coupler and ﬁrst divider, the simulated
results were fully conﬁrmed by measurements. The next step
was to integrate the individual coupler/dividers into a vector
voltmeter.
Outlines of the two fully integrated six-port vector voltmeters
(excluding power detectors) are shown in Fig. 4(a) and (b).
They were obtained using either Ansoft’s HFSS or CST’s
Microwave Studio. The two vector voltmeters, designated as
vector voltmeter #1 and #2, respectively, differ by the choice
of the power divider (D) in the schematic of Fig. 1. The con-
ﬁguration shown in Fig. 4(a) uses the out-of-phase divider of
Fig. 2(b), whereas the one in Fig. 4(b) includes the out-of-phase
divider of Fig. 2(c).
The two vector voltmeters were manufactured and tested.
Photographs of the manufactured vector voltmeters (excluding
the power detectors) are shown in Fig. 5(a) and (b).
As observed in Fig. 5, the two substrates were afﬁxed using
plastic screws to minimize the effect of air gaps. For the testing
purposes, the prototypes include subminiature A (SMA) ports.
Fig. 3. Simulated performance of divider of Fig. 2(c). (a) Magnitude. (b) Phase
characteristics.
The overall dimensions of these devices excluding the SMA
connectors are only 59 mm 37 mm for vector voltmeter #1
and 43 mm 43 mm for vector voltmeter #2. These dimensions
conﬁrm the compact size of the developed devices.
In the ideal case, each of the two devices should feature high
return losses at ports 1 and 2, high isolation between ports 1 and
2, and 6-dB insertion losses from ports 1 and 2 to ports 4–7.
Note that port 3 is reserved for inclusion of a matched load.
Fig. 6 shows both the simulated and measured results for re-
turn and insertion losses of vector voltmeter #1.
Note that the measured results include the nonideal perfor-
mances of the microstrip to SMA transitions and other adverse
effects caused by air gaps between the two substrates.
As observed in Fig. 6, the device features simulated return
losses greater than 20 dB at port 1 and greater than 25 dB at
port 2 across the 3.1–10.6-GHz band. The simulated insertion
losses are 6.5 dB 1.5 dB over 3.6–10 GHz, which are not far
away from the ideal case of 6 dB.
The measured return losses at ports 1 and 2 of vector volt-
meter #1 are higher than 15 dB across the 3.1–10.6-GHz band.
Insertion losses from port 1 or 2 to the remaining ports are 6.5 dB
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Fig. 4. Outlines of the integrated six-port vector voltmeters employing: (a) di-
vider of Fig. 2(b) and (b) divider of Fig. 2(c).
1.5 dB over 3.65–10.1 GHz. There is a relatively good agree-
ment between the simulated and measured results.
The measured isolation between ports 1 and 2 (not
plotted here) was greater than 20 dB in the speciﬁed band
of 3.1–10.6 GHz.
The simulated and measured results for the return and inser-
tion losses of vector voltmeter #2 are shown in Fig. 7.
As observed in Fig. 7, the simulated return loss is greater
than 12 dB for port 1 and better than 15 dB at port 2 across the
3.1–10.6-GHz band. The simulated insertion losses from port 1
or 2 to the remaining ports are 6.5 dB 1.5 dB over the 3.3- and
10.2-GHz band. The simulated isolation between ports 1 and
2 (not plotted here) was 25 dB on average. The corresponding
measured results for vector voltmeter #2 show that the measured
return losses are better than 12 dB at port 1 and more than 15 dB
Fig. 5. Developed six-port. (a) Vector voltmeter #1. (b) Vector voltmeter #2.
at port 2 across the band of 3.1–10.6 GHz. The measured inser-
tion losses between port 1 or 2 to the remaining ports are 6.5 dB
1.5 dB over the 3.6- and 10-GHz band. The measured iso-
lation between ports 1 and 2 (not plotted here) was better than
21 dB. Comparison between the simulated and measured results
for the -parameters of vector voltmeter #2 shows a good agree-
ment across the design band of 3.1–10.6 GHz.
The following veriﬁcation concerns the phase characteris-
tics of the investigated vector voltmeters. When considering the
phase of transmission coefﬁcients between port 1 or port 2 and
the remaining ports, it is important to check that it is of an ap-
propriate value and stays approximately constant as a function
of frequency with respect to a chosen reference port. For the
ideal case, illustrated in Fig. 1, they should be integer multiples
of 90 . Here we demonstrate that this property is fulﬁlled for
voltmeter #2. The results obtained for voltmeter #1 are similar
and, therefore, are not shown here.
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Fig. 6. Simulated     and measured     results for the  -parameters of
the six-port vector voltmeter #1. (a) Return losses at ports 1 and 2. (b) Trans-
mission coefﬁcients.
Fig. 8 presents the simulated and measured results for the
phase characteristics of vector voltmeter #2.
In the presented plots, the phase of the transmission coefﬁ-
cient is nonreferenced, while all of the remaining phases
are referenced against .
As observed in Fig. 8, the referenced phase values stay ap-
proximately constant as a function of frequency. They deviate
to small extent from the required values of 90 , 0 , 90 , and
180 . When they are combined with magnitudes of Figs. 6(b)
and 7(b), it is apparent that the -parameters are well spaced in
the complex plane, as required for a well-designed six-port volt-
meter [1]–[3]. This claim is supported by the results of Fig. 9,
in which the full operation of vector voltmeter #2 is investigated
in the frequency band of 3.1–10.6 GHz for the cases of complex
ratio T of 0, 1, and 1.
As observed in Fig. 9, the measured values vary with fre-
quency and deviate slightly from the exact ones. The three loci
representing cases , , and are distinctively
different. Hence, improved results can be obtained by applying
the calibration techniques described in [1]–[3].
Fig. 7. Simulated     and measured     results for the  -parameters of
the six-port vector voltmeter #2. (a) Return losses at ports 1 and 2. (b) Trans-
mission coefﬁcients.
Fig. 8. Simulated and measured phase characteristics as a function of fre-
quency for vector voltmeter #2.    phase     phase   . Subscript
 indicates the measured results.
The presented results lead to the conclusion that the devel-
oped vector voltmeters exhibit good performance over the aimed
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Fig. 9. Measured results for the complex ratio T of 0, 1, and  1 for vector
voltmeter #2 for 3.1–10.6-GHz band.
ultra-wide frequency band from 3.1 to 10.6 GHz. The advan-
tage of voltmeter #2 is its capability to form a fully integrated
reﬂectometer or analyzer [4]–[6], as all of its ports are of mi-
crostrip type. Although accomplished in a low dielectric con-
stant substrate (Rogers RO4003), both designs are of a compact
size, 59 mm 37 mm for vector voltmeter #1 and 43 mm
43 mm for vector voltmeter #2. It is apparent from Fig. 5 that
achieving a smaller size is possible by making microstrip ports
of shorter length.
The other issue concerns the housing of the manufactured de-
vices. From our full EM simulations, we found that the opera-
tion of the individual couplers and of the integrated voltmeters
is unaffected by the presence of the enclosure when its height is
at least four times greater then the thickness of the double sub-
strate ( mm mm for Rogers RO4003).
IV. CONCLUSION
In this paper, the design of two compact planar vector volt-
meters based on a six-port technique, which provide operation
over an ultra-wide frequency band from 3.1 to 10.6 GHz, has
been presented. The devices are fully integrated and use three
couplers and one power divider in microstrip/slot technology.
Their initial design has been carried out using an intuitive
approach that includes the design rules for coupled lines,
parallel strip lines, microstrip lines. and microstrip–slotline
transitions. Their ﬁne tuning has been accomplished with the
use of commercially available full-wave computer-aided design
(CAD) packages. The designed devices have been manufac-
tured and experimentally tested. Their UWB operation has
been conﬁrmed both by simulations and measurements. The
manufactured devices are ready to be incorporated in high-res-
olution microwave imaging systems or UWB communication
subsystems.
The value of the presented designs is that they use novel solu-
tions to multilayer couplers and dividers whose ports appear on
various sides of a common ground plane. The proposed compo-
nents are compatible so they can be integrated. The presented
designs should be of interest to the designers of UWB multi-
layer microwave circuits.
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Ultra wideband vertical microstrip–microstrip
transition
A.M. Abbosh
Abstract: Simple design guidelines for an ultra wideband aperture-coupled vertical microstrip–
microstrip transition are presented. The proposed transition uses broadside coupling between
elliptical-shaped microstrip patches at the top and bottom layers via an elliptical-shaped slot in
the mid-layer. Theoretical analysis indicates that the best performance concerning the insertion
loss and the return loss over the maximum possible bandwidth can be achieved when the
between the top and bottom coupled patches is equal to 0.8 (or 1.94 dB). Simulated and measured
results show that the proposed transition has an insertion loss of ,0.7 dB and a return loss of
.15 dB across the frequency band 3.1–10.6 GHz.
1 Introduction
Vertical microstrip–microstrip transitions are essential to
build compact microwave circuits in multilayer designs
such as monolithic microwave-integrated circuits and low-
temperature co-ﬁred ceramic circuits (LTCC). In these
applications, the transitions are usually designed to have a
minimum insertion loss over the maximum possible
bandwidth.
Vertical transitions have been extensively studied. A lit-
erature review of the vertical transitions shows that they are
either aperture-coupled transitions or via-hole transitions
[1–16]. As a general rule, it was noticed that as the operat-
ing frequency increases, the performance of the via-hole
transitions is degraded. Their insertion loss increases and
bandwidth is deteriorated. In addition, their fabrication
process is difﬁcult. Earlier design of the via-hole transitions
used a single via-hole to connect transmission lines that are
thin enough to ﬁt the diameter of one via-hole [1–6]. When
the substrate used is thick or has a low permittivity, the
transmission line becomes too wide to be covered with
only one via-hole. To solve this problem, a vertical
microstrip-to-microstrip metallic wall was used to build a
broadband transition [7]. Owing to the difﬁculty in fabricat-
ing, the metallic wall introduced in [7] was implemented in
the form of an array of several via-holes previously pro-
posed in [8]. The results shown in [7] reveal that as the oper-
ating frequency increases (.6 GHz), the insertion loss
becomes relatively high (.1 dB).
To overcome the shortcomings of the via-holes, aperture-
coupled vertical transitions are normally used, although
their relatively high insertion loss problem is still to be
solved. In [9], an aperture-coupled transition structure was
made with an electrically wide aperture formed on the
common ground plane of a two-layered structure. The pro-
posed structure was veriﬁed using the method of moment
analysis and measurements. The measured results show a
high insertion loss (2.7 dB).
A literature review indicates that there are some other
conﬁgurations of the vertical aperture-coupled transitions
proposed for speciﬁc applications. Lin [10] presented a ver-
tical aperture-coupled transition between a microstrip line
and a coplanar waveguide and limited to the C-band,
whereas Lafond et al. [11] designed a vertical transition
for special millimetre-range applications, where very thin
substrates are supported by a thick ground plane. In the
recent article [12], a vertical transition between coplanar
waveguides was used to build band pass ﬁlters. The used
transition has narrow band behaviour and cannot be con-
sidered for broadband applications.
Recently, a design for broadband vertical transitions using
microstrip-fed cavity couplers was presented [13–15]. The
design features a cavity in an electrically thick ground
plane between two parallel back-to-back microstrip lines ter-
minated by open-circuited stubs. The analysis and design of
that cavity was originally presented by Pozar [16] for cou-
plers, dividers and vertical transitions. The difference
between the cavity used in [13] and the one used in [14,
15] is that it is made with vias and ﬁlled with dielectric
material in the former, whereas in the latter, an air cavity is
made with perfect metallic walls. An additional metallic
cavity layer with thickness equal to or greater than that of
the dielectric layer is required between the printed circuit
board (PCB) signal layers. This additional layer increases
the complexity of the design and makes it incompatible
with thin LTCC technology. Moreover, the results shown
in [13, 14] indicated narrow band characteristics in the milli-
metre range with’2 dB insertion loss, whereas the transition
in [15] can only cover a part of the ultra wideband (UWB)
(3.1–10.6 GHz) with an insertion loss of ’1 dB.
In this article, simple design guidelines are proposed for
an aperture-coupled vertical microstrip–microstrip tran-
sition. In this design, an elliptical structure is considered
for the microstrip–coupled patches and the coupling slot.
It is to be noted that the elliptical shape for the coupled
structure is chosen because of its ability to achieve an
almost constant coupling value over the UWB. This
ability comes from the fact that the elliptical shape
resembles a tapered coupled structure. The simulated and
measured results show that the proposed transition has a
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low insertion loss (,0.7 dB) and a high return loss
(.15 dB) over the UWB (3.1–10.6 GHz).
2 Design
The Conﬁguration of the proposed transition is shown in
Fig. 1. It consists of two elliptical microstrip patches that
are connected to the input and output microstrip lines and
facing each other at the top and bottom layers. The coupling
between these patches is achieved via an elliptical slot in the
ground plane, which is located at the mid-layer. The pro-
posed structure is designed using the odd–even analysis
of coupled microstrip lines [17–20].
The analysis starts by considering the transition as a four-
port backward coupler with two of the output ports termi-
nated in an open circuit (Fig. 2.) Assume that the device
is designed to have a coupling equal to C between the top
and bottom patches and that the input and output signals
to/from the ith port are ai and bi, respectively. Depending
on principles of the four-port backward coupler [17–19],
the output signals at the input and output ports can be calcu-
lated as follows
b1 ¼
jC sin(bef l)a3 þ
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 C2
p
a4ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 C2
p
cos(bef l)þ j sin(bef l)
(1)
b2 ¼
jC sin(bef l)a4 þ
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 C2
p
a3ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 C2
p
cos(bef l)þ j sin(bef l)
(2)
where l is the length of the coupling structure and bef is the
effective phase constant in the medium of the coupling
structure. For the structure under investigation, it is possible
to show that
bef ¼
be þ bo
2
¼ 2p
ﬃﬃﬃﬃ
1r
p
l
(3)
where be and bo are the phase constants for the even and
odd modes, respectively, l the free space wavelength and
1r the dielectric constant of the substrate.
As ports 3 and 4 are terminated in an open circuit, the
reﬂection coefﬁcient at those ports is equal to 1 and assum-
ing that the output port 2 is perfectly matched, the incident
(i.l.reﬂected) signals at ports 3 and 4 are
b3 ¼
jC sin(bef l)a1ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 C2
p
cos(bef l)þ j sin(bef l)
(4)
b4 ¼
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 C2
p
a1ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 C2
p
cos(bef l)þ j sin(bef l)
(5)
From (1–5) and knowing that S11 ¼ b1=a1, S21 ¼ b2=a1 are
the return loss of the input port and the insertion loss from
the input port to the output port, respectively, then
S11 ¼
1 C2(1þ sin2(bef l))
[
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 C2
p
cos(bef l)þ j sin(bef l)]2
(6)
S21 ¼
j2C
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 C2
p
sin(bef l)
[
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 C2
p
cos(bef l)þ j sin(bef l)]2
(7)
It is to be noted that (6) and (7) are related to each other via
jS11j2 ¼ 1 jS21j2 as the coupled structure is assumed to be
reciprocal lossless.
Designing a high performance transition requires that
S11 ¼ 0 (or 1 dB) and S21 ¼ 1 (or 0 dB) over the
maximum possible bandwidth and, in this paper, the objec-
tive is the UWB 3.1–10.6 GHz. To achieve these require-
ments, it is possible either to choose a certain value for C
and calculate the optimum effective electrical length of
the coupled region (bef l) from (6) (or (7)), or vice versa.
In Figs 3. and 4, variations of the insertion loss and return
loss with the effective coupling length bef l are shown for
different values of coupling C. It is clear that in order to
achieve the best performance (low insertion loss and high
return loss) over a broadband, then bef l should be equal to
908 at the centre frequency of operation. Concerning the
optimum value for C, it is obvious from Fig. 3 that the
widest 10 dB return loss bandwidth occurs when C ¼ 0.8
(or 1.94 dB) with an acceptable insertion loss, which is
,0.4 dB, as shown in Fig. 4. It is to be noted from
Figs. 3 and 4 that the lowest insertion loss at the centre fre-
quency occurs when C ¼ 0.7 (or 3 dB), but this value gives
a lower bandwidth when compared with the case C ¼ 0.8.
Fig. 1 Conﬁguration of the proposed transition
a Top layer
b Mid-layer
c Bottom layer
d Whole structure
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Before designing the transition, it is important to make
sure that it covers the UWB 3.1–10.6 GHz with acceptable
performance, for example, insertion loss ,0.5 dB and
return loss .10 dB. As mentioned earlier, the coupling
length of the transition is equal to 908 at the centre fre-
quency, which is (3.1þ 10.6)/2 ¼ 6.85 GHz. Hence, the
coupling length is equivalent to 90 3:1=6:85 ¼ 40:78 at
3.1 GHz and 90 10:6=6:85 ¼ 139:38 at 10.6 GHz.
According to Figs. 3 and 4, the return loss and the insertion
loss at C ¼ 0.8 are equal to 17 and 0.1 dB, respectively, at
the low and high ends of the UWB, whereas at C ¼ 0.7, they
are 8 and 0.8 dB, respectively. These predicted values prove
that the transition at C ¼ 0.8 is the optimum choice for
UWB applications. In order to make a fair comparison
between the theoretical estimation of the performance and
the measured and simulated results, the two transitions are
to be built and tested.
Depending on the value of the coupling, the even (Zoe )
and odd (Zoo) mode characteristic impedances for the coup-
ling patches are calculated using the following equation
Zoe ¼ Zo
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1þ C
1 C
r
, Zoo ¼ Zo
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 C
1þ C
r
(8)
where Zo(¼50V) is the characteristic impedance of the
microstrip ports of the coupler. Using C ¼ 0.8 for the
widest bandwidth, the impedances Zoe and Zoo are found
to be 150 and 16.7 V, respectively. If the transition is
designed to have the least possible insertion loss at the
centre frequency, then C ¼ 0.7; hence Zoe and Zoo are
found to be 120.7 and 20.7 V, respectively. To calculate
the transition dimension which gives these impedance
values, it is possible to use the following equation [20]
Zoe ¼
60pﬃﬃﬃﬃ
1r
p K(k1)
K 0(k1)
, Zoo ¼
60pﬃﬃﬃﬃ
1r
p K
0(k2)
K(k2)
(9)
where 1r is the dielectric constant of the substrate, K(k) the
ﬁrst kind elliptical integral and K 0(k) ¼ K(pð1 k2Þ).
Major diameters of the elliptical coupling microstrip (Dm)
and slot (Ds) can be found using (9) and the method given
in [21] after using the calculated values for the odd and
even impedances. The secondary diameter of the elliptical
microstrip/slot coupling structures (Dsec) is equal to
quarter of the effective wavelength at the centre frequency
of operation, that is, at 6.85 GHz, as proved by Figs. 2 and
3. The last step in the design procedure is to ﬁnd the width
(wm) of the microstrip transmission lines at the top and
bottom layers to give 50 V impedance. This can be achieved
using the standard microstrip design equations [22].
3 Results and discussions
The above-mentioned method was applied to design and
build a vertical microstrip–microstrip aperture-coupled
transition operating over the UWB frequency range from
3.1 to 10.6 GHz. Rogers RO4003C with thickness
0.508 mm, dielectric constant 3.38 and tangent loss
0.0023 was used as a substrate. The design process was
aided with a full electromagnetic simulation package
(Ansoft HFSSv10), whereas the measurements were accom-
plished using a vector network analyser in an anechoic
chamber.
Using the proposed design method and with the help of
ﬁne tuning using the optimisation capability of the software
Ansoft HFSSv10, parameters of the transition with C ¼ 0.8
were found to be 5.4, 7.9, 7.2 and 1.2 mm for Dm, Ds, Dsec
and wm, respectively. For the transition with C ¼ 0.7, the
Fig. 2 Transition as a four-port coupler
Fig. 3 Variation of the return loss with the coupling length for
different values of the coupling
Fig. 4 Variation of the insertion loss with the coupling length for
different values of the coupling
Fig. 5 Photo of the fabricated transition
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dimensions are 4.8, 7.4, 7.2 and 1.2 mm for Dm, Ds, Dsec
and wm, respectively. It was found that the optimised
values of the design parameters are ,10% different from
those obtained by the design method described . This indi-
cates the high accuracy of the method. A photograph of one
of the developed transitions is shown in Fig. 5. It was built
on a substrate with an overall dimension of 2 cm  3 cm,
including the input/output microstrip transmission lines.
Fig. 6 shows the simulated and measured return losses of
the input/output ports of the transitions. The average simu-
lated and measured return loss is ’15 dB, when C ¼ 0.8,
across the whole UWB. Concerning the C ¼ 0.7 transition,
the return loss at the centre frequency is better than 30 dB,
whereas it is 7 dB at the low and high end of the UWB. The
results shown in Fig. 6 are in good agreement with those of
theoretical analysis presented in Fig. 3. A small discrepancy
is due to the fact that the results shown in Fig. 3 assume a
constant value for coupling C, whereas in reality, the coup-
ling varies slightly across the UWB, especially at the two
ends as shown in [21].
The simulated and measured insertion losses of the devel-
oped transitions are presented in Fig. 7. The results indicate
a UWB behaviour over the band 3.1–10.6 GHz, with an
insertion loss that is ,0.6 dB according to the simulation
and 0.7 dB according to the measurement for the transition
with C ¼ 0.8. For the transition C ¼ 0.7, the insertion loss
at the centre frequency is as low as 0.2 dB, whereas it is
’1.2 dB at the two ends of the UWB. The general beha-
viour of the results presented in Fig. 7 is in good agreement
with the theoretical results shown in Fig. 4 and once again a
small discrepancy is expected because of a non-constant
value of the coupling C across the whole UWB. It is to be
noted that the performance of the transition proposed in
this article is better than the recently developed aperture-
coupled transition [15] using even a simpler structure with
clear design guidelines.
There is a small discrepancy between the simulated and
measured results shown in Figs. 6 and 7. The manual align-
ment of the two layers forming the transition and the effect
of the subminiature A (SMA) connectors, which were used
in the measurements, but not included in the simulation, are
the main reasons for this difference.
4 Conclusion
Simple design guidelines for a UWB aperture-coupled ver-
tical microstrip–microstrip transition have been presented.
The proposed transition uses broadside coupling between
elliptical-shaped microstrip patches at the top and bottom
layers via an elliptical-shaped slot in the mid-layer.
Theoretical analysis indicated that the best performance
concerning the insertion loss and the return loss over the
maximum possible bandwidth can be achieved when the
coupling between the top and bottom patches is equal to
0.8 (or 1.94 dB). Simulated and measured results have
shown that the proposed transition has an insertion loss of
,0.7 dB and a return loss .15 dB across the frequency
band 3.1–10.6 GHz.
5 References
1 Gu, Q., Yang, Y., and Tassoudji, M.: ‘Modeling and analysis of vias in
multilayered integrated circuits’, IEEE Trans. Microw. Theory
Technol., 1993, 41, (2), pp. 206–214
2 Theodorou, A., and Uzunoglu, N.: ‘Transition properties of a vertical
conductor connecting two microstrip lines at different planes’, IEEE
Trans. Microw. Theory Technol., 1994, 42, (12), pp. 2277–2284
3 Chen, C., Tsai, M., and Alexopoulos, G.: ‘Optimization of aperture
transitions for multiport–microstrip circuits’, IEEE Trans. Microw.
Theory Technol., 1996, 44, (12), pp. 2457–2465
4 Wartenberg, S., and Liu, Q.: ‘A coaxial-to-microstrip transition for
multilayer substrates’, IEEE Trans. Microw. Theory Technol., 2004,
52, (2), pp. 584–588
5 Daneshmand, M., Mansour, R., Mousavi, P., Choi, S., Yassini, B.,
Zybura, A., and Yu, M.: ‘Integrated interconnect networks for RF
switch matrix applications’, IEEE Trans. Microw. Theory Technol.,
2005, 53, (1), pp. 12–21
6 Valois, R., Baillargeat, D., Verdyme, S., Lahti, M., and Jaakola, T.:
‘High performances of shielded LTCC vertical transitions from DC
up to 50 GHz’, IEEE Trans. Microw. Theory Technol., 2005, 53,
(6), pp. 2026–2032
7 Casares-Miranda, F., Viereck, C., Camacho-Pen˜alosa, C., and Caloz,
C.: ‘Vertical microstrip transition for multilayer microwave circuits
with decoupled passive and active layers’, IEEE Microw. Wirel.
Compon. Lett., 2006, 16, (7), pp. 401–403
8 Deslandes, D., and Wu, K.: ‘Integrated microstrip and rectangular
waveguide in planar form’, IEEE Microw. Wirel. Compon. Lett.,
2001, 11, (2), pp. 68–70
9 Zhu, L., and Wu, K.: ‘Ultra broadband vertical transition for
multilayer integrated circuits’, IEEE Microw. Guided Wave Lett.,
1999, 9, (11), pp. 453–455
10 Lin, T.: ‘Via-free broadband microstrip to CPW transition’, Electron.
Lett., 2001, 37, (15), pp. 960–961
11 Lafond, O., Himdi, M., Daniel, J., and Haese-Rolland, N.:
‘Microstrip/thick-slot/microstrip transitions in millimeter waves’,
Microw. Opt. Technol. Lett., 2002, 34, (2), pp. 100–103
12 Lin, S., Kuo, T., Lin, Y., and Chen, H.: ‘Novel coplanar-waveguide
bandpass ﬁlters using loaded air-bridge enhanced capacitors and
broadside coupled transition structures for wideband spurious
suppression’, IEEE Trans. Microw. Theory Technol., 2006, 54, (8),
pp. 3359–3369
Fig. 6 Measured and simulated return losses of the transition
Fig. 7 Measured and simulated insertion losses of the transition
IET Microw. Antennas Propag., Vol. 1, No. 5, October 2007 971
PAPER [38]
13 Swierczynski, T., McNamara, D., and Clenet, M.: ‘Via-walled cavities
as vertical transitions in multilayer millimetre-wave circuits’,
Electron. Lett., 2003, 39, (25), pp. 1829–1831
14 Li, E.: ‘Broadband vertical transition at millimeter-wave frequencies
using microstrip-fed cavity couplers’, IEEE Antennas Propag.
Symp., 2004, vol. 4, pp. 3745–3748
15 Li, E., Cheng, J., and Lai, C.: ‘Designs for broadband microstrip
vertical transitions using cavity couplers’, IEEE Trans. Microw.
Theory Technol., 2006, 54, (1), pp. 464–472
16 Pozar, D.: ‘Analysis and design of cavity-coupled microstrip couplers
and transitions’, IEEE Trans. Microw. Theory Technol., 2003, 51, (3),
pp. 1034–1044
17 Riblet, H.: ‘A mathematical theory of directional couplers’, Proc. IRE,
1947, 35, (11), pp. 1307–1313
18 Oliver, B.: ‘Directional electromagnetic couplers’, Proc. IRE, 1954,
42, (11), pp. 1686–1692
19 Matthaei, G., Young, L., and Jones, E.: ‘Microw. ﬁlters, impedance
matching networks, and coupling structures’ (McGraw-Hill Book
Company, 1964)
20 Wong, M., Hanna, V., Picon, O., and Baudrand, H.: ‘Analysis and
design of slot-coupled directional couplers between double-sided
substrate microstrip lines’, IEEE Trans. Microw. Theory Technol.,
1991, 39, (12), pp. 2123–2128
21 Abbosh, A., and Bialkowski, M.: ‘Design of compact directional
couplers for UWB applications’, IEEE Trans. Microw. Theory
Technol., 2007, 55, (2), pp. 189–194
22 Pozar, D.: ‘Microwave engineering’ (John Wiley & Sons Inc., 2005,
3rd edn.)
IET Microw. Antennas Propag., Vol. 1, No. 5, October 2007972
PAPER [38]
ULTRAWIDEBAND APERTURE-
COUPLED VERTICAL MICROSTRIP
TRANSITION
A. M. Abbosh
School of ITEE, University of Queensland, Qld. 4072, Australia
Received 12 February 2007
ABSTRACT: Simple design guidelines for an ultrawideband aperture-
coupled vertical microstrip–microstrip transition are presented. The pro-
posed transition utilizes broadside coupling between elliptical-shaped
microstrip patches at the top and bottom layers via an elliptical-shaped
slot in the ground plane, which is located at the mid layer. The simu-
lated and measured results show that the proposed transition has less
than 0.75 dB insertion loss and more than 13 dB return loss across the
frequency band 3.1–10.6 GHz. © 2007 Wiley Periodicals, Inc.
Microwave Opt Technol Lett 49: 2207–2009, 2007; Published online in
Wiley InterScience (www.interscience.wiley.com). DOI 10.1002/mop.
22667
Key words: aperture coupling; ultrawideband; vertical transition
1. INTRODUCTION
Vertical microstrip–microstrip transitions are essential to build
compact microwave circuits in multilayer designs such as mono-
lithic microwave integrated circuits and low-temperature coﬁred
ceramic circuits (LTCC). They are either aperture coupled or
via-hole transitions [1-5]. All types of transitions are usually
designed to have minimum insertion loss over a maximum possi-
ble bandwidth.
Concerning the via-hole transitions, it was noticed that as the
operating frequency increases the performance of the via-holes is
degraded. Their insertion loss increases and bandwidth is deterio-
rated [4]. The design presented in [5] shows the fabrication chal-
lenges and difﬁculties when trying to improve the performance of
the via-holes. The results presented in the paper shows that the
performance degrades, i.e. the insertion loss becomes relatively
high (more than 1 dB), as the operating frequency increases (above
6 GHz).
To overcome these problems, slot-coupled vertical transitions
can be used although their relatively high insertion loss problem is
still to be solved. In [3] a slot-coupled transition structure was
made with an electrically wide aperture formed on the common
ground plane of a two-layered structure. The measured results
show a high insertion loss (2.7 dB).
A design for broadband vertical transitions using microstrip-fed
cavity couplers was recently presented [4]. The design features a
metallic cavity layer in an electrically thick ground plane between
two parallel back-to-back microstrip lines terminated by open-
circuited stubs. The use of the additional cavity layer adds a
complexity to the design and makes it incompatible with thin
LTCC technology. Moreover, the new design cannot cover the
UWB (3.1–10.6 GHz), and it has an insertion loss around 1 dB
across the bandwidth 3–7.5 GHz.
In this paper simple design guidelines are presented for a
slot-coupled vertical microstrip–microstrip transition. In this de-
sign an elliptical structure is considered for the microstrip coupling
patches and the coupling slot. The simulated and measured results
show that the proposed transition has a low insertion loss (less than
0.75 dB) and a high return loss (more than 13 dB) over the
ultrawideband 3.1–10.6 GHz.
2. DESIGN
Conﬁguration of the proposed transition is shown in Figure 1. It
consists of two elliptical microstrip patches that are connected to
the input and output microstrip lines and facing each other at the
top and bottom layer. The broadside coupling between these
patches is achieved via an elliptical slot in the ground plane, which
is located at the mid layer.
The design of the proposed structure is done using the odd–
even analysis of broadside coupled microstrip lines [6]. Assume
that it is required to have C coupling between the top and bottom
patches. The even (z0e) and odd (z0o) mode characteristic imped-
ances for the coupling patches are calculated using the following
equations:
Z0e Z0  1 C1 C; Z0o Z01 C1 C (1)
where z0 ( 50) is the characteristic impedance of the microstrip
ports of the coupler. To achieve a perfect coupling between the top
and bottom layers then C  1. Hence, from Eq. (1), z0e 3  and
z0o 3 0. To calculate the transition dimension which gives these
impedance values, it is possible to use the following equations:
Z0e
60
r
Kk1
Kk1
; Z0o
60
r
Kk2
Kk2
(2)
where r is the dielectric constant of the substrate, K(k) is the ﬁrst
kind elliptical integral, and Kk  K1 k2. The parameters
k1 and k2 are related to dimension of the coupling structure as
given in [7].
To get an ideal transition then from Eqs. (1) and (2) and Ref. 7
it is possible to show that dimensions of the coupling structure
should be chosen according to the following equation:
Dm/h 1; Ds/Dm 1; Ds Dm h (3)
Figure 1 Conﬁguration of the proposed transition. (a) Top layer, (b) mid
layer, (c) bottom layer, and (d) the whole structure. [Color ﬁgure can be
viewed in the online issue, which is available at www.interscience.wiley.
com]
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where Dm and Ds are the major diameters of the coupling micros-
trip and slot, respectively, and h is the substrate thickness.
According to Eq. (3), dimensions of the elliptical coupling
structure should be large compared to the substrate thickness. To
build a compact transition two options are available; the ﬁrst is to
build the transition using thin-ﬁlm technology, where h is equal to
tens of microns. Unfortunately this option is not available to the
author. The second option is to use an ordinary PCB substrate. In
this case and according to Eq. (3), dimensions of the microstrip
coupling patches at the top and bottom layers as well as the slot are
large compared with h and the wavelength. It is expected that the
radiation losses become high, as the top and bottom coupling
structures behave like patch antennas, degrading the performance
of the transition and causing undesired interference between dif-
ferent components of the RF front end.
To make a fair compromise between the requirement of in-
creasing the dimensions (to increase the coupling and hence de-
crease the insertion loss) and decreasing the dimensions (to de-
crease the radiation losses) it is possible to design a transition that
has a certain controlled and acceptable insertion loss, say 0.5 dB.
In this case, C  10	0.5/20  0.944. Because of the availability of
ordinary substrates the author chose the second option.
Solving Eq. (1) for C  0.994 gives z0e  294.6  and z0o 
8.5 . Major diameters of the elliptical coupling structure (Dm and
Ds) can be found using Eqs. (2), (3) and the method given in [7].
The secondary diameter of the elliptical microstrip/slot coupling
structures (Dsec) is assumed to be equal to quarter of the effective
wavelength at the centre frequency of operation, i.e. at 6.85 GHz.
The last step of the design is to ﬁnd the width of microstrip
transmission lines at the top and bottom layers (wm) to give 50 
impedance. This can be achieved using the standard microstrip
design equations [8].
3. RESULTS AND DISCUSSION
The above outlined method was applied to design and build a
vertical aperture-coupled microstrip–microstrip transition operat-
ing over the UWB frequency range from 3.1 to 10.6 GHz. Rogers
RO4003C with thickness 0.508 mm, dielectric constant 3.38, and
tangent loss 0.0023 was used as a substrate. The design process
was aided with a full electromagnetic simulation package (Ansoft
HFSSv10) while the measurements were accomplished using a
vector network analyzer in an anechoic chamber.
Using the proposed design method and with the help of ﬁne
tuning using the optimization capability of the software, parame-
ters of the transition were found to be: 0.75 cm, 1.74 cm, 0.67 cm,
and 1.2 mm for Dm, Ds, Dsec, and wm, respectively. It was found
that the optimized values of the design parameters are around 8%
different from those obtained by the described design method. This
indicates the acceptable accuracy of the proposed method. A
photograph of the developed transition is shown in Figure 2. It was
built on a PCB with overall dimension of 3 cm 
 4 cm.
The simulated and measured insertion loss of the developed
transition is shown in Figure 3. The results indicate ultrawideband
behavior over the band 3.1–10.6 GHz with insertion loss which is
less than 0.6 dB in the simulation and 0.75 dB according to the
measured results. This is close to the designed value which is 0.5
dB and better than the recently developed aperture coupled tran-
sition [4] using even a simpler structure with clear design guide-
lines.
Figure 4 shows the simulated and measured return loss of the
input/output ports of the transition. Note that because of symmetry,
return loss of the input port S11 is equal to return loss of the output
port S22 and thus S22 is not shown explicitly. The average
simulated and measured return loss is around 20 dB across the
whole ultrawideband. The simulated return loss is always higher
than 15 dB whereas the measured return loss is better than 13 dB
over the band 3.1–10.6 GHz.
Figure 2 Photo of the manufactured transition. [Color ﬁgure can be
viewed in the online issue, which is available at www.interscience.wiley.
com]
Figure 3 Measured and simulated insertion loss of the transition. [Color
ﬁgure can be viewed in the online issue, which is available at www.
interscience.wiley.com]
2208 MICROWAVE AND OPTICAL TECHNOLOGY LETTERS / Vol. 49, No. 9, September 2007 DOI 10.1002/mop
PAPER [39]
The simulated and measured results presented in Figures 3 and
4 are in good agreement. There is a little discrepancy between
them. The manual alignment of the two layers forming the tran-
sition and effect of the SMA connectors which were used in the
measurements, but not included in the simulation, are the main
reasons for this discrepancy.
4. CONCLUSION
Simple design guidelines for an ultrawideband aperture-coupled
vertical microstrip–microstrip transition have been presented. The
proposed transition utilizes broadside coupling between elliptical-
shaped microstrip patches at the top and bottom layers via an
elliptical-shaped slot in the ground plane, which is located at the
mid layer. The simulated and measured results have shown that the
proposed transition has less than 0.75 dB insertion loss and more
than 13 dB return loss across the frequency band 3.1–10.6 GHz.
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ABSTRACT: In this article, the measured performance of a 3–5 GHz
low-power up-converter is presented. The circuit is based on a current-
reuse topology with resistive load. It was implemented in a standard
low-cost 0.25-m CMOS technology. The up-converter achieves a
3.8-dB power gain, an output 1-dB compression point of 	10.8 dBm,
and a 8-dB single-sideband noise ﬁgure, while drawing only 2.3 mA
from a 1.5-V supply voltage. An operating bandwidth of 1.5 GHz was
measured. The proposed circuit complies with the wideband/low-power re-
quirements of 3–5 GHz ultrawideband WPANs. © 2007 Wiley Periodicals,
Inc. Microwave Opt Technol Lett 49: 2209–2212, 2007; Published online
in Wiley InterScience (www.interscience.wiley.com). DOI 10.1002/mop.
22654
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1. INTRODUCTION
In the last few years, both industrial and research interest for
ultrawideband (UWB) technology grew exponentially. Indeed, in
2002, the Federal Communications Commission (FCC) made
available the 3.1–10.6 GHz spectrum for UWB unlicensed use [1],
though with a stringent limit in signal emissions (	41.3 dBm/
MHz) to allow coexistence with well-established narrow-band
wireless systems. Wireless personal area network (WPAN) com-
munication is taking advantage of the UWB spectrum, which will
be exploited both for short-range, high-data-rate connectivity and
for localization-tracking functionalities within medium-range low-
data-rate wireless sensor networks [2]. Both applications, espe-
cially low-data-rate WPANs, demand low-power operation since
very-long battery-life is required.
In WPAN applications, the choice of the technology is crucial,
since mass-market production and widespread distribution force
very-low unit cost. Moreover, though 7.5-GHz of bandwidth is
available, the use of the 3–5 GHz portion of the spectrum is
primarily addressed to speed-up the time to market of UWB
wireless systems.
In this article, a low-power up-converter for 3–5 GHz UWB-
WPAN applications is presented. The circuit was fabricated in a
commercially available low-cost 0.25-m CMOS technology,
though several UWB applications exploit more-advanced and ex-
pensive CMOS platforms to guarantee standard requirements. The
circuit exhibits wideband capability, still achieving typical RF
performance and power consumption of traditional narrow-band
low-power circuits. The proposed up-converter takes advantage of
a low-voltage topology, previously exploited only in narrow-band
systems [3], which was properly optimized to fulﬁll the UWB
requirements. The circuit avoids the use of bulky inductive ele-
ments, thus saving silicon area and cost. It achieves competitive
wide-band performance, and overcomes many existing narrow-
band low-power mixers in terms of commonly-used ﬁgure of
merits (FoMs).
The article is organized as follows. The up-converter design is
discussed in Section 2, while Section 3 presents the experimental
Figure 4 Measured and simulated return loss of the transition. [Color
ﬁgure can be viewed in the online issue, which is available at www.
interscience.wiley.com]
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ABSTRACT: The design of an edge-coupled quadrature directional
coupler, which has a broadband performance and relaxed coupled-line
spacing, is presented. A slotted ground plane is used underneath the
coupled region in order to relax the requirement for a narrow slot be-
tween the coupled lines. The simulated and measured results show that
the designed coupler exhibits a coupling of 3  1 dB across the band
3.8 GHz to 9.8 GHz, when the spacing between the coupled lines is 0.12
mm. Without the slot in the ground plane, the spacing should be less
than 0.001 mm to achieve the same value of coupling across that band.
This broadband coupling is accompanied by an isolation and return loss in
the order of 13 dB or better across the band 3–10 GHz. The designed de-
vice has a compact size with a dimension of 30 mm  20 mm. © 2007
Wiley Periodicals, Inc. Microwave Opt Technol Lett 50: 328–331, 2008;
Published online in Wiley InterScience (www.interscience.wiley.com).
DOI 10.1002/mop.23080
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1. INTRODUCTION
Directional couplers using planar transverse electromagnetic lines
such as coupled striplines were developed in the mid-1950s [1, 2].
Numerous articles were published after that describing the theory,
design, and fabrication of the edge-coupled directional couplers.
Those articles cover the loose coupling range, i.e., more than 10
dB. In several applications, a tight coupler with a 3 dB coupling is
required. Using an edge-coupled structure, it is difﬁcult to realize
this value of coupling as a very narrow spacing is required, which
makes the manufacturing process difﬁcult. Several methods have
been used to alleviate this problem. In [3], a design which uses a
three-dielectric layer broadside-coupled striplines is presented,
whereas a tandem connection was suggested in [4]. The tapered
parallel-coupled lines were presented in [5] as a possible solution
to the applications that require a tight coupling.
In addition to the problem of the narrow spacing required to
achieve a tight coupling, another problem faced the design of
microstrip directional couplers. Because the microstrip line is
inhomogeneous, the even- and odd-mode propagation velocities
for a coupled pair of microstrip lines are not equal resulting in a
poor directivity. Several techniques were proposed as a solution to
this problem, such as the wiggles lines [6], dielectric overlay [7],
capacitive compensation [8], and the interdigital structure [9].
To avoid the narrow spacing requirement of the edge-coupled
directional couplers, Abbosh and Bialkowski [10] proposed the use
of a microstrip-slot-microstrip broadside-coupled structure. They
built quadrature couplers which have ultra-wideband performance.
The two outputs of the designed couplers are not at the same layer.
This could not be suitable for some uniplanar applications. In
another development, composite left-right handed coplanar
waveguides were used to design a broadband quadrature direc-
tional coupler [11]. The use of multiple crossover shorting strips
complicates the design. Moreover, the results show a high ampli-
tude imbalance between the two outputs.
In this article, a slotted ground plane underneath the coupled
microstrip lines is used to alleviate the need for a narrow spacing
between the coupled lines. A complete design method based on the
even- and odd-mode analysis with the help of the conformal
mapping and image techniques is presented. The method is used to
design and build a broadband 3 dB directional coupler, which has
a compact dimension with a coupled-line spacing that is easy to
manufacture.
2. DESIGN METHOD
The conﬁguration of the proposed directional coupler is shown in
Figure 1. The top layer contains the two coupled microstrip lines,
whereas the ground plane is located at the bottom layer. There is
a rectangular slot made at the ground plane underneath the coupled
lines.
The structure presented in Figure 1 can be fully analyzed using
the even- and odd-mode of operation. Distribution of the electric
ﬁeld lines between the coupled lines is shown in Figure 2. Ac-
cording to the characteristics of the backward directional couplers,
the input port (port1) and port4 are isolated, see Figure 1. There-
fore, the analysis that follows concentrates only on the calculation
of the coupling between the input port and the coupled output
(port2). The power output from port3 can be calculated depending
on the value of the input power and the coupled output power.
Figure 1 Conﬁguration of the proposed directional coupler. [Color ﬁg-
ure can be viewed in the online issue, which is available at www.
interscience.wiley.com]
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Assuming a quasitransverse electromagnetic propagation, the
electrical characteristics of the coupled lines can be completely
determined from the effective per unit length capacitances of the
lines and the phase velocity on the lines [12]. Therefore, the
structures shown in Figure 3 can be used to analyze the perfor-
mance of the device. In Figure 3,Ci represents the capacitance per
unit length between the line i and the ground, whereas Cij is the
mutual capacitance per unit length between the lines i and j.
For each of the two modes of propagation, the capacitance for
each of the two lines can be determined from Figures 3(b) and 3(c).
For the even-mode:
C1e C1; C2e C2 (1)
For the odd-mode:
C1o C1  2Ca12  2Cd12; C2o C2  2Ca12  2Cd12 (2)
The capacitances Ca12 and Cd12 represent the mutual capacitance
between the two coupled lines at the air (above the substrate) and
the dielectric, respectively.
The characteristic impedance of each of the two lines at any of
the two modes can be found using the relation [13]:
Zie 1/voCiaeCie; Zio 1/voCiaoCio (3)
where Cie and Cio are the capacitance values per unit length of the
even- and odd-mode for line i, whereas Ciae and Ciao are the even-
and odd-mode capacitances when the dielectric is replaced by air,
and vo is the velocity of light.
Values of the capacitances used in (1)–(3) depend on dimen-
sion of the coupled structure. The relation between them can be
found using the conformal mapping technique [14] and the image
theory [15]. Assuming that the coupled lines are symmetrical, the
results are shown in the following equations.
C1 C2
orwc
2q
h h2  0.25ws s2 (4)
Ca12  o
Kk1
Kk1
; Cd12  or
Kk2
Kk2
(5)
where wc: width of each of the coupled lines, s: the spacing
between the coupled lines, ws: width of the slot at the ground
plane, o: permittivity of the air, h and r are thickness and
dielectric constant of the substrate, respectively, K(k) is the ﬁrst
kind elliptical integral and Kk  K1 k2. The parameters q,
k1, and k2 in (4) and (5) are functions of the coupler dimension as
shown in the following equations, which are the result of the
conformal mapping and image techniques,
q  1  1.12h2 0.25ws s2/wc0.82 (6)
k1
s
s  2wc
; k2 
tanh s/4h
tanh s 2wc/4h
(7)
Assuming that the coupler is required to have C coupling factor,
the even (Zoe) and odd (Zoo) mode characteristic impedances to
achieve this value of the coupling are calculated as follows:
Zoe Zo1 C1 C
0.5
; Zoo Zo1 C1 C
0.5
(8)
where Zo is the characteristic impedance of the microstrip ports of
the coupler.
If Zo  50  and the coupling factor C is 0.707 (or 3 dB) then
values of Zoe and Zoo can be calculated from (8) and are given as
follows: Zoe  120.5  and Zoo  20.7 . Using (1)–(7), it is
possible ﬁnd the required dimension for the coupled lines.
The last step of the design procedure concerns the determina-
tion of the coupler’s length l. Here, l was chosen to be quarter of
the effective wavelength for the microstrip line at the centre
frequency of operation. It can be calculated using the standard
microstrip formulas [12].
Figure 2 Even- and odd-mode excitation for the coupled lines. [Color
ﬁgure can be viewed in the online issue, which is available at www.
interscience.wiley.com]
Figure 3 (a) The capacitance network for the coupled lines and the
equivalent capacitance network at the even-mode (b), and the odd-mode
(c). [Color ﬁgure can be viewed in the online issue, which is available at
www.interscience.wiley.com]
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3. RESULTS
The validity of the presented design method was tested by design-
ing and manufacturing a 3 dB directional coupler aimed for the
operation within the ultrawideband range (3.1–10.6 GHz). For this
band, the center frequency of operation is 6.85 GHz. Rogers
RO4003C (with r  3.38, h  0.508 mm, loss tangent  0.0027)
was selected as a substrate for the coupler development.
Using the proposed method with the help of the optimization
capability of the software HFSSv10, dimensions of the designed
directional coupler (wc, ws, l, and s) are equal to 0.95 mm, 6.8 mm,
6.95 mm, and 0.12 mm, respectively. It is to be noted that the
calculated values for the design parameters (wc, ws, l, and s) are
0.88 mm, 7.2 mm, 6.8 mm, and 0.12 mm, respectively, indicating
the accuracy of the design method where the difference between
the calculated and the optimized values is less than 8%. It is
worthy to mention that without using the proposed slotted ground
plane, the spacing between the coupled lines should be less than
0.001 mm to achieve the required 3 dB coupling. This value for
spacing is impractical assuming the use of the general milling and
chemical lithography machines as any error due to the manufac-
turing process degrades the performance to a large extent. The use
of the slotted ground proposed in this article relaxed the spacing
requirement between the coupled lines by more than 100 times.
The return loss, coupling and isolation of the designed couplers
were ﬁrst veriﬁed using the software Ansoft HFSSv10 and then
measured using a vector network analyzer. Figure 4 shows the
simulated and measured amplitudes of the scattering parameters
for the designed 3 dB coupler. These are followed by the results of
the phase difference between the two output ports and the group
delay from the input to the output ports as shown in Figure 5. It is
clear that the designed coupler features broadband characteristics.
The coupling is 3  1 dB across the band 3.8–9.8 GHz. The
isolation and the return loss are better than 13 dB across the band
3–10 GHz.
Concerning the phase performance of the manufactured coupler
as depicted in Figure 5, it is observed that the phase difference
between the output ports (ports 2 and 3) is 90°  5° over the band
3–9.8 GHz. This result reveals a broadband performance with high
phase stability.
In addition to the amplitude and phase balances, the demand of
a constant group delay is very crucial for the wideband couplers.
The simulated group delay for the two output ports are shown in
Figure 5. The results indicate an almost constant group delay with
very low standard deviations, which are 0.0043 ns for the coupled
port and 0.003 ns for the direct port.
4. CONCLUSION
The design of an edge-coupled quadrature directional coupler,
which has a broadband performance and relaxed coupled-line
spacing, has been presented. A slotted ground plane was used
underneath the coupled region to relax the requirement for a
narrow slot between the coupled lines. The simulated results have
shown that the designed coupler exhibits a coupling of 3  1dB
across the band 3.8–9.8 GHz, when the spacing between the
coupled lines is 0.12 mm. Without the slot in the ground plane, the
spacing should be less than 0.001 mm to achieve the same value of
coupling across that band. This broadband coupling is accompa-
nied by an isolation and return loss in the order of 13 dB across the
band 3–10 GHz. The designed device has a compact size with a
dimension of 30 mm  20 mm.
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ABSTRACT: In this work, a comprehensive analytical model for Al-
GaN/GaN MISHFET has been presented to evaluate the drain current
characteristics, transconductance, and cut-off frequency of the insulated
device. The model takes into account polynomial dependence of sheet
carrier density on position of quasi Fermi level to consider the quantum
effects and to validate it from subthreshold to high conduction region.
The effect of spontaneous and piezoelectric polarization at the AlGaN/
GaN interface and parasitic source/drain resistances have also been
incorporated in the analysis. Its advantages over conventional HFET
structure are discussed in detail. For a MISHFET with quarter micron
gate length, the cut-off frequency is reported to be 52 GHz. The MISH-
FET shows remarkable 36% increase in drain saturation current. The
model has a broad utility as it is equally applicable to HFETs as well.
The present model is based on closed form expression and does not in-
volve any ﬁtting parameter. The results obtained are compared with
experimental data and show excellent agreement, thereby proving the
validity of the model. © 2007 Wiley Periodicals, Inc. Microwave Opt
Technol Lett 50: 331–338, 2008; Published online in Wiley InterScience
(www.interscience.wiley.com). DOI 10.1002/mop.23073
Key words: AlGaN/GaN MISHFET; polarization; sheet carrier density;
gate voltage swing; saturation drain current
1. INTRODUCTION
The wide band gap AlGaN/GaN high electron mobility transistors
(HEMTs) show great promise for applications such as high fre-
quency wireless base stations and broad-band links, commercial
and military radar and satellite communications [1-5]. The out-
standing properties of nitride material system such as high electron
mobility, high saturation velocity, low thermal impedance, and
high breakdown ﬁeld make them extremely promising devices for
high power and high temperature microwave applications. GaN-
based materials are usually grown in [0001] and [111] directions,
and since these axes are polar, they cause GaN-based materials to
exhibit strong lattice polarization effects. Because of the piezo-
electric and spontaneous polarization ﬁelds, AlGaN/GaN-based
HFETs have the ability to achieve two dimensional electron gas
(2-DEG) with sheet carrier densities of the order of 1012 – 1013
cm	2 even without intentional doping. This mechanism of polar-
ization leads to unprecedent high power densities and high current
drive capability that are one order of magnitude higher than their
silicon or GaAs counterparts [6, 7]. The development of new
generations of AlGaN/GaN ﬁeld-effect transistors (FETs) requires
low gate leakage and superior pinch-off characteristics, speciﬁ-
cally at elevated temperatures for high temperature microwave
power electronics [8]. These properties directly impact the device
drain breakdown voltage, radio frequency (RF) performance, and
noise ﬁgure. In the past, several groups have attempted to achieve
gate leakage suppression and superior pinch-off characteristics by
using the metal-insulator-semiconductor FETs (MISFETs) [9, 10]
or metal-oxide-semiconductor FETs (MOSFETs) [11] device ap-
proach. However, the performance level of all these insulated gate
devices is well below that of the state-of-the-art AlGaN/GaN
HFETs. Recently Khan et al. [12] reported the dc characterization
results of AlGaN/GaN metal-insulator-semiconductor heterostruc-
ture ﬁeld-effect transistors (MISHFETs) on sapphire substrates.
The built-in channel of MISHFET is formed by the high density
2-DEG at the AlGaN/GaN interface as in regular AlGaN/GaN
HFETs. However, in contrast to HFETs, the metallic gate is
isolated from AlGaN barrier layer by a thin Si3N4 ﬁlm. This
insulator layer provides extremely low gate leakage current and
allows for a large negative to positive gate voltage swing (GVS)
[12]. Thus MISHFET combines the advantages of the MIS struc-
ture that suppresses the gate leakage current and AlGaN/GaN
heterointerface, which provides high-density high-mobility 2-DEG
channel. Although piezoelectric polarization results in large values
of sheet carrier density, it also gives rise to charged surface states
within the device. These surface states are considered responsible
for DC to RF current collapse or dispersion, because these electron
traps act as a negatively charged virtual gate and limit maximum
current available during microwave operation. Good insulator can
passivate these surface states and also reduce gate leakage. Thus,
the same dielectric can be used both as a gate insulator as well as
the surface passivation layer [13]. The MISHFET approach also
allows for application of high positive gate voltages to further
increase the sheet carrier density in the 2-DEG channel and hence
the device peak currents. These features make MISHFETs ex-
tremely promising for high power microwave applications. How-
ever, there are many milestones to be achieved and the work in this
ﬁeld is far from complete. Physics-based analytical modeling,
which reﬂects the mechanism of device operation, is an essential
requirement to fully explore the performance enhancements of
MISHFET.
To characterize and optimize the device performance, an accu-
rate charge control relation between 2-DEG sheet carrier density ns
and the controlling gate voltage Vgs is desirable. Various models
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ABSTRACT: The design of a parallel-coupled directional coupler,
which has a broadband performance, is presented. A ﬂoating-potential
ground plane conductor is used underneath the coupled region to relax
the requirement for a narrow slot between the coupled lines and to im-
prove the isolation and return loss performance of the device. The simu-
lated and measured results show that the designed coupler exhibits a
coupling of 3  1 dB across the band 4–10.2 GHz, when the spacing
between the coupled lines is 0.13 mm, which is easy to manufacture.
This broadband coupling is accompanied by an isolation and return loss
which are better than 15 dB across the band 3.1–10.6 GHz. The simu-
lated and measured results show good phase stability and ﬂat group
delay across the ultra wideband. The designed device has a compact
size with a dimension of 30 mm  20 mm. © 2008 Wiley Periodicals,
Inc. Microwave Opt Technol Lett 50: 2304–2307, 2008; Published on-
line in Wiley InterScience (www.interscience.wiley.com). DOI 10.1002/
mop.23701
Key words: directional coupler; broadband; coupled lines
1. INTRODUCTION
Directional couplers are important passive microwave devices that
perform numerous functions. They are widely used in balanced
ampliﬁers, balanced mixers, and power measurements and other
microwave instrumentations.
The designer of tight directional couplers that adopt the paral-
lel-coupled structure should tackle some serious problems: ﬁrst, a
very narrow spacing is required to realize a tight coupling (3
dB). This makes the manufacturing process difﬁcult. Second, the
even- and odd-mode propagation velocities for a coupled pair of
microstrip lines are not equal resulting in a poor isolation and
directivity. This is because the microstrip line is inhomogeneous.
Several methods have been proposed to alleviate the effect of these
problems [1–6]. Recently, composite left-right handed coplanar
waveguides were used to design a broadband quadrature direc-
tional coupler [7]. The use of multiple crossover shorting strips
complicated the design and the results show a high amplitude
imbalance between the two outputs. In another development, the
broadside-coupled mcirostrip lines were used to design directional
couplers [8]. Although the measured performance indicates an
ultra wideband performance, the design is directed towards the
multilayer technology and it is difﬁcult to be utilized for uniplanar
applications, where vertical microstrip–microstrip transitions are
required.
To overcome the problems of the parallel-coupled directional
couplers, the author has recently developed a broadband parallel-
coupled directional coupler which has a slot in the ground plane
underneath the coupled lines [9].
In this article, the design presented in [9] is modiﬁed by adding
a ﬂoating-potential conductor to cover most of the slot in the
ground plane. This modiﬁcation has some important beneﬁts: the
addition of the ﬂoating-potential conductor increases the odd-
mode capacitance of the coupled lines, while it has no effect on the
capacitance of the even-mode capacitance. From the design point
of view, this gives more ﬂexibility in choosing the dimensions of
the coupled lines compared with the design shown in [9], and
hence a better performance concerning the return loss and isolation
is achieved in the design presented in this letter. The other advan-
tage from using the ﬂoating-potential conductor is the prevention
of any ﬁeld leakage to the backside of the coupler. With a wide slot
in the structure presented in [9], part of the electromagnetic ﬁeld
can radiate via the slotted ground plane towards the other side of
the coupler. Although the leaked ﬁeld could be of a small value, it
may have a signiﬁcant effect on the performance of the microwave
system as it may cause unwanted interference with the other
devices in the integrated system.
In this letter, a complete design method based on the even- and
odd-mode analysis with the help of the conformal mapping and
image techniques is presented. The method is used to design and
build a broadband 3-dB quadrature coupler, which is compact in
size and easy to manufacture. The simulated and measured results
show an improved performance concerning the return loss and the
isolation compared with the previous design [9], where the slotted
ground plane was used without adding the ﬂoating-potential con-
ductor.
2. DESIGN
The conﬁguration of the proposed directional coupler is shown in
Figure 1. The two parallel-coupled microstrip lines are located at
the top layer, whereas the ground plane is located at the bottom
layer. There is a rectangular slot made at the ground plane under-
neath the coupled lines. A ﬂoating-potential conductor is added to
cover most of the slot in the ground plane.
Since a pair of coupled lines over a ground plane is actually a
three-conductor transmission line, it can support two different
modes of propagation. These modes, which are called the even-
and odd-mode, have different characteristic impedances. For the
microstrip transmission lines, the dielectric medium is not homo-
geneous. A part of the ﬁeld extends into the air above the substrate.
This fraction is different for the two modes of the coupled lines.
Consequently, the phase velocities, the effective dielectric con-
stants, and the impedances are not equal for the two modes. The
performance of the coupled microstrip lines can be approximated
using the quasi-static analysis. In this case, the properties of the
coupled lines can be determined from the self- and mutual capac-
itances for the lines. These capacitances depend on the distribution
of the electric ﬁeld in the structure which, in turn, depends on the
dimension of the structure. Distribution of the electric ﬁeld in the
two modes of operation for the structure under investigation is
shown in Figure 2.
With a slot in the ground plane underneath the coupled lines,
both the even- and odd- mode capacitances of the coupled lines are
decreased substantially. With an additional separated rectangular
2304 MICROWAVE AND OPTICAL TECHNOLOGY LETTERS / Vol. 50, No. 9, September 2008 DOI 10.1002/mop
PAPER [41]
conductor inserted in the slot under the coupled lines, the odd-
mode capacitance is increased, while the even-mode capacitance is
not changed. This estimation can be justiﬁed as follows: for the
even-mode, there is a virtual magnetic wall between the two
coupled lines as shown in Figure 2(a). Therefore, the added con-
ductor continues to be effectively in a ﬂoating-potential situation.
It has negligible effect on the distribution of the electromagnetic
ﬁelds of the coupled lines for this mode. Hence, the capacitance in
this case is almost equal to its value when there is no conductor to
cover the slot in the ground plane. For the odd-mode and due to
symmetry of the structure shown in Figure 2(b), the centre of the
ﬂoating-potential conductor is effectively at zero voltage as the
electric wall passes through the middle of this conductor, which
means that it is virtually short circuited to the ground. Hence, the
effective capacitance at this mode is equal to the capacitance of the
conventional parallel-coupled microstrip lines, assuming that the
slot s2 in the ground plane is much less than the width of the
ﬂoating-potential conductor.
Compared with the structure proposed in [9], the presence of a
ﬂoating-potential conductor, which is inserted in the slot made in
the ground plane underneath the coupled lines, offers a compen-
sation for the reduction in the odd-mode capacitance due to the slot
in the ground plane. The overall effect of the added ﬂoating-
potential conductor is that it helps in mode phase-velocity match-
ing, especially in the cases involving low-permittivity substrates
for which the slotted ground-plane solution does not provide a
satisfactory performance concerning, speciﬁcally, the isolation and
the directivity.
For each of the two modes of propagation, the capacitance for
each of the two lines depends on dimension of the coupled struc-
ture. The relation between them can be found using the conformal
mapping technique [10, 11] and the image theory [9, 12]. Assum-
ing that the coupled lines are symmetrical, the results are shown in
the following equations.
Ce
orwc
2q
h h2  0.25ws s12 (1)
Co o
Kk1
Kk1
 2or
Kk2
Kk2
(2)
where Ce and Co are the capacitance values per unit length of the
even- and odd-mode, respectively, wc: width of each of the cou-
pled lines, s1: the spacing between the coupled lines, ws: width of
the slot at the ground plane, o: permittivity of the air, h and r are
thickness and dielectric constant of the substrate, respectively,
K(k) is the ﬁrst kind elliptical integral and Kk  K1 k2.
Concerning accuracy of (1), caution should be exercised when
using it as it was noticed via simulations using Ansoft HFSSv10
that (1) gives reasonable results only when s1/h  0.1 and wc/h 
0.1. This condition was noticed in the design presented in this
letter.
The parameters q, k1, and k2 in (1, 2) are functions of the
coupler dimension as shown in the following equations, which are
the result of the conformal mapping and image techniques [9–12];
q  1  1.12h2 0.25ws S12/wc0.82 (3)
k1
s1
s1 2wc
(4)
k2 tanhwc4h cothwc  s14h  (5)
The characteristic impedance of each of the two lines at the
even-mode (Zoe) and the odd-mode (Zoo) can be found using the
relation [13];
Zoe 1/voCaeCe (6)
Zoo 1/voCaoCo (7)
where Cae and Cao are the even- and odd-mode capacitances,
respectively, when the dielectric is replaced by air and vo is the
velocity of light.
Figure 2 Electric ﬁeld distribution for (a) the even-mode and (b) the
odd-mode excitation. [Color ﬁgure can be viewed in the online issue,
which is available at www.interscience.wiley.com]
Figure 1 Conﬁguration of the proposed directional coupler. [Color ﬁg-
ure can be viewed in the online issue, which is available at www.
interscience.wiley.com]
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Assuming that the coupler is required to have CF coupling
factor, the even- and odd- mode characteristic impedances to
achieve this value of the coupling are calculated as follows [13];
Zoe Zo1 CF1 CF
0.5
(8)
Zoo Zo1 CF1 CF
0.5
(9)
where Zo is the characteristic impedance of the microstrip ports of
the coupler.
If Zo	 50 
 and the coupling factor CF is 0.707 (or 3 dB) then
values of Zoe and Zoo can be calculated from (8, 9) and are given
as follows: Zoe 	 120.5 
 and Zoo 	 20.7 
. Using (1–5), it is
possible to ﬁnd the required dimension for the coupled lines.
Concerning the coupler’s length l, it is chosen to be quarter of the
effective wavelength at the centre frequency of operation.
3. RESULTS
To validate the presented design method, a 3-dB directional cou-
pler aimed for the operation within the ultra wideband range
(3.1–10.6 GHz) was designed and tested. Rogers RO4003C (with
r 	 3.38, h 	 0.813 mm, loss tangent 	 0.0027) was used as a
substrate for the manufacturing process.
Using the proposed method with the help of the optimization
capability of the software HFSSv10, dimensions of the designed
directional coupler (wc ws, l, and s1) are equal to 1.4, 5.6, 6.2, and
0.13 mm, respectively. The gap between the ﬂoating-potential
conductor and the rest of the ground plane (s2) was chosen to be
0.4 mm, which is mush less than width of the ﬂoating-potential
conductor as required by the assumption made in the design
procedure (Section 2).
The value of the spacing between the coupled lines (s1) is
practical and manufacturable, assuming the use of the general
milling and chemical lithography machines. The design of a par-
allel-coupled directional coupler using the conventional method,
i.e. without the ﬂoating-potential conductor and slot in the ground
plane requires the spacing to be less than 0.001 mm to achieve the
3-dB coupling factor. It is an impractical value and any error due
to the manufacturing process degrades the performance to a large
extent. The use of the ﬂoating-potential ground plane conductor in
the design presented in this letter relaxed the spacing requirement
between the coupled lines and gave more ﬂexibility in choosing
the dimensions.
The return loss, coupling, and isolation of the designed cou-
plers were veriﬁed using the software Ansoft HFSSv10 and mea-
sured using a vector network analyzer. Figure 3 shows the simu-
lated and measured amplitudes of the scattering parameters for the
developed 3-dB coupler. It is clear that the designed coupler
features broadband characteristics. The coupling is 3  1 dB
across the band 4–10.2 GHz. The isolation and the return loss are
better than 15 dB across the band 3–11 GHz. These results indicate
a better performance when compared with the previous design [9]
which has a slotted ground plane without the ﬂoating-potential
conductor, where the return loss and isolation are about 13 dB
across the band 3–10 GHz.
Concerning the phase performance of the manufactured cou-
pler, Figure 4 reveals that the phase difference between the output
ports is 90° 5° over the band 3–10.6 GHz. This result exposes a
quadrature broadband coupler with good phase stability.
In addition to the amplitude and phase balances, the demand for
a constant group delay is very crucial for the broadband couplers.
The simulated group delay for the two output ports are shown in
Figure 4. The results indicate an almost ﬂat group delay with very
low peak-to-peak variation, which is about 0.03 ns across the band
3–10 GHz.
4. CONCLUSION
The design of a parallel-coupled directional coupler, which has a
broadband performance, has been presented. A ﬂoating-potential
ground plane conductor is used underneath the coupled region to
relax the requirement for a narrow slot between the coupled lines
and to improve the isolation and return loss performance of the
device. The simulated and measured results have shown that the
designed coupler exhibits a coupling of 3  1 dB across the band
4–10.2 GHz, when the spacing between the coupled lines is 0.13
mm, which is easy to manufacture. This broadband coupling is
accompanied by an isolation and return loss which are better than
15 dB across the band 3.1–10.6 GHz. The simulated and measured
results have shown that the developed device has good phase
Figure 3 The measured and simulated insertion loss, return loss, and
isolation of the directional coupler. [Color ﬁgure can be viewed in the
online issue, which is available at www.interscience.wiley.com]
Figure 4 Phase and group delay of the designed directional coupler.
[Color ﬁgure can be viewed in the online issue, which is available at
www.interscience.wiley.com]
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stability and ﬂat group delay across the band 3 GHz. The designed
device has a compact size with a dimension of 30 mm  20 mm.
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ABSTRACT: The design of a printed slot antenna with dual-band cir-
cular polarization (CP) characteristic is presented. The proposed an-
tenna is excited by an L-shaped strip with a taper end, connected in
series to a microstrip-line-fed located along the diagonal line of the
square-slot. Wide impedance and 3 dB axial-ratio bandwidth (CP band-
width) are measured and the proposed design is suitable for 802.11
a/b/g and WCDMA operations. © 2008 Wiley Periodicals, Inc.
Microwave Opt Technol Lett 50: 2307–2309, 2008; Published online in
Wiley InterScience (www.interscience.wiley.com). DOI 10.1002/mop.
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1. INTRODUCTION
In recent years, considerable concern has arisen over the design of
microstrip antennas with CP radiation for wireless communication
systems. One of the advantages is the reduction of multipath
interference, which is environmental-dependent and difﬁcult to be
solved completely. Furthermore, every odd reﬂection will become
an opposing rotation direction of the electric ﬁeld vector (E).
Hence, the CP antenna, being potentially good at rejecting reﬂec-
tion signals, is able to eliminate the arising multipath effects [1].
For a CP radiator, a resonator must simultaneously excite two
orthogonal E vectors of equal amplitude and in-phase quadrature.
Therefore, a dual-band CP design is more complicated than that
required for dual-band linear polarized design. The design of
dual-band CP operation via a single probe feed includes; the use of
two stacked patches [2], slotted circular patch [3], combination of
dielectric resonator antenna (DRA), and microstrip patch [4].
However, relatively few CP antennas embedded with wide slot for
broadband and dual-band operation are available in the open
literature. Besides the ability to provide greater bandwidth when
wide slot is used as the radiating element, the printed slot antenna
also offers bidirectional radiation and possesses greater manufac-
turing tolerances as compared with a normal microstrip patch
antenna.
In this letter, a novel microstrip-fed square-slot CP antenna
with broadband and dual-band characteristic is proposed. CP ra-
diation is achieved by using an L-shaped strip with a taper end to
excite two orthogonal radiation ﬁelds and in-phase quadrature. The
genetic local search (GLS) algorithm [5] is initially used to deter-
mine the dimensions of the proposed antenna with optimum im-
pedance matching and CP bandwidth, followed by employing the
commercial software IE3D to predict the performances of the
antenna designed by the GLS. The measured results successfully
demonstrated a single-feed dual-band CP design operating at 2390
and 5245 MHz, which is suitable for 802.11 a/b/g (2400–2485,
5150–5350 MHz) and WCDMA (2500–2690 MHz) applications.
Furthermore, the lower band demonstrated wide impedance and
CP bandwidth of around 39 and 40%, respectively.
2. ANTENNA DESIGN
The key parameters of the proposed dual-band CP antenna as
depicted in Figure 1 are investigated using commercial simulation
software based on the method of moments. A square slot of side r1
	 61 mm is etched on the ground plane of a FR4 substrate with
thickness h 	 1.6 mm and relative dielectric permittivity r 	 4.4.
The L-shaped strip with a taper end is fabricated directly opposite
the square slot. Note that ls is the length of the strip along the
x-axis measured from the centre of the square slot, while ws refers
to its width. A thin microstrip line with length l and width w, acts
as an impedance transformer between the taper end of the L-
shaped strip and the 50-
 microstrip line along the y-axis. lc refers
to the horizontal length of the taper.
3. EXPERIMENTAL RESULTS
A prototype of the proposed antenna with dimensions; ls 	 34.7
mm, ws 	 9.4 mm, l 	 4.5 mm is initially studied. Its return loss
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Analytical closed-form solutions for different
conﬁgurations of parallel-coupled microstrip
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Abstract: Closed-form solutions are presented for the even- and odd-mode impedances of the parallel-coupled
microstrip lines with different conﬁgurations. The ﬁrst set of equations is for the conventional-coupled microstrip
lines. The second set is for the parallel-coupled microstrip lines with a slotted ground plane and the third set is for
the parallel-coupled microstrip lines with a slotted ground plane and a ﬂoating-potential conductor added to
cover most of the slot in the ground plane. The solution is achieved using the conformal mapping technique,
which also considers the effect of any fringe capacitor that has an impact on the impedance of the coupled
lines. To validate the accuracy of the presented equations, a comparison is made with the available empirical
solution (only for the conventional-coupled microstrip lines), a numerical solution (using Galerkin’s technique)
and the full-wave electromagnetic solution using the software HFSS. The result of the comparison indicates
the high accuracy of the presented equations over a wide range of design parameters. The difference
between the calculated values using the derived equations and those from the full-wave electromagnetic
analysis is ,5% for most of the cases. To validate the derived equations experimentally, they are used to
design a 3 dB coupler. The result of measurements on the manufactured coupler conﬁrms the accuracy of the
presented equations.
1 Introduction
The parallel-coupled microstrip lines have been used
extensively as basic elements for directional couplers, ﬁlters,
phase shifters and a variety of other useful circuits since
mid-1950s [1–3]. Numerous papers have been published
describing the fabrication of the conventional parallel-
coupled lines. Concerning their design, numerical methods
[4, 5] or approximate analytical methods [6–9] were
proposed. Numerical studies can provide accurate results,
but they are not convenient in the actual uses, such as in
the design optimisation. On the other hand, analytical
studies result in closed-form expressions which are suitable
for analysis and design, but the accuracies depend to a large
extent on the involved approximations. In another method
to obtain accurate closed-form equations, the empirical
method was adopted in [10, 11] by curve ﬁtting of full-
wave numerical analysis. According to [12, 13], the
equations presented in [11] are the most accurate ones
available in the literature for the conventional-coupled
microstrip lines. Although the empirical equations in [11]
give accurate estimation for the impedances of the coupled
lines over a wide range of design parameters, they are
lengthy and do not give a clear physical meaning of the
effect of each parameter. Because the empirical equations in
[11] are so lengthy and contain many intermediate
parameters, the authors of [11] needed to submit a
correction paper [14] a year later to correct some of their
equations.
The conventional parallel-coupled microstrip lines are
usually used in applications that cover the loose coupling
range, that is, .10 dB. In several applications, a tight
coupler with a 3 dB coupling is required. Using a parallel-
coupled structure, it is difﬁcult to realise this value of
coupling as a very narrow spacing is required, which makes
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the manufacturing process difﬁcult. In [15], a slotted ground
plane was suggested as a solution to increase the level of
coupling in the parallel-coupled directional couplers. The
same solution was adopted for the design of ﬁlters [16–18].
The slotted ground plane is used to tune the even/odd
phase velocities. Thus, it provides a tight coupling with a
relaxed requirement on the physical dimensions of the
coupled lines in comparison with the conventional parallel-
coupled microstrip lines. In another development, it was
noticed that the presence of a ﬂoating-potential conductor,
which is inserted in the slot made in the ground plane
underneath the coupled lines, offers a compensation for the
reduction in the odd-mode capacitor because of the slot in
the ground plane [19]. The slotted ground plane with a
ﬂoating-potential conductor was used to design bandpass
ﬁlters and phase shifters which need a high level of
coupling [20, 21].
In the above mentioned papers [15–21], the design of
the coupled lines with slotted ground plane (with or
without the ﬂoating-potential conductor) was accomplished
using the commercial full-wave electromagnetic solvers.
The full-wave analysis is very involving and does not give
any physical insight into the effect of each design
parameter on the overall operation of the coupled structure.
The full-wave solver was used to ﬁnd the parameters
against frequency behaviour of the structure. The
performance of the structure is fully unpredictable until the
optimised solutions are achieved through a trial-and-error
iterative process. Hence, the simulation methods without
any design guidelines are time consuming and may not lead
to the optimum design. This paper overcomes this
limitation by deriving the design equations that can be used
directly to ﬁnd the even- and odd-mode impedances
depending on the physical dimensions of the structure. The
quasi-static analysis with the help of the conformal
mapping technique is adopted in this paper. Moreover,
simple design equations for the conventional parallel-
coupled microstrip lines are also derived and compared
with the empirical equations in [10–14].
2 Quasi-static analysis of the
parallel-coupled microstrip lines
The three different conﬁgurations of the parallel-coupled
microstrip lines under investigation in this paper are shown
in Fig. 1. The top layer contains the two coupled lines,
whereas the ground plane is located at the bottom layer.
The structure #1 shown in Fig. 1a is for the conventional
parallel-coupled microstrip lines. Fig. 1b shows the
structure #2; parallel-coupled microstrip lines with a slotted
ground plane. There is a rectangular slot made at the
ground plane underneath the coupled lines. The structure
#3 shown in Fig. 1c is similar to the structure #2, except
that a ﬂoating potential conductor is added to cover most
of the slot in the ground plane.
Since a pair of coupled lines over a ground plane is actually
a three-conductor transmission line, it can support two
different modes of propagation. These modes have different
characteristic impedances. For the microstrip transmission
lines, the dielectric medium is not homogeneous. A part of
the ﬁeld extends into the air above the substrate. This
fraction is different for the two modes of coupled lines.
Consequently, the phase velocities, the effective dielectric
constants and the impedances are not equal for the two
modes. The performance of the coupled microstrip lines
can be approximated using the quasi-static analysis. In this
case, the properties of the coupled lines can be determined
from the self- and mutual capacitances for the lines.
The structure presented in Fig. 1 can be fully analysed
using the even- and odd-mode of operation. Distribution
of the electric ﬁeld lines between the coupled lines for
these two modes is shown in Fig. 2.
Assuming a quasi-transverse electromagnetic propagation,
the electrical characteristics of the coupled lines can be
completely determined from the effective per unit length
capacitances and the phase velocity of the lines [22].
Therefore the structures shown in Fig. 3 can be used to
derive the required equations for the even- and odd-mode
impedances.
The capacitance for the even-mode (Cie) and for the odd-
mode (Cio) for the three conﬁgurations shown in Figs. 3a–3c
can be determined as follows
C1e ¼ Cg þ Cf 1; C1o ¼ Cg þ 2Ca þ 2Cd (1)
C2e ¼ CG þ Cf 2; C2o ¼ CG þ 2Ca þ 2Cds (2)
Figure 1 Three different conﬁgurations of the parallel-
coupled microstrip lines
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Figure 2 Distribution of the electric ﬁeld lines for the two fundamental modes of the parallel-coupled lines in the
conﬁgurations
a #1
b #2
c #3
Figure 3 Self and mutual capacitances for the two fundamental modes of the parallel-coupled lines in the conﬁgurations
a #1
b #2
c #3
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C3e ¼ CG þ
CGSCS
CGS þ CS
þ Cf 2;
C3o ¼ CG þ 2Ca þ 2Cd þ
CGSCS
CGS þ CS
(3)
It is to be noted here that although the same notation was
used for the capacitance (CS) between the ﬂoating-potential
conductor and the ground plane for the even- and odd-
mode of the structure shown in Fig. 3c, the real effect of it
on the odd-mode is negligible. This comes from the fact
that for the odd-mode and due to symmetry of the
structure, the centre of the ﬂoating-potential conductor is
effectively at zero voltage, which means that it is virtually
short circuited to the ground, and hence the effective value
of the last term of C3o in (3) is equal to CGS .
The characteristic impedance of each of the coupled lines
at the even-mode (Z0e) and the odd-mode (Z0o) can be
found using the relation [14]
Ze ¼
1
vo
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
CaeCe
p ; Zo ¼ 1vo ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃCaoCop (4)
where Cae and Cao are the even- and odd-mode capacitances
when the dielectric is replaced by air and vo is the velocity of
light in free space.
The values of the capacitances used in (1)–(4) depend on
the dimension of the coupled structure. The relation between
them can be found using the conformal mapping technique
[23] and the Schwartz–Christoffel method. The results of
the conformal mappings for the three conﬁgurations under
investigation after a series of transformations are given in
the following equations
C1e ¼ 21o 1r
K (k1)
K 0(k1)
þ K (k2)
K 0(k2)
 
;
C1o ¼ 21o 1r
K (k3)
K 0(k3)
þ K (k4)
K 0(k4)
 
(5)
C2e ¼ 1o 1r
K 0(k5)
K (k5)
þ 8K (k6)ﬃﬃﬃﬃ
1r
p
K 0(k6)
" #
;
C2o ¼ 1o
K 0(k7)
K (k7)
þ 1r
K 0(k8)
K (k8)
þ K
0(k5)
K (k5)
  
(6)
Figure 4 Comparison between the calculated odd- and even-mode characteristic impedances for the conventional-coupled
microstrip lines using the proposed equations and three other methods
a Odd-mode with 1r ¼ 3.38
b Even-mode with 1r ¼ 3.38
c Odd-mode with 1r ¼ 9.8
d Even-mode with 1r ¼ 9.8
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C3e ¼ 1o1r
K 0(k5)
K (k5)
þ 2K
0(k9)K
0(k10)
1rK 0(k9)K (k10)þ 2K (k9)K 0(k10)
 
;
C3o ¼ 1o
K 0(k7)
K (k7)
þ 1r
K 0(k11)
K (k11)
 
(7)
k1 ¼ tanh
pwc
4h
 
tanh
p(wc þ s1)
4h
 
;
k2 ¼ tanh
pwc
4(hþ pwc)
 
tanh
p (wc þ s1)
4(hþ pwc)
 
(8)
k3 ¼ tanh
pwc
4h
 
coth
p(wc þ s1)
4h
 
; k4 ¼
wc
wc þ s1
(9)
k5 ¼
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1þ exp[p(ws  s1)=(2h)]
1þ exp[p(ws  s1  2wc)=(2h)]
s
;
k6 ¼ tanh
pwc
4(hþ d )
 
tanh
p(wc þ s1)
4(hþ d )
 
(10)
d ¼ wc if wc . (ws  s1)=2
(ws  s1)=2 if wc , (ws  s1)=2

(11)
k7 ¼
s1
s1 þ 2wc
; k8 ¼
tanh ps1=(4h)
 	
tanh p(s1 þ 2wc)=(4h)
 	 (12)
k9 ¼
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
[1þ exp{ps1=(2h)}]
[1þ exp{p(ws  2wc  s1  2s2)=(2h)}]
[1þ exp{p(2wc þ s1)=(2h)}]
[1þ exp{p(ws  s1  2s2)=(2h)}]
vuuuuut (13)
k10 ¼
ws  2s2
ws
; k11 ¼
sinh ps1=(4h)
 	
sinh p(s1 þ 2wc)=(4h)
 	 (14)
The design parameters used in (8)–(14) are shown in Fig. 1.
Their deﬁnitions are as follows. wc is the width of each of the
coupled lines, s1 the spacing between the coupled lines, ws
the width of the slot at the ground plane, s2 the gap
Figure 5 Comparison between the calculated odd-mode characteristic impedances for the conﬁguration #2 using the
proposed equations and two other methods
a ws/h ¼ 4, 1r ¼ 3.38
b ws/h ¼ 8, 1r ¼ 3.38
c ws/h ¼ 4, 1r ¼ 9.8
d ws/h ¼ 8, 1r ¼ 9.8
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between the added ﬂoating-potential conductor and the
ground plane, 1o the permittivity of the air, h and 1r the
thickness and dielectric constant of the substrate,
respectively, K (k) the ﬁrst kind elliptical integral and
K 0(k) ¼ K (
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 k2
p
).
It is to be noted that it might be preferable to present one
set of equations that can be used for the three conﬁgurations.
However, one general set of equations would be complicated
and very lengthy. It was noticed by the author that dealing
with each conﬁguration as a separate case helped to use
some reasonable and practical assumptions which made the
analysis easy and the ﬁnal solution simple and accurate.
The assumptions used to derive (5)–(14) are explained
hereafter. Concerning Cf 1, the effective distance between
the microstrip line and ground plane was assumed to be
equal to the average path of the fringe ﬁeld (pwc þ h). The
conformal mapping was then used to calculate its value
following the same steps used for Cg, except that (pwc þ h)
is used instead of h. The method adopted here to calculate
the effect of the fringe capacitor is different from the
empirical method used in [12]. It is worthwhile to mention
here that the conformal mapping used to ﬁnd Cg does not
include the part of ﬁeld which extends into the air above
the dielectric. Hence, the inclusion of Cf 1 in the design
equations is necessary to obtain accurate results. For the
fringe capacitor Cf 2, the average path of the fringe ﬁeld
(d þ h), where d is given in (11), was used in the
conformal mapping.
In (6) and (7), it was assumed that width of the slot in
the ground plane (ws) is equal to, or larger than, the width of
the substrate (h). This assumption is reasonable because if the
slot in the ground plane is required to have a considerable
impact on the performance then it should be larger than the
width of the ground plane, otherwise the effect will be
negligible and the equations of the conventional parallel-
coupled microstrip lines (5) can be used. For this reason, the
effect of the slotline mode across the slotted ground plane is
negligible, and hence it is not included in the calculations for
conﬁguration #2. In deriving (7), the gap in the ground plane
of the conﬁguration #3 (s2) was assumed to be equal to, or less
than, the width of the substrate (h). This means a signiﬁcant
effect for the slotline mode as shown in Fig. 2c, and hence CS
shown in Fig. 3c is included in the calculations for
conﬁguration #3.
Figure 6 Comparison between the calculated even-mode characteristic impedances for the conﬁguration #2 using the
proposed equations and two other methods
a ws/h ¼ 4, 1r ¼ 3.38
b ws/h ¼ 8, 1r ¼ 3.38
c ws/h ¼ 4, 1r ¼ 9.8
d ws/h ¼ 8, 1r ¼ 9.8
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To validate the derived equations, they were used to
calculate the even- and odd-mode impedances for a wide
range of design parameters and the results were compared
with three different methods: the available empirical
equations (for the conventional-coupled microstrip lines)
[11–14], a numerical calculation by solving a set of integral
equations for the bound charges using Galerkin’s
technique, with a piecewise constant approximation for the
charge distribution [24] and the full-wave electromagnetic
analysis using the software Ansoft HFSSv10, which is
based on the ﬁnite-element method.
Concerning the conventional-coupled microstrip lines, the
result for a practical range of values for wc=h and s1=h is
shown in Fig. 4 assuming two values for the dielectric
constant (3.38 and 9.8). The results shown in Fig. 4 reveal
the accuracy of the presented equations (5) in spite of their
simplicity compared with the empirical equations given in
[11–14]. It is to be mentioned here that those empirical
equations suffer from a high error (.20%) when they are
used for a narrow spacing (s1=h , 0:1) and a narrow strip
width (wc=h , 0:1). The equations presented in this paper
were checked for the case of extremely narrow spacing
(s1=h ’ 0:0001) and they gave accurate results when
compared with the full-wave electromagnetic solution
(,5% difference).
For the case of the coupled lines with slotted ground plane
(conﬁguration #2), there are no equations available in the
literature to compare with the presented formulae; therefore
the comparison was made with the results of the numerical
solution using Galerkin’s technique and the full-wave
electromagnetic solution using HFSS. The results shown in
Figs. 5 and 6 indicate the accuracy of the method for a
wide range of design parameters. The effect of the slotted
ground plane can be explained by comparing the results
shown in Figs. 5 and 6 with those in Fig. 4. Making a slot
in the ground plane decreases the values of the even- and
odd-mode capacitances, and hence increases the values of
the even- and odd-mode impedances. The effect of the slot
on the even-mode impedance is much greater than its
effect on the odd-mode impedance. Increasing the size of
the slot in the ground plane has a limited effect on the
odd-mode impedance, especially when wc=h , 1; compare
Figs. 5a and 5b or Figs. 5c and 5d, whereas it has a
signiﬁcant effect on the even-mode impedance; compare
Figs. 6a and 6b or Figs. 6c and 6d. Adjusting the size of
the slot enables the designer to achieve the required values
Figure 7 Comparison between the calculated odd-mode characteristic impedances for the conﬁguration #3 using the
proposed equations and two other methods
a s2/h ¼ 0.5, ws/h ¼ 4, 1r ¼ 3.38
b s2/h ¼ 1, ws/h ¼ 8, 1r ¼ 3.38
c s2/h ¼ 0.5, ws/h ¼ 4, 1r ¼ 9.8
d s2/h ¼ 1, ws/h ¼ 8, 1r ¼ 9.8
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for the even- and odd-mode impedances, and hence
accomplish the required value of the coupling factor.
The last structure under investigation is conﬁguration #3,
which is shown in Fig. 1c. The results of the calculation for
the even- and odd-mode impedances using the derived
equations are presented in Figs. 7 and 8 for a wide range of
design parameters. The values of the impedances as a result
of using Galerkin’s technique and the full-wave
electromagnetic solution are also shown in Figs. 7 and 8.
These ﬁgures depict the accuracy of the presented equations.
As can be seen from Figs. 7 and 8, the addition of a
conductor to cover most of the slot in the ground plane
decreases both the even- and odd-mode impedances.
However, the effect of the ﬂoating-potential conductor on
the odd-mode is greater than its effect on the even-mode
capacitor, especially when ws=h .. 1. The addition of the
conductor restores the value of the odd-mode impedance
obtained for the conventional microstrip lines. The values
of the odd-mode impedance for the conﬁguration #3 in
Fig. 7 are almost equal to their counterpart for the
conventional-coupled microstrip lines in Fig. 4. For
the even-mode, the added conductor decreases the
impedance only by a small value when compared with
conﬁguration #2. Hence, the even-mode impedance can
still be controlled by the width of the slot in the ground
plane (ws).
3 Design of a 3 dB coupler
As another step for the validation of the derived equations, a
3 dB directional coupler is designed assuming the three
conﬁgurations and a comparison is made with the values of
the design parameters when using the other three methods.
The designed 3 dB coupler using the derived equations in
this paper was also manufactured and tested.
Assume that it is required to design a coupler which has C
coupling factor. The even (Zoe) and odd (Zoo) mode
characteristic impedances to achieve this value of the
coupling are calculated as follows
Zoe ¼ Zo
1þ C
1 C
 0:5
; Zoo ¼ Zo
1 C
1þ C
 0:5
(15)
where Zo is the characteristic impedance of the microstrip
ports of the coupler.
Figure 8 Comparison between the calculated even-mode characteristic impedances for the conﬁguration #3 using the
proposed equations and two other methods
a s2/h ¼ 0.5, ws/h ¼ 4, 1r ¼ 3.38
b s2/h ¼ 1, ws/h ¼ 8, 1r ¼ 3.38
c s2/h ¼ 0.5, ws/h ¼ 4, 1r ¼ 9.8
d s2/h ¼ 1, ws/h ¼ 8, 1r ¼ 9.8
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If Zo¼ 50 V and the coupling factor C is 0.707 (or 3 dB)
then the values of Zoe and Zoo can be calculated from (15)
and are given as follows: Zoe ¼ 120.5 V and Zoo ¼ 20.7 V.
Using (4)–(14), it is possible to ﬁnd the required
dimension for the coupled lines of the three conﬁgurations
under investigation. The results of calculation using the
derived equations, besides the results from the empirical
equation for the conventional-coupled microstrip lines
[11–14], Galerkin’s technique and the software HFSS are
shown in Table 1. The high accuracy of the presented
equations is clear from the table, where the difference
between the calculated values when using the derived
equations compared with the full-wave electromagnetic
analysis, using the software HFSS, is ,5% for most of the
cases listed in Table 1. Concerning the conventional parallel-
coupled microstrip lines, the results listed in Table 1 reveal
that the derived equations in this paper are more accurate
compared with the empirical equations [11–14] assuming the
full-wave analysis of HFSS as a reference for the comparison.
Table 1 also shows the importance of making a slot in the
ground plane underneath the coupled lines and then adding a
ﬂoating-potential conductor to cover most of the slot. The
width of the coupled lines and the spacing between them
have been relaxed from low and impractical values in the
conventional conﬁguration to reasonable and practical
values, which can be easily manufactured, in the
conﬁguration #3.
A 3 dB directional coupler utilising the conﬁguration #3
and designed using the derived equations was manufactured
and tested. Rogers TMM10i (with 1r ¼ 9:8, h ¼ 0.635 mm,
loss tangent ¼ 0.0015) was used as a substrate. The values
of the design parameters are listed in the last row of
Table 1. Concerning the coupler’s length l, it is chosen to
be quarter of the effective wavelength at the centre
frequency of operation. Assuming that it is required to
develop a C-band (4–8 GHz) coupler, then the centre
frequency is 6 GHz. The overall dimension of the
developed coupler including the input/output ports is
20 mm  30 mm.
The performance of the developed coupler was simulated
using the full-wave electromagnetic simulator (HFSSv10)
and measured using a vector network analyzer. The
Table 1 Calculated values of the design parameters for the 3 dB coupler using the derived equations compared with other
methods
Type of the
coupled lines
Assumed parameters This paper Kirschning
and Jansen
[11, 14]
Galerkin’s
technique
HFSSv10
wc/h, s1/h wc/h, s1/h wc/h, s1/h wc/h, s1/h
#1 1r ¼ 3.38 0.87 0.00047 0.86 0.0004 0.858 0.00044 0.866 0.00045
1r ¼ 9.8 0.29 0.00432 0.31 0.004 0.288 0.0042 0.282 0.0042
#2 1r ¼ 3.38, ws/h ¼ 4 1.77 0.0012 — — 1.94 0.0014 1.76 0.00132
1r ¼ 3.38, ws/h ¼ 8 3.6 0.0016 — — 3.52 0.0014 3.53 0.00153
1r ¼ 9.8, ws/h ¼ 4 1.22 0.0224 — — 1.24 0.0204 1.26 0.02416
1r ¼ 9.8, ws/h ¼ 8 2.93 0.0305 — — 2.55 0.0281 2.92 0.02912
#3 1r ¼ 3.38, ws/h ¼ 4, S2/h ¼ 0.5 1.94 0.002 — — 1.92 0.002 1.91 0.0018
1r ¼ 3.38, ws/h ¼ 8, S2/h ¼ 1 3.7 0.015 — — 3.51 0.013 3.47 0.0143
1r ¼ 9.8, ws/h ¼ 4, S2/h ¼ 0.5 0.95 0.020 — — 0.93 0.017 0.96 0.0212
1r ¼ 9.8, ws/h ¼ 8, S2/h ¼ 1 2.3 0.142 — — 2.1 0.135 2.45 0.1503
Figure 9 Measured performance of the manufactured 3 dB
coupler designed using the derived equations
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simulated and measured return loss, coupling and isolation of
the manufactured coupler are in good agreement as shown in
Fig. 9. It is clear that the designed coupler features a 3 dB
coupling at the design frequency (6 GHz). This value of
coupling is in complete agreement with the design value
even without the need to do any further adjustment or
optimisation. It is worth to mention that Fig. 9 shows a
coupling equal to 3+ 1 dB, whereas the isolation and
return loss are better than 20 dB across the whole C-band.
4 Conclusion
Quasi-static solutions have been presented for the even- and
odd-mode impedances of the parallel-coupled microstrip
lines with different conﬁgurations. The ﬁrst set of
equations is for the conventional-coupled microstrip lines,
whereas the second and third sets are for the slotted-
ground coupled lines with or without a ﬂoating-potential
conductor at the slot in the ground plane. The solution has
been achieved using the conformal mapping technique. To
validate the accuracy of the presented equations, a
comparison has been made with the available empirical
solution (only for the conventional-coupled microstrip
lines), a numerical solution (using Galerkin’s technique)
and the full-wave electromagnetic solution using the
software HFSS. The result of the comparison has indicated
the high accuracy of the presented equations over a wide
range of design parameters. To validate the derived
equations experimentally, they are used to design a 3 dB
coupler. The result of measurements on the manufactured
coupler has conﬁrmed the precision of the presented
equations.
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ABSTRACT: A theoretical model is used to investigate effect of the taper-
ing shape on performance of the broadside-coupled directional coupler. It
is shown that the tapering shape has a signiﬁcant effect on the overall per-
formance. Concave shapes give a broader bandwidth compared with the
convex shapes. The model also shows that a proper choice of the tapering
shape can result in a signiﬁcant improvement in the performance across a
wide bandwidth. The theoretical ﬁndings of the model are supported by
simulations, and measurements. © 2009 Wiley Periodicals, Inc. Microwave
Opt Technol Lett 51: 1285–1288, 2009; Published online in Wiley Inter-
Science (www.interscience.wiley.com). DOI 10.1002/mop.24325
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1. INTRODUCTION
Directional couplers are very important passive microwave de-
vices, which are used to divide signals with appropriate phase.
They are widely used in balanced mixers, modulators, and beam
forming networks.
To build broadband directional couplers, coupled transmission
lines are usually used, such as in Lange [1] and tandem couplers
[2]. However, those conﬁgurations have some serious limitations,
such as the need for wire crossovers and narrow strips, which
create manufacturing problems. To avoid these problems, the
broadside coupling approach, which requires the use of a double-
sided substrate, was utilized [3]. The structure is formed by two
microstrip patches separated by a rectangular slot in the common
ground plane.
In the last few years, the ultra wideband (UWB) technology has
emerged as a hot research area which attracts much attention. As
a response to this new emerging technology and to avoid the
drawbacks of the previous methods in designing directional cou-
plers, a broadside- coupled structure, which utilizes elliptical
shapes for the coupled patches and slots, was proposed [4]. The
results presented in [4] indicate a UWB performance. However,
details of the design procedure does not show why the elliptical
shape was speciﬁcally chosen and whether or not other shapes can
achieve similar, or even better, performance.
In this article, a theoretical investigation is introduced to show
effect of different tapering shapes on performance of the broad-
side-coupled directional coupler. To accurately model the utilized
structure, the partial reﬂection theory presented in details in [5–8]
and the conformal mapping approach [9] are used.
2. MODEL
Conﬁguration of the utilized structure of the multilayer broadside-
coupled directional coupler is shown in Figure 1. The device
consists of three conductive layers interleaved by two dielectrics.
The top conductive layer includes the input port (Port 1) and the
direct output port (Port 2). The bottom conductive layer is similar
to the top layer but the ports are the coupled output port (Port 3)
and the isolated port (Port 4), which has no output power, and thus
it is connected to a matched load. The two layers are coupled via
a slot made in the mid layer, which forms the ground plane.
To analyze the structure shown in Figure 1, the theory pre-
sented in [5–8] is utilized. This theory suggests that the incident
signal is partially reﬂected at every strip of any tapered transmis-
sion line because of the mismatch between the consecutive strips.
The total reﬂection coefﬁcient at the input port can then be found
by summing differential contributions of the reﬂection coefﬁcient
from each strip in proper phase. To get accurate results, that theory
suggests that the strip size should be very small compared with the
wavelength.
Referring to Figure 1(b) and assuming that the even-mode imped-
ance at position x is Ze and at position (x  dx) is (Ze  dZe), the
differential reﬂection coefﬁcient due to a strip of width dx is given by
[5–8];
Figure 1 (a) Conﬁguration of the multilayer broadside-coupled direc-
tional coupler, and (b) the parameters used in the model. [Color ﬁgure can
be viewed in the online issue, which is available at www.interscience.
wiley.com]
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dS11e  e2j xl/ 2
Ze  dZe Ze
Ze dZe Ze
 e2j xl/ 2
dZe
2Ze
 0.5e2j xl/ 2
d
dxln Zedx (1)
where  is the even-mode phase constant, and l is length of the
tapered structure. Assuming that the substrate supporting the struc-
ture has a dielectric constant equal to r and the wavelength of
operation is  then the approximate value for  for the structure
under consideration is equal to;
 
2r

(2)
Using the integration to add up all the partial reﬂections across the
coupled structure, the total even-mode reﬂection at the input port
(S11e) is equal to;
S11e  0.5ejl
0
l
e2jx
d
dxln Zedx (3)
According to the theory of backward quadrature couplers [8], if the
input/output ports are perfectly matched, the coupled signal to Port 3
(S31) is equal to S11e. Equation (3) can be arranged in the following
form after introducing the intermediate parameter v  x l/2;
ejlS31 ejlS1e 


e2jvdln Ze2dv dv (4)
Knowing that the integration is zero outside the range v [le] l/2.
This equation represents the Fourier transform of the function d(ln
Ze)/(2dv) between the domains v and 2. Taking the inverse
Fourier transform of (4) results in;
dln Ze2dv 


e2jvejlS31d2 (5)
If it is required to achieve C coupling between the input port and
the coupled port [Port 3 in Fig. 1(a)], then S31 across the desired
band can be written as [8];
S31 Cej/ 2l  (6)
where a quadrature coupler is assumed here. Substituting from Eq.
(6) in Eq. (5) and rearranging;
Zex Zoe	 (7)
	 
2C
 
l/ 2
xl/ 2sin22v
v
dv (8)
For the broadside-coupled structure shown in Figure 1, the even-
mode impedance at any x within the range x [le] l/2 can be
calculated using the conformal mapping [4, 9] after utilizing the
quasi-static approximation;
Zex
60
re
Kk1
Kk1
(9)
k1
sinhf1x/4h
sinh2f1x/4h cosh2f2x/4h (10)
where h is thickness of the substrate, K (k1) is the elliptical integral
function and Kk1  K1 k12, f1(x) represents tapering of
the coupled patch, and f2(x) represents tapering of the slot.
This work is aimed to investigate effect of the tapering func-
tions f1(x) and f2(x) on performance of the directional coupler and
to ﬁnd the optimum functions that achieve the required coupling
factor across the ultra wideband (3.1 to 10.6 GHz) with a minimum
deviation. To this end and in order to take most of the possible
conﬁgurations, a general exponential equation is used to model the
structure. The following parameters, which are shown in Figure 1,
are used in the model: width of the input/output ports (wf), which
is chosen to give 50 	 characteristic impedance for those ports,
length of the coupled structure (l), maximum width of the coupled
patches at the top and bottom layer (wc), and maximum width of
the slot at the mid layer (ws). In order to comply with the boundary
conditions of the structure shown in Figure 1(b), the model for
tapering of the coupled patches and slot is;
f1 x   wc  wf2enl/ 2  1enx  1 wf/2 (11)
f2 x   ws  wf2enl/ 2  1enx  1 wf/2 (12)
The parameter n is used to change shape of the tapering as shown
in Figure 2. Positive values for n result in a convex shape, whereas
negative values refer to a concave structure. When n  0, the
structure has a triangular shape, while when n  , it has a
rectangular shape.
Equations (11) and (12) are used to model the structure for 0 [le]
x [le] l/2, while, for l/2 [le] x [le] l, the structure is its image assuming
Figure 2 The tapering shape at different values of the parameter n.
[Color ﬁgure can be viewed in the online issue, which is available at
www.interscience.wiley.com]
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a symmetrical conﬁguration around x  l/2. It is worthwhile to
mention hare that the same model, i.e., same value for n, is used for
the coupled patch and the slot to make the calculation easier.
The procedure adopted in this paper to investigate effect of the
tapering shape on performance of the UWB broadside-coupled
directional coupler is as follows knowing that length of the coupler
is chosen to be a quarter of the effective wavelength at the centre
frequency, although it is possible to use larger values, to achieve a
compact size.
1. For a certain value of the coupling C and frequency, Eqs. (7)
and (8) are used to ﬁnd variation of the even-mode impedance with
x across the range 0 [le] x [le] l/2. Variation of the even-mode
impedance across the range l/2 [le] x [le] l is exactly the image of
the values across the range 0 [le] x [le] l/2. In this step, Eq. (8)
needs to be solved numerically as it has no closed form solution.
2. For a certain value of n, Eqs. (11) and (12) are used to
calculate variation of the functions f1(x) and f2(x) with x.
3. The results of step 2 are used in Eqs. (9) and (10) to ﬁnd the
set of values of wc and ws that gives the least difference between
the achieved values of the even-mode impedance in this step and
the required values from Step 1.
4. The optimum set of values of wc and ws for each n is then
used to calculate the coupled output S31 from Eq. (4).
5. Steps 2–4 are repeated for another value of n.
6. Steps 1–5 are repeated for another frequency.
3. RESULTS AND DISCUSSION
The coupled output was calculated for wide values of n assuming C
3 dB and a bandwidth from 3.1 GHz to 10.6 GHz. The calculated
results for speciﬁc values of n are shown in Figure 3. The substrate
considered in the calculations was Rogers RT6010 with r  10.2,
h  0.64 mm. The results in Figure 3 include one positive value for
n to show the inferior performance of the convex shapes, n  0 to
show the case of triangular shape, several negative values to show
their broadband performance, and n  to show the case of a
rectangular shape. The calculations also revealed that the best perfor-
mance can be achieved at n  0.9 as shown in Figure 3. It is to be
noted that the structure with n0.9, which is shown in Figure 2(c),
is very close to the elliptical shape. This explains the broadband
performance of the elliptical structure used in [4]. Referring to Figure
3, it is also obvious that the tapered concave shapes with2 [le] n [le]
0 gives a better performance compared with the rectangular shape
used in some published papers, such as in [3], while the convex shape,
i.e., n is positive, has the worst performance.
The software CST Microwave Studio was then used to make
sure of accuracy of the theoretical modeling proposed in this paper
assuming the same substrate, frequency range, and coupling. To
increase the degree of freedom in the design, the structure was also
analyzed when a different value of n and a different length l are
used for the coupled patches and the slot. It was found that the
optimum structure has the same value of n for both the coupled
patches and the slot and it is 0.98, which is very close to the
0.9 value obtained via the theoretical model. This proves the
reasonable accuracy of the presented approach. Concerning the
other design parameters, the optimized values are: l (for the cou-
pled patches) 4.86 mm, l (for the slot) 5.3 mm, wc  3.3 mm,
ws  8.6 mm, wf  0.67 mm. A prototype with the optimized
parameters was manufactured and tested to validate the outcome of
the analysis and simulations. The result of measurements concern-
ing amplitude of the S parameters is shown in Figure 4 alongside
the simulated result, while the phase performance is shown in
Figure 5. These results show a 3 dB quadrature and UWB perfor-
mance, indicate a good agreement between the simulated and
measured values. The simulated and measured coupled power in
Figure 4 conﬁrms the theoretical model when compared with the
general variation of the coupled power for n  0.9 in Figure 3.
In Figure 4, performance of the optimized exponentially ta-
pered structure is also compared with that of the elliptical shape
adopted in [4]. It is clear that the exponential structure achieves a
better performance concerning the coupled and direct output at the
lower end of the frequency band, while the elliptical shape has a
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better performance at the rest of the UWB. Concerning the return
loss and isolation, the elliptical shape has a better performance
across most of the UWB.
4. CONCLUSION
In this article, a theoretical model has been used to study effect of
the tapering shape on performance of the broadside-coupled direc-
tional coupler across the ultra wideband range. Simulations and
measurements have been used to verify the ﬁndings of the model.
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ABSTRACT: Effect of thickness of the conductive coating on perfor-
mance of the microstrip reﬂectarray is investigated. The unit cell used
in this article is in the form of a cross shaped ring. Dimensions of the
utilized cell are chosen such that it resonates at the X-band. The simu-
lated and measured results show that increasing thickness of the con-
ductive layer decreases the losses signiﬁcantly, reduces the phase slope
and shifts the resonant frequency to a higher value, while it has a negli-
gible effect on the phase range. © 2009 Wiley Periodicals, Inc.
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1. INTRODUCTION
The microstrip reﬂectarray is a high gain antenna which consists of
a combination of a ﬂat reﬂector and a planar phased microstrip
array. It uses a suitable phasing scheme to convert a spherical wave
produced by its feed into a plane wave, and thus it can be used as
an alternative to parabolic reﬂectors [1, 2].
Despite the considerable development in the design of different
conﬁgurations of the microstrip reﬂectarray, it still suffers from a
signiﬁcant deterioration in its efﬁciency due to the combined effect
of dielectric loss, conductor loss and surface wave excitation [3, 4].
It has been shown that the dielectric loss and the conductor loss are
much more signiﬁcant than the losses due to the surface wave
excitation [3]. In a recent work [5], it has been shown by simula-
tions and measurements that the dielectric loss is inversely pro-
portional with thickness of the substrate.
In this article, effect of the conductive coating thickness on the
total losses, and hence on performance of the microstrip reﬂectar-
ray is investigated. A single-layer cross shaped ring presented in
[6] is used as a reﬂectarray element for the undertaken investiga-
tion. The cross shaped ring has a broad bandwidth compared with
other shapes, such as the printed dipoles or patches, and it is easy
to manufacture compared with the stacked elements [6]. In the
presented investigations, it is shown that thickness of the conduc-
tive coating is an important parameter to be considered when
trying to maximize the efﬁciency of the microstrip reﬂectarray.
2. RESULTS AND DISCUSSION
In the undertaken investigations, the cross shaped ring shown in
Figure 1 is utilized [6]. It was designed to operate in the X-band
with the centre frequency of 10 GHz. The waveguide model was
used to calculate effect of the conductive layer thickness on
performance of the unit cell element. Dimensions of the cross
shaped ring used in the investigation are; L1  7.5 mm, L2  1.3
mm, W  0.2 mm. To compare the simulated and measured
results, size of the unit cell was chosen to be equal to dimensions
of the standard X-band rectangular waveguide used in the mea-
surements, which is 22 
11 mm2. The substrate used to support
the cross element is Rogers RT5880 with r  2.2, dielectric loss
tangent  0.0009, and thickness  3.175 mm. Several values for
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3. EXPERIMENTAL RESULTS
The ﬁlter is machined using LPKF printed circuit board proto-
typing machine. Figure 5 shows the photograph of the experi-
mental broadband ﬁlter. Figure 6 compares the experimental
results of designed ﬁlter against the full wave simulation results.
Comparison shows a good agreement between them conﬁrming
the expected broadband and suppressed second harmonic fea-
tures. Frequency band of the ﬁlter is 3.1 to 6.75 GHz. Maximum
insertion loss of the ﬁlter is 0.4 dB, and return loss is better
than 13 dB. Stop band rejection is better than 25 dB over 7.5
GHz to 12 GHz while the second harmonic (9.9 GHz) of the ﬁl-
ter has been suppressed to a level of 30 dB. Filter is compact
and size is 12  15  0.78 mm3.
4. CONCLUSION
Using a quarter wave coupled microstrip resonator in a defected
ground conﬁguration, a broadband ﬁlter from 3.1–6.8 GHz was
designed and analyzed. Filter used a short circuited quarter wave
resonator for second harmonic suppression. The ﬁlter exhibited
0.4 dB insertion loss and 13 dB return loss over the pass band.
The results of analysis were conﬁrmed through experiment. Over-
all dimensions of the ﬁlter are 12  15  0.78 mm3.
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ABSTRACT: A vialess vertical microstrip-to-coplanar waveguide
(CPW) transition that covers a multioctave bandwidth is proposed. The
proposed transition utilizes the magnetic coupling in a pair of
mcirostrip-to-slotline transitions derived from the microstrip/CPW
structure. The presented device is designed following simple design
guidelines. The simulated and measured results show that the proposed
transition can achieve a six-octave bandwidth. VC 2010 Wiley
Periodicals, Inc. Microwave Opt Technol Lett 53:187–189, 2011; View
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1. INTRODUCTION
As microwave circuits become more compact, new techniques
for integration are being utilized. In the modern multilayer tech-
nology, the third dimension is utilized for vertical integration to
reduce total space and cost. Vertical transitions are thus crucial
in the design of multilayer circuits.
Microwave circuits are usually based on planar technologies,
such as microstrips and/or coplanar waveguides (CPW), as they
provide a compact, lightweight, and low-loss transmission me-
dium. Concerning the multilayer integrated circuits, they require
a ﬂexibility to use both microstrip and CPW circuit technologies
[1]. Therefore, vertical transitions between microstrip and CPW
lines located at different layers are a must to accomplish the
much needed ﬂexibility in the design of multilayer circuits. In
addition to that, vertical transitions can be used to develop new
devices and/or to improve the performance of some of the exist-
ing devices [2, 3].
Microstrip-to-CPW vertical transitions are usually designed
using either aperture-coupled structures or via-holes. Concerning
the via-hole transitions, it was revealed that as the operating fre-
quency increases, the performance of the via-holes is degraded
[4]. In addition, their fabrication process is usually difﬁcult and
costly as sophisticated tools are needed to minimize their addi-
tional losses [5, 6]. To overcome the shortcomings of the via-
holes, aperture-coupled vertical transitions can be used [7, 8].
However, the relatively high insertion loss due to the use of
compact aperture-coupled transitions in broadband applications,
such as the ultra-wideband technology (3.1–10.6 GHz), is still a
problem which needs to be solved.
In this article, a microstrip-to-CPW vertical transition is
designed by utilizing the magnetic coupling between two 100-X
slotlines derived from the 50-X CPW at the bottom layer and
two 100-X mictrostrip lines formed by splitting the 50-X micro-
strip at the top layer. The design is accomplished following sim-
ple design guidelines. The success of the proposed transition is
demonstrated via simulations and measurements.
2. DESIGN
The conﬁguration of the proposed vertical transition is shown in
Figure 1. In this conﬁguration, the microstrip feeder is assumed to
be at the top layer, while the CPW is located at the bottom layer.
The 50-X microstrip line is divided into two similar sections
each having an impedance of 100 X, see Figure 1(a). Similarly,
the central strip of the CPW at the bottom layer is increased in
width so that it forms two slotlines extending in different direc-
tions as depicted in Figure 1(b). Thus, the microstrip-to-CPW
transition is transformed into a pair of microstrip-to-slotline
transitions. In each pair, the microstrip and slotline extend nor-
mally beyond each other by a distance of k/4, where k is the
effective wavelength calculated at the center of the frequency
band. This conﬁguration can be considered a magnetic-coupled
structure. A signal ﬂowing into each of the microstrip lines proj-
ects a strong magnetic ﬁeld through one of the slotline opening
at the other side of the substrate, and thus, it enables the normal
slotline propagating mode. Therefore, the signal is efﬁciently
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launched down the two slotlines and eventually via the CPW
output.
The strong coupling between each pair of the microstrip and
slotlines depicted in Figure 1(c) can be modeled by a trans-
former with 1:1 turns ratio connecting the two lines. With this
modeling, it becomes clear that to have full matching between
the 100-X microstrip at one side of the transformer and the slot-
line at the other side, the slotline should also have 100-X imped-
ance. The slotline dimension to achieve this value can be calcu-
lated using, for example, the closed form solution [9].
To efﬁciently couple a signal from the microstrip to the slot-
line across a wide bandwidth, the end of the slotline needs to be
compensated with an inductive element, whereas the microstrip
needs to be compensated with a capacitive element [2]. The in-
ductive element is chosen in the form of a circular slot, whereas
the capacitive element is in the form of a circular disc [2]. The
exact location of those elements is shown in Figure 1(c). The
guidelines presented in Ref. 10 can be utilized to ﬁnd the initial
values for the radius of the microstrip circle (rm) and slot circle
(rs). For the transition presented in this article, there is another
factor to be considered; the summation of the diameter of each
of the circles and the extension of the lines beyond each other
should equal k/4 as indicated in Figure 1(c).
It is to be noted that the presented design procedure results
in a transition having one transmission pole. To increase the
bandwidth, each pair of the circular slots (at the bottom layer)
and circular discs (at the top layer) is overlapped in the manner
shown in Figure 1(c). This topography adds another transmission
pole due to the additional broadside-coupled microstrip–slotline.
A parametric analysis can be utilized to ﬁnd the optimum value
of overlapping to achieve the required bandwidth.
3. RESULTS AND DISCUSSION
The validity of the presented design method was tested by build-
ing a transition aimed to operate across the band (2–12 GHz).
Rogers RT6010 (with er ¼ 10.2, h ¼ 0.635 mm, and loss tan-
gent ¼ 0.0023) was used for the development. Using the pro-
posed design procedure and with the help of the parametric and
optimization capabilities of the software CST Microwave Studio,
the dimensions of the transition were found to be; rm ¼ 1.3
mm, rs ¼ 2 mm, s ¼ 0.3 mm, and wm ¼ 0.6 mm. For the CPW,
width of the central conductor is 0.6 mm. The manufactured
transition has an overall dimension of 10  8 mm2 excluding
the input/output ports. The device was tested via simulation and
measurement. Subminiature A connectors were used to connect
the manufactured device to the measuring tool.
Figure 2 shows the simulated and measured performance of
the designed transition. It is clear from Figure 2 that the simu-
lated and measured results are in good agreement. The presented
results reveal that the proposed transition covers the band 1.5–
12 GHz assuming the 3-dB insertion loss as a reference. Con-
cerning the return loss at the input/output ports of the transi-
tions, the results in Figure 2 reveal that the return loss at the
two ports is more than 20 dB according to the simulations and
more than 18 dB according to the measurements across most of
the band under investigation. Regarding the insertion loss, it is
around 0.1 dB in the simulations and less than 0.4 dB according
to the measured results across the band 2.5–11 GHz.
Figure 1 Conﬁguration of the proposed transition. (a) Top layer, (b)
bottom layer, and (c) the whole conﬁguration. [Color ﬁgure can be
viewed in the online issue, which is available at wileyonlinelibrary.com]
Figure 2 The simulated and measured performance of the transition.
[Color ﬁgure can be viewed in the online issue, which is available at
wileyonlinelibrary.com]
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The transition is usually required to have a ﬂat group delay,
especially when used in impulse radio systems to minimize the
overall system’s distortion. Concerning the proposed transition,
Figure 2 shows that it has an almost ﬂat group delay with less
than 0.15 ns peak-to-peak variation in the group delay across
the investigated band.
Finally, the results shown in Figure 2 resembles bandpass ﬁl-
ter (BPF). Thus, the proposed transition can be easily utilized to
form, for example, ultra-wideband BPF (3.1–GHz) by adjusting
values of the design parameters.
4. CONCLUSIONS
Vertical microstrip-to-CPW transition has been presented. The
required performance is achieved by transforming the microstrip/
CPW structure into a pair of microstrip-to-slotline transitions, which
are magnetically coupled. Simple design guidelines are used to design
the transition. The simulated and measured results of the proposed
transition have shown a bandwidth that extends from 1.5 to 12 GHz.
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ABSTRACT: In this study, a new hybrid method is proposed to the
analysis of waveguide structures loaded with arbitrary conﬁguration of
axially symmetrical posts. The method is based on a combination of
ﬁnite difference frequency domain method, mode-matching technique,
and an analytical iterative scattering procedure. The results concerning
the accuracy of the proposed technique are discussed. The validity of
the proposed approach is veriﬁed with the analytical mode-matching
method, own measurements, commercial software, and the results
published in literature. VC 2010 Wiley Periodicals, Inc. Microwave Opt
Technol Lett 53:189–194, 2011; View this article online at
wileyonlinelibrary.com. DOI 10.1002/mop.25644
Key words: hybrid method; FDFD; mode-matching; axially
symmetrical
1. INTRODUCTION
The rapid expansion of wireless communication systems has sig-
niﬁcantly increased the demands for fast and accurate full-wave
analysis techniques of microwave components of these systems.
The commonly utilized group of such components are wave-
guide structures, i.e., combline ﬁlters [1], resonators [2], multi-
plexers, and power dividers [3], where cylindrical dielectric or
metallic posts are used to obtain desired scattering parameters.
The axial symmetry of these objects allows one to limit the
analysis to two-dimensional domain corresponding to an angular
cross-section of the full three-dimensional object. One of the
most efﬁcient and precise analysis techniques of aforementioned
structures are the analytical methods, e.g., mode-matching (MM)
method [4, 5] or integral equation method [1, 6]. The disadvant-
age of these approaches is the lack of versatility because they
are only applicable to a few regularly shaped waveguide discon-
tinuities. Moreover, the change of the shape beyond the estab-
lished geometry causes the necessity of a new formulation of
the problem. When the axially symmetrical objects with more
general shape are taken into account, the more powerful are 2.5-
dimensional discrete techniques, e.g., ﬁnite difference time do-
main method (FDTD) [7] or ﬁnite element method [8]. How-
ever, in the analysis of multiple post complex structures, the
analysis using discrete techniques can be inefﬁcient because of
the high mesh density involved for accurate results. In this case,
the more suitable techniques are hybrid methods [9, 10]. In
aforementioned methods, the discrete techniques such as ﬁnite
element method or FDTD method are used only in limited
region surrounding the analyzed structure. In the outer region,
the ﬁelds are combined with analytical solution of the problem
using, e.g., integral equation technique. As a result, the hybrid
techniques allows one to achieve higher ﬂexibility, increase the
accuracy, and reduce the numerical complexity of the analysis.
In this study, we propose a new hybrid method, which com-
bines the ﬁnite difference frequency domain (FDFD) method
with the analytical MM technique. The presented approach
allows one to analyze scattering from arbitrary set of cylindrical
objects, which can be located in free space or in waveguide
junctions. In our approach, each single object is considered sep-
arately in its local coordinate system. The proposed hybrid tech-
nique is used to determine the impedance matrix, which deﬁnes
a relation between electric and magnetic tangential ﬁeld compo-
nents on the artiﬁcial cylindrical surface surrounding analyzed
object. Because the impedance matrix of each scatterer is
known, the analytical iterative scattering procedure can be
applied to determine the scattering parameters of arbitrary con-
ﬁguration of objects [5, 11]. Presented analysis is an extension
of our work presented in Refs. 12–14, where the cylindrical
objects with arbitrary cross-section were analyzed. In this study,
the method is modiﬁed to the analysis of objects with axial sym-
metry. To check the validity of the proposed approach, the
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Closed-form design method for tight
parallel-coupled microstrip coupler with
ultra-wideband performance and practical
dimensions
A.M. Abbosh
A closed-form method for designing a microstrip coupler that has a
simple planar structure, tight coupling, practical dimensions, and
ultra-wideband performance is presented. According to the proposed
method, the coupled microstrip structure is divided into three sections.
A theoretical model based on the even-odd mode analysis of four-port
networks is derived and used to ﬁnd the optimum length and coupling
factor for each of those sections to get an ultra-wideband performance.
According to the model, the central section is designed to have a tight
coupling by utilising a slotted ground plane and one lumped capacitor,
whereas the two side sections have loose coupling. The presented
method is validated by building a compact 3 dB coupler that has
more than 116% fractional bandwidth.
Introduction: Tight microstrip couplers are key elements in many cir-
cuits, such as balanced mixers, ampliﬁers, and beamforming networks
of antenna arrays. The parallel-coupled microstrip lines can easily
provide loose coupling between 10 and 20 dB [1]. However, the conven-
tional structure of parallel-coupled microstrip couplers cannot be used to
achieve a tight coupling, such as 3 dB, owing to the need for an imprac-
tically narrow spacing between the two coupled lines [2].
Several methods have been proposed to enhance the coupling of par-
allel-coupled lines across a wideband [2–6]. A slotted ground plane is
used in [2, 4] underneath the coupled lines to ease the narrow gap
requirement and to realise up to 70% fractional bandwidth. In [3], a
cavity under the coupled lines is used to enhance the inductive coupling,
and thus, to obtain a tight coupling across a band from 1 to 3 GHz.
However, the requirement for a bulk cavity underneath the coupled
structure complicates the design. In another approach [5], more than
70 short sections of coupled coplanar waveguides are connected
together and overlaid with dielectric and conductive layers that are sup-
ported by air-bridges. Although the design is able to achieve 3+ 1 dB
coupling over 70% fractional bandwidth, the utilised structure is too
complicated. In [6], vertical metallic plates are connected with paral-
lel-coupled microstrip lines. A material with high dielectric constant is
inserted between the two vertical plates to enhance the odd-mode capaci-
tor of the structure. The measured performance of the proposed structure
shows around 65% fractional bandwidth. The main drawback of the
utilised design is its three-dimensional conﬁguration.
In this Letter, a method that enables the building of tight parallel-
coupled microstrip couplers with practical dimensions, ultra-wideband
(UWB) performance, and a simple planar structure is proposed.
According to the presented method, the coupled structure is divided
into three short sections. A theoretical model is used to ﬁnd the
optimum values of the length and the coupling factor for each of
those sections so that an ultra-wideband performance can be realised
using a compact and easy-to-manufacture planar structure.
Theory and design: In the proposed method, which can be applied to
any coupled conﬁguration, the coupled structure is divided into three
sections. For a symmetrical conﬁguration, the two side sections have
the same coupling factor (k1) and length (l1), whereas the central
section has a coupling factor of k2 and length l2. Using the even-odd
mode analysis approach for four-port devices [1], it is possible to
show that the normalised direct (S21) and coupled (S31) output powers
of the three-section coupled structure are given as
S21 = b
2
1b2
(1− a1a2)2 − a21b22
(1)
S31 = a1 + b
2
1[a2(1− a1a2) + a1b22]
(1− a1a2)2 − a21b22
(2)
ai = jkisin(2pli/le)NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
1− k2i cos(2pli/le) + jsin(2pli/le)
√ (3)
bi =
NameMeNameMeNameMeNameMeNameMeNameMeNameMe
1− k2i
√
NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
1− k2i cos(2pli/le) + jsin(2pli/le)
√ (4)
ki and li are the coupling factor and the length, respectively, for the ith
coupled section, and le is the effective wavelength.
The iterative solution of (1)–(4) shows that it is possible to obtain a
3+ 1 dB overall coupling across the band from 3.1 to 10.6 GHz
when the length and the coupling factor are: l1 ¼ 0.08lec, k1 ¼ 0.4
for the two side sections, and l2 ¼ 0.15lec, k2 ¼ 0.79 for the central
section. lec is the effective wavelength calculated at the centre frequency
of operation, which is equal to 6.85 GHz for the UWB (3.1 to 10.6 GHz)
operation. The overall length of the coupled structure is equal to 0.31
lec.
It is easy to achieve the required loose coupling of 0.4 (equivalent to
28 dB) at the two side sections using the conventional parallel-coupled
microstrip lines. However, the tight coupling of 0.79 (equivalent to
22 dB) at the central section cannot be realised across an UWB using
the conventional structure. Thus, two techniques are employed:
a slotted ground plane is used underneath the central section in order
to decrease the even-mode capacitor, and thus, to increase the even-
mode impedance [2, 4], and a lumped capacitor is connected between
the two coupled lines at the centre of that section to increase its odd-
mode capacitor, and thus, to decrease its odd-mode impedance [5, 6].
The proposed method is implemented using parallel-coupled microstrip
lines in the manner shown in Fig. 1. The coupled lines and the lumped
capacitor are at the top side, whereas the slotted ground is at the bottom
side.
Fig. 1 Proposed parallel-coupled microstrip coupler
Fig. 2 Equivalent capacitors of central section
One of the main differences between the design technique proposed in
this Letter and other methods [2–6] is that it is required here to obtain a
tight coupling at a short (≪ lec/4) coupled section, which can be
implemented easily without complicating the structure. In the other
methods, the tight coupling is to be achieved across the whole structure
resulting in complicated conﬁgurations [3, 5, 6] or limited bandwidths
[2, 4].
To ease the manufacturing requirements of the coupler using the
printed circuit board technology, the spacing s between the coupled
lines is set at 0.15 mm. With this value of s and for a certain substrate,
the width of the side sections (w1) to achieve the required coupling of 0.4
are found using the equations presented in [2]. Concerning the central
section, the analysis for parallel-coupled lines with slotted ground [2]
is employed after including the effect of the additional lumped capacitor.
To that end, the cross-sectional view of the central section shown in
Fig. 2 is used to ﬁnd the equivalent even- (Ce) and odd-mode (Co)
capacitors. For the even-mode, the line of symmetry shown in Fig. 2
behaves as a magnetic wall (H-wall), whereas it behaves as an electric
wall (E-wall) in the odd-mode. The even- and odd-mode capacitors
are, thus, equal to
Ce = CG ; Co = CG + 2Ca + 2Cd + 2Cx (5)
CG: the capacitor per unit length between each of the coupled lines and
the ground, Ca and Cd: the mutual capacitor between the two coupled
lines in free space and dielectric, respectively, and Cx: the added
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capacitor per unit length of the central section. The effect of the fringe
capacitors are neglected owing to their relatively small values.
The impedance at, say the ith mode, (Zoi) can be calculated from the
ith mode capacitor (Ci) [1]
Zoi = 1/ c
NameMeNameMeNameMeNameMeNameMeNameMe
CiaCi
√( )
(6)
Cia: the ith mode capacitor after replacing the substrate with air, and c:
the speed of light in free space.
Using the well-known equations that relate the coupling factor with
the mode impedances [1], it is possible to show that the even- and
odd-mode impedances of the central section should equal to 17.1 and
146 V, respectively, so that the coupling of this section is 0.79. Using
these values for the mode impedances, the dimensions of the central
section can be found from (5), (6) and the relation between the capaci-
tors (CG, Ca, Cd) and the lines’ dimensions as derived in [2].
Results and discussion: To test the accuracy of the proposed design
method, a 3 dB directional coupler was designed and fabricated using
the substrate RT6010 (dielectric constant ¼ 10.2, thickness ¼
0.635 mm). According to the presented design method and with the
help of the optimisation capability of the software CST Microwave
Studio, the following design values were obtained assuming that s is
ﬁxed at 0.15 mm: w1 ¼ w2 ¼ 0.55 mm, l1 ¼ 1.3 mm, l2 ¼ 2.2 mm,
Cx ¼ 0.22 pF/mm, and width of the ground slot ¼ 5.1 mm.
Practically, the value of the utilised lumped capacitor, which is a broad-
band microwave chip capacitor, equals to Cxl2 ¼ 0.5 pF. As shown in
Fig. 1, a tapered microstrip is used to connect the coupled structure
with the input/output ports. The overall dimensions of the developed
coupler is 2 × 2 cm.
The performance of the designed device was veriﬁed via simulations
(CST Microwave Studio) and measurements. According to the results
depicted in Fig. 3, the value of the coupling factor is 3 dB +1 dB
across the band from 3.1 to 13.1 GHz in the simulations and from 3.3
to 12.5 GHz in the measured results. Thus, the achieved fractional band-
width is more than 116%. As revealed in Fig. 3, the return loss at any of
the ports (due to symmetry, the ports have the same return loss perform-
ance) and the isolation between the two output ports are better than
20 dB in the simulated results and 17 dB in the measured results
across the whole investigated band from 2 to 14 GHz. Concerning
phase performance, the designed coupler is quadrature as the measured
phase difference between the two output ports is 908+ 38 across the
band from 2 to 14 GHz as indicated in Fig. 3. The simulated and
measured performances of the coupler agree well with each other as
shown in Fig. 3. The slight difference, especially at the upper end of
the investigated band, is thought to be due to the utilised lumped capaci-
tor, which is not expected to have the same value across the whole band.
Fig. 3 Performance of coupler
Conclusion: A closed-form design procedure for microstrip couplers
that have tight coupling, practical dimensions, simple planar structure,
and ultra-wideband performance is presented. According to the pro-
posed method, the coupled structure is divided into three sections. A
theoretical model to ﬁnd the optimum values for the length and coupling
factor for each of those sections has been derived. The simulated and
measured results for a 3 dB coupler designed using the proposed
method prove its validity.
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Figure 10 shows the radiation patterns of manufactured
antennas. The measured results conﬁrm that backside radiation
level of the proposed antenna maintains a value of 16 dBi.
Therefore, the proposed antenna has a front to back ratio of 21
dB. The proposed antenna maintains the directional radiation
property, which is the main advantage for a patch antenna.
Figure 11 shows the gain of both the original antenna and
the SRR-loaded antenna. According to the results, the designed
antenna achieves a maximum gain of 4.84 dBi which is about
0.2 dBi below that of the original antenna.
4. CONCLUSIONS
This article proposes the design of a compact microstrip patch
antenna. To achieve size reduction, a modiﬁed substrate with
SRR (split-ring resonators) structures is utilized. The resonant
frequency of the fabricated SRR-loaded patch antenna shifts
from 6.6 GHz (i.e., the resonant frequency of the original patch
antenna) to 4.67 GHz, achieving a 29.3% antenna size reduction.
The gain of the proposed antenna reaches 4.84 dBi. Moreover,
the directional radiation property of a patch antenna maintains.
These properties make the proposed design useful for various
applications.
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ABSTRACT: A closed-form method to design microstrip couplers that
have tight coupling, practical dimensions, simple structure, and
broadband performance is presented. The method is based on the
quasi-static even-odd mode approach. According to the proposed
method, three-lumped capacitor connected at the center of the coupled
structure are used to relax the requirement on the gap width between
the coupled lines. The simulated and measured results of 3 dB couplers
designed using the proposed method conﬁrm its validity.VC 2011 Wiley
Periodicals, Inc. Microwave Opt Technol Lett 53:2790–2794, 2011; View
this article online at wileyonlinelibrary.com. DOI 10.1002/mop.26395
Key words: directional coupler; coupled transmission lines; tight
coupler; planar transmission lines
1. INTRODUCTION
Tight couplers play a key role in many circuits, such as bal-
anced mixers, ampliﬁers, and beamforming networks of antenna
arrays. The branch-line and rat-race couplers are among the pop-
ular tight couplers; however, they are inherently narrowband
devices [1]. An increased bandwidth can be achieved by using
tandem couplers [1], but this approach requires more space. The
use of multilayer technology is an alternative method to the
design of tight couplers with broadband performance and com-
pact size [2, 3]. Though, the input/output ports are located on
different planes, and this may cause manufacturing problems
when integrating with other components of a system.
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The parallel-coupled microstrip lines can easily provide loose
coupling in the range from 10 to 40 dB and reasonable directiv-
ity, especially if the compensation techniques are used [4–10].
However, the conventional parallel-coupled microstrip couplers
cannot be used to achieve a tight coupling, such as 3 dB, due to
the need for an impractically narrow spacing between the two-
coupled lines [11].
Several methods have been proposed to enhance the coupling
of parallel-coupled lines [12–16]. In Refs. 12–14, different
shapes of slotted ground planes are used underneath the coupled
lines to ease the narrow gap requirement. However, these struc-
tures impose limitations on the packaging and integration of the
coupler with other devices since a reasonable space is required
underneath the slotted ground plane to avoid any disturbance to
its performance. In another approach [15], more than seventy
short sections of coupled coplanar waveguides are connected to-
gether and overlaid with dielectric and conductive layers that
are supported by air-bridges [15]. The design is able to achieve
3 dB 6 1 dB coupling over 70% fractional bandwidth. How-
ever, the utilized structure is complicated. In Ref. 16, vertical
metallic plates are connected with the parallel-coupled micro-
strip lines. A high dielectric constant material is inserted
between the two vertical plates to enhance the odd-mode capaci-
tor of the structure. The measured performance of the proposed
structure shows around 65% fractional bandwidth. The main
drawback of the utilized design is its three-dimensional
conﬁguration.
In this article, a closed-form method is presented to enable
building tight parallel-coupled microstrip couplers with a practi-
cal spacing between the coupled lines and simple structure. The
presented method is based on the quasi-static even-odd mode
technique. To relax the requirement on the dimensions of the
coupled structure, three-lumped capacitor are connected sym-
metrically between the coupled lines. A complete design proce-
dure is presented and validated by building two 3 dB couplers
using two different substrates.
2. THEORY AND DESIGN
The parallel-coupled microstrip coupler (Fig. 1) can be analyzed
using the quasi-static even-odd mode approach. Under this
approach, the even- (Zoe) and odd-mode (Zoo) impedances of the
lines can be deﬁned using, respectively, the even- (Ce) and odd-
mode (Co) capacitances per unit length according to the follow-
ing equations [1, 2, 11]
Zoe ¼ ﬃﬃﬃﬃﬃerep =ðcCeÞ (1)
Ce ¼ Cg (2)
Zoo ¼ ﬃﬃﬃﬃﬃerop =ðcCoÞ (3)
Co ¼ Cg þ 2Cad (4)
In Eqs. (1) and (3), ere and ero are the effective even- and
odd-mode dielectric constant of the coupled structure, respec-
tively, and c is speed of light in free space. The different capaci-
tances used in Eqs. (2) and (4) are shown in Figure 2; Cg is the
effective capacitance per unit length between any of the coupled
lines and the ground, whereas Cad is the capacitance per unit
length between the coupled lines. As shown in Figure 2, electric
(E) and magnetic (H) walls are used when calculating the value
of capacitors via, for example, the conformal mapping
technique.
The coupling factor (K) is given as
K ¼ ðZoe  ZooÞ=ðZoe þ ZooÞ (5)
Assuming, as a rough approximation not used in the design
procedure but only for the method’s explanation, that ere ¼ ero,
the coupling factor K can be approximated as
K ¼ Cad=ðCg þ CadÞ (6)
The capacitance Cg depends mainly on the width of the
coupled lines and characteristics of the substrate [1, 11]. The
spacing s has negligible effect on its value. However, the capac-
itance Cad increases as the gap narrows [11]. To achieve a tight
coupling, Cad should be relatively large as can be concluded
from Eq. (6). For the conventional microstrip coupler of
Figure 1, this condition can only be achieved with impractical
value for s.
The strategy proposed in this article is to introduce an addi-
tional factor in Eq. (6) to compensate for the low value of Cad
when a wide gap is used for practical reasons. Assume that dis-
tributed lumped capacitors are connected between the coupled
lines in the manner shown in Figure 3. The even-mode
Figure 1 The conventional parallel-coupled microstrip coupler. [Color
ﬁgure can be viewed in the online issue, which is available at
wileyonlinelibrary.com]
Figure 2 The even- and odd-mode capacitances (per unit length).
[Color ﬁgure can be viewed in the online issue, which is available at
wileyonlinelibrary.com]
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equivalent circuit of the modiﬁed structure, its capacitance Cem,
and thus, the even-mode impedance Zoem do not change from
that of the conventional coupler [Fig. 2(a)]. However, the equiv-
alent odd-mode circuit does change as shown in Figure 4, which
reveals an addition of 2Cx to the odd-mode capacitance of the
coupled lines. The capacitor Cx is the added capacitor per unit
length of the coupled structure. Thus, the odd-mode capacitance
for the modiﬁed structure (Com) depicted in Figures. 3 and 4 is
Com ¼ Co þ 2Cx (7)
Thus, the odd-mode impedance of the modiﬁed structure is
Zoom ¼ ﬃﬃﬃﬃﬃerop =ðcðCo þ 2CxÞÞ (8)
and the coupling factor in terms of the impedances is
Km ¼ ðZoem  ZoomÞ=ðZoem þ ZoomÞ (9)
or, alternatively, in terms of the capacitances with the rough
approximation that assumes ere ¼ ero
Km ¼ ðCad þ CxÞ=ðCg þ Cad þ CxÞ (10)
Therefore, the gap between the coupled lines can be
increased to a reasonable and practical value as Cx can be used
to compensate for the reduction in Cad and the tight coupling
can still be achieved.
For a perfect matching between the coupled section and the
input and output ports, which have characteristic impedance
(Zo ¼ 50 X), Zoem and Zoom should relate to Zo according to the
following equation
Zo ¼
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
ZoemZoom
p
(11)
In summary, the design approach is
1. Depending on the available manufacturing tools, choose a
practical value for the gap s.
2. Depending on the required coupling factor (Km), calculate
the required even- and odd-mode impedances of the modi-
ﬁed structure (Zoem and Zoom) using Eqs. (9) and (11).
3. Using Zoem (¼Zoe), s, and characteristics of the utilized
substrate (the dielectric constant er and the thickness h),
calculate the required width of the coupled lines (wc), ere,
and Ce using the equations presented in Ref. 11 and Eq.
(1).
4. Using wc, s, er, and h, calculate Zoo, Co, and ero of the
coupled structure without including effect of the added
capacitors using the equations presented in Ref. 11.
5. Calculate the required Cx using Eq. (8). This capacitor is
the per unit length capacitor distributed uniformly as
shown in Figure 3. The actual capacitor needed to com-
plete the design is Cxl, where l is the length of the
coupled structure and it is taken as quarter of the effective
wavelength calculated at the center frequency (fc), i.e.,
l ¼ c=ð4fc
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃðere þ ero=2Þp Þ.
Practically, it is difﬁcult to connect a distributed rack of
capacitors as suggested in Figure 3. The reasonable alternative
is to divide the coupled structure into, say, three sections and
connect a capacitor at the center of each section. Thus, three
capacitors with a total value of Cxl are needed. It is noted via
parametric analysis that representing Cxl by one capacitor con-
nected at the center of the structure can achieve the required
coupling factor at the center frequency, but it is not a good
option for broadband performance.
The remaining question is whether the presented method can
be used to achieve a tight coupling for any value of the gap s
between the coupled lines. Following the procedure of the pro-
posed method, it is possible to show that increasing s requires
an increase in Cx. A parametric analysis using CST Microwave
Studio conﬁrms this conclusion. However, the same parametric
analysis shows that with relatively wider gaps and larger capaci-
tors, the bandwidth narrows. Thus, the minimum achievable gap
with the available manufacturing tools is to be used for broad-
band performance.
3. RESULTS AND DISCUSSION
To test the accuracy of the proposed design method, 3 dB direc-
tional couplers were designed and fabricated using RT6010 (er
¼ 10.2 and h ¼ 1.27 mm; coupler #1), and RO4003 (er ¼ 3.38
and h ¼ 0.813 mm; coupler #2) as the substrates. Using the pro-
posed design steps, the following design values were obtained
assuming fc ¼ 7 GHz and s ¼ 0.1 mm. For coupler #1, wc ¼
0.36 mm, l ¼ 4.3 mm, and Cxl ¼ 0.33 pF. For coupler #2, wc ¼
0.63 mm, l ¼ 6.7 mm, and Cxl ¼ 0.48 pF. The suitable broad-
band microwave capacitors that are available to the author have
the values of 0.1 and 0.2 pF from Johanson Technology [17].
Thus, three 0.1 pF capacitors are used for the coupler #1,
whereas a capacitor of 0.1 pF at the center and two capacitors
of 0.2 pF at the sides are used for coupler #2. To compensate
for the slight difference between the calculated and available
capacitors and to get the best possible performance, the design
parameters were optimized using HFSS. The ﬁnal values are:
for coupler #1 (wc ¼ 0.35 mm and l ¼ 3.9 mm) and for coupler
#2 (wc ¼ 0.61 mm and l ¼ 6.3 mm). Comparing the initial
design values with the optimized values shows that they are
very close to each other, and thus, validates the presented design
method. A photo of one of the developed devices is depicted in
Figure 5.
Figure 3 The modiﬁed parallel-coupled microstrip lines. [Color ﬁgure
can be viewed in the online issue, which is available at
wileyonlinelibrary.com]
Figure 4 The odd-mode capacitances (per unit length) of the modiﬁed
coupler. [Color ﬁgure can be viewed in the online issue, which is avail-
able at wileyonlinelibrary.com]
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To demonstrate the effectiveness of the proposed design
approach in relaxing the gap requirement, it is possible to show
that the gap s needed for a 3 dB microstrip coupler without
capacitors (Fig. 1) is 0.005 mm for coupler #1 and 0.0003 mm
for coupler #2. Those values are clearly impractical for the PCB
technology.
The performance of the designed devices was veriﬁed using
the software CST Microwave Studio and then measured using a
vector network analyzer. The simulated and measured perform-
ance of the coupler #1 and #2 agree well with each other as
shown in Figures 6 and 7, respectively. The value of the cou-
pling factor for coupler #1 is 3 dB 6 1 dB across the band from
3.8 to 9.3 GHz in the simulations and from 4 to 9 GHz in the
measured results. Concerning coupler #2, the coupling factor is
3 dB 6 1 dB across the band 3.9–9.6 GHz, which is equivalent
to 84% fractional bandwidth, according to the simulated and
measured results. Figures 6 and 7 also show the return loss at
any of the three ports (due to symmetry S11 ¼ S22 ¼ S33), and
the isolation between the two output ports. Those values are bet-
ter than 15 dB for coupler #1 and 13 dB for coupler #2 across
the abovementioned bands. Concerning the phase performance
of the developed couplers, Figures 6 and 7 reveal that the two
devices are quadrature couplers as the phase difference
between the two output ports is 90 6 1 in the simulations and
90 6 2 in the measurements for the two couplers across the
band 3–10 GHz.
Some applications may need as high as 30 dB isolation
between the output ports. For those applications, any of the com-
pensation techniques [4–10] can be utilized in the proposed cou-
pler. However, the target in this article is to present a closed-form
method to build a tight parallel-coupled microstrip coupler with
broadband performance and reasonable isolation using a simple
circuit that does not need any vias and/or slotted ground.
4. CONCLUSION
A complete design procedure for microstrip couplers that have
tight coupling, practical dimensions, simple structure, and broad-
band performance has been presented. To enable the use of
easy-to-manufacture dimensions for the coupled structure, the
design method assumes the use of three-lumped capacitor that
are connected between the centers of the coupled lines. The
simulated and measured results for two 3 dB couplers designed
using two different substrates validate the presented method.
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ABSTRACT: Dedicated Short Range Communications (DSRC) is the
key enabling technology for the present and future vehicular
communication for various applications, such as safety improvement and
trafﬁc jam mitigation. This paper describes the development of a
microstrip antenna array for the roadside equipment of a DSRC system,
whose characteristics are according with the vehicular communications
standards. The proposed antenna, with circular polarization, has a wide
bandwidth, enough to cover the current European DSRC 5.8 GHz band
and the future 5.9 GHz band for next generation DSRC communications.
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1. INTRODUCTION
In recent years, vehicular communications suffered a great
development in response to the various trafﬁc problems that
affect the users in their daily life, such as accidents, congestions,
pollution, etc. These communications are based on wireless
communication technology, known as dedicated short range
communications (DSRC) [1]. In addition to safety, efﬁciency,
and navigation aids, this technology also enables other more
conventional applications, such as electronic toll collection,
automatic payment in parks and gas stations, etc.
In such a system, there is an on-board unit (OBU) placed in
a vehicle and a road side unit (RSU) placed on a road infrastruc-
ture, establishing a communication during the passage of OBU
by the RSU, as shown in Figure 1.
The European standard EN12253 [2] speciﬁes the physical
layer for DSRC communications, providing the requirements for
the communication medium between RSU and OBU. For RSU,
an antenna was developed according to this standard. The
antenna should have a minimum bandwidth of 20 MHz around
5.8 GHz [5.795–5.815 GHz] and the radiation pattern needs a
main lobe width of 70 in the vertical plane and a width that
not exceed 30 in the horizontal plane so as to avoid interfer-
ence in communication of other OBUs on vehicles that circulate
in adjacent lanes. The equivalent isotropic radiated power
(EIRP) is limited to þ33 dBm up to an angle of 70 to the verti-
cal, and outside this volume should not exceed þ18 dBm. To
feed the antenna at the maximum allowed power level, the
EIRP of the side lobes should be 15 dB below the EIRP at bore-
sight. Polarization should be left circular with a cross-polariza-
tion rejection of over 15 dB in boresight and greater than 10 dB
in the directions where the gain drops 3 dB.
In this band of frequencies, microstrip antennas have been
increasingly used as they have important advantages such as its
low proﬁle, weight and cost, high efﬁciency and ease of manu-
facture, which make them suitable for road communications.
However, in microstrip antennas, the center frequency may
undergo a shift due to small deviations in their dimensions or in
dielectric constant of the substrate. A wide bandwidth of the antenna
is important because it increases the tolerance to those deviations,
which is needed to achieve high yields in mass production.
Moreover, the DSRC technology for intelligent transportation
systems in Europe operates in other frequency band ranging
from 5.855 to 5.925 GHz, for safety, nonsafety, and other future
applications. An antenna that operates over both DSRC bands
would be advantageous because the same antenna could be used
in various applications.
2. RELATED WORK AND CONTRIBUTION
Circular polarization is used to reduce the interference caused
by the reﬂected waves, and can be achieved through changes in
the physical structure of the elements of the array or by changes
to their feeding method. The simplest way to build a circularly
polarized microstrip antenna is by changing its physical struc-
ture. However, by just doing so, it results in a very narrow
bandwidth antenna. To obtain a circularly polarized antenna
another technique is the sequential rotation feeding in phase and
in position, since it results in higher bandwidth.
Figure 1 Communication between RSU and OBU. [Color ﬁgure can be
viewed in the online issue, which is available at wileyonlinelibrary.com]
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the transmission bandwidth by the center launching technique
can also been enhanced [6]. Further enhancement of the trans-
mission bandwidth at each channel can be used by the MIMO
technology [11–13]. A systematic investigation of transmission
characteristics of our MMFBG-ECL over GIMMF is beyond the
scope of this article and will be addressed elsewhere.
4. CONCLUSIONS
Direct modulation capability of the MMFBG-ECL has been
investigated experimentally. System transmissions at data rates
of 2.5-Gb/s have been demonstrated for the 2-cm long
MMFBG-ECL. The largest small-signal responses at three wave-
lengths have been obtained for the 7.5-mm long MMFBG-ECL.
With proper device design, modulation speed exceeding 10 GHz
is expected. Besides, the MMFB-ECL can be readily used in
SMF transmission systems with slight modiﬁcations. This vali-
dates the MMFBG-ECL a versatile light source that favors vari-
ous optical communication systems.
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ABSTRACT: This article presents the design of an elliptically shaped
microstrip-slot coupler using different thickness and permittivity
substrates that is aimed for operation in 3.0–11.0 GHz band. CST
Microwave Studio simulator is applied to its design and performance
assessment. Design with the best performance is fabricated to validate
the investigation. It is shown that the wideband operation of this type of
coupler is predominantly dependent on the substrate’s thickness and to
a lesser degree on the substrate’s permittivity. The degradation in
performance is observed for an increased substrate thickness and is
explained by the presence of a higher order mode. When the substrate
thickness is ﬁxed to a small value and the cutoff frequency of the higher
mode is outside the investigated band, there is an optimal permittivity,
which offers the best coupler’s performance in terms of coupling
coefﬁcient, return loss, isolation, and phase difference between the two
output ports. In the present investigation, it is found that the best
operation is obtained when the substrate’s relative permittivity is 4.5
and the substrate thickness of 0.508 mm. VC 2011 Wiley Periodicals, Inc.
Microwave Opt Technol Lett 53:1618–1624, 2011; View this article
online at wileyonlinelibrary.com. DOI 10.1002/mop.26082
Key words: directional couplers; microstrip coupler; coupler design
1. INTRODUCTION
It has been demonstrated recently that the application of the
microstrip-slot technique using a double-layer dielectric sub-
strate with a common ground slot can lead to the design of a
ﬁne quality 3-dB directional coupler operating over an ultra-
wide band (UWB) [1]. The design shown in [1] follows an ini-
tial idea introduced in [2] where two microstrip lines coupled by
a rectangular slot in a common ground plane were used to form
a coupler. A simple manufacturing process and a good perform-
ance of this coupler triggered further investigations by other
researchers. For example, in [3] the coplanar waveguide tech-
nique was applied to obtain a wideband 3-dB coupler. In turn,
in [3, 4], a hexagonal-shaped coupler in multilayer microstrip
technology was designed. In [5, 6, 7], multiple-section conﬁgu-
rations were explored to further enhance the operational band-
width of the coupler in [1]. In all of these quoted works, a wide-
band operation with respect to the coupling coefﬁcient, return
loss and isolation has been demonstrated. However, none of
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these works posed the question of whether a similar superior
performance can be achieved if the design uses substrates of dif-
ferent thickness or permittivity.
This article responds to this question and shows that the best
performance can only be obtained for substrates with properly
selected permittivity and thickness. The investigations focus on
the elliptical coupler conﬁguration. This choice is motivated by
the work in [8] where it has been pointed out that the elliptical
shape leads to the best performance of the 3-dB microstrip-slot
coupler.
The undertaken investigations start with the initial 3-dB el-
liptical microstrip-slot coupler developed on the 0.508-mm thick
RO4003C substrate as reported in [1]. Then, the investigation
continues by designing the coupler on a ﬁxed thickness substrate
of 0.508 mm with varied permittivity. Next, the design assumes
a few substrates having the same permittivity but different thick-
ness. Because the works presented in [1, 5, 6, 8] have already
conﬁrmed the validity of the full-wave EM simulation approach,
the study are conducted using CST Microwave Studio. Only the
design with the optimum performance is fabricated and vali-
dated experimentally.
2. DESIGN USING DIFFERENT SUBSTRATES
The commercially available substrates chosen for the present
investigations are shown in Table 1. The effect of the choice of
these substrates on the performance of the 3-dB microstrip-slot
coupler is investigated in two stages. In the ﬁrst stage, the sub-
strate thickness is ﬁxed at 0.508 mm, but its relative permittivity
is varied. The variations are accomplished using six substrates
with the permittivity in the range of 1 to 7. To determine the
optimum thickness of the optimum permittivity, the couplers are
designed using few different substrate having four different
thicknesses in the second stage. The ﬁrst two substare are cho-
sen based on the optimum performance investigated in the ﬁrst
stage, whereas the third substrate is chosen to observe the per-
formance of high permittivity substrate, which is not investi-
gated in the ﬁrst stage due to unavailability of 0.508 mm thick-
ness in the market.
The conﬁguration of the investigated coupler adopted from
[1] is shown in Figure 1. The coupler is constructed using three
conductor layers interleaved by two dielectric layers. A common
ground is present between the two dielectrics. Ports 1 and 2 are
on the top layer, whereas Ports 3 and 4 are on the bottom
dielectric layer. The 3-dB quadrature of signals at Ports 2 and 3
is achieved by controlling the width of elliptical patches and
ground slot. The initial dimension of D1, D2, D3, and wm for
the investigated substrates of Table 1 are obtained by following
TABLE 1 Specifications of Investigated Substrates Available
in Rogers Corporation
Substrate
Relative
Permittivity
(er)
Thickness
h (mm)
Loss
tangent
(tan d) Metallization
RT/duroid 5870LZ 1.96 0.508 0.0019 17 lm copper
RT/duroid 5870 2.33 0.0012
RO3003 3.00 0.0013
RO4003C 3.38 0.0027
TMM4 4.50 0.0020
RO4360 6.15 0.0030
RO4003C 3.38 0.203 0.0027
0.508
0.813
1.524
TMM4 4.50 0.381 0.0020
0.508
0.762
1.524
RT/duroid 6010LM 10.20 0.127 0.0023
0.254
0.635
1.270
Figure 1 CST layout of investigated coupler. [Color ﬁgure can be
viewed in the online issue, which is available at wileyonlinelibrary.com]
TABLE 2 Physical Dimensions of the Designed Couplers for Chosen Substrates
Relative Permittivity, er Thickness h (mm) D1 (mm) D2 (mm) D3 (mm) wm (mm) Board’s Dimension(x mm
*y mm)
1.96 0.508 6.5 8.7 8.4 1.68 38  18
2.33 6.0 8.7 8.2 1.51 36  16
3.00 5.0 8.0 7.7 1.28 34  15
3.38 4.8 7.4 7.3 1.18 28  12
4.50 4.2 6.8 6.7 0.96 24  10
6.15 3.4 6.7 6.1 0.75 20  10
3.38 0.203 2.4 3.4 7.8 0.47 22  7
0.508 4.8 7.4 7.3 1.18 28  12
0.813 6.7 11.9 7.0 1.88 40  20
1.524 10.3 17.5 10.8 3.54 80  30
4.50 0.381 2.9 5.7 6.9 0.72 20  10
0.508 4.2 6.8 6.7 0.96 24  10
0.762 5.3 11.1 6.3 1.43 35  15
1.524 8.6 18.0 10.0 2.86 60  30
10.20 0.127 0.6 2.0 5.0 0.12 14  6
0.254 2.0 3.6 4.9 0.24 14  6
0.635 2.6 7.3 4.9 0.60 20  14
1.270 4.5 10.6 5.8 1.18 30  16
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the guidelines described in [1]. The coupler is then simulated
using CST Microwave Studio and the ﬁnal design dimensions
(for the coupling of 3 dB, return loss, and isolation better than
15 dB, phase imbalance less than 5) are shown in Table 2.
It can be seen from Table 2 that when h is increased, the
dimensions for each physical parameter are also increased,
resulting in larger board dimensions for a larger substrate thick-
nesses. In contrast, the use of substrates with a larger relative
permittivity er results in smaller board dimensions.
3. RESULTS
The operation of the designed couplers is investigated in 3–11
GHz frequency band. Figure 2 shows the simulation results for
the 3-dB microstrip-slot coupler designed using six substrates
having different permittivity but the same thickness of 0.508
mm.
Figures 2(a)–2(c) show, respectively, the results for the cou-
pling coefﬁcient, return loss, and isolation, whereas Figure 2(d)
shows the result for the phase difference between the output
ports. The results presented in Figure 2(a) reveal that for all the
six chosen values (1.96, 2.33, 3, 3.38, 4.5, and 6.15) of relative
permittivity er, the simulated coupling coefﬁcient is 3 6 2 dB in
the entire 3–11 GHz band. The return loss and isolation are bet-
ter than 18 dB in the same band, and the output port phase dif-
ference deviation from the nominal value of 90 is about 63.
As observed in Figure 2(a), the coupling performance for
each er is close to each other. The best return loss and isolation
can be seen for er ¼ 4.5 followed by er ¼ 3.38. Their values for
er ¼ 4.5 are not less than 27 dB, while for er ¼ 3.38 are not less
than 23 dB across UWB. The output phase imbalance for both
permittivity is only 0.3 and 0.6, respectively, which represents
an excellent result. By considering coupling, return loss, isola-
tion, and phase difference of thickness h ¼ 0.508 mm, substrate
TMM4 provides the best performance followed by the substrate
RO4003C.
Figure 3 shows the simulated amplitude of the scattering pa-
rameters and phase difference between the two output ports for
the designed 3-dB couplers using four different values of
RO4003C substrate thickness h.
As observed in Figure 3(a), the coupling coefﬁcient is 3 6 2
dB for h ¼ 0.203, h ¼ 0.508, and h ¼ 0.813 across UWB span-
ning from 3.1 to 10.6 GHz. However, the mid-band coupling
value for h ¼ 0.813 is 3 6 1.2 dB, which is slightly degraded
compared to h ¼ 0.203 and h ¼ 0.508. In turn, for h ¼ 1.524,
the operating bandwidth is drastically reduced to 3–6 GHz band.
However, in this limited band the coupling imbalance is
improved and is less than 1 dB.
Figures 3(b)–3(d) show performance of the coupler for the
four selected values of substrate thickness for the remaining pa-
rameters that include return loss, isolation, and phase difference
between the output ports. The return loss and isolation, pre-
sented in Figures 3(b) and 3(c), are better than 15 dB across
UWB band for all thicknesses except for h ¼ 1.524. For this
thickness, the return loss and isolation bandwidth is limited to
3–9.2 and 3–6.3 GHz, respectively. Concerning the phase differ-
ence between two output ports, the phase imbalance is less than
5 for the 3–11 GHz band for h ¼ 0.813 or smaller. For h ¼
1.524, the upper operating frequency for the phase difference of
90 6 5is limited to 7.5 GHz. Also, most of the values are
between 86 to 88 instead of 90. By taking into account all
four parameters (coupling, return loss, isolation, and phase dif-
ference), it can stated that the coupler designed on RO4003C
substrate with h ¼ 0.813 or smaller features UWB
Figure 2 Simulated performance by using substrates with different permittivity (a) coupling coefﬁcient, (b) return loss, (c) isolation, and (d) phase dif-
ference between two output ports. [Color ﬁgure can be viewed in the online issue, which is available at wileyonlinelibrary.com]
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Figure 3 Simulated performance using four different values of RO4003C substrate thickness h (a) coupling coefﬁcient, (b) return loss, (c) isolation,
and (d) phase difference between the two output ports. [Color ﬁgure can be viewed in the online issue, which is available at wileyonlinelibrary.com]
Figure 4 Simulated performance using four different values of TMM4 substrate thickness h (a) coupling coefﬁcient, (b) return loss, (c) isolation, and
(d) phase difference between the two output ports. [Color ﬁgure can be viewed in the online issue, which is available at wileyonlinelibrary.com]
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characteristics across 3.1–10.6 GHz while, for h ¼ 1.524, the
acceptable bandwidth is much lower than for the thinner sub-
strate counterparts and is conﬁned to 3–6 GHz.
Figures 4 and 5 shows the simulated amplitude of the scatter-
ing parameters and phase difference between the two output
ports for the designed 3-dB couplers using TMM4 and RT6010
substrate for four different cases of thickness h.
In the case of TMM4 substrate, considering a coupling coef-
ﬁcient of 3 6 2 dB, the coupling performance is within the
UWB band for h ¼ 0.762 mm and lower, whereas the coupling
bandwidth is limited to 3–6 GHz when h ¼ 1.524 mm. From
Figures 4(b) and 4(c), the return loss and isolation are better
than 15 dB across UWB band for all thicknesses except when h
¼ 1.524 mm. The isolation bandwidth is limited to 3–7.5 GHz
when considering isolation better than 10 dB. In Figure 4(d), the
best performance of the phase difference between the output
ports can be seen when h ¼ 0.508 mm. By assuming the follow-
ing criteria (coupling coefﬁcient of 3 6 1 dB, return loss, and
isolation better than 25 dB), the optimum design on TMM4 can
be obtained when h ¼ 0.508 mm.
In the case of RT6010 substrate, considering a coupling coef-
ﬁcient of 3 6 2 dB, return loss, and isolation better than 10 dB
and phase imbalance of 5, the coupler’s bandwidth is 3.5–8.5
GHz for h ¼ 0.127 mm, 3.5–11 GHz for h ¼ 0.254 mm, 3.5–10
GHz for h ¼ 0.635 mm, and 4.5–6 GHz for h ¼ 1.27 mm.
According to Figures 3–5, it can be seen that when h ¼ 1.27
mm and h ¼ 1.524 mm, the coupler fails to operate accross the
UWB frequency band in terms of the coupling coefﬁcient, return
loss, isolation, and phase imbalance. Based on these simulations,
assuming coupling 3 6 1 dB, return loss and isolation better
than 25 dB, the optimum design of the substrate can be obtained
when dielectric constant is 4.5 and thickness of 0.508 mm. This
is the case of TMM4 substrate.
A prototype of an elliptical coupler manufactured on TMM4
substrate is shown in Figure 6. This coupler was exeprimentally
tested and results were compared with simulations. The result of
measurements concerning amplitude of the s-parameter is shown
in Figure 7 alongside the simulated result. These results show a
Figure 5 Simulated performance using four different values of RT6010 substrate thickness h (a) coupling coefﬁcient, (b) return loss, (c) isolation, and
(d) phase difference between the two output ports. [Color ﬁgure can be viewed in the online issue, which is available at wileyonlinelibrary.com]
Figure 6 Fabricated coupler using TMM4 substrate. [Color ﬁgure can
be viewed in the online issue, which is available at
wileyonlinelibrary.com]
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3-dB quadrature and UWB performance, and indicate a good
agreement between the simulated and measured values. The
observed discrepancies can be explained by the use of coaxial to
microstrip transitions in the measurement system, which were
not included in simulations. Also, tiny air gaps in the developed
prototype could be the factor behind these differences. Neverthe-
less, the experimental data conﬁrms an excellent performance of
this coupler in the 3–11 GHz band.
4. DISCUSSION
The worsening performance of some of the designed couplers
can be explained by the higher order mode theory described in
[9]. One has to note that to meet the mid-band 3-dB coupling
value, the odd (Z0o) and even mode (Z0e) characteristic impe-
dances have to take the values Z0o ¼ 20.7 X and Z0e ¼ 120.5
X, respectively [1]. Note that the equivalent two-ports require
the slot to be closed by the magnetic conductor for the even
mode, whereas the electric conductor is required for closing the
slot for the odd mode. As a result, the odd mode impedance Z0o
of 20.7 X implies that the width of the microstrip line forming
the microstrip-slot coupler’s plate has to be wide. This wide
microstrip is prone to launching a higher order mode. This
effect becomes more pronounced when the substrate’s thickness
is increased. In this case, the microstripline width has to also be
increased to maintain the low value of odd-mode characteristic
impedance. A higher order mode, which can be excited in such
a case travels with a different phase velocity to that of the fun-
damental mode. The cutoff frequency, fc for the higher order
mode is given approximately by [9]:
fc ¼ 300ﬃﬃﬃerp ð2W þ 0:8hÞ (1)
where fc is in specified in GHz and W and h are in mm. It is
evident from Eq. (1) that excitation of higher order mode is
more obvious for thicker substrates (large h). When h is
increased, the cutoff frequency of the higher mode is decreased
and consequently the coupler’s bandwidth becomes reduced.
This can be verified by substituting the parameter er, W, and h
into expression (1), assuming the line’s width W giving the odd
mode impedance Z0o of 20.7 X is calculated using the conven-
tional microstrip design formula.
The relationship can be clearly seen in the graph form as
presented in Figure 8. It can be deduced from Figure 8 that fc
decreases as the substrate height increases while fc does not
change much for different values of er. The comparison between
the curves presented in Figure 8 and the coupler performance
curves shown in Figures 3–5, provides evidence that the coupler
developed on a substrate with thickness higher than h ¼ 0.813
mm fails to achieve the UWB performance because of the exis-
tence of a higher order mode at the upper end of UWB. This
higher order mode starts to propagate at frequencies above 6.6
GHz. In turn, for substrate thickness h ¼ 0.813 mm and lower,
changes in er do not lead to launching the higher order mode.
This is conﬁrmed by the results for the higher mode cutoff fre-
quency presented in Figure 8, which show that for h ¼ 0.813
mm and lower, fc is greater than 12 GHz for er from 1 to 11.
Figure 8 also shows that for any other chosen value of h, the
cutoff frequency of the higher order mode only slightly depends
on the substrate permittivity when the odd mode of microstrip
line fulﬁls the condition of Z0o ¼ 20.7 X.
5. CONCLUSIONS
In this article, investigations have been performed into wideband
behavior of an elliptically shaped microstrip-slot coupler
designed on substrates with different dielectric constant and
thickness. The investigations have been accomplished with the
use of commercially available full-wave CAD package, CST
Microwave Studio. The performance parameters included cou-
pling coefﬁcient, return loss, isolation, and phase difference
between two output ports in the frequency band of 3–11 GHz. It
has been shown through the undertaken computer simulations
that the wideband performance of this type of coupler is pre-
dominantly dependent on the substrate’s thickness and to a
lesser degree on the substrate’s permittivity. The degradation in
performance is mainly due to the presence of a higher order
mode, which this coupler launches when the substrate’s thick-
ness is increased. When the substrate thickness is ﬁxed in such
a way that the cutoff frequency of the higher mode is outside
UWB, there is the optimal value of permittivity, which offers
the best coupler’s performance in terms of coupling coefﬁcient,
return loss, isolation, and phase difference between two output
ports. For the substrates chosen in this study, the coupler
designed on the 0.508-mm thick Rogers TMM4 substrate having
er of 4.5 gives best performance.
Figure 7 Simulated and measured results of the fabricated TMM4
coupler. [Color ﬁgure can be viewed in the online issue, which is avail-
able at wileyonlinelibrary.com]
Figure 8 Plot of cutoff frequency, fc versus dielectric constant, er of
the ﬁrst higher order mode for different substrate’s thickness. [Color ﬁg-
ure can be viewed in the online issue, which is available at
wileyonlinelibrary.com]
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ABSTRACT: Planar Gunn diodes operating above 100 GHz fabricated
in GaAs/AlGaAs heterojunction structures with single and double d-
doping layers on each side of GaAs channel are numerically studied
and experimentally demonstrated. The results show enhanced RF power
and oscillation frequency when double d-doping technique was used. By
using a two-dimensional numerical simulation tool, the conduction band
proﬁle, electron concentration in the epitaxy layers and current-voltage
characteristics are investigated. Simulation results indicate that extra d-
doping layers increase electron conﬁnement in the conducting channel,
therefore higher current levels are obtained. Simulated current-voltage
characteristics in both cases agree well with experimental results.
VC 2011 Wiley Periodicals, Inc. Microwave Opt Technol Lett 53:1624–
1626, 2011; View this article online at wileyonlinelibrary.com.
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1. INTRODUCTION
Planar Gunn diodes have demonstrated oscillation in the funda-
mental transit-time mode at 108 GHz [1]. These planar Gunn devi-
ces have many advantages over conventional vertical Gunn devi-
ces including lithographic control of operating frequency and the
potential for microwave monolithic integrated circuits (MMIC)
compatibility that meets the growing demand for small, cheap,
moderate power generation, low-power consumption, and room
temperature operating millimeter wave or even terahertz sources.
As with high-electron mobility transistors (HEMTs), the new pla-
nar Gunn diodes are expected to attain higher operating frequency
as a consequence of reduced impurity scattering of the carriers in
the channel. However, the early devices suffered from low-output
RF power and poor phase-noise behaviors [1]. To increase the out-
put power, a new double d-doped structure that increased the car-
rier density in the channel was experimentally demonstrated [2].
A similar technique was ﬁrst applied in GaAs/In0.25 Ga0.75As/
GaAs pseudomorphic HEMTs for better current performance [3].
The increase in output current of this design permitted higher out-
put power with similar efﬁciency.
In this article, we present detailed studies of the improvement
because of double d-doping using both numerical modeling and ex-
perimental data. A two-dimensional device-modeling tool, Medici,
was used to simulate the devices for the ﬁrst time. By comparing de-
vice electronic characteristics such us conduction band structures,
electron concentration in each epitaxy layers, and current characteris-
tics, it was found that extra d-doping increase electron conﬁnement in
the channel. Both simulated and measured current–voltage character-
istics showed an average increase current of greater than 120% when
extra d-doping layers were introduced. Meanwhile, spectral measure-
ment for the device with anode and cathode distance Lac ¼ 1.3 lm
also doubled the output power and increased oscillation frequency.
2. DEVICE FABRICATION AND SIMULATION
2.1. Wafer Growth and Device Fabrication
Devices with single and double d-doping layers are shown sche-
matically in Figure 1. The two devices have the same epitaxy
layers apart from the extra d-doping layers in the Al0.23Ga0.77As
layers for Figure 1 (b). The semiconductor materials were grown
Figure 1 Schematic epitaxy layers of the investigated HEMT-like pla-
nar Gunn diodes with (a) single, and (b) double d-doping layers on each
side of the channel. Each d-doping layer has a sheet electron density of
8  1011 cm2. The shaded areas under anodes and cathodes illustrate
annealed Ohmic contact regions
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Direct quadrature phase shift keying modulation using
compact wideband six-port networks
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Abstract: In this study, the operation of a compact six-port network operating as a quadrature phase shift keying (QPSK)
modulator with a wide operational bandwidth is presented. The modulation has been accomplished using two types of single-
layer six-port networks. The ﬁrst six-port network uses a novel architecture that is newly introduced herein for use as a QPSK
modulator, and employs broadband components previously developed by the same authors. The second six-port network
employs the same types of broadband components in a conventional six-port architecture for comparison. The performance of
the modulator using both six-port networks is tested using agilent’s advanced design system and its wideband operation is
veriﬁed with measured results. It is shown that the proposed six-port modulator offers accurate QPSK symbol modulation at a
symbol rate of 400 Msymbols/s across an octave bandwidth from 4.5 to 9 GHz (66% operational bandwidth).
1 Introduction
Quadrature phase shift keying (QPSK) is a digital modulation
technique that modulates the angle of the cosine carrier while
keeping its amplitude and frequency constant [1]. The term
quadrature indicates that four output phases are possible for
a single carrier frequency at a time. Since there are four
possible output phases, two bits are required at the inputs,
which are known as I and Q channels to produce four
different output conditions; 00, 01, 10 and 11. Fig. 1 shows
the block diagram of a conventional QPSK modulator [1].
As shown in Fig. 1, a conventional QPSK modulator
generally uses active components and non-linear circuits,
such as mixers, to modulate the signal. Owing to the use of
active devices, designing a wideband modulator at high
frequencies is challenging and an expensive task [2, 3]. As
an alternative, a six-port network has been proposed
recently to be used as a modulator [4–7], replacing high-
cost mixers in direct QPSK modulators.
A six-port network is a linear network that can be formed
using passive components such as power dividers and
couplers. By using passive devices, a six-port network can
be designed at frequencies from radio frequency (RF) [4–
10] to millimetre waves [11], and has the potential to be
designed for a wider operational bandwidth. In the RF and
microwave bands, simple technology such as microstrip can
be implemented and fabricated using low-cost printed
circuit board (PCB) manufacturing tools.
There is a conﬂicting requirement between widening the
bandwidth of the six-port network while keeping its size
small for use as a QPSK modulator. Most of the six-port
designs presented in the open literature are not compact in
size and many of them have moderate operational
bandwidths. For example, in [6] a six-port QPSK modulator
operating from 3.1 to 4.8 GHz is presented, but does not
have a compact size. The prototype presented in [4, 12]
demonstrates operation within a limited 3–4 GHz band.
It is also bulky as it uses non-integrated power dividers and
couplers that are connected using coaxial cables.
A simulation of a compact wideband six-port modulator
was described in [7]; however, it uses a multilayer structure,
which poses several fabrication challenges. Misalignment or
presence of air gaps between layers can cause performance
degradation. To overcome the tight fabrication tolerances
faced in a multilayer structure, a six-port network on a
single-layer PCB is designed and used here in direct
modulation. An example is the six-port network on a
single-layer substrate working as a modulator presented in
[13]. However, its shortfall is the limited operational
bandwidth of 7 to 8 GHz. This paper presents a single
microstrip layer six-port network for use in a modulator
system that offers an increased operational bandwidth of
66%; from 4.5 to 9 GHz.
2 Principle of operation of a six-port network
as a QPSK modulator
The six-port network is a linear network that has six ports;
port 1 [local oscillator (LO) port], port 2 (RF out) and ports
3–6 (termination ports). The basic components of the six-
port network are power dividers, 3 dB quadrature couplers
and phase shifters. Interestingly, the six-port network can
be formed in various conﬁgurations that are based on
different combinations of these components. In general, the
six-port network can be divided into four different
architecture types that are shown schematically in Fig. 2.
These architecture types include the following components:
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Type-1: two power dividers, two 3 dB quadrature couplers
and one 908 phase shifter (newly proposed here).
Type-2: one power divider and three 3 dB quadrature couplers
with one port terminated in a matched load [4–7, 14].
Type-3: four 3 dB quadrature couplers and one 908 phase
shifter with two ports terminated in a matched load [15].
Type-4: two power dividers, two 3 dB quadrature couplers
and two 458 phase shifters [16].
The operation of the six-port network can be described by its
S-parameter matrix which relates the reﬂected, bi and incident
waves, ai at each port.
Regardless of which conﬁguration of Fig. 2 is chosen, the
S-parameter matrix is the same assuming an ideal operation of
each component. The relation between the reﬂected and
incident waves in the six-port network is given as [17, 18]
b1
b2
b3
b4
b5
b6
⎡
⎢⎢⎢⎢⎢⎢⎣
⎤
⎥⎥⎥⎥⎥⎥⎦
=
1
2
(−a3 + ja4 + ja5 − a6)
1
2
(a3 + ja4 − a5 + ja6)
1
2
(−a1 + a2)
1
2
(ja1 + ja2)
1
2
(ja1 − a2)
1
2
(−a1 + ja2)
⎡
⎢⎢⎢⎢⎢⎢⎢⎢⎢⎢⎢⎢⎢⎢⎢⎢⎢⎣
⎤
⎥⎥⎥⎥⎥⎥⎥⎥⎥⎥⎥⎥⎥⎥⎥⎥⎥⎦
(1)
The ﬁnal aim is to ﬁnd a simpliﬁed expression for the output
signal at port 2, b2. Assuming ideal operation at port 2 with no
Fig. 1 Block diagram of a conventional QPSK modulator [1]
Fig. 2 Various architecture types for six-port networks
a Type-1 (proposed herein)
b Type-2 [4–7, 14]
c Type-3 [15]
d Type-4 [16]
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reﬂected signal fed back to port 2, a2 ¼ 0. The expressions for
a3, a4, a5 and a6 can be obtained by substituting b3, b4, b5 and
b6 from (1) into the following equation [18]
ai = Gibi (2)
By substituting a3, a4, a5 and a6 to b2, the output signal at
port 2 can be written as
b2 = −
1
4
a1(G3 + G4 + (G5 + G6)j) (3)
In the circuit design of the six-port QPSK modulator, it is easy
to have G3 ¼ G4 ¼ GI and G5 ¼ G6 ¼ GQ [18]. Therefore the
signal output at port 2 can be simpliﬁed to
b2 = −
a1
2
(GI + GQj) (4)
QPSK modulation using a six-port network is achieved by
varying the value of GI and GQ. During the modulation
process, each reﬂection coefﬁcient has two possible values,
G ¼ 21 and G ¼ +1. Table 1 shows the four symbols of
the modulated QPSK signal at port 2, together with the
associated values for GI and GQ, short-circuit (S) and open-
circuit (O) terminations, the signal output at port 2 and the
relative phase difference between symbol i and symbol 1,
DF. In this table, four possible phase values of the RF
signal can be clearly identiﬁed. G ¼+1 can be achieved by
using either a short (G ¼ 21) or an open termination
(G ¼ +1).
Fig. 3 shows the block diagram of the six-port QPSK
modulator, implemented using open and short terminations.
The four symbols of the modulated signal shown in Table 1
can be obtained by connecting different combinations of
open and short terminations to ports 3–6. The relative
phase differences of each symbol, DF, can be obtained by
measuring the phase of S21 for each symbol, referenced to
the phase of S21 for symbol 1.
3 Six-port network implementation
As described in Section 2, a six-port network can be
designed using any of the conﬁgurations shown in Fig. 2.
The design of type-2, 3 and 4 six-port networks can be
found in the open literature [4–7, 14–16] whereas the type-
1 six-port network is a novel architecture, newly proposed
herein for use as a modulator. The advantage of the type-1
architecture is that it does not require a matched termination
of an extra port as in the type-2 and 3 architectures. In
comparison with type-4, the proposed device requires only
one phase shifter.
In this work, a novel type-1 six-port network is designed,
manufactured and tested for use as a QPSK modulator.
For comparison, a conventional type-2 six-port network is
also designed, manufactured and tested. To validate the
comparison, both the type-1 and type-2 six-port networks
are constructed using the same types of broadband
components, namely double-stage Wilkinson power dividers
[19], elliptical disk quadrature couplers [20] and in the case
of the type-1 six-port network, a broadside-coupled
microstrip-CPW 908 phase shifter [21]. The individual
layouts for these components are shown in Fig. 4.
These microwave components are broadband and are
designed in microstrip technology using a single double-
sided PCB substrate. In the undertaken designs, a Rogers
RT6010 substrate with dielectric constant of 10.2, thickness
of 0.635 mm and loss tangent of 0.0023 is used for the
construction of the six-port networks. The simulation tool
CST Microwave Studio is used to optimise the design and
verify the performance.
The double-stage Wilkinson divider has been designed
according to the method described in [19]. The design of
the couplers and the phase shifter follow the strategy
explained in [20, 21], followed by adjustments of the ﬁnal
component dimensions in CST. The ﬁnal dimensions of
each component are shown in Table 2.
After the optimisation of each component using CST, they
are combined to form the type-1 and 2 six-port networks.
Fig. 5 shows the photographs of the fabricated six-port
network prototypes.
Both structures are very compact, with dimensions of
50 × 70 mm for the type-1 network, and 50 × 65 mm for
the type-2 network. The type-1 structure is 5 mm longer
because of the additional length of the phase shifter. The
required resistor values for the Wilkinson divider shown in
Fig. 4a are 91 and 240 V and they are realised using
Table 1 Four symbols of the modulated QPSK signal at port 2, together with the associated values for GI and GQ, short-circuit (S) and
open-circuit (O) terminations, the signal output at port 2, and the relative phase difference between symbol i and symbol 1, DF
Symbol (i) IQ GI GQ B2 DF ¼ phase(symbol(i)) –
phase(symbol 1), i ¼ 1, 2, 3, 4
1 00 1 O 1 O (a1/2)(1+ j) = (a1/
NameMeNameMe
2
√
)e−j458 08
2 01 1 O 21 S (a1/2)(1− j) = (a1/
NameMeNameMe
2
√
)e−j3158 908
3 10 21 S 1 O (a1/2)(−1+ j) = (a1/
NameMeNameMe
2
√
)e−j1358 2908
4 11 21 S 21 S (a1/2)(−1− j) = (a1/
NameMeNameMe
2
√
)e−j2258 1808
Fig. 3 Block diagram of the six-port QPSK modulator
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standard size chip resistors, 0603 (1.6 × 0.8 mm) and 0805
(2.0 × 1.5 mm), respectively. The proposed type-1 and 2
six-port networks have broadband features, and can operate
within an octave bandwidth from 4.5 to 9 GHz. They also
have the advantage that they can be designed on a single
PCB substrate; they are fully planar and compatible with
other microstrip circuits.
The performances of the fabricated six-port networks
were measured using a HP8510 VNA. With regard to the
S-parameters for the ideal cases, each of the two devices
should feature high return losses at ports 1–6, high
isolation between port 1 and 2 and 6 dB insertion loss
from port 1 to ports 3–6 and from port 2 to ports 3–6.
Fig. 6 shows both the simulated and measured results for
the reﬂection coefﬁcient at port 1, the transmission
coefﬁcients from port 1 to ports 3–6, and isolation between
ports 1 and 2.
As observed fromFig. 6, there is a relatively good agreement
between the simulated and measured results. Type-1 and
type-2 six-port networks have comparable results in terms
of the transmission coefﬁcients and reﬂection coefﬁcients.
The simulated and measured transmission coefﬁcients are
6.5+ 1.5 dB over the frequency band from 4.5 to 9 GHz. It
is found that the simulated and measured results are well
matched, and the transmission coefﬁcients are close to the
theoretical value of 6 dB over the operational frequency
band. There are small amplitude imbalances between the
transmission coefﬁcients of the order of 2 dB because of the
non-ideal behaviour of the elliptical disk couplers, caused by
fabrication errors. The simulated and measured reﬂection
coefﬁcient at port 1 is greater than 10 dB over the
4.5–9 GHz band for both devices.
To minimise the effect of the carrier leakage from the LO
signal to the RF output in a QPSK modulator, the isolation
between ports 1 and 2 should be maximised [18]. For the
type-1 six-port network, the isolation is greater than 17 dB
over the frequency band from 4.8 to 9 GHz. For the type-2
six-port network, the isolation is greater than 17 dB over
the frequency band from 4 to 9 GHz. The slight difference
between the simulated and measured results can be
attributed to the inaccurate values of the chip resistors of
the Wilkinson dividers, and the non-ideal behaviour of the
elliptical couplers.
The reﬂections at each termination are also another cause
for carrier leakage [18]. Thus, the return losses at ports 3–6
should be minimised as well. The simulated and measured
return losses at each of the termination ports for both
devices are greater than 10 dB over the 4.5–9 GHz band
(not shown here).
When considering the phase of the transmission
coefﬁcients between ports 1 and 2 and the remaining ports,
it is important to verify that it is of an appropriate value and
that it stays approximately constant as a function of
frequency. This is to ensure that the phases also have a
broadband feature since this will determine the phases of
the QPSK symbols. The phase differences between ports 3
and 4 and between ports 5 and 6 when ports 1 or 2 are
designated as the input ports are shown in Fig. 7.
Theoretically, the phase difference should be 908 when
referring to port 1 and 2908 when referring to port 2 as the
input port. Both conﬁgurations show almost a constant
Fig. 4 Individual layout of each of the components that comprise
the six-port networks
a Double-stage Wilkinson power divider [17]
b Elliptical disk quadrature coupler [18]
c Broadside-coupled microstrip-CPW 908 phase shifter [19]
Table 2 Final dimensions of each of the components that
comprise the six-port network
Component Parameter Value
double-stage Wilkinson power divider W1 0.16 mm
W2 0.37 mm
l1 1.5 mm
l2 1.0 mm
elliptical disk quadrature coupler A 5.41 mm
B 3.41 mm
Ls 3.85 mm
Ws 1.88 mm
F 87.48
broadside-coupled
microstrip-CPW 908 phase shifter
Dm 3.5 mm
Dc 1.5 mm
Ds 5.8 mm
l1 4.3 mm
l2 4.1 mm
l3 4.9 mm
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phase shift for both simulated and measured results over the
intended frequency band of 4.5–9 GHz. The phase shift is
close to the theoretical value with a phase imbalance of
+108 within the intended frequency band.
According to the simulated and measured results, the
type-1 six-port network has comparable results to the type-2
six-port network. Both of the proposed six-port networks
exhibit the required +908 phase characteristics for use in
the modulator systems.
4 QPSK modulation results using the
proposed six-port networks
The operation of the six-port modulator is simulated using a
circuit envelope simulator in agilent’s advanced design
system (ADS). The device’s scattering parameters
obtained from the electromagnetic simulations in CST
microwave studio and from the measurements are used to
model its behaviour in ADS. The block diagram of both of
the six-port modulators for simulation in ADS is shown in
Fig. 8.
As shown in Fig. 8, the six-port QPSK modulator consists
of a six-port network, four single pole double throw (SPDT)
switches, LO and vector signal generator. The six-port
network block can be either type-1 or 2 six-port networks.
The input port of the six-port network is connected to the
LO. Ports 3, 4, 5 and 6 of the six-port network are
connected to four SPDT switches. Each output of the SPDT
switches is connected to open and short terminations. The
vector signal generator provides I and Q baseband signals
that control the SPDT switches. The switches of ports 3 and
4 are controlled by the I signal whereas the switches of
ports 5 and 6 are controlled by the Q signal.
Fig. 6 Simulated (s) and measured (m) S-parameters for the two types of six-port networks of Fig. 5
a Transmission coefﬁcients from port 1 to ports 3, 4, 5 and 6 for the type-1 of six-port network
b Transmission coefﬁcients from port 1 to ports 3, 4, 5 and 6 for the type-2 of six-port network
c Reﬂection coefﬁcient at port 1 and isolation between port 1 and 2 for the type-1 of six-port network
d Reﬂection coefﬁcient at port 1 and isolation between port 1 and 2 for the type-2 of six-port network
Fig. 5 Photographs of the fabricated six-port network prototypes
a Type-1
b Type-2
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To demonstrate the wideband operation of the six-port
QPSK modulator, the envelope simulation is performed at
three representative LO frequencies; 5, 6.5 and 8 GHz.
Fig. 9 shows the constellation diagrams of the QPSK
symbol using the simulated and measured S-parameters at
5, 6.5 and 8 GHz for both types of six-port networks,
using a symbol rate of 400 Msymbols/s, which is a high
symbol rate used in new-generation high-capacity
communication systems.
As can be observed from the Fig. 9, the constellation
diagrams using the simulated and measured responses of
the six-port networks are similar to the theory described in
Section 2. All the QPSK symbols shown in Fig. 9 should
ideally follow the values of b2 shown in Table 1. In terms
of the phase, all the symbols are very similar to the
theoretical ones which are located at 458, 1358, 2258 and
3158. In terms of the amplitude, a noteable difference
between each symbol can be seen, mainly when using the
measured S-parameters, because of the imperfect isolation
between ports 1 and 2 and increased reﬂections at ports
3–6. It is to be noted that the phase difference between
different symbols and not their amplitude is the main
parameter used in the modulation/demodulation of QPSK
systems.
To verify the operation of the six-port modulator over the
intended frequency band, the phase characteristics of each
symbol are plotted against frequency. The modulators are
tested using coaxial open-circuit and short-circuit
terminations connected to ports 3–6, as shown in Fig. 3.
As the six-port networks are designed to operate over a
wide frequency band, the open-circuit and short-circuit
Fig. 7 Simulated (s) and measured (m) differential phase shifts for
the two types of six-port networks of Fig. 5
a Type-1
b Type-2
Fig. 8 Block diagram of the six-port QPSK modulator used in
agilent-ADS
Fig. 9 QPSK constellation diagrams using the simulated (s) and measured (m) S-parameters of both types of six-port networks at the
frequencies of 5, 6.5 and 8 GHz with a symbol rate of 400 Msymbols/s
a 5 GHz (type-1)
b 6.5 GHz (type-1)
c 8 GHz (type-1)
d 5 GHz (type-2)
e 6.5 GHz (type-2)
f 8 GHz (type-2)
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terminations should also have a wideband feature. For this
reason, the wideband open-circuit and short-circuit
terminations manufactured by Fairview Microwave Inc. are
used with the six-port modulator. The open (SC2165-SMA
male) and short (SC2133-SMA male) feature constant
reﬂection coefﬁcients in the range of 2–18 GHz. The six-
port networks are connected to the open and short
terminations following the different combinations shown in
Table 1, and their S21 characteristics are measured. The
relative phase differences of each symbol, DF, are obtained
by subtracting the phase of S21 of each symbol from the
phase of S21 of symbol 1.
Fig. 10 presents the simulated and measured phase of
each QPSK symbol over the 4–9 GHz band for the type-1
and type-2 modulators, respectively. Ideally, the phase
difference for each symbol should be 2908 (2708), 908 and
1808 between symbol 1 and symbols 2, 3, 4, respectively,
as shown in Table 1. The simulated phase difference
between any pair of neighbouring symbols is 908+ 208 for
the type-1 modulator and 908+ 208 for the type-2
modulator across the band from 4.5 to 9 GHz. The
measured results show a phase difference of 908+ 208 for
the type-1 modulator and 908+ 208 for the type-2
modulator between any pair of neighbouring symbols
across the band from 4.7 to 9 GHz. These phase difference
values are sufﬁcient to correctly decode the symbols at the
receiver.
5 Conclusion
In this paper, the operation of a compact wideband six-port
network operating as a QPSK modulator in the frequency
band from 4.5 to 9 GHz has been presented. The
modulation has been accomplished using two types of
single-layer six-port networks which use broadband power
dividers, couplers and phase shifters. The QPSK symbol
analysis of the designed modulators has been simulated
using ADS and measured using wideband open and
short terminations. The presented six-port modulator offers
accurate QPSK symbol modulation at a symbol rate of 400
Msymbols/s across an octave bandwidth from 4.5 to 9 GHz
(66% operational bandwidth), which is suitable for use in
new-generation high-capacity communication systems.
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Wideband Planar Crossover Using Two-Port and
Four-Port Microstrip to Slotline Transitions
A. M. Abbosh
Abstract—The design of a wideband crossover that includes a
pair of two-port and another pair of four-port microstrip-slotline
transitions is presented. The utilized transitions are designed such
that the resultant planar crossover has high isolation and return
loss, and low insertion loss and deviation in the group delay across
a wideband. The simulated and measured results of a developed
9 mm 13 mm crossover on a substrate of 10.2 dielectric con-
stant show less than 0.5 dB insertion loss, more than 15 dB return
loss, more than 15 dB isolation and less than 0.1 ns deviation in the
group delay across the band from 4.8 to 7.2 GHz (40% fractional
bandwidth).
Index Terms—Crossover, four port devices, microstrip compo-
nents.
I. INTRODUCTION
C ROSSOVERS are needed in monolithic microwave in-tegrated circuits, microwave multichip modules, antenna
distribution networks and many more due to the ever-increasing
complexity of modern systems. The traditional approach to re-
alizing crossovers is to use air-bridge bonds. However, those
bonds lead to a non-planar structure, and thus, an increased fab-
rication cost and complexity. To minimize the cost and maintain
the planar structure of microwave circuits, four-port devices that
allow a pair of intersecting lines to cross each other, while main-
taining the required isolation between the two signal paths, are
increasingly needed.
Different con¿gurations for crossovers, such as modi¿ed ring
structures, microstrip to coplanar waveguide transitions or cas-
caded couplers, have been proposed [1]–[5]. The performance
presented in [1] indicates a maximum achievable fractional
bandwidth of around 20%. The device proposed in [2] achieves
around 40% bandwidth, but with more than 1 dB insertion loss
across that band due to the use of extremely narrow lines. The
four-section branch-line structure in [3] shows 33% fractional
bandwidth based on 20 dB isolation as a reference with up
to 1 ns deviation in the group delay, whereas a three-section
structure in [4] achieves 5% bandwidth at dual bands. The
crossover in [5] is proposed for high power application with
13% fractional bandwidth.
In this letter, a combination of two- and four-port mi-
crostrip-slotline transitions is utilized to build a wideband
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Fig. 1. Con¿guration of the proposed crossover.
planar crossover. The transitions and the connecting lines are
designed for a high isolation between two signal paths with
low insertion loss at each of them. The proposed method is
validated via simulations and measurements.
II. DESIGN
The proposed crossover is shown in Fig. 1. It is designed
to enable the signal entering port #1 to reach port #3 with
minimum insertion loss and maximum isolation from the
other signal passing in the intersecting path that connects
port #2 to port #4. The crossover is comprised of a pair of
two-port microstrip-slotline transitions and a pair of four-port
microstrip-slotline transitions. As required in planar circuits,
the four ports of the crossover are located at the top layer
of the substrate. The slotlines needed to realize the required
characteristics are located in the bottom layer that includes the
ground plane.
The two-port transitions depicted in Fig. 1 are formed by two
complementary structures. One of them is a microstrip line ter-
minated with a capacitive circular disk of radius , whereas
the other structure is a slotline terminated with an inductive cir-
cular slot of radius . The two parts of the transition are elec-
tromagnetically coupled at their intersection. The equivalent cir-
cuit for the two-port transition can be approximated by the dia-
gram shown in Fig. 2(a), where and are the inductance of
the circular slot stub and its effective electrical length, respec-
tively, whereas and are the capacitance and effective
electrical length of the circular microstrip stub, respectively.
With a proper choice of the position and radii of the circular
stubs, and become negligible. If and are equal
1531-1309/$31.00 © 2012 IEEE
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Fig. 2. Equivalent circuit of the (a) two-port microstrip-slotline transition, and
(b) four-port microstrip-slotline transition.
to quarter of the effective wavelength, the circular slot stub be-
comes a virtual open circuit, whereas the circularmicrostrip stub
becomes a virtual short circuit. Thus, a simpli¿ed model that
only includes the transformer’s ratio and the characteristic
impedances of the microstrip line and the slotline
can be used to predict the performance and the initial dimen-
sions. The ratio depends on the widths of the microstrip and
slot lines at the coupling region and characteristics of the sub-
strate [6]–[8]. In order to have a transition with no insertion loss,
and should have the relation .
The equivalent circuit for the other main component of the
proposed crossover, i.e. the four-port microstrip-slotline transi-
tion, is depicted in Fig. 2(b). That transition is designed here
to enhance the isolation between the two transmission paths,
Port1-Port3 and Port2-Port4. To achieve that target, the trans-
former’s ratio is designed to be small by reducing the cou-
pling area relative to the substrate’s thickness [8]. The width of
the microstrip line at the coupling region is narrowed. Also,
since the transformer’s ratio has its maximum value at the
normal intersection between the slot and microstrip lines, the
intersection is inclined in the utilized four-port transitions by
using an elliptical slot oval (Fig. 1).
To further reduce the coupling at the four-port transitions,
the slotline at the four-port transitions is designed to have low
characteristic impedance by using a narrow-width slot-
line . In this case, the transmission coef¿cient between the
very low impedance of the slotline as seen at the microstrip side
and the microstrip line impedance at the transition is
small. To avoid introducing any manufacturing dif¿culties in
the design, the dimensions in the coupling area ( and ) are
kept practical.
To eliminate the effect of the non-zero coupling at the four-
port transitions on the isolation, the distance shown in Fig. 1
is chosen to be half of the guide wavelength at the center of the
required band. This choice enables the destructive combination
of any signals that are coupled to/from the slotline from/to the
microstrip line at the two four-port transitions.
In order to explain the operation of the proposed crossover,
the equivalent circuit of the whole structure is derived from
Figs. 1, 2 and shown in Fig. 3. If a signal enters port 1 (P1),
a small fraction of that signal is coupled to point A due to
the small, but non-zero coupling of the ¿rst four-port transi-
tion. The same value of signal is also coupled to point A from
the second four-port transition. However, this coupled signal is
out-of-phase with the other one due to the additional trip along
the 180 microstrip line. Thus, the combination of the two cou-
pled signals at A is zero. Effectively, zero net signals are coupled
Fig. 3. Simpli¿ed equivalent circuit of the crossover.
to the ports P2 & P4, and thus, the whole signal emerges from
P3.
If a signal enters P2, that signal is coupled to the slotline due
to the perfect matching of the ¿rst two-port transition. A small
fraction of that signal is then coupled to the microstrip line con-
necting P1 to P3 at the two four-port transitions. The combina-
tion of those coupled signals travelling to P1 or P3 is equal to
zero due to the 180 phase shift introduced by the microstrip
line . Thus, the whole signal that enters P2 emerges from P4.
To compensate for the loading effect of the utilized transitions
on the return loss of the microstrip and slotlines, the microstrip
line between the two four-port transitions is linearly tapered.
A similar action is taken for the slotline oval extending between
the two- and four-port transitions.
III. RESULTS AND DISCUSSION
The proposed crossover is designed to operate across the band
from 4 to 8 GHz. Rogers RT6010 with thickness 0.635 mm,
dielectric constant 10.2 is used as the substrate. In order to ease
the manufacturing process, the minimum value for the width
of any slot in the structure is not allowed to be below 0.1 mm,
whereas the minimum width of any microstrip line is 0.2 mm.
As a compromise between the requirements of a perfect
matching at the two-port transitions, a reasonable isolation at
the four-port transitions, and easy to manufacture dimensions,
the main design parameters are chosen as , ,
, , and . The widths of
the slotlines and microstrip lines
can then be calculated [8], [9]. The radii of the microstrip and
slot circles ( and ) are chosen to be around twice of the
microstrip width [10]. The calculated values in (mm) of
the design parameters are: , ,
, , , and . The
lengths and are not critical parameters in the design. They
are chosen to be very small for a compact structure.
The overall dimensions of the crossover are optimized using
CST Microwave Studio. The optimized dimensions (mm) are:
, , , , , ,
, , , , and .
The optimized dimensions are generally close to the calculated
values.
The overall size of the manufactured crossover (inset of
Fig. 4) excluding the input/output feeders is 9 mm 13 mm.
It is worth mentioning that the size can be further reduced, if
needed, by replacing the microstrip line by a meandered line,
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Fig. 4. Insertion loss and group delay.
Fig. 5. Return loss and isolation.
and thus, the size of the slot oval in the ground plane can be
reduced consequently.
The simulated and measured performances of the designed
crossover are shown in Figs. 4 and 5. The results reveal an inser-
tion loss of less than 0.5 dB across the band from 4.6 to 7.3 GHz
(45% fractional bandwidth) in the simulations and from 5 to
7.6 GHz (41% fractional bandwidth) in the measured results.
The insertion loss is less than 1 dB across the band from 4.3 to
7.8 GHz (58% fractional bandwidth) as depicted in Fig. 4.
The four ports of the device are well matched with more than
15 dB return loss across the band from 4.2 to 7.4 GHz (55% frac-
tional bandwidth) as revealed in Fig. 5. The isolation between
the two sets of ports (1–3 and 2–4) is more than 30 dB at the
center of the investigated band. The isolation is more than 15 dB
across the band from 4.8 to 7.2 GHz (40% fractional bandwidth)
in the simulations and from 5.1 to 7.2 GHz in the measurements.
The isolation between the two sets of ports and the return loss
of the four ports are more than 10 dB, whereas the insertion loss
is less than 1.6 dB across the whole investigated band from 4
to 8 GHz. The simulated and measured results agree well with
each other.
In order to show the low level of distortion introduced by the
developed crossover, the variation of the group delay is depicted
in Fig. 4. It is clear that the peak-to-peak variation is less than
0.1 ns across the whole investigated one octave band. This low
value in the deviation is compared favourably with the recently
designed crossovers that have around 1 ns deviation.
In comparison with the published crossovers, it is possible to
claim that the presented design achieves larger fractional band-
width based on the 0.5 dB insertion loss reference. It also has
smaller deviation in the group delay across that band.
IV. CONCLUSION
A wideband planar crossover that uses two- and four-port mi-
crostrip-slotline transitions has been presented. The measured
results of the developed device show less than 0.5 dB of inser-
tion loss, more than 15 dB of isolation and return loss, and less
than 0.1 ns deviation in the group delay across 40% fractional
bandwidth.
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4. CONCLUSION
In conclusion, a simple solution to photonic generation of
microwave signal using a dual-wavelength ﬁber ring laser has
been demonstrated. A narrow transmission band FBG-based
Fabry-Perot cavity is used to select the longitudinal mode. A
FBG with reﬂectivity of 99.5% is used together with 2-m
unpumped EDF acting as saturable absorber. Stable dual-wave-
length SLM lasers are experimentally realized. By beating the
dual-wavelength lasers at PD, photonic generation of microwave
signal at 7.129 GHz is successfully obtained.
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ABSTRACT: A microwave crossover using a dual-mode microstrip
patch is presented. The patch is designed to operate at two orthogonal
modes. Each of those modes is used to couple a pair of face-to-face
ports. The isolation between the two orthogonal modes is enhanced by
using symmetrical slits in the microstrip patch. The proposed crossover
has the main features of high-power handling capability and
distortionless response due to its extremely low group delay deviation. A
prototype is designed to operate at the WLAN band from 5.15 to 5.85
GHz. The simulated and measured results indicate less than 0.06 ns
deviation in the group delay, less than 1 dB insertion loss, more than 13
dB return loss and more than 12 dB isolation across the whole
band. VC 2012 Wiley Periodicals, Inc. Microwave Opt Technol Lett
54:2077–2079, 2012; View this article online at wileyonlinelibrary.com.
DOI 10.1002/mop.27028
Key words: microwave crossover; four-port device; microstrip patch;
microstrip coupler
1. INTRODUCTION
Crossovers are increasingly needed in monolithic microwave
integrated circuits, microwave multichip modules, and many
more. With the increased complexity of the microwave circuits,
many crossovers are required in almost each of those circuits.
Crossovers allow a pair of intersecting lines to cross each other
while maintaining the required isolation between the two signal
paths. Traditionally, crossovers are realized by using air-bridge
bonds. However, that approach leads to a nonplanar circuit and
consequently an increased fabrication cost. The other option is
to design four-port hybrid structures to operate as crossovers.
Properly designed crossovers based on four-port devices mini-
mize the cost and maintain the planar structure of microwave
circuits.
Different conﬁgurations for crossovers, such as cascaded
couplers, ring, and multisection branch-line couplers, have
recently been proposed [1–3]. The main drawback of those
structures is the large deviation in the group delay (1 ns) that
leads to highly distorted signals. This is a critical issue in the
modern high-capacity communication systems.
In this article, a truncated microstrip patch is designed as a
planar crossover by enabling it to operate at two orthogonal
modes. Each of those modes is used to couple a pair of face-to-
face ports. The proposed method is successfully tested via full-
wave electromagnetic simulations and measurements.
2. THEORY AND DESIGN
The proposed crossover is shown in Figure 1. It is designed to
enable the signal entering port #1 to reach port #3 with mini-
mum insertion loss and maximum isolation from the other signal
passing from port #2 to port #4. The proposed crossover has a
simple structure of a dual-mode square microstrip patch that has
four rectangular slits symmetrically distributed near the four
ports. The patch is connected to four microstrip feeders that are
linearly tapered near their connection point with the patch for an
improved matching. The patch and the four ports are located at
DOI 10.1002/mop MICROWAVE AND OPTICAL TECHNOLOGY LETTERS / Vol. 54, No. 9, September 2012 2077
PAPER [50]
the top layer of the substrate, whereas the ground is located at
the bottom layer.
The microstrip square patch of Figure 1 with the ground
plane can be represented as a dielectric loaded cavity. The top
and bottom of that cavity are represented as perfect electric
walls. Assuming that the thickness of the substrate is very small
compared with the wavelength, the tangential magnetic ﬁelds at
the edges of the cavity are very small, and the ﬁeld variation
along the normal axis (z-axis) is considered constant. Moreover,
the fringing ﬁelds along the edges of the patch are also very
small, and thus, the electric ﬁeld is nearly normal to the surface
of the patch. Thus, the side walls of the patch can be repre-
sented as perfect magnetic walls and the only ﬁeld in the cavity
is the transverse magnetic (TM) ﬁeld conﬁguration. Following
the analysis presented in [4], the electric (E) and magnetic (H)
ﬁelds inside the cavity can be expressed in terms of TMmn0
modes.
Ez ¼ A1 cosðmpx=lÞ cosðnpy=lÞ (1a)
Hx ¼ A2 cosðmpx=lÞ sinðnpy=lÞ (1b)
Hy ¼ A3 sinðmpx=lÞ cosðnpy=lÞ (1c)
Ai: Amplitude of the ﬁelds, l: Length of the patch, m and n:
Mode numbers.
From (1), it is possible to show that the two fundamental
modes of the structure (TM100 and TM010) have the following
resonant frequency
fr ¼ c
2l
ﬃﬃﬃﬃ
er
p (2)
er: Dielectric constant of the substrate, c: Speed of light in free-
space. The ﬁeld distributions for the two fundamental modes are
found from (1). For the mode TM100
Hy ¼ A3 sinðpx=lÞ;Hx ¼ 0 (3)
For the mode TM010
Hx ¼ A2 sinðpy=lÞ;Hy ¼ 0 (4)
The above results indicate that the two fundamental modes
have orthogonal magnetic ﬁelds. According to Poynting vector
theory, microwave signals ﬂow in the direction deﬁned by the
cross-product of the electric and magnetic ﬁelds. Thus, the sig-
nal ﬂows in the x-direction for the TM100 mode and in the y-
direction for the TM010 mode. Thus, each face-to-face pair of
ports (Port#1 and 3, or 2 and 4 in Fig. 1) can be properly
aligned in the manner depicted in Figure 1 to couple one of
those modes. In this case, the isolation is high between the two
pairs of ports while maintaining a low insertion loss between
the face-to-face ports. The four symmetrical slits of rectangular
shapes with dimensions (d1  d2) are cut from the patch at the
positions indicated in Figure 1 to further improve the isolation
between the two modes.
3. RESULTS AND DISCUSSION
The proposed crossover is designed to operate across the
WLAN band from 5.15 to 5.85 GHz. Rogers RT6010 with
thickness 0.635 mm, dielectric constant 10.2 is used as the sub-
strate. The resonant frequency of the patch is chosen to be the
center of the band, that is, 5.5 GHz. The side length of the used
square patch is equal to half of the guide wavelength calculated
at fr as derived from (2). The four ports are designed to have 50
X impedance. The overall dimensions of the crossover are opti-
mized using CST Microwave Studio. The optimized dimensions
(mm) are: l ¼ 8.3, d1 ¼ 3, d2 ¼ 0.5, w1 ¼ 0.69, and w2 ¼ 0.57.
The simulated and measured performances of the designed
crossover are shown in Figure 2. The results reveal an insertion
loss of less than 1 dB across the band from 5.1 to 6 GHz in the
simulations and from 5.15 to 5.85 GHz in the measured results.
The insertion loss is less than 0.5 dB across the band from 5.2
to 5.8 GHz.
The four ports of the device are well matched with more
than 25 dB return loss at the center of the band. The measured
return loss is more than 13 dB across the band from 5.15 to
5.85 GHz. The isolation between the two sets of ports (1–3 and
2–4) is more than 12 dB across the whole investigated band
Figure 1 Conﬁguration of the proposed crossover. [Color ﬁgure can
be viewed in the online issue, which is available at
wileyonlinelibrary.com]
Figure 2 Performance of the developed crossover (inset). [Color ﬁg-
ure can be viewed in the online issue, which is available at
wileyonlinelibrary.com]
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from 5 to 6 GHz. The simulated and measured results agree
well with each other.
One of the main contributions of the proposed design is the
extremely low level of signal distortion introduced by the
crossover. As depicted in Figure 2, the peak-to-peak variation
in the group delay is less than 0.06 ns across the whole investi-
gated band. This result is compared favorably with those
achieved by the recent designed crossovers [1–3]. The
extremely low deviation in the group delay is a must for a dis-
tortionless performance of the modern high-capacity communi-
cation systems.
To clarify the operation of the crossover at the two modes,
the distribution of the magnetic ﬁelds is calculated using the
software tool for the proposed crossover at the center fre-
quency (5.5 GHz) and shown in Figure 3. If the input signal is
applied at Port#1, the magnetic ﬁeld in the x-direction (Hx) has
the dominant value [Fig. 3(a)], whereas the ﬁeld in the y-direc-
tion (Hy) is almost zero [Fig. 3(b)]. Because the electric ﬁeld is
in the z-direction as indicated in (1a), the microwave signal
ﬂows in the y-direction, and thus, the signal is coupled to
Port#3. The mode of operation in this case is TM010 as repre-
sented by (4). If the signal is applied at Port#2, Hy has the
dominant value [Fig. 3(d)], whereas Hx is almost zero [Fig.
3(c)]. The signal ﬂows in the x-direction and captured by
Port#4. The mode of operation in this case is TM100 as repre-
sented by (3). The simulated variations of the ﬁelds at the two
modes as shown in Figure 3 agree well with the derived varia-
tions in (3) and (4).
4. CONCLUSION
A truncated microstrip patch has been used in the design of a
planar microwave crossover. The operation of the proposed
crossover is based on generating two orthogonal modes. Each of
those modes is used to couple a pair of face-to-face ports. With
the proper positioning of the ports, the two modes, and thus, the
two pairs of ports are well isolated. A prototype that is designed
to cover the WLAN band from 5.15 to 5.85 GHz has proven the
validity of the crossover. The insertion loss is less than 1 dB,
the return loss is more than 13 dB, and the isolation is more
than 12 dB across the whole band. The main features of the pro-
posed crossover are the very low deviation in the group delay
(less than 0.06 ns) and the capability to handle a large micro-
wave power due to the used microstrip patch.
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Figure 3 Distribution of the magnetic ﬁelds at 5.5 GHz for the mode TM010 (a and b) and TM100 (c and d). [Color ﬁgure can be viewed in the online
issue, which is available at wileyonlinelibrary.com]
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Ultra-Wideband Crossover Using Microstrip-to-
Coplanar Waveguide Transitions
A. Abbosh, S. Ibrahim, and M. Karim
Abstract—The design of an ultra-wideband crossover for use
in printed microwave circuits is presented. It employs a pair
of broadside-coupled microstrip-to-coplanar waveguide (CPW)
transitions, and a pair of uniplanar microstrip-to-CPW transi-
tions. A lumped-element equivalent circuit is used to explain the
operation of the proposed crossover. Its performance is evaluated
via full-wave electromagnetic simulations and measurements. The
designed device is constructed on a single substrate, and thus, it
is fully compatible with microstrip-based microwave circuits. The
crossover is shown to operate across the frequency band from 3.1
to 11 GHz with more than 15 dB of isolation, less than 1 dB of
insertion loss, and less than 0.1 ns of deviation in the group delay.
Index Terms—Crossover, four-port devices, microstrip compo-
nents.
I. INTRODUCTION
C ROSSOVERS are usually required in printed microwavecircuits whenever an intersection between transmission
lines carrying different signals at the same layer is inevitable.
This situation is a usual scenario in high density monolithic mi-
crowave integrated circuits and microwave multichip modules.
The traditional approach to designing crossovers is to use
air-bridge bonds [1], or wired vias [2]. However, the air-bridges
lead to non-planar structures, and increased fabrication costs
and complexity. The use of wired vias leads to an insertion loss
that increases progressively with frequency due to the effect of
the parasitic elements of those wired vias. An attractive alterna-
tive is to use planar four-port devices that allow a pair of inter-
secting lines to cross each other, while maintaining the required
isolation between the two signal paths.
Several methods were proposed for the design of wideband
via-less crossovers using planar conﬁgurations, such as mod-
iﬁed rings [3], [4], microstrip to coplanar waveguide (CPW)
transitions [5], cascaded couplers [6], patch resonator [7], or
microstrip to slotline transitions [8]. The fractional bandwidths
achieved in the double-rings of [3] and modiﬁed ring of [4] are
20% and 26%, respectively. 44% bandwidth is obtained from
the crossover that uses microstrip to CPW transitions and ﬁlters
[5], whereas a crossover based on cascaded couplers has 33%
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bandwidth [6]. A crossover based on patch resonators for distor-
tionless high power applications achieves 14% fractional band-
width [7]. In [8], two pairs of microstrip to slotline transitions
are used to build a crossover with 40% fractional bandwidth.
An ultra-wideband (UWB) crossover operating across more
than 110% fractional bandwidth is presented. It is based on
using different types of transitions [9]–[14]. The proposed struc-
ture is fully planar, and thus, compatible with the microstrip-
based printed circuit technology.
II. DESIGN
The structure of the proposed crossover is shown in Fig. 1.
The device can be viewed as an assembly of two crossing lines.
The ﬁrst one connects Port 1 to Port 2, whereas the second one
connects Port 3 to Port 4. As can be deduced from the structure,
the crossover is constructed using the two sides of a single di-
electric substrate. It is fully planar as all the ports are located on
the top layer of the substrate. Therefore it is suitable for integra-
tion with other microstrip-based devices.
The ﬁrst crossing line depicted in Fig. 1 is implemented using
a pair of microstrip-CPW transition technique which is adapted
from [9], [10]. The second crossing line incorporated in the
crossover to connect Port 3 to Port 4 is implemented using a pair
of uniplanar microstrip to tapered CPW transition. This tech-
nique transforms the signal entering, for example, Port 3 from
the microstrip mode to the CPWmode for an enhanced isolation
from the CPW located at the bottom layer.
To explain the operation of the proposed crossover, its equiva-
lent circuit is shown in Fig. 2(a). To get this circuit, it is assumed
that the coupled length is quarter of the effectivewavelength
at the center of the band. The distances and equal
. The two transformers with turn’s ratio and repre-
sent the electromagnetic coupling between the microstrip patch
and the CPW patch of the two utilized transitions. For the tight
coupling achieved in the proposed structure, and are close
to 1. From [15], achieving a value of around 0.95 for and
is feasible. For a perfect matching at the four ports of the cir-
cuit, the following condition should be realized [16] assuming
that the four ports of the device have impedance
(1)
and : impedances of the CPW at the bottom and top
layers, respectively. For , .
The third transformer with turn’s ratio represents the
undesired coupling between the two circuits. Since the signal
in the two circuits travels in a CPW mode at the position of
the intersection, the value of is close to zero ensuring a high
isolation between the two circuits.
1531-1309/$31.00 © 2012 IEEE
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Fig. 1. Conﬁguration of the proposed crossover. (a) Overall structure (dark
colour: top layer), (b) top layer, and (c) bottom layer. Final dimensions in (mm):
    ,     ,     ,     ,     ,     	,
    ,    	,    
,    ,    
,    		,    
,
   ,    .
The equivalent circuit in Fig. 2(a) includes parasitic capaci-
tances of the microstrip patches and parasitic in-
ductances of the slots in the CPWs of the utilized
transitions. For properly designed transitions, the effect of those
parasitic elements on the overall performance of the crossover
is negligible.
The simulation tool Agilent ADS is used to calculate the
S-parameters of the equivalent circuit depicted in Fig. 2(a). The
elements of the equivalent circuit used in the calculation are in-
dicated in Fig. 2(a) as per the explained design guidelines. The
calculated performance depicted in Fig. 2(b) reveals a crossover
covering the UWB spectrum from 3.1 to 10.6 GHz with more
than 25 dB of isolation. It is to be noted, though, that the equiv-
alent circuit, and thus, the ADS simulations do not include the
effect of the losses in the substrate, any radiation losses, and the
effect of the tapered ground of the top layer CPW as shown in
Fig. 1.
The ﬁnal step in the design is to ﬁnd the required physical di-
mensions for the structure in Fig. 1. The dimensions of the CPW
line ( and ) are chosen for 55 impedance as required by
(1). The dimensions of the top layer CPW are also
Fig. 2. (a) Equivalent circuit, and (b) calculated performance for    ,
       ,        ,        ,
      , and    .
chosen for 55 impedance using the equations of conductor-
backed CPW [17]. The width of the four microstrip ports is
chosen for 50 impedance. The initial values for
are determined by the guidelines described in [9], [10]. The
overall dimensions of the crossover are optimized using the sim-
ulator HFSS. The ﬁnal dimensions using the substrate RT6010
( , ) are given
in Fig. 1. A sensitivity study shows that the change in the per-
formance is negligible for up to 10% fabrication tolerance in the
design parameters.
III. RESULTS AND DISCUSSION
The proposed crossover is tested via full-wave electro-
magnetic simulations. A prototype is also fabricated (inset of
Fig. 3) and tested. The dimensions of the fabricated crossover
excluding the feeding ports used for the testing are 8 mm
15 mm.
The simulated and measured performance is shown in Figs. 3
and 4. The simulated insertion loss is less than 0.7 dB across
the band from 3.1 to 11 GHz. The measured insertion loss is less
than 1 dB across the same band except at around 9.5 GHz where
the loss is around 1.1 dB at one of the crossing lines. The 0.3 dB
average difference between the measured and simulated inser-
tion loss comes from the four Sub-Miniature-A (SMA) connec-
tors needed for the experimental test.
As depicted in Fig. 4, the return loss at the four ports is more
than 10 dB across the band from 3.1 to 11 GHz. The isola-
tion between the two crossing lines is greater than 15 dB across
the same band. Relatively, good agreement between the simu-
lated and measured results is obtained. From comparing Fig. 4
PAPER [51]
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Fig. 3. Insertion loss and group delay.
Fig. 4. Return loss and isolation.
TABLE I
PERFORMANCE OF PROPOSED CROSSOVER COMPARED WITH OTHERS
with Fig. 2(b), it becomes clear that despite the simplicity of the
equivalent circuit of Fig. 2(a), it gives a reasonable modeling of
the proposed crossover.
To show the low level of distortion introduced by the devel-
oped crossover, the group delays for the two crossing lines are
shown in Fig. 3. The peak-to-peak variation across the band is
less than 0.1 ns.
To summarize the beneﬁts of the proposed crossover, its
properties compared with the recent published via-less struc-
tures are shown in Table I. It is clear that the proposed device
has much wider fractional bandwidth than the other crossovers.
Apart from the extremely low group delay in the narrowband
design presented in [7], the proposed crossover has the lowest
group delay compared with available data of other wideband
crossovers despite its slightly larger size.
IV. CONCLUSION
A compact via-less UWB crossover on a single substrate has
been presented. The crossover is based on using broadside-cou-
pled and direct-coupled microstrip-to-CPW transitions. The de-
vice has more than 15 dB of isolation and less than 1 dB of
insertion loss across the band from 3.1 to 11 GHz. It is fully
compatible with printed microstrip circuits.
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input gate capacitance of MInj is beneﬁcial for adjusting the
locked tuning range of ILFT. Therefore, the locked tuning
ranges were measured in Figure 7 at various gate voltage of
MInj and the Vct was ﬁxed at 0.6 V and the injection signal
power was 5 dBm. The measured locking ranges can be fur-
ther enhanced by increasing the gate bias voltage due to the sup-
pression of gate capacitance.
The ﬁrst issue is that the naturally running frequency of the
oscillator must be very close to the desired harmonic of the
reference to achieve injection-locking [9]. In Figure 8 differ-
ent situations, which occur depending on the injection fre-
quency, are shown. When injection frequency is within the
lock range, two oscillator spectrums (master and slave) are
combined to form a single peak as shown in Figure 8(b). Two
sidebands can be observed after injection locking. The magni-
tude of these sidebands is varied for injection in different fre-
quency offsets from carrier frequency. If the frequency of the
slave oscillator is outside of the injection locking range but
very close to that, the spectrum shown in Figure 8(c) occurs
and this situation is called ‘‘quasi lock’’ and if the frequency
of the injected signal deviates far from the lock range, the
spectrum shown in Figure 8(d) can happen which is called
‘‘fast beat’’ [10].
4. CONCLUSION
A 77 GHz ILFT has been designed and implemented in 90 nm
standard CMOS technology under a 1.2 V supply voltage. The
use of slow wave EC-CPW inductor and transmission line-based
ILFT shrinks the harmonic generator chip size. In addition, the
inverter-core Colpitts differential VCO fundamental signal also
demonstrates a wide tuning range. The frequency range of the
output signal can be controlled from 76.4 to 79.15 GHz with a
locking range up to 2.98 GHz. Due to the low-power and wide-
locking-range operation, this approach can be applied to 77 GHz
millimeter-wave wireless communication for automotive appli-
cations are feasible.
A comparison table of this work and published CMOS injec-
tion-locked frequency multipliers (ILFMs) at millimeter wave
operation frequencies was shown in Table 1. The performance
of the proposed 77-GHz ILFT can achieve the lowest power dis-
sipation among the CMOS ILFMs circuits.
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ABSTRACT: The design of a planar four-port microstrip crossover is
presented. The design starts by using a half-wavelength square patch
and two sets of orthogonal feeding lines. To achieve a wideband
performance, four circular slots are introduced in the square patch. A
parametric analysis is used to investigate the effect of the utilized slots.
Full-wave simulations and measurements are used to validate the
proposed design. The simulated and measured data show less than 1 dB
insertion loss, more than 10 dB return loss, more than 19 dB isolation,
and about 0.2 ns group delay deviation across the band from 2.1 to 2.75
GHz. VC 2012 Wiley Periodicals, Inc. Microwave Opt Technol Lett
55:439–443, 2012; View this article online at wileyonlinelibrary.com.
DOI 10.1002/mop.27335
Key words: wideband crossover; microstrip crossover; four-port
devices
1. INTRODUCTION
Microstrip lines crossover is a common problem in most of the
modern microwave integrated circuits. The poor isolation and
the high return losses caused by the crossover dramatically
reduce the whole circuit performance. An ideal four-port cross-
over provides 0 dB insertion loss to diagonal ports and perfect
isolation to adjacent ports. The most common way to isolate the
signals on the intersection is to use a three-dimensional struc-
ture, for example, bond wires, air bridges, or multilayer struc-
tures [1–3]. The use of those nonplanar structures increases the
fabrication complexity and cost signiﬁcantly.
In the literature, a few fully planar structures were proposed,
such as cascaded hybrid and symmetric four-port junctions [4–
6]. The achievable bandwidth in the recently proposed cross-
overs is 5% at dual-bands [5] and 33% by using four cascaded
sections. However, the designs that are based on several multi-
section structures suffer from a large deviation in the group
delay. For example, the deviation in the group delay is around 1
ns in the four-section structure proposed in Ref. 6. That large
variation in the group delay prohibits the use of those devices in
wideband applications.
We propose in this work a new planar four-port crossover in
the form of a square microstrip patch with four arc-shaped slots.
The crossover is fed using four microstrip feeders located at the
four corners. The direction of each feeding line is perpendicular
to the two adjacent feeding lines. The simulated and measured
results show that the developed crossover operates across 28%
fractional bandwidth with more than 19 dB isolation and less
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than 1 dB insertion loss. The deviation in the group delay across
that band is around 0.2 ns.
2. PROPOSED PATCH CROSSOVER
The proposed crossover conﬁguration is shown in Figure 1. The
starting point in the design is a square microstrip patch with
four feeding microstrip lines at the top layer of the substrate.
The four feeding lines are arranged such that each one of them
is perpendicular to the two adjacent lines. The bottom layer of
the substrate includes the ground plane. To enable wideband
performance, four arc-shaped slots of radius R0, width w1, and
separation distance w2 are embedded in the patch as shown in
Figure 1.
To explain the principle of operation of the proposed structure,
the cavity theory [7] is used. The structure shown in Figure 1 can
be represented as a dielectric loaded cavity under the following
conditions. The width of the slots and the thickness of the sub-
strate are very small compared with the wavelength, and the
fringing ﬁelds along the edges of the patch and those leaked from
the slots are also very small. In this case, the ﬁeld variation along
the normal axis (z-axis) is almost constant, and the electric ﬁeld
is nearly normal to the surface of the patch. Thus, the side walls
of the patch can be represented as perfect magnetic walls and the
only ﬁeld in the cavity is the transverse magnetic (TM) ﬁeld con-
ﬁguration. Following the analysis presented in Ref. 7, the two
fundamental modes of the ﬁelds in the structure are TM100 and
TM010 with the following resonant frequency
fr ¼ c
2l
ﬃﬃﬃ
er
p (1)
l: Length of the patch, er: Dielectric constant of the substrate,
c: Speed of light in free-space.
The ﬁeld distributions for the two fundamental modes are
found from (1). For the mode TM100
Hy ¼ A1 sinðpx=lÞ;Hx ¼ 0 (2)
For the mode TM010
Hx ¼ A2 sinðpy=lÞ;Hy ¼ 0 (3)
Ai: amplitude of the ﬁeld.
The above results indicate that the two fundamental modes
have orthogonal magnetic ﬁelds. The signal ﬂows in the x-direc-
tion for the TM100 mode and in the y-direction for the TM010
mode. Thus, each face-to-face pair of ports of the structure in
Figure 1 can be properly aligned to couple one of those modes.
In this case, the structure can be designed to operate as a four-
port crossover.
Based on (1), the side length of the patch is equal to half a
wavelength. The crossover is designed here to work at the reso-
nant frequency 2.4 GHz using the substrate Rogers RT6010LM
(thickness 0.635 mm and er ¼ 10.2). Assuming 50 impedance
for the feeding lines, the dimensions are: l ¼ 19.8 mm and Wf
¼ 0.6 mm. The utilized substrate has a side length of W ¼ 27
mm.
After ﬁnding the values of the main design parameters, the
effect of the other three parameters (w1, w2, and R0) is investi-
gated separately to show their impact on the bandwidth.
Figure 2 shows the changes of the return loss and insertion
loss as a function of the radius of the circular slots R0 for w1
and w2 equal to 0.5 mm. It is clear from the ﬁgure that for large
values of R0, the response shows one transmission pole at a
position deﬁned by the half wavelength dimensions of the cross-
over as predicted using the cavity theory. Reducing the value of
R0 splits the central pole into two. The distance between those
two poles increases with reducing R0. Thus, it is clear that this
parameter can be used to increase the bandwidth. There is a
limit on the possible increase in the bandwidth as the insertion
loss starts to deteriorate for small values for R0 as shown in Fig-
ure 2b for R0 ¼ 8.2 mm.
Figure 3 shows the variation in the return loss and insertion
loss as a function of the slot width w1 for R0 ¼ 8.2 mm, and w2
¼ 0.5 mm. The graph shows that decreasing the slot width has a
minor effect on the lower resonant frequency by shifting it
slightly to higher values. However, w1 has a signiﬁcant impact
on the second resonant frequency. Decreasing w1 shifts that fre-
quency to higher values, which eventually leads to a welcome
increase in the fractional bandwidth. It is to be noted from Fig-
ure 3 that there is a limit on the increase in the bandwidth that
can be achieved as very small value for w1 means deterioration
in the performance at the center of the band besides the
expected manufacturing problems associated with using very
Figure 1 Proposed wideband microstrip patch crossover. [Color ﬁgure can be viewed in the online issue, which is available at
wileyonlinelibrary.com]
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narrow slots. Thus, it is clear from Figure 6 that the optimum
slot width w1 is between 0.4 and 0.6 mm.
Figure 4 shows the changes in the return loss and insertion
loss as a function of the separation distance between the two arc
slots w2. In this case, increasing the distance between the slots
shifts the second resonance frequency to higher values, which
leads to increase in the fractional bandwidth. As for w1, the
design parameter w2 has a small effect on the lower resonant
frequency. It is clear from Figure 4 that the optimum separation
distance w2 is between 0.4 and 0.6 mm.
After using the parametric analysis to estimate the values of the
design parameters (w1, w2, and R0) for a wideband performance,
the overall structure of the device is optimized for the maximum
possible bandwidth that is centered at 2.4 GHz. The optimized val-
ues are: R0 ¼ 8.2 mm, w1 ¼ 0.5 mm, and w2 ¼ 0.5 mm.
Having found the optimum dimensions of the crossover, the
next step is to present a visualization of the ﬁeld distribution in
the crossover structure as a proof of the utilized cavity theory.
The result using the software HFSS is shown in Figure 5 when
a 2.4 GHz signal is applied at port #1. It is clear that no signal
is coupled to the neighboring ports #2 and 4, whereas the whole
input signal is coupled to port #3. The designed crossover is
fabricated as shown in Figure 6 on a 27  27 mm2 substrate
and tested.
Figure 7 shows the simulated and measured results for the
return loss, insertion loss, and isolation of the developed cross-
over. It is to be noted that due to symmetry S11¼S22¼S33¼S44,
S13¼S24, and S12¼S34. The crossover has less than 0.5 dB inser-
tion loss and more than 19 dB isolation across 28% fractional
bandwidth extending from 2.1 to 2.75 GHz. The results show a
very good agreement between the simulated and measured
results.
For a distortionless performance across a wideband, the
group delay of the device should have a ﬂat response across the
operational band. To inspect that parameter, the group delay is
calculated and measured as depicted in Figure 8. The deviation
in the value of the group delay across the 28% band is only 0.2
ns, which is an attractive small value.
It is worth mentioning that the proposed crossover does not
have any slots in its ground plane. This feature enables its use
and integration in high-density microwave circuits. Moreover,
the structure of the crossover, which is in the form of a micro-
strip patch, can handle the high power levels used in microwave
transmitter circuits compared with other designs that utilize nar-
row transmission lines in their structure. Those properties in
addition to the extremely low deviation in the group delay
Figure 2 Variation of (a) return loss and (b) insertion loss with R0.
for w1 ¼ w2 ¼ 0.5 mm. [Color ﬁgure can be viewed in the online issue,
which is available at wileyonlinelibrary.com]
Figure 3 Variation of (a) return loss and (b) insertion loss as a func-
tion of w1. (w1 ¼ 0.5 mm, R0 ¼ 8.2 mm). [Color ﬁgure can be viewed
in the online issue, which is available at wileyonlinelibrary.com]
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should make the proposed crossover an attractive candidate for
wideband microwave circuit applications.
3. CONCLUSION
The design of a planar microstrip crossover has been presented.
The proposed crossover utilizes a square microstrip patch with
four perpendicular microstrip feeding lines. To enable a wide-
band performance, four arc-shaped slots are introduced into the
square patch. The simulated and measured results have shown
less than 1 dB insertion loss, more than 19 dB isolation, and
less than 0.2 ns deviation in the group delay across the band
from 2.1 to 2.75 GHz.
Figure 4 Variation of (a) return loss and (b) insertion loss as a func-
tion of w2. (w1 ¼ 0.5 mm, R0 ¼ 8.2 mm). [Color ﬁgure can be viewed
in the online issue, which is available at wileyonlinelibrary.com]
Figure 5 Electric ﬁeld distribution on the square patch crossover.
[Color ﬁgure can be viewed in the online issue, which is available at
wileyonlinelibrary.com]
Figure 7 Simulated and measured S parameters of the proposed
crossover. [Color ﬁgure can be viewed in the online issue, which is
available at wileyonlinelibrary.com]
Figure 8 Simulated and measured group delay. [Color ﬁgure can be
viewed in the online issue, which is available at wileyonlinelibrary.com]
Figure 6 Fabricated prototype. [Color ﬁgure can be viewed in the
online issue, which is available at wileyonlinelibrary.com]
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ABSTRACT: This article presents a novel interdigital capacitor
resonator (ICR), which has a high spurious frequency and compact size.
A six-pole high-temperature superconducting (HTS) bandpass ﬁlter
(BPF) has been designed and fabricated with this ICR on a double-
sided MgO-based YBCO thin ﬁlm. Measurement at cryogenic
temperature shows a fractional bandwidth of 0.4%, and an ultra high
spurious passband at about 4.1 f0. Moreover, the measurement shows a
good agreement with simulation in wideband response. VC 2012 Wiley
Periodicals, Inc. Microwave Opt Technol Lett 55:443–447, 2012; View
this article online at wileyonlinelibrary.com. DOI 10.1002/mop.27324
Key words: high-temperature superconducting filter; interdigital
capacitor resonator; wide stopband; narrowband
1. INTRODUCTION
High-temperature superconducting (HTS) ﬁlms have a lower sur-
face resistance (about two orders lower at 10 GHz) at cryogenic
temperature than conventional metal at room temperature. The
unloaded quality factor of a HTS microstrip resonator below 10
GHz is usually above 10000 [1]. Thus, HTS ﬁlters have many
advantages, such as very low insertion loss, steep band edges,
high out-of-band rejection, and so on. HTS ﬁlters have received
much attention in recent years and have been applied to improve
microwave systems, such as mobile communication, radar detec-
tion, astronomical observation, and so on [2–5].
Compact size and excellent passband performance are more
concerned in the HTS ﬁlter design. However, HTS microstrip
ﬁlters always have unwanted spurious passbands, leading to a
degradation of the out-of-band performance. As a matter of fact,
wide stopband response is required in many ﬁlter applications.
One natural way of suppressing the spurious passband is cascading
a lowpass ﬁlter, but additional insertion loss maybe introduced,
and dimension will be enlarged. Quarter wavelength resonator has
the nearest spurious frequency at 3f0 [4], but the earthing of reso-
nators on HTS ﬁlm could affect the passband performance.
Recently, stepped impedance resonators (SIRs) and interdigital ca-
pacitor resonators (ICRs) are developed to realize wide stopband
performance [5–9]. Because SIRs usually have a large line width
of the low impedance section to increase the spurious frequency,
they are often used in ﬁlter design at upper UHF band or even
higher frequency to obtain compact size. However, the ﬁrst spuri-
ous frequency of ICRs usually locates at about 3f0, and the funda-
mental frequency can be reduced by increasing self capacitance,
so ICRs are very suitable to develop a microstrip ﬁlter with wide
stopband performance and compact size at lower frequency.
In this article, theory analysis of ICR is studied; the design
and experimental performance of a six-pole HTS BPF at UHF
band is presented. The ﬁrst spurious passband of the ﬁlter is
located at 2034 MHz (about 4.1f0), of which the fractional band-
width is 0.4%. A novel ICR is developed in the design proce-
dure, which has the advantages of high spurious frequency,
compact size, and weak coupling.
2. RESONATOR DESIGN
An ICR, as shown in Figure 1(a), has many ﬁngers in parallel at
the two ends of the resonator, which introduces the loading ca-
pacitance. So, a ICR be simply modeled as capacitively loaded
transmission line resonator [10, 11] of Figure 1(b), where CL/2
is the loaded capacitance at either end, Z, &nbsp;b, and d are
the characteristic impedance, the propagation constant, and the
length of the unloaded line, respectively. The transmission ma-
trix can be written as:
V1
I1
 
¼ AB
CD
 
 V2I2
 
(1)
A ¼ D ¼ cos h 1
2
xCLZ sin h
B ¼ jZ sin h
C ¼ j xCL cos hþ 1
Z
sin h 1
4
x2C2LZ sin h
  (2)
Figure 1 (a) A novel interdigital capacitor resonator applied in the
ﬁlter design and (b) capacitively loaded transmission line resonator
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A Compact UWB Three-Way Power Divider
Amin M. Abbosh
Abstract—A three-way power divider with ultra wideband be-
havior is presented. It has a compact size with an overall dimension
of 20 mm 30 mm. The proposed divider utilizes broadside cou-
pling via multilayer microstrip/slot transitions of elliptical shape.
The simulated and measured results show that the proposed de-
vice has 4.77 1 dB insertion loss, better than 17 dB return loss,
and better than 15 dB isolation across the frequency band 3.1 to
10.6 GHz.
Index Terms—Power divider (PD), ultra wideband (UWB),
Wilkinson divider.
I. INTRODUCTION
POWER dividers (PDs) are fundamental components ofmany microwave circuits and subsystems. They are widely
used in antenna arrays, power ampliﬁers, mixers, phase shifters
and vector modulators [1].
The simplest three-way PD is the Wilkinson divider [2]. Al-
though it provides a match at all ports and high isolation be-
tween output ports, a three-way Wilkinson divider presents se-
rious packaging problems. It requires a 3-D ﬂoating common
node to connect all isolation resistors together. This requirement
makes fabrication difﬁcult and complex, especially in high fre-
quency bands using monolithic microwave integrated circuits
[1]. To overcome these problems, a modiﬁed circuit, which uses
additional isolation resistors and wire bonding, was proposed in
[3]. However, the isolation performance of the proposed circuit
is very sensitive to the length of the bond wire, and its operation
is limited to the lower frequency band.
A new conﬁguration of the three-way divider was introduced
in a recent paper [4]. It consists of two resistors and three
four microstrip coupled lines. The proposed conﬁguration can
modify a three-wayWilkinson PD from a 3-D conﬁguration into
a two-dimensional one. However, the measured performance of
the divider shows that it has a narrow bandwidth. Furthermore,
it requires a narrow spacing between the microstrip lines.
This makes the fabrication process difﬁcult, knowing that its
performance is sensitive to the coupled lines spacing.
Another type of broadband planar three-way PD is the ta-
pered-line PD [5]. It provides a broadband high-pass character-
istic because of the tapered-line impedance transformers. The
tapered-line PDs utilize resistive ﬁlms or strip resistors which
cover all or part of the area between the tapered-line conductors
to obtain good output isolation. However, those resistors cause
a signiﬁcant insertion loss in the high frequency range. Thus,
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they degrade the performance of the divider and limit its useful
bandwidth [6].
In this letter, the conﬁguration of a compact multilayer
three-way PD with ultra wideband (UWB) performance is
presented. Simple rules are proposed to design the device.
The simulated and measured results show that the insertion
loss is equal to 4.77 1 dB for each of the three output ports
across the band 3.1–10.6 GHz. The proposed divider exhibits
better than 17 dB return loss at its ports with more than 15 dB
isolation across the ultra wide frequency band.
II. DESIGN
The conﬁguration of the proposed multilayer three-way PD is
shown in Fig. 1. It consists of ﬁve conductor layers interleaved
by three dielectrics. The input and one of the output ports, which
are stripline ports, are located at the mid layer of the structure,
while the other two output ports, which are microstrip ports, are
at the top and bottom layers. The ground plane, which also in-
cludes the coupling slot, is at the second and fourth layers of
the circuit. The microstrip coupled patches and the slots are of
elliptical shapes, similar to those used to fabricate the UWB
directional couplers in [7]. The two isolated ports, which are
Ports 5 and 6 in Fig. 1(f), have no power output. They are ter-
minated in matched loads to absorb any reﬂected signal from
the output ports which may degrade the isolation performance
of the device.
The mid layer of the proposed divider is considered to be
connected to the input port (Port 1) at one side, and one of the
output ports (Port 2) at the other side. As the power is required to
divide equally between the three output ports, then the coupling
between the mid layer and any of the two output ports (Port 3
and Port 4 in Fig. 1) is equal to; 0.5773 (or
4.77 dB). The output power from Port 2 is;
0.5773, i.e. insertion loss 4.77 dB.
The even and odd mode characteristic imped-
ances for each of the coupled patches are calculated using the
following equations:
(1)
where is the characteristic impedance of the input/output
ports of the coupler. Assuming that 50 and
then; 96.5 and 25.9 .
Dimensions of the elliptical microstrips and slots offering the
required even and odd mode characteristic impedances can be
determined by extending the quasi-static approach presented in
[7], [8] to the case of multilayer coupler. That approach was
found to give accurate results when the distance between the
coupled lines is less than 20 [9], where is the wavelength
inside the used substrate. In this letter, I used a substrate that
meets this requirement across the UWB.
1531-1309/$25.00 © 2007 IEEE
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Fig. 1. Conﬁguration of the proposed PD: (a) top layer, (b) second layer
(ground with coupling slot), (c) mid layer, (d) fourth layer (ground with
coupling slot), (e) bottom layer, and (f) the whole conﬁguration.
Using the quasi-static method, and can be proven to
be
(2)
where is the dielectric constant of the substrate, is the
ﬁrst kind elliptical integral and .
Rearranging the equations in [7] and [8], it is possible to ﬁnd
the design parameters as (3) and (4), shown at the bottom of the
page, where and are the major diameters of the elliptical
slot and coupled microstrip, respectively, is the secondary
diameter of the slot and coupled microstrip, is thickness of the
substrate, and is equal to quarter of the effective wavelength
calculated at the centre frequency, which is 6.85 GHz. The rela-
tion between and is given by [7]
(5)
The last step of the design is to calculate the width of the
input and output stripline/microstrip ports. They are determined
Fig. 2. Photo for the fabricated three-way PD.
to give 50 characteristic impedance using the well known
stripline/microstrip equations [1].
III. RESULTS AND DISCUSSION
The validity of the presented design method was tested by
building a three-way PD aimed at the operation in the UWB
range 3.1 to 10.6 GHz. Rogers RO4003C (with 3.38,
0.508 mm, and loss tangent 0.0027) was selected for the di-
vider’s development. Using the proposed design method and
with the help of the optimization capability of the software An-
soft HFSSv10, parameters of the coupler were found to be;
for the top and bottom layers 4.8 mm, for the mid layer
4.4 mm, 9 mm, 6.8 mm, width of the stripline
input/output port 0.64 mm, and width of the microstrip output
ports 1.2 mm. It was found that the optimized values of the
design parameters are less than 10% different from those ob-
tained by the described design method. This indicates the high
accuracy of the method. A photograph of the developed device
is shown in Fig. 2. It has a compact size with an overall dimen-
sion of 20 mm 30 mm.
The designed PD was tested via simulation and measure-
ments. The simulation was performed using the commercial
software Ansoft HFSSv10, whereas the measurements were
done using a vector network analyzer.
The insertion loss of the three output ports, as shown in Fig. 3,
is equal to 4.77 1 dB (ideal value 4.77 dB) across the band
3.1 to 10.6 GHz revealing an UWB performance. The return
loss for the input/output ports of the device is shown in Fig. 4
(note that because of symmetry, and ).
It is better than 17 dB for all the ports of the device. The isola-
tion between the three output ports is presented in Fig. 5 (due
to symmetry ). The simulated and measured iso-
lation between ports 3 and 2 (or between the ports 4 and 2) is
better than 19 dB, whereas it is better than 17 dB between the
(3)
(4)
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Fig. 3. Measured and simulated insertion loss of the device.
Fig. 4. Measured and simulated return loss of the device.
ports 3 and 4 (or between the ports 5 and 6) across the band
3.1–10.6 GHz.
The simulated and measured results in Fig. 5 also show that
there is negligible coupling between the top and bottom layer.
The two ports of the top layer (ports 4 and 5) are well isolated
from the two ports of the bottom layer (ports 3 and 6) by more
than 15 dB across the whole band.
Concerning the phase performance of the splitter, the mea-
sured and simulated results (not shown here) indicated that the
output signals from ports 3 and 4 are in phase and they are dif-
ferent by 90 0.5 from that of port 2.
Fig. 5. Measured and simulated isolation of the device.
IV. CONCLUSION
A three-way PD with UWB behavior has been presented.
It has a compact size with an overall dimension of 20 mm
30 mm. The proposed divider utilizes broadside coupling via
multilayer microstrip/slot transitions of elliptical shape. The
simulated and measured results of the developed device have
shown equal three-way power division, good return loss, and
isolation over the band 3.1–0.6 GHz.
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accurate FDTD methods owing to the asymmetry of their time-
steeping schemes are depicted. It can be found that they are also
same.
4. CONCLUSION
In this article, one of staggered multistep schemes, that is, the
staggered Adams-Bashforth scheme, is used to construct an ex-
plicit fourth-order accurate FDTD method. The comparison of the
FDTD method using the SAB scheme with the FDTD method
using the SBD scheme shows that the performance of their nu-
merical dispersions is same but the stability restraint of the former
is relaxed by 33.3%. In addition, the FDTD methods using stag-
gered multistep schemes are not difﬁcult to implement. If their
application is combined with some new technology such as mem-
ory-efﬁcient formulation technology, they will become more ab-
sorbing.
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AN UWB PLANAR OUT-OF-PHASE
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ABSTRACT: The design of a planar out-of-phase (180°) power divider
with an ultra wideband performance is presented. The device employs
two dielectric substrates with a common ground plane. A transition from
a parallel stripline to two microstrip lines is formed to divide power
equally and with 180° phase difference from a stripline input port to
two microstrip line output ports. The simulated and measured results of
the proposed divider show equal power division with high stability of
phase, good return loss at the three ports, low insertion losses, and ﬁne
isolation between the two output ports across the band from 3 to more
than 11 GHz. © 2007 Wiley Periodicals, Inc. Microwave Opt Technol
Lett 49: 912–914, 2007; Published online in Wiley InterScience (www.
interscience.wiley.com). DOI 10.1002/mop.22324
Key words: microstrip line; stripline; ultra wideband; power divider
1. INTRODUCTION
Power dividers are fundamental components extensively used in a
variety of microwave circuits such as ampliﬁers, mixers, modula-
tors, phase shifters, and antenna array feed networks [1]. Accord-
ing to the phase difference between two output ports, the power
divider can be classiﬁed as an in-phase or out-of-phase. In the
latter case, a 180° phase difference between the output ports is
implemented. One example of such an out-of-phase power divider
for use in a push–pull type transistor ampliﬁer was described in
Ref. 2. In this case, the Wilkinson out-of-phase divider was em-
ployed. In general, the Wilkinson divider that is commonly used in
various power dividing/combining circuits is classiﬁed as in-phase
or out-of-phase [2–4]. Because of the use of resistive elements, it
offers good impedance match at its three ports accompanied by
high isolation between the two output ports. However, the resistive
elements also contribute to some insertion loss, which can be up to
1 dB in an operational band. To achieve a wideband performance,
a few sections, each of about one quarter wavelength (at the centre
frequency of the intended band), have to be employed. This makes
this device of a relatively large size in comparison with the
operational wavelength.
In this paper an alternative conﬁguration of a planar out-of-
phase divider, accompanied by simple design rules, is presented.
The device is compact in size and does not use any resistive
elements. From the inherent properties of a lossless three-port [1]
it does not offer the same quality of return loss at its three ports and
isolation between output ports as the Wilkinson divider. However,
as shown via computer simulations and experiment, its perfor-
mance is very reasonable and may be found sufﬁcient in many
applications. The return loss at the input port is in the order of 15
dB across an ultra wide frequency band from 3 to more than 11
GHz. The return loss at its output ports and the isolation between
them are in the order of 10 dB across the same band.
2. DESIGN
The conﬁguration of the proposed power divider is shown in
Figure 1. The device uses two substrates supported by a common
ground plane. Its input port (also named E port) is formed by a
parallel strip line. Next, a transition from a parallel strip line to two
microstrip lines is formed. This arrangement enables an even
signal division in magnitude but with 180° phase difference be-
tween two microstrip lines. Note that in the parallel strip line
region, the common ground plane is removed. However, it exists
in the region of the two microstrip lines. Details of this transition
can be better viewed in Figure 1(b). To form two output ports,
which are suitably separated, the two microstrip lines are bent. To
eliminate a path for a DC signal, two capacitors are used. For
microwave frequencies, 1 nF chip capacitors offer this function
with a minimum insertion loss. In the conﬁguration shown in
Figure 1, 1 nF chip capacitors are placed in the two microstrip lines
just before the connection of the two output ports. The use of these
DC blocks is necessary as one of the strips has to act as a ground.
The two microstrip lines (as well as the remaining microstrip lines
in the divider structure of Fig. 1) are assumed to have 50 
characteristic impedance. Therefore, for a given substrate their
width wm can be determined using the standard formula [1], which
is rewritten here in Eqs. (1) and (2).
Zo
60
me ln8hwm wm4h for wm/h 1, (1)
Zo
120
me wm/h 1.39 0.67 lnwm/h 1.44, (2)
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for wm/h  1, where h is thickness of the substrate and me is the
effective dielectric constant for the transmission line and it is given
by:
me
r  1
2 
r  1
2*1 12h/wm, (3)
where r is the dielectric constant of the substrate.
Width ws of the parallel strip line is also chosen to give 50 
impedance at the input port, i.e. the E-port. This can be done using
another formula from [1], which is rewritten as Eq. (4).
ws
2.4h
r . (4)
When calculating width of the strip line using Eq. (4), the thick-
ness h is equal to twice of the substrate thickness. This is because
the two parallel strip lines are on top and bottom of the structure
use identical substrates.
As the width required for the parallel strip line (ws) is usually
wider than that for the microstrip line (wm) an elliptical arc is
proposed to be used to make the smooth transition. It can be found
from computer simulations that the length of the transition of the
order of a quarter wavelength (at the centre frequency) can provide
good return loss at the input (E) port.
3. RESULTS
The above outlined design method was applied to a 180° power
divider, which would cover the ultra wideband (UWB) frequency
range from 3.1 to 10.6 GHz. Rogers RT6010 with thickness 0.64
mm, dielectric constant 10.2, and tangent loss 0.0023 was assumed
as a substrate. Photo for the developed device is shown in Figure
2. The overall dimension of the structure is 2 cm  2 cm.
The operation of the device was simulated using the ﬁnite
element analysis. Next, the device was developed and tested using
a vector network analyzer. Note that in this case, SMA coaxial
connectors were included in the three ports of the divider. Results
of the performed simulations and measurements are shown in
Figures 3 and 4. Those results reveal that the power is equally
divided between the two output ports with an insertion loss less
than 0.3 dB across the band 3 to more than 11 GHz. The return loss
at the input port is better than 15 dB for the whole band. At the
same time, return loss at the output ports is in the range of 10 dB
Figure 1 Conﬁguration of the proposed out-of-phase power divider, (a)
parameters of design and (b) side view showing individual layers. [Color
ﬁgure can be viewed in the online issue, which is available at www.
interscience.wiley.com]
Figure 2 Photo for the developed coupler. [Color ﬁgure can be viewed
in the online issue, which is available at www.interscience.wiley.com]
Figure 3 Simulated and measured coupling and isolation of the pro-
posed out-of-phase power divider. [Color ﬁgure can be viewed in the
online issue, which is available at www.interscience.wiley.com]
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for the same band. Because the device is virtually lossless, isola-
tion between the output ports is sacriﬁced and is in the range of 10
dB. The measured and simulated difference in phase between the
two output ports (not plotted here) is 180°  0.5° over the same
band. The results presented in Figures 3 and 4 reveal quite a good
agreement between the simulated and measured results.
4. CONCLUSIONS
The design of a planar UWB out-of-phase (180°) power divider
that involves two substrates supported by a common ground plane
has been presented. The device employs a transition from a parallel
strip line to two microstrip lines. The simulated and measured
results of this device show a low insertion loss and good return
losses and isolation over the band 3 GHz to more than 11 GHz.
One has to note that in the presented design, the input port (E)
is of the parallel strip line type. However, it can easily be con-
verted to the microstrip type. This can be accomplished by grad-
ually increasing the width of one of the strips to form a ﬁn shaped
ground plane, and by adjusting the width of the second strip to
obtain the required characteristic impedance of 50 .
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ABSTRACT: A novel microstrip bandpass ﬁlter with size reduction and
harmonic suppression is proposed in this article. The ﬁlter is based on
microstrip open loop resonators with coupled open stubs. By adding
coupled open stubs to open loop resonator, extra controllable transmis-
sion zero can be obtained. The extra transmission zero can be tuned at
the second harmonic frequency to suppress spurious response. When
compared with the conventional microstrip open-loop bandpass ﬁlter,
this ﬁlter could achieve size reduction and spurious responses suppres-
sion simultaneously. A demonstration ﬁlter was designed, fabricated,
and measured. Theoretical and experimental results are presented and
show good agreement. © 2007 Wiley Periodicals, Inc. Microwave Opt
Technol Lett 49: 914–916, 2007; Published online in Wiley InterScience
(www.interscience.wiley.com). DOI 10.1002/mop.22323
Key words: bandpass ﬁlter; harmonic suppression; open loop; trans-
mission zero
1. INTRODUCTION
Bandpass ﬁlters are key components in satellite and mobile com-
munication systems for suppressing unwanted signals. Compact
size and high performance ﬁlters are highly in demand in modern
wireless communication systems to enhance the overall perfor-
mances. Among various resonator conﬁgurations, microstrip open
loop resonators have been drawing much attention in bandpass
ﬁlter design because of the advantages of small size, sharp rejec-
tion, and easy fabrication [1–4]. However, they suffer from the
problem of spurious passbands because of the distributed charac-
teristics of the transmission lines. This phenomenon is undesirable
for sensitive receiver for which a wider upper stopband is essential
to reject out-of-band signals. To alleviate this problem, plenty of
methods have been proposed and shown promising results [5–9].
In Ref. 5, extra transmission zero was introduced. When the
transmission zero was tuned at the harmonic frequency, spurious
response rejection can be obtained. The idea of integration of
bandstop or lowpass ﬁlters with bandpass ﬁlter has been presented
in Refs. 6–8. By cascading bandpass ﬁlters with bandstop or
lowpass ﬁlters, good out-of-band rejection and wide stopband
could be achieved. The cost, however, is extra insertion loss and
size. In Ref. 9, stepped-impedance open-loop resonators are used
to suppress harmonic responses. With the introduction of stepped-
impedance resonator, harmonic frequencies can be prolonged to
higher values, which help to extend the stopband.
In this article, a novel bandpass ﬁlter using open-loop resona-
tors with coupled open stubs is presented for size reduction and
harmonic suppression. By adding coupled open stubs, the pass-
band of the open loop resonator shifts to a lower frequency.
Moreover, the open stubs are inside the loop and it does not
increase the circuit size. Thus, size reduction is obtained. Besides
size reduction, harmonic suppression is also achieved. When cou-
pled open stubs are added, extra transmission zero can be obtained.
The extra transmission zero can be tuned at different frequencies
by controlling the size of the coupled open stubs. When the
transmission zero locates at the harmonic frequency, harmonic
Figure 4 Simulated and measured return loss of the ports of the
proposed out-of-phase power divider. [Color ﬁgure can be viewed in the
online issue, which is available at www.interscience.wiley.com]
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Design of a Compact UWB
Out-of-Phase Power Divider
M. E. Bialkowski and A. M. Abbosh
Abstract—The design of a compact out-of-phase uniplanar
power divider operating over an ultra wide frequency band
is presented. To achieve an out-of-phase signal division over a
large frequency range, a T-junction formed by a slotline and a
microstrip line accompanied by wideband microstrip to slotline
transitions is employed. The simulated and experimental results
of the developed divider show a low insertion loss and good return
loss performance of the three ports across the band 3.1–10.6 GHz.
Index Terms—Power divider, ultra wideband (UWB), Wilkinson
divider.
I. INTRODUCTION
POWER dividers are fundamental components extensivelyused in a variety of microwave circuits such as balanced
mixers, modulators, phase shifters, and antenna array feed net-
works [1]. The simplest type of power divider is a T-junction.
It is a three-port network with one input port and two output
ports. According to the phase between output ports, this type of
power divider can be an in-phase or out-of-phase. In the latter
case, a 180 phase difference between the output ports is of-
fered. This phase difference is required in some applications
such as a push–pull type ampliﬁer, where the two transistors are
fed 180 out-of-phase.
In [2], the authors have shown that the out-of-phase type
Wilkinson divider can be designed using parallel strip trans-
mission lines (PSTLs). The symmetrical characteristic of PSTL
implies that the “ground” and “signal” lines can be freely in-
terchanged. This leads to the possibility of having in-phase or
out-of-phase signal division. One extra step required to use this
arrangement is a PSTL to microstrip transition, which the au-
thors of [2] also included in their design. By using this approach,
a three-stage Wilkinson divider operating from 1 to 8 GHz was
demonstrated. The shortcoming of the presented conﬁguration
is that it is not suitable for implementations in which the mi-
crowave device requires a uniplanar microstrip arrangement.
This arrangement is required for creating an efﬁcient heat sink.
In this letter, the conﬁguration of a compact uniplanar out-of-
phase divider with a low insertion loss is presented accompanied
by simple design rules. Opposite to the Wilkinson divider, this
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Fig. 1. Conﬁguration of the proposed power divider.
device does not use any resistive elements. Because of the in-
herent properties of a lossless three-port [1], which are governed
by unitary properties of its scattering matrix, it cannot offer a
perfect match at its three ports, as its counterpart with resistors.
In addition, isolation between its two output ports is compro-
mised by the quality of match of its input and output ports. The
better the match at the input and output ports, the worse is the
isolation between the output ports.
In the presented design, the three-port exhibits return losses
at its ports in the order of 10 dB across an ultra wide frequency
band from 3.1 to 10.6 GHz, as demonstrated via simulations
and measurements. The isolation between the output ports is
about 8 dB across the same band. This return loss and isolation
performance may be found sufﬁcient in many applications even
those involving a push–pull type of ampliﬁer.
II. DESIGN
The conﬁguration of the proposed power divider is shown
in Fig. 1. The three ports of the divider are at the top layer of
the printed circuit board (PCB) while the ground plane is at
the bottom layer of the circuit. There is a slot in the shape of
a narrow rectangle ended with two circles in the middle of the
ground plane. This slot is responsible for guiding the wave from
the input port to the output ports.
Prior to its design, it is important to understand the opera-
tion of this device. The divider utilizes the series type T-junction
formed by a slotline and two arms of a microstrip line. The in-
herent property of this junction is that the signals coupled from
the slotline to the two arms of the microstrip line are of equal
magnitude but their phases differ by 180 . In order to efﬁciently
(without reﬂections) couple a signal from the slotline to the mi-
crostrip, the end of the slotline needs to be compensated with
an inductive element. Here, it is chosen in the form of a circular
slot. In order to convert the input port from the slot type to the
microstrip type, a wideband slot to microstrip transition needs
1531-1309/$25.00 © 2007 IEEE
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to be employed [3]. As seen in Fig. 1, the chosen transition is
formed by two complementary structures. One includes a mi-
crostrip line terminated with a capacitive circular disk and the
other one is a slotline terminated with an inductive circular slot.
The two are electromagnetically coupled.
Having established the principles of operation of the power
divider, a simple procedure can be applied to its design. The
width of the input and output microstrip ports is deter-
mined assuming 50 characteristic impedance. The distance
between the input and output microstrip line does not have to
be ﬁne tuned. Here, it is chosen to be a quarter of the effective
wavelength at the center frequency of operation . As a re-
sult, the length of the slot is .
In order to achieve a high return loss at the microstrip ports,
the slot width should be chosen to give impedance close to
50 as seen from the microstrip side. At the same time, the
slot width should not be too narrow to avoid problems with the
manufacturing errors. To meet this requirement, a slot with ac-
ceptable width and suitable impedance transformation ratio
[3] can be used. The equations in [3] and [4] can be employed
to accomplish this task. In the present design, the slot width is
chosen to give impedance 90 and the impedance transforma-
tion ratio is 0.8. As the result, the impedance of the slot as seen
from the microstrip line is (90 0.8 ) 55 .
Radius of the microstrip and slot circles terminating the
microstrip and slot lines are chosen to be around twice of the
microstrip width . This choice conforms to the guidelines
for designing wideband microstrip/slotline transitions [3].
III. RESULTS AND DISCUSSION
The above outlined design method was applied to design
an out of phase (180 ) power divider that would cover the
ultra wideband (UWB) range from 3.1 to 10.6 GHz. Rogers
RO4003C with thickness 0.508 mm, dielectric constant 3.38
and tangent loss 0.0023 was used as a substrate. Values of the
design parameters ( , , , and ) obtained using the outlined
design procedure (without any involvement of sophisticated
full EM analysis and design packages) were 1.2 mm, 7.3 mm,
2 mm, and 0.2 mm, respectively. According to these dimen-
sions the proposed divider is compact and its length is around
quarter of the effective wavelength in microstrip. This compares
favourable against the Wilkinson divider presented in [1] where
the length was larger than three quarters of the wavelength.
Having determined all of the parameters of the divider,
the next step concerned the testing of its performance. The
simulated results of the proposed power divider obtained using
Ansoft HFSSv9.2 are shown in Fig. 2. These results reveal
that the power is equally divided between the two output ports
with an insertion loss less than 0.5 dB across the band 3.1 to
10.6 GHz. Also the return loss for the input port and two output
ports (note that because of symmetry, 33 22 and thus
S33 is not shown explicitly) is in the range of 10 dB for the
whole band. Because of good quality return loss at the three
ports, isolation between the output ports is sacriﬁced and is in
the range of 8 dB. This is the result of the earlier discussed
unitary properties of the scattering matrix of a lossless three
port [1]. The difference in phase between the two output ports
(not plotted here) is 180 0.25 over the same band.
Fig. 2. Simulated performance of the designed power divider.
Fig. 3. Photograph of the top layer (left) and bottom layer (right) of the devel-
oped power divider.
Fig. 4. Measured performance of the developed power divider.
The power divider was developed and tested experimentally.
Photograph of the developed power divider is presented in
Fig. 3.
Measurement results are shown in Fig. 4. The presented re-
sults conﬁrm the UWB behaviour of the designed divider. Also
they show good agreement with the simulated results. Small dis-
crepancies can be explained by the use of coaxial ports in the ex-
periment. As observed in Fig. 4, the power is equally divided be-
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Fig. 5. Measured phase of transmission coefﬁcients of the developed divider.
tween the two output ports with average insertion loss less than
0.5 dB. This insertion loss is lower than that of the Wilkinson
divider presented in [1] where 0.8-dB insertion loss was noted.
The return loss for the input port and output ports is in the order
of 10 dB and isolation between the two output ports is between
7.5 and 11.5 dB across the band. Note that the presented mea-
sured results include losses of coaxial connectors that were used
in the experimental testing.
The measured difference in phase between the two output
ports is 180 0.5 over the band 3–11 GHz, as shown in Fig. 5.
This proves that the proposed divider is an out-of-phase type.
IV. CONCLUSION
A simple method has been presented to design a compact
UWBout-of-phase power divider. The proposed divider is of the
uniplanar type and uses complementary structures in the form
of microstrips and slots to achieve its UWB performance. The
measured results of the developed power divider have shown a
low insertion loss, less than 0.5 dB, a good return loss and iso-
lation with high phase stability over the band 3.1–10.6 GHz.
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4. CONCLUSIONS
We have measured the dielectric properties of nickel ferrite
(NiFe2O4) synthesized by the micelles mixing method, prepared in
suspension of coconut oil and annealing for 4 h at different
temperatures. The as-grown ferrites presented highly amorphous
X-ray spectrum. Post preparation annealing was applied to induce
the increase in the size of the nanoparticles in order to tune the
dielectric responses of the samples at the microwave frequencies.
The X-ray diffraction (XRD) was applied to investigate the
nanoparticle size dependence on the annealing temperature, allow-
ing the correlation between the nanoparticle size and the observed
microwave dielectric response.
The micelles mixing method of preparation is then a cheap
procedure to obtain high quality nanostructured nickel ferrites with
low dielectric losses, and dielectric constant between 2.4 and 3.6.
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ABSTRACT: The article describes the design of a planar 180° hybrid
with an ultra wideband (UWB) performance. The device employs two
substrates with a common ground plane and various microstrip-slot
transitions to achieve in-phase and out-of-phase signal division over an
ultra wide frequency range. At the initial stage, simple design guidelines
are used but the ﬁnal dimensions are determined using a full-wave anal-
ysis and design software package. The simulated and measured results
of the proposed device reveal a well balanced power split accompanied
by a very good approximation of ideal 180° and 0° differential phase
shift across the band 3.1 to more than 11 GHz. Also low insertion
losses, good return loss at all of the four ports, high isolation between
the input ports and ﬁne isolation between output ports are noted across
this frequency band. © 2007 Wiley Periodicals, Inc. Microwave Opt
Technol Lett 49: 1343–1346, 2007; Published online in Wiley Inter-
Science (www.interscience.wiley.com). DOI 10.1002/mop.22472
Key words: 180° hybrid; microstrip line; stripline; ultra wideband
1. INTRODUCTION
The 180° hybrid, also called magic-T, is a four-port network that
offers out of phase (180° phase shift) and in-phase (0° phase shift)
signal/power division between its two output ports [1]. The port
enabling the out-of-phase signal division is called the -port (delta
Figure 4  of the complex permittivity for different frequencies and
annealing temperatures
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port) while the one providing the in-phase signal division is named
the -port (-port). The alternative names for the  and  ports are
E and H ports, respectively. The property of the ideal 180° hybrid
is that all four ports are perfectly matched and the  and  ports,
as well as the two output ports, are isolated. These properties of the
180° hybrid make it very attractive for applications in many
microwave communication and measurement sub-systems. It is
used in antenna feeds, ampliﬁer combiners, balanced mixers, and
modulators.
Many of these applications require the 180° hybrid to be
integrated with other microwave circuitry. In this case, a planar
(microstrip or stripline) realization of this device is essential. One
of the well-known planar realizations of the 180° hybrid is a 1.5 
ring coupler also called a rat-race hybrid. This device offers about
20–25% bandwidth and hence its application is limited to narrow-
band applications. One technique to overcome this shortcoming is
to replace its 3/4 transmission line section by a /4 coupled-line
[2]. Known as the 180° reverse-phase hybrid-ring coupler, the new
device is less frequency sensitive and offers an operational band-
width in the order of 40% (or one octave). More recent work
described in Ref. 3 indicates that by incorporating crossovers, the
ring hybrid developed in coplanar waveguide technology not only
can deliver more than one octave bandwidth but also can be
miniaturized to 0.67 guided wavelengths. However, one has to
note that the use of crossovers make the new device nonplanar.
The solutions offered in Refs. 2 and 3 provide a 180° hybrid with
an increased operational bandwidth. However, none of them en-
ables operation over an ultra wide frequency band. In 2002
US-FCC released an UW frequency band from 3.1 to 10.6 GHz for
various applications [4]. The release of this frequency band has
sparked a renewed interest in various broadband passive and active
components, and antennas. It is because UWB technology shows
promise to offer new capabilities with respect to such applications
as wireless communications [5] and microwave imaging [6].
Out of many conﬁgurations of 180° hybrid/magic-T described
in the open literature, the ones worthwhile of revisiting with
respect to UWB applications are those described by de Ronde in
[7], and Aikawa and Ogawa in [8]. The magic-T proposed by de
Ronde in [7] is formed by a combination of planar in-phase and out
of phase microstrip/slotline dividers. In particular, utilization of a
slot to microstrip transition enables an UWB out-of-phase (180°)
signal division due to an inherent property of this series type
junction. The in-phase signal division realized by the shunt mi-
crostrip junction also offers an UWB operation. However, the
assembly of the two junctions, resulting in the magic-T, offers only
an octave band performance.
The solution presented in Ref. 8 by Aikawa and Ogawa seems
to be more advantageous in terms of preserving UWB perfor-
mances of two individual in-phase and out-of phase power dividers
when combined into magic-T. The authors of Ref. 8 presented
three complementary conﬁgurations, which can offer a UWB
operation. The proposed solution utilizes slot-to-microstrip or slot-
to-microstrip transitions accompanied by either coupled microstrip
lines or coupled slotlines. By using a transition between a single
slotline and a coupled microstrip line (or alternatively between a
microstrip line and coupled slot lines), a ﬁne quality  (E) port is
realized. In turn, the  (H) port uses a slot to microstrip transition
(or a microstrip to slotline transition). Because of the use of
coupled lines, a much more amiable assembly of the in and
out-of-phase power dividers forming the magic-T junction is re-
alized in compare with the one proposed by de Ronde [7]. For the
manufactured 180° hybrid, the authors presented quite a spectac-
ular UWB performance over a 2–10 GHz frequency range. How-
ever, this design’s shortcoming is the requirement for very ﬁne
manufacturing tolerances. The coupled lines are edge-coupled
lines and in order to offer a 180° phase shift they have to be in a
very close proximity. For the manufactured device, the measured
best insertion loss occurred at the centre frequency of 6 GHz and
was 0.7 dB, and the coupling imbalance was 0.9 dB at the same
frequency.
In this article, an alternative conﬁguration of a planar 180°
hybrid, is presented. In contrast to [8] the out-of-phase division is
accomplished using broadside, instead of edge coupled microstrip
lines. Because of this choice, a better quality 180° phase shift is
expected in comparison with the one obtained in Ref. 8. Our
design also features other differences. It incorporates a 3 dB
slot-microstrip coupler and a transition between a parallel strip line
and two microstrips to achieve good performance of the magic-T
in terms of return loss of various ports and isolation between
output ports across UWB.
2. DESIGN
The conﬁguration of the proposed UWB 180° hybrid is illustrated
in Figure 1. The device uses two substrates supported by a com-
mon ground plane and various microstrip-slot transitions. It’s H/
port is formed by a slot-to-microstrip transition. In turn, the E/
port is created by a parallel strip to two microstrip lines transition.
When the slot line forming H/ port is removed, the modiﬁed
device represents a 180° power divider. In this divider, the con-
nection between a parallel stripline and two microstrip lines serves
the purpose of dividing the signal launched at port E equally in
Figure 1 Conﬁguration of the proposed 180° hybrid. [Color ﬁgure can
be viewed in the online issue, which is available at www.interscience.
wiley.com]
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magnitude but out-of-phase between the two microstrip lines. Note
that in the parallel strip line region, the common ground plane is
removed. However, it exists in the two microstrip lines region.
Details of this transition are better viewed in Figure 1(b). Next, the
two microstrip lines are connected to two elliptical conducting
discs. The two discs are coupled by a slot, which is formed in the
common ground plane. The use of this coupling structure serves
the purpose of obtaining better quality return loss and isolation
between the two output ports. Note that the device can also
function without including this coupling structure.
It is assumed that the two microstrip lines (as well as the
remaining microstrip lines in the structure of Fig. 1) are of 50 
characteristic impedance. Therefore, for a given substrate their
width wm is determined using the standard formula [1]. In turn,
width ws of the parallel strip line is chosen to give 50 impedance
using another formula from [1]. When calculating width of the
strip line its thickness is assumed to be twice the substrate thick-
ness. As the width required for the parallel strip line (ws) is usually
wider than that for the microstrip line (wm) then an elliptical arc is
used to make the smooth transition. The length of this transition
needs to be about half wavelength (at the centre frequency) to
provide good return loss of the input (E/) port.
The microstrip-slot coupler formed by the two elliptically
shaped conducting discs and the slot forming are designed to
obtain a 3 dB coupling [9, 10]. This task is accomplished by
properly choosing dimensions of the elliptical discs and slot (l, D1,
and D2). The method to obtain these dimensions has been de-
scribed in Refs. 9 and 10. The design is based on simple design
guidelines followed by a full-wave analysis offered by commer-
cially available software package.
Having designed the out-of phase divider, the inclusion of the
in-phase divider to form magic-T is straightforward. As seen in
Figure 1, a slotline to microstrip transition accomplishes this task.
Using this transition, power delivered to the H/ port is equally
and in-phase divided between the two parallel microstrip lines.
This arrangement offers a better quality phase balance then the
conﬁguration with two edge-coupled lines described in Ref. 8.
Width of the slot (s) is chosen so that the input impedance of the
H/ port is 50 . In this case the formulae described in Refs. 11
and 12 are used. The remaining task is to provide a high return loss
at the H/ port. This is accomplished by employing a circular slot
with radius r terminating the slotline.
3. RESULTS
The above outlined method was applied to design and build a 180°
hybrid divider operating over the UWB frequency range from 3.1
to 10.6 GHz. Rogers RO4003C with thickness 0.508 mm, dielec-
tric constant 3.38, and tangent loss 0.0023 was used as a substrate.
The design process was aided with a full electromagnetic simula-
tion package while the measurements were accomplished using a
vector network analyzer. Values of the design parameters shown in
Figure 1 (wm, ws, l, D1, D2, s, and r) are 1.2, 4.1, 7.4, 4.8, 7.2, 0.1,
and 2.5 mm, respectively. The overall dimension of the structure is
3  4.5 cm2.
Results of the performed simulations and measurements when
the E-port is excited are shown in Figure 2. Those results reveal
that when E/ port is excited the power is equally split between the
two output ports with an insertion loss less than 0.5 dB across the
band 3.1 to more than 11 GHz. Also the return loss for the E/ port
(SEE) is better than 13 dB for the whole band. The difference in
phase between the two output ports (not plotted here) is 180° 
0.25° over the same band. Good agreement can be noticed between
the measured and simulated results.
Figure 3 shows the results when the H/ port is excited. In this
case, the power is equally divided between the two output ports
with an insertion loss less than 0.6 dB across the band 3.7 to more
than 11 GHz. The return loss of the H/ port (SHH) is better than
10 dB for the whole band. The difference in phase between the two
output ports (not plotted here) is 0.25° over the same band.
The isolation between the two input (E and H) ports was also
measured and was found to be better than 25 dB for the whole
band. The isolation between the two output ports was found to be
better than 8 dB for the same band.
4. CONCLUSION
The design of a UWB 180° hybrid in the planar format involving
two substrates supported by a common ground plane has been
presented. In order to achieve a UWB performance, the device
employs a microstrip-slot coupler and transitions from a parallel
strip line to two microstrip lines and from a slotline to two
Figure 2 Performance of the proposed hybrid when the E port is excited.
[Color ﬁgure can be viewed in the online issue, which is available at
www.interscience.wiley.com]
Figure 3 Performance of the proposed hybrid when the H port is excited.
[Color ﬁgure can be viewed in the online issue, which is available at
www.interscience.wiley.com]
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microstrip lines. The simulated and measured results of this device
have shown good quality equal power division (accompanied by
small insertion losses) over the band 3.1 to more than 11 GHz
when E/ port is excited and over the band 3.7–11 GHz when the
H/ port is excited. The phase deviation from 0° phase shift or
180° phase shift is only 0.25° over the same frequency band.
In the presented design, the E port is of the parallel strip line
type. However, it can easily be converted to the microstrip type.
This can be accomplished by gradually increasing the width of one
of the strips to form a ﬁn shaped ground plane and by adjusting the
width of the second strip to obtain the characteristic impedance of
50 . Similarly, the H port is a slotline type. However, it can be
made of microstrip type by employing a slot to microstrip transi-
tion using one of the solutions shown in Ref. 11.
It is believed that better quality results can be obtained by
optimizing the hybrid’s section including the slotline to two mi-
crostrip lines and parallel strip line to two microstrip lines transi-
tions by varying these lines width. This task is left for further
investigations.
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ABSTRACT: We show experimental performance comparison of differ-
ent equalization methods in erbium-doped optical ampliﬁers based on
silica and ZBLAN host materials. Different conﬁgurations are analyzed,
including the analysis of hybrid silica/ZBLAN conﬁgurations, exploring
gain, bandwidth, and noise ﬁgure performance. © 2007 Wiley Periodicals,
Inc. Microwave Opt Technol Lett 49: 1346–1349, 2007; Published online
in Wiley InterScience (www.interscience.wiley.com). DOI 10.1002/mop.
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1. INTRODUCTION
Gain equalization in optical ampliﬁers is a critical issue in the case
of wavelength-division-multiplexing optical communication sys-
tems. This is because it is necessary to provide a ﬂat gain [1] over
the whole ampliﬁcation bandwidth.
Fiber optic ampliﬁers (erbium-doped ﬁber ampliﬁers and Ra-
man ampliﬁers) have been extensively studied as key devices for
wavelength-division-multiplexing (WDM) optical communication
systems with the development of high-power semiconductor laser
diodes. The distributed EDFAs of relatively high optical signal-
to-noise ratio (OSNR) and low-noise ﬁgure ampliﬁcation charac-
teristics compared with lumped-type EDFAs have been demon-
strated recently by Kawakami et al., who have obtained good
performances of bit-error rate with a hybrid conﬁguration consist-
ing of distributed and lumped EDFAs [2]. Especially distributed-
type Raman ampliﬁers have attracted considerable attention these
days as an important ampliﬁer with EDFA showing a low-noise
ﬁgure and high OSNR in long-haul transmission systems [3], even
though they require high-power optical pumps. By using multi-
wavelength Raman lasers, it is possible to provide equalization
over the ampliﬁcation spectrum [4]. However, the high optical
pumps involve safety problems and damage components as isola-
tors.
In this work, we are going to focus on a comparative study on
the performance of different equalization methods in erbium-
doped optical ampliﬁers based on silica and ZBLAN ﬁbers and
conﬁgurations composed of both of them. A comparison between
the topologies has been carried out and the major drawbacks and
strong points considering the gain, bandwidth, and the noise ﬁg-
ures obtained have been reported.
2. GAIN-EQUALIZATION METHODS OF ERBIUM-DOPED
FIBER AMPLIFIERS
One of the major problems in EDFAs is their nonﬂat gain proﬁle.
The differences in gain among the maximum and the minimum
peaks can be as high as 5 dB. This is a problem in wavelength-
division-multiplexing systems, compared with conﬁgurations de-
signed to amplify only one wavelength. Thus, it is important to
provide a ﬂat gain band in the ampliﬁcation range.
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Abstract-The design of a planar out-of-phase power 
divider in microstrip/parallel stripline technology 
for ultra wideband (UWB) applications is 
presented. The device employs two substrates with 
a common ground plane. A coupling between two 
microstrip lines on the top and bottom substrate 
layers through a slot in the ground plane, and a 
suitable transition from two microstrip lines to a 
parallel stripline are used to achieve an UWB 
operation. The simulated and measured results of 
the proposed divider show low insertion losses, 
good return loss at the three ports, fine isolation 
and the required 180º phase difference for signals 
emerging from the two output ports across the 
band 3.1 to 10.6GHz.  
 Index Terms- Microstrip line, stripline, ultra 
wideband, power divider. 
I. INTRODUCTION 
 
A power divider formed by a three-port network 
with an input port and two output ports is a 
fundamental component extensively used in a 
variety of microwave circuits [1]. According to 
the phase difference between the output ports, 
this device can be classified as a quadrature (90º), 
in-phase (0º) or out-of-phase (180º).   
 
While most of the early dividers used the 
waveguide structure, the increasing use of planar 
technology has led to the development of a wide 
range of planar dividers such as the Wilkinson 
divider, the branch line hybrid and the coupled 
line divider. Wilkinson divider is the most 
commonly used device to achieve in-phase or 
out-of-phase signal division [2] - [5]. Because of 
the use of resistive elements, this type of divider 
offers good impedance match at its three ports 
and high isolation between the two output ports. 
However, the resistive elements also contribute to 
some insertion loss, which in some applications 
is unwelcome. In order to achieve a wideband 
performance a few sections, each of about one 
quarter wavelength (at the centre frequency) has 
to be used. This makes the Wilkinson divider of a 
relatively large size in comparison with the 
operational wavelength.   
 
In this paper an alternative configuration of a 
planar out-of-phase divider, accompanied by 
simple design rules, is presented. The device does 
not use any resistive elements and achieves an 
ultra wideband performance using a very 
compact size. From the inherent properties of a 
lossless three-port [1] it does not offer the same 
quality of return loss at its three ports and 
isolation between output ports, as the Wilkinson 
divider. However, as shown via computer 
simulations and measurements its return loss and 
isolation performance is very reasonable. The 
return loss at the input port is in the order of 
15dB across an ultra wide frequency band from 
3.1 to 10.6GHz.  The return loss at its output 
ports is in the order of 10dB while the output 
ports isolation is about 12dB on the average 
across the same band. This may be found 
sufficient in many useful applications. 
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II. DESIGN 
 
The configuration of the proposed power divider 
is illustrated in Fig.1. The device uses two 
substrates supported by a common ground plane. 
The first section of the power divider includes an 
input port (E port), which is formed by a parallel 
strip line. Next, a transition from a parallel strip 
line to two microstrip lines is formed to divide 
the signal equally in magnitude but out-of-phase. 
Note that the common ground plane exists in the 
two microstrip lines region but is removed in the 
parallel strip line section. Details can be viewed 
in Fig.1 b. Next, the two microstrip lines are bent 
so they can be connected to two elliptically 
shaped conducting discs, which together with a 
slot in the common ground plane form a coupling 
structure.  
(a) 
 
(b) 
 
Fig. 1   Configuration of the proposed out-of-phase 
power divider, (a) parameters of design and (b) side 
view revealing individual layers. 
 
Note that the device can also function without the 
disc-coupling structure. However, its use 
improves isolation between the two output ports 
and their return loss. 
  
In order to eliminate a path for a DC signal, two 
capacitors are used in the output ports. For 
microwave frequencies, 1nF chip capacitors offer 
this function with a minimum insertion loss. In 
the configuration shown in Fig.1, 1nF chip 
capacitors are placed in the two microstrip lines 
just before the connection of the two output ports. 
The use of these DC blocks is necessary as one of 
the strips in the parallel stripline section has to 
function as ground. 
 
The two microstrip lines (as well as the 
remaining microstrip lines in the divider structure 
of Fig.1) are assumed to have 50ȍ characteristic 
impedance. Therefore, for a given substrate their 
width m  is determined using the standard 
formula [1], which is rewritten here in (1), (2).  
w
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where  is thickness of the substrate and h meH  is 
the effective dielectric constant for the 
transmission line and it is given by;         
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where rH  is the dielectric constant of the 
substrate.  
 
Width s of the parallel strip line is chosen to 
give 50ȍ impedance using another formula from 
[1], which is rewritten as (4). 
w
 
                            
r
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When calculating width of the strip line using (4) 
the thickness h  is equal to twice of the substrate 
thickness. This is because the two parallel strip 
lines are on top and bottom of the structure 
formed by two identical substrates.  
 
As the width required for the parallel strip line 
( s ) is usually wider than that for the microstrip 
line ( m ) then an elliptical arc is used to make 
the smooth transition.  It can be found from 
computer simulations that the length of the 
transition of the order of a quarter wavelength (at 
the centre frequency) can provide good return 
loss of the input (E) port.  
w
w
     
The second part of the divider is formed by a 
microstrip-slot coupler. In this coupler, the 
microstrip lines are connected to two elliptically 
shaped conducting discs/patches. The coupling 
between those two patches is controlled using an 
elliptical slot in the common ground plane. 
Dimensions of the three ellipses shown in Fig.1 
are chosen to obtain a 3dB coupling between the 
top and bottom layers. To this purpose, the 
method described in [4] can be applied. This 
method initially determines the dimensions of the 
rectangular shaped slot and the discs. In the next 
step, the equivalence, in terms of the occupied 
area, is used to determine the size of ellipses. The 
initial values for the design parameters ( , 1  
and 2 ) shown in Fig.1a are calculated using (5) 
to (9). 
l D
D
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where  is the first kind elliptical integral 
and
)(kK
)1()( 2' kKkK  . Values of the 
parameters  and  are calculated using (7) 
and (8):   
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The final dimensions of the two elliptical patches 
and the slot can be determined using an iterative 
process involving the finite element analysis. The 
aim of this process is to obtain a 3dB coupler and 
a transition from a parallel strip line to two 
microstrip lines with high quality performance 
over an UWB frequency range. Using this 
approach, usually only a few iterations are 
required to obtain a satisfactory performance of 
the divider.    
 
 
III. RESULTS 
 
The above outlined design method was applied to 
a 180º power divider, which would cover the 
UWB frequency range from 3.1 to 10.6GHz. 
Rogers RT6010 with thickness 0.64mm, 
dielectric constant 10.2 and tangent loss 0.0023 
was assumed as substrate. Values of the design 
parameters shown in Fig.1a ( m , s , , 1  and 
2  ) were 0.6mm, 2mm, 3.7mm, 2.4mm and 
4.2mm respectively.  The overall size of the 
structure is 2.5cm×3cm. A photograph of the 
developed device is shown in Fig.2. 
w w l D
D
 
 
Fig.2        Photo for the developed device. 
 
The design was assisted with a finite element 
analysis method while the measurements were 
performed using a vector network analyser.  
Results of the simulations and measurements are 
shown in Fig.3. These results reveal that the 
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power is equally divided between the two output 
ports with an insertion loss less than 0.5dB across 
the band 3.1 to more than 10.6GHz. Also the 
return loss for the input port is better than 15dB 
for the whole band. At the same time, return loss 
of the output ports is in the range of 10dB for the 
same band. Because the device is virtually 
lossless, isolation between the output ports is 
sacrificed and is in the range of 12dB. The 
difference in phase between the two output ports 
(not plotted here) is  over the same 
band.  
$$ 5.0180 r
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IV. CONCLUSION 
 
The design of an UWB out-of-phase power 
divider in the planar format involving two 
substrates supported by a common ground plane 
has been presented. In order to achieve an UWB 
performance, the device employs a microstrip-
slot coupling arrangement and a transition from a 
parallel strip line to two microstrip lines.  The 
simulated and measured results of this device 
show a low insertion loss and good return losses 
and isolation over the band 3.1 to 10.6GHz.  
 
In the presented design, the input port (E) is of 
the parallel strip line type. However, it can easily 
be modified to the microstrip type. This can be 
accomplished by gradually increasing the width 
of one of the strips to form a fin shaped ground 
plane and by adjusting the width of the second 
strip to obtain the required characteristic 
impedance of 50ȍ.  
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Fig.3     Simulated and measured performance of the proposed out-of-phase power divider: (a) coupling and 
isolation (b) return loss of the ports. 
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Design of Ultra-Wideband Three-Way
Arbitrary Power Dividers
Amin M. Abbosh
Abstract—A method to design arbitrary three-way power
dividers with ultra-wideband performance is presented. The
proposed devices utilize a broadside-coupled structure, which
has three coupled layers. The method assumes general asym-
metric coupled layers. The design approach exploits the three
fundamental modes of propagation: even–even, odd–odd, and
odd–even, and the conformal mapping technique to ﬁnd the
coupling factors between the different layers. The method is used
to design 1 : 1 : 1, 2 : 1 : 1, and 4 : 2 : 1 three-way power dividers.
The designed devices feature a multilayer broadside-coupled
microstrip–slot–microstrip conﬁguration using elliptical-shaped
structures. The developed power dividers have a compact size
with an overall dimension of 20 mm 30 mm. The simulated and
measured results of the manufactured devices show an insertion
loss equal to the nominated value 1 dB. The return loss for
the input/output ports of the devices is better than 17, 18, and
13 dB, whereas the isolation between the output ports is better
than 17, 14, and 15 dB for the 1 : 1 : 1, 2 : 1 : 1, and 4 : 2 : 1 dividers,
respectively, across the 3.1–10.6-GHz band.
Index Terms—Broadside coupling, power divider, three-way
power divider, ultra-wideband (UWB).
I. INTRODUCTION
THREE-WAY power dividers are an important part of manymicrowave systems such as antenna feeders and power
ampliﬁers. The simplest and most popular three-way power
divider is the Wilkinson divider [2]. It is a circularly symmetric
power divider, which splits an input signal into equal output
signals with a good match at all the ports and a high isolation
between the output ports. However, the three-way Wilkinson
divider presents serious packaging problems. It requires a
3-D ﬂoating common node to connect all isolation resistors
together. This requirement makes the fabrication difﬁcult and
complex, especially at the high-frequency bands [1]. Moreover,
the three-wayWilkinson divider is a narrowband device. Hence,
it is not suitable for ultra-wideband (UWB) applications, where
a good performance is required across the 3.1–10.6-GHz
band. To overcome the fabrication difﬁculties of the Wilkinson
three-way divider and to increase the bandwidth, several con-
ﬁgurations were proposed [3]–[8]. However, the results shown
in those papers indicate a narrowband performance with around
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30% fractional bandwidth, and they are all for equal power
division.
In [9], a method to design an -way power divider with an
arbitrary power split ratio was introduced. According to the pro-
posed method, the divider consists of transmission lines with
a quarter-wave-long and resistors. The device should be ter-
minated in arbitrary impedances to improve the matching and
isolation of the different ports. This creates a serious realization
problem: to achieve the desired performance, too high or low
impedance of the transmission lines needs to be used. More-
over, the measured result of the designed divider shows only
30% fractional bandwidth, which makes them unacceptable for
the UWB applications.
The design presented in [10] is a branch-line multistage mul-
tiway power divider. It consists of two or more output lines
branching in parallel from an input line. The idea was origi-
nally proposed in [11]. Multisection transformers were used to
achieve a broadband matching between different sections of the
device. The design presented in [10] and the other similar de-
signs shown in [12] and [13] suffer from many serious manu-
facturing and performance problems: very low impedances are
required to achieve a good matching between the different sec-
tions of the divider, and a poor isolation was noticed between
the output ports. Moreover, the developed devices exhibit an ac-
ceptable power distribution only across less than 65% fractional
bandwidth. The branch-line three-way divider presented in [14]
uses realizable values for matching impedances, but it has less
than 50% fractional bandwidth.
The broadband high-pass characteristic of the tapered-line
impedance transformers was utilized in [15] to build a three-way
power divider. It uses resistive ﬁlms or strip resistors, which
cover all or part of the area between the tapered-line conduc-
tors, to obtain a good output isolation. However, those resistors
cause a signiﬁcant insertion loss at the high-frequency range.
Thus, they degrade the performance of the divider and limit its
useful bandwidth.
A modiﬁed conﬁguration of the Wilkinson three-way power
divider was introduced in [16]. The proposed conﬁguration can
transform the three-way Wilkinson power divider from a 3-D
conﬁguration into a 2-D one. However, the measured result of
the divider reveals a narrowband performance. Furthermore, it
requires a narrow spacing between the coupled microstrip lines.
This makes the fabrication process difﬁcult, knowing that its
performance is sensitive to the coupled lines spacing.
Recently in [17], a multilayer, broadside-coupled, and ellip-
tical-shaped microstrip-slot-microstrip conﬁguration was used
to build UWB equal-power three-way divider. The conﬁgura-
tion used in [17] was originally proposed by the author to de-
0018-9480/$25.00 © 2007 IEEE
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sign UWB directional couplers [18]. The three-way divider pre-
sented in [17] is composed of three broadside-coupled layers,
i.e., the mid layer, which contains the input port and the di-
rect connected output port, the top layer, which contains one
of the coupled output ports, and the bottom layer, which con-
tains the other coupled output port. The coupling between the
mid and top layers was assumed to be equal to that between
the mid and bottom layers. The top and bottom layers were as-
sumed to be perfectly isolated. With these assumptions, it was
possible to approximate the three coupled layers with a separate
pair of two coupled layers. A simple method based on the two
coupled-lines theory was used to calculate the required odd and
even impedance for the different coupled layers. Due to this, the
method is limited to the special case of an equal power output
from the coupled ports.
In this paper, a method to design arbitrary three-way power
dividers with an UWB performance is presented. The design
method exploits the three fundamental modes of propagation
in three coupled lines (even–even, odd–odd, and odd–even)
[19]–[25] and the conformal mapping technique [26] to ﬁnd the
coupling factors between the three coupled layers. The method
considers the general case of asymmetrical coupled lines. The
isolation between the coupled output ports can be calculated
using the proposed method. Three devices with different power
ratios were designed and manufactured. The simulated and
measured results show that the insertion loss is equal to the
nominated value 1 dB for each of the three output ports
across the 3.1–10.6-GHz band. The proposed dividers exhibit
better than 17-dB return loss at their input/output ports with
more than 15-dB isolation between their output ports across the
ultra-wide frequency band.
II. ANALYSIS OF THE BROADSIDE-COUPLED STRUCTURE
The analysis of multiconductor edge-coupled systems
has been extensively investigated [19]–[25]. The introduced
methods are based on the use of the capacitance, immittance,
or -parameter matrix of the system. Recently, the multilayer
broadside-coupled structures have received an increased interest
due to the new multilayer techniques adopted by the modern
design technology such as low-temperature co-ﬁred ceramics
and laminated multichip modules. The broadside-coupled mi-
crostrip-slot-microstrip structures were well investigated for the
case of two coupled layers [18], [27], [28]. Here, a closed-form
solution is presented for the analysis of the broadside-coupled
three-layer structure, which uses a microstrip–slot–microstrip
conﬁguration. The proposed method is used to design arbitrary
three-way power dividers.
The conﬁguration of the proposed multilayer three-way
power divider, which uses elliptical-shaped patches, is shown
in Fig. 1. It consists of ﬁve conductive layers interleaved by four
dielectrics. The input and one of the output ports (port 4), which
are stripline ports, are located at the mid layer of the structure,
while the other two microstrip output ports (ports 2 and 3) are
at the top and bottom layers. The ground plane, which also
includes the coupling slots, is at the second and fourth layers of
the circuit. There are two additional ports, which are isolated
from the input port, and thus, they have no power output. They
Fig. 1. Conﬁguration of the proposed broadside-coupled three-way power di-
vider. (a) Different layers of the structure. (b) Composite structure.
are terminated in matched loads to absorb any reﬂected signal
from the output ports, and hence, improve their isolation.
It is worthwhile to mention that the elliptical shape was
chosen for the coupled structures shown in Fig. 1 because it
provides some sort of a tapered coupled conﬁguration. Hence,
it gives an almost constant coupling factor across the UWB,
which results in a constant power division across that band.
The structure presented in Fig. 1 can be fully analyzed using
the three fundamental modes of operation: even–even, odd–odd,
and odd–even. Distribution of the electric ﬁeld lines between the
three broadside-coupled layers for the three fundamental modes
is shown in Fig. 2. The excitations needed to generate the three
modes are shown in Fig. 2. They are considered according to
the deﬁnition given in [19]–[24]. For the even–even mode, the
three layers are excited in-phase, whereas in the odd–odd mode,
the top and bottom layers are out-of-phase with respect to the
mid layer. In the odd–even mode, the top and bottom layers are
out-of-phase with each other and the mid layer is at zero po-
tential. It is worth mentioning that some authors used the terms
odd and even modes with symmetrical and asymmetrical cou-
pled lines [29], [30], whereas other authors replaced it for the
case of asymmetrical coupled lines with ( modes) [19],
[24] or ( -, - and modes) [31].
The structure displayed in Fig. 1 has six ports. Due to sym-
metry, the performance of the three ports at the left of the struc-
ture, i.e., input port 1 and output ports (2 and 3), is similar to their
counterparts, i.e., output port 4 and the two matched ports. Ac-
cording to the characteristics of the backward directional cou-
plers, the input port and the two matched ports shown in Fig. 1
are isolated. Therefore, the analysis that follows concentrates
only on the calculation of the coupling between the input port
and the two output ports 2 and 3. The power output from port
PAPER [58]
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Fig. 2. Distribution of the electric ﬁeld lines for the three fundamental
modes of propagation between three broadside-coupled layers. (a) Even–even.
(b) Odd–odd. (c) Odd–even.
Fig. 3. (a) Per-unit length capacitances of the used structure, and the equiva-
lent capacitance network for the: (b) even–even mode, (c) odd–odd mode, and
(d) odd–even mode.
4 can be calculated depending on the value of the input power
and the two coupled output powers.
Assuming a quasi-transverse electromagnetic propaga-
tion, the electrical characteristics of the coupled lines can
be completely determined from the effective per unit length
capacitances of the lines and the phase velocity on the lines
[1]. Therefore, the structures shown in Fig. 3 can be used to
analyze performance of the three-way device. In Fig. 3,
represents the capacitance per unit length between the line
and the ground, whereas is the mutual capacitance per unit
length between the lines and .
For each of the three modes of propagation, the capacitance
for each of the three lines can be determined from Fig. 3(b)–(d).
For the even–even mode,
(1)
For the odd–odd mode,
(2)
For the odd–even mode,
(3)
The characteristic impedance of each of the three lines at any
of the three modes can be found using the relation [1]
(4)
where subscript refers to the line number and refers to the
mode, is the phase velocity of the mode, and its value
can be calculated from the relation [1]
(5)
where is velocity of light in free space and is the effective
dielectric constant of themedium of propagation at themode .
For the three-way device presented in this paper, the broadside
coupling between the three layers occurs almost entirely within
the substrate. Therefore, the effective dielectric constants for the
three modes can be considered equal, and each of them is equal
to the dielectric constant of the substrate . Hence, the phase
velocity for any mode is
(6)
For the conﬁguration of the three-way divider proposed in
this paper and shown in Fig. 1, the input port is at the mid layer.
This means that the odd–evenmode, which occurs when the mid
layer is at zero potential, has no effect on the value of the cou-
pling between the input port at the mid layer (port 1 in Figs. 1
and 3) and the two output ports (ports 2 and 3 in Figs. 1 and
3), which are located at the top and bottom layer. Collier and
El-Deeb [23] used the same assumption when they analyzed the
case of a three parallel coupled lines and the input was con-
nected to the center line. On the other hand, the odd–even mode
deﬁnes the coupling factor between the two coupled output ports
(ports 2 and 3).
In order to get a closed-form solution for a general three-layer
broadside-coupled case, the structure assumed in this paper is
asymmetrical. By extending the method presented by Crystal
[29] and used to analyze the coupling between asymmetrical
two edge-coupled lines, it is possible to ﬁnd the coupling factor
between the mid layer, where the input port is, and the top layer
and between the mid layer and the bottom layer
(7)
(8)
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The coupling factors as a function of the capacitances can
be obtained by substituting from (4) and (6) into (7) and (8) as
follows:
(9)
(10)
It is possible to use a similar analysis to the one in [1], which
was used for two coupled lines, to show that in order to design
a divider with inﬁnite directivity and a perfect matching at the
input/output ports, which have characteristic impedance
, then
(11)
In deriving (11), it was assumed that the coupling between
the mid layer and the top and bottom layers is deﬁned by the
even–even and odd–odd modes. Substituting from (11) in (7)
and (8) results in
(12)
(13)
Note that for the case of a traditional symmetrical two-line
directional coupler, line 3 does not exist, whereas line 1 is sim-
ilar to 2. Therefore, the coupling factor from (12) is
, which is the well-known equation for the
ordinary two-line directional coupler [1].
If it is required to ﬁnd the coupling factor between the top
and bottom layer , which is expected to be very small and
negligible, an analysis similar to the one used for the coupling
factors between the mid layer and the other two layers can be
used. The ﬁnal result is shown here, which is
(14)
The equality is used in the above equation because
(15)
This can be veriﬁed from (1)–(3). For the device under con-
sideration, a perfect isolation is required between the output
ports. Therefore, the factor should equal to zero. From
(14) and (15), this means that .
III. DESIGN OF ARBITRARY THREE-WAY POWER DIVIDERS
Assume that it is required to design a three-way power divider
with a power ratio of at the output ports. The required
coupling factor between the mid layer, which is connected to the
input port, and the top layer , and between the mid layer
and the bottom layer should be chosen such that
(16)
The output power from the direct output port (port 4 in Fig. 1)
is .
The dimensions of the elliptical coupled microstrips and slots
offering the required coupling factors can be determined by ex-
tending the quasi-static approach presented in [18] to the case
of a multilayer coupler. Using that approach with the help of the
conformal mapping technique [26], the capacitances shown in
Fig. 3 can be calculated as a function of the coupled structure’s
dimensions. Using the results obtained for the capacitances, the
impedances in (7) and (8) or (12) and (13) can be calculated.
The ﬁnal equations are
(17)
(18)
(19)
where is the dielectric constant of the substrate, is the
ﬁrst kind elliptical integral, and , ,
, and are the major diameters of the top, mid, and bottom
coupled layers, respectively. The parameters in (17)–(19) are
equal to
(20)
(21)
(22)
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(23)
where is the thickness of the one layer substrate, is the
wavelength in the propagation medium calculated at the center
frequency of operation, and and are the major diam-
eters of the upper and lower slots, respectively. Lengths of the
coupled layers depend mainly on the wavelength at the center
frequency of operation. The method presented in [18] can be
adopted to calculate the length of the top , mid , and
bottom coupled layer, and the upper and lower
slot as in the following equations:
(24)
The design parameters used in (17)–(24) are shown in Fig. 1.
Inspection of (24) reveals that length of the coupled structure
is when the required diameter approaches zero. For any
other value, the length is larger than . Parametric and op-
timization analysis of the above equations using structures of
different coupling factors indicate that the required length ap-
proaches a certain maximum value when the diam-
eter approaches , after which, any increase in the diameter
has no signiﬁcant effect on the optimum value for the length.
Therefore, in order to generalize the use of (24), it is possible
to suggest the following condition on it; (24) can be used when
the diameter is less than . If it is larger than , then the
length is equal to . The above condition is based on the
minimum mean-square-error ﬁtting of the optimization results.
The required values for width of the input and output stripline
, and microstrip ports to give 50- characteristic
impedance can be determined using the well-known stripline/
microstrip equations [1]
Using the presented design method, dimensions of the
1 : 1 : 1, 2 : 1 : 1, and 4 : 2 : 1 three-way dividers were calculated
and then optimized using Ansoft’s HFSSv10 software. The ﬁnal
dimensions (in millimeters) are shown in Table I. It was found
that the optimized values of the design parameters (except )
are less than 5% different from those obtained by the described
design method. The optimized value of was found to be less
than the calculated value by around 10%.
TABLE I
VALUES OF DESIGN PARAMETERS FOR THE THREE-WAY DIVIDERS
Fig. 4. Manufactured 4 : 2 : 1 three-way power divider.
IV. RESULTS
The validity of the presented design method was tested by
building 1 : 1 : 1, 2 : 1 : 1, and 4 : 2 : 1 three-way power dividers
aimed at the operation in the UWB 3.1–10.6-GHz range. Rogers
RO4003C (with , mm, and loss
) was used as a substrate. A photograph of one of the
developed devices (with the ratio 4 : 2 : 1) is shown in Fig. 4.
The developed devices have a compact size with an overall di-
mension of 20 mm 30 mm. The manufactured power dividers
were tested via simulations and measurements. The simulations
were performed using Ansoft’s HFSSv10 commercial software,
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Fig. 5. Measured and simulated performance of the 1 : 1 : 1 three-way divider.
(a) Insertion loss and return loss. (b) Isolation.
whereas the measurements were done using a vector network
analyzer.
The simulated and measured performance of the 1 : 1 : 1 di-
vider are shown in Fig. 5. The developed device exhibits an in-
sertion loss at the three output ports equal to 4.77 dB 1 dB
across the 3.1–10.6-GHz band revealing an UWB performance.
The return loss for the input/output ports and the isolation be-
tween the output ports of the device are better than 17 dB across
the 3.1-10.6-GHz band. Note that because of symmetry,
, and because and due to symmetry, then
, , and .
The simulated and measured results for the 2 : 1 : 1 divider
are presented in Fig. 6. The designed device shows an insertion
loss of 3 dB 1 dB for the direct output (port 4), and 6 dB
1 dB for the two coupled outputs across the 3.1–10.6-GHz
band indicating a 2 : 1 : 1 power division. The return loss for the
input/output ports is better than 18 dB, whereas the isolation
Fig. 6. Measured and simulated performance of the 2 : 1 : 1 three way divider.
(a) Insertion loss and return loss. (b) Isolation.
between the output ports of the device is better than 14 dB across
the UWB. Note that because of symmetry, , and
because and due to symmetry, then ,
, and .
The simulated andmeasured results for the 4 : 2 : 1 divider are
depicted in Fig. 7. The manufactured device shows an insertion
loss of 2.5 dB 1 dB for the direct output (port 4), 5.5 dB
1 dB for the top coupled output (port 2), and 8.5 dB 1 dB
for the bottom coupled output (port 3) across the 3.1–10.6-GHz
band revealing a 4 : 2 : 1 power division. The return loss for the
input/output ports is better than 13 dB, whereas the isolation
between the output ports of the device is better than 15 dB across
the UWB.
Concerning the phase performance of the developed devices,
the simulated and measured results indicated that the output sig-
nals from the coupled ports (2 and 3) are in phase, whereas the
output signal from the direct port (port 4) has a 90 phase shift
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Fig. 7. Measured and simulated performance of the 4 : 2 : 1 three-way divider.
(a) Insertion loss and return loss. (b) Isolation.
with respect to any of the coupled ports. This phase performance
can be explained by referring to the fact that the building block
of the proposed three-way divider is a quadrature coupler [18].
The simulated and measured performance of one of the devel-
oped dividers (the 4 : 2 : 1 power divider) is shown in Fig. 8. The
phase difference between the output signals from the coupled
ports is equal to zero according to the simulation, whereas it is
equal to 3 3 according to the measured results. The phase
difference between each of the coupled ports and the direct port
is equal to 95 5 according to the simulation and 98 8
according to the measurements across the 2–11-GHz band. A
better performancewas noted for the 1 : 1 : 1 and 2 : 1 : 1 devices,
where the phase difference between the coupled ports is less
than 3 , while the phase difference between the direct port and
any of the coupled ports is 90 3 .
The simulated and measured results shown in Figs. 5–7 in-
dicate that there is a negligible coupling between the top and
Fig. 8. Measured and simulated phase performance of the 4 : 2 : 1 three-way
divider.
bottom layers of the three developed devices. The coupling be-
tween those two layers is less than 15 dB across the entire
UWB (3.1–10.6 GHz) in the three developed devices. It was ac-
tually found that for the top and bottom
layer for a wide range of design parameters. According to (14),
this means that the coupling between the top and bottom layer,
which is deﬁned by , is very low compared with and
. The parameter can be assumed equal to zero during
the design procedure and this assumption has no signiﬁcant ef-
fect on the accuracy of the ﬁnal results.
V. CONCLUSION
A method to design arbitrary three-way power dividers with
UWB performance has been presented. The proposed devices
utilize a broadside-coupled structure, which has three coupled
layers. The designmethod exploits the three fundamental modes
of propagation (even–even, odd–odd, and odd–even) and the
conformal mapping technique to ﬁnd the coupling factors be-
tween the different layers. The method has been used to design
1 : 1 : 1, 2 : 1 : 1, and 4 : 2 : 1 three-way power dividers, which
have a compact size. The simulated and measured results of the
manufactured devices have shown an UWB performance con-
cerning the insertion loss, return loss, and isolation.
The analysis presented in this paper should ﬁnd a good
interest from the industry and the academy working in the
emerging multilayer technology for UWB applications.
Themultilayer three-way dividers introduced in this paper are
especially suitable to the implementation in the modern multi-
layer structures such as the laminated multichip modules and
the low-temperature co-ﬁred ceramics. In such structures, the
broadside coupling is much preferred from a reproducibility and
loss perspective.
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Broadband multilayer inphase power divider
for C-band applications
A.M. Abbosh
A broadband inphase power divider for C-band applications is
presented. The proposed divider utilises broadside microstrip/slot
coupling. The proposed design is especially suitable for multilayer
technology, where the two output ports are located at different
layers. Simulated and measured results show that the proposed
device has 3.4+ 0.2 dB insertion loss, better than 10 dB return loss
and isolation across the C-band (4–8 GHz).
Introduction: Power dividers are widely used in antenna arrays, power
ampliﬁers, mixers, phase shifters and vector modulators. The Wilkinson
and the hybrid ring, also known as the Gysel power divider, are the
most famous power dividers [1, 2]. The exploding growth of wireless-
communication systems has led to increasing demand for the multilayer
integration technology, such as low temperature co-ﬁred ceramic and
laminated multi-chip modules. The power divider to be used in these
technologies should have its output ports distributed in different layers
[3]. The Wilkinson and Gysel power dividers are uniplanar devices.
Hence, to use them in the multilayer technology, vertical transitions
are to be used. However, the use of the additional transitions increases
the insertion loss of the power dividers and limits their band of oper-
ation. In this Letter, the conﬁguration of a compact multilayer power
divider with broadband performance is presented. It utilises the broad-
side coupled microstrip/slot structure, which is compatible with the
modern multilayer technology.
Design: The conﬁguration of the proposed multilayer inphase power
divider is shown in Fig. 1. It consists of three conductor layers inter-
leaved by two dielectrics. The input port and one of the output ports
are located at one layer of the structure, while the other output port is
located at a different layer. The ground plane is at the mid layer of the
structure. There is a slot in the shape of a narrow rectangle ending
with two circles in the ground plane. This slot is responsible for
guiding the wave from the input port to the two output ports. The
other small circular slot at the ground plane, shown in Fig. 1b, is used
as a passage for the isolation resistor R which is connected between
the two output microstrip lines.
Fig. 1 Conﬁguration of proposed power divider
a Top layer
b Mid layer
c Bottom layer
d Whole conﬁguration
The divider utilises a T-junction formed by a slot line and two
microstrip lines. To efﬁciently couple a signal from the slot line to
the microstrip, the end of the slotline needs to be compensated with
an inductive element. Here, it is chosen in the form of a circular
slot. To convert the input port from the slot type to the microstrip
type, a wideband slot to microstrip transition needs to be employed
[4]. As seen in Fig. 1, the chosen transition is formed by two
complementary structures. One includes a microstrip line terminated
with a capacitive circular disk and the other one is a slot line termi-
nated with an inductive circular slot. The exact location of these
circles is depicted in Fig. 1d.
To improve the isolation between the two output ports, a resistor R
is connected between the two microstrip lines which are connected to
the two output ports, see Fig. 1. In the normal operation of the
divider, and owing to symmetry, the two signals at ports 2 and 3
are equal in amplitude and in phase. Therefore, the two terminals of
the resistor R are at the same potential and no current ﬂows via this
resistor and the device is lossless. If a mismatch occurs at any of
the output ports, there is a reﬂected signal at that port, and therefore
the two terminals of the resistor are in different potential. Hence, if the
resistor’s value R is chosen properly, most of the reﬂected signal is
dissipated in R and the two output ports are kept isolated. A para-
meteric analysis using the software HFSSv10 indicated that R
should be around
p
2  Zo for the best isolation, where Zo is the
characteristic impedance of the output ports.
Having established the principles of operation of the power divider, a
simple procedure can be applied to its design. The width of the input and
output microstrip ports is determined assuming a (50 V) characteristic
impedance. The length of the slot line at the ground plane (ls) is
chosen to be a quarter of the effective wavelength at the centre frequency
of operation (6 GHz).
To achieve a high return loss at the microstrip ports, the slot width (S)
should be chosen to give impedance close to 50 V as seen from the
microstrip side. At the same time, the slot width should not be too
narrow, to avoid problems with manufacturing errors. According to
[4], impedance of the slot as seen from the microstrip line (Zin) is
equal to (N 2Zs), where the impedance transformation ratio N and the
slot impedance Zs depend on the slot width and the substrate character-
istics as given in [4, 5]. In the present design, the slot width is chosen to
give Zs ¼ 100 V and N ¼ 1/(p2) so that the impedance of the slot as
seen from the microstrip line Zin (1/
p
2)2  100 ¼ 50 V.
Although the slot line is chosen to have characteristic impedance
equal to 50 V, the effective input impedance of the structure as seen
at the input port is less than 50 V because the slot line is effectively
loaded by two parallel output ports. Hence, to improve the matching
at the input port, a tapered microstrip line, which has a width equal to
vm1 at the input port and vm2 at the microstrip/slot transition, is used
to connect the input port to the coupled microstrip/slot line region as
shown in Fig. 1a.
The radius of the input microstrip circle (rmi), and the output micro-
strip circle (rmo) terminating the input/output microstrip lines are
chosen to be between one and two times of the microstrip width,
while the radius of the slot circle (rs) is usually chosen to be less than
that since it is used to terminate a slot line which has a narrow width
compared with the width of the microstrip lines. This choice conforms
well to the guidelines for designing wideband microstrip/slot line tran-
sitions [4].
Results: The validity of the presented designmethodwas tested by build-
ing a power divider aimed at operation in the C-band (4–8 GHz). Rogers
RO4003C (with 1r ¼ 3.38, h ¼ 0.508 mm and loss tangent ¼ 0.0027)
was used for the divider’s development. Using the proposed design
procedure and with the help of the optimisation capability of the
software Ansoft HFSSv10, parameters of the divider were found to be
rmi ¼ 1.9 mm, rmo ¼ 1.5 mm, rs ¼ 0.8 mm, wm1 ¼ 1.15 mm, wm2 ¼
1.46 mm, S ¼ 0.11 mm, ls ¼ 6.9 mm, and R ¼ 63.4 V. The manufac-
tured power divider has overall dimensions of 25  30 mm. The device
was tested via simulation and measurement. Simulation was performed
using the commercial software Ansoft HFSSv10, whereas measurement
was done using a vector network analyser. Sub-miniature A (SMA)
connectors were used to connect the manufactured device to the
measuring tool.
The insertion loss, return loss and isolation of the developed device
are shown in Fig. 2. The insertion loss is equal to 3.4+ 0.2 dB across
the band 4 to 8 GHz revealing a broadband performance with less
than +0.2 dB amplitude imbalance between the output signals. The
return loss at the three ports of the device is better than 10 dB across
the C-band, whereas the isolation between the two output ports is
about 10 dB across most of the C-band. Concerning the phase perform-
ance of the device, the measured and simulated results shown in Fig. 3
ELECTRONICS LETTERS 17th January 2008 Vol. 44 No. 2
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indicate that the two output signals are in phase with less than +28
phase difference.
Fig. 2 Simulated and measured S-parameters of power divider
Fig. 3 Phase performance of power divider
Conclusion: A compact multilayer inphase power divider with broad-
band behaviour is presented. The proposed divider utilises broadside
coupling via a multilayer microstrip/slot conﬁguration. Simulated and
measured results of the developed device show equal power division
with 3.4+ 0.2 dB insertion loss, good return loss and isolation over
the C-band.
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the other hand, it is also easy to design the waveguide-type
directional coupler integrated into the thin dielectric substrate
when the speciﬁcations are given.
4. FREQUENCY LIMITATION (FORBIDDEN FREQUENCIES)
OF THE FORMULA
It must be noted that, above formulas cannot be used in any
situation, the restriction to these formulas is now discussed. From
Eqs. (3) and (4), the coupling and isolation voltages of the slot
cannot be zero in the working frequency band, which implies that
these formulas cannot be used at certain frequencies (forbidden
frequencies exist), i.e. the following equations must be satisﬁed.
 q2 sin
a
x02  p2
ln
4p
q  1
g2acosax0
2
 q2g sinax0
2
 0
q2 sin
a
x02  p2
ln
4p
q  1
g2acosax0
2
 q2g sinax0
2
 0
The forbidden frequencies can be found as
f  c2apq
2
ctg2
a
x0 ln4pq  1 1)
2r
(20)
Or
f  c2apq
2
ctg2
a
x0 ln4pq  1 1)
2r
(21)
This indicates the derived formulas are not valid when the oper-
ational frequency is located at the forbidden frequency.
5. CONCLUSION
The waveguide-type directional couplers integrated into dielectric
substrate are investigated in this article. Based on traditional cou-
pling theory of directional coupler, the formulas to calculate the
coupling and isolation of the SIW directional couplers are derived,
in cases of single row slots and double row slots, respectively.
Numerical simulation results have been compared with the calcu-
lations, good agreements have been observed, demonstrating the
good accuracy of these formulas. With these formulas it is conve-
nient to calculate the performances of a ready-made SIW direc-
tional coupler or to design an engineering SIW directional coupler
in case of known speciﬁcations. We may indicate that these for-
mulas can be valid except in case coupling slots with large size.
With these in mind, our formulas can ﬁnd potential applications in
engineering work of LTCC or multilayer PCB technologies.
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ABSTRACT: A multilayer inphase power divider with ultra wideband
behavior is presented. It has a compact size with an overall dimension
of 20 mm  30 mm. The proposed divider utilizes broadside coupling
via a multilayer microstrip/slot conﬁguration. The simulated and mea-
sured results show that the proposed device has 3.3  0.3 dB insertion
loss, about 20 dB return loss, and 10 dB isolation across the frequency
band 3.1–10.6 GHz. © 2008 Wiley Periodicals, Inc. Microwave Opt
Technol Lett 50: 1402–1405, 2008; Published online in Wiley Inter-
Science (www.interscience.wiley.com). DOI 10.1002/mop.23379
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1. INTRODUCTION
Power dividers play an important role in the design of microwave
circuits. They are widely used in antenna arrays, power ampliﬁers,
mixers, phase shifters, and vector modulators [1].
The most widely used power divider is the Wilkinson divider
[2]. It has completely matched output ports with sufﬁciently high
isolation between them. Moreover, it offers equal phase charac-
teristics at each of its output ports. This device is also potentially
without loss provided that no reﬂected power from output ports
enters into it. However, in its original conﬁguration, the Wilkinson
power divider has a narrow bandwidth. Several modiﬁcations have
been proposed later to either increase its bandwidth or reduce its
size [3–6]. The techniques used to reduce the size of the Wilkinson
divider ended up in a very narrowband performance [5, 6].
The other widely used inphase power divider, the hybrid-ring
[7], also known as the Gysel power divider, usually assumes the
shape of a ring impedance transformer. The Gysel power divider
can be regarded as a Wilkinson power divider terminated with a
transmission stub load. Because the Gysel divider is a narrowband
device, several methods have been proposed to increase its band-
width [8, 9]. However, it still has less than 50% fractional band-
width, which prevents its use in ultra wideband (UWB) applica-
tion.
The exploding growth of wireless communication systems has
led to an increasing demand for the multilayer integration tech-
nology, such as the low temperature co-ﬁred ceramic and the
laminated multichip modules, and to the use of these technologies
in the design of UWB systems. The power divider is among the
passive components needed for use in these modern technologies.
The power divider to be used in these technologies should have its
three ports distributed in different layers. The Wilkinson and Gysel
power dividers are uniplanar devices. Hence, to use them in the
multilayer technology, vertical transitions are to be used. However,
the use of the additional transitions increases the insertion loss of
the power dividers and limits their band of operation.
In this paper, the conﬁguration of a compact multilayer power
divider with UWB performance is presented. It utilizes the broad-
side-coupled structure that is compatible with the modern multi-
layer technology. Simple rules are derived to design the device and
estimate its performance. The simulated and measured results
conﬁrm the good performance of the proposed device across the
band 3.1–10.6 GHz. The proposed divider exhibits 3.3  0.3 dB
insertion loss, about 20 dB return loss at its input port, and 10 dB
isolation between the output ports across the ultra wide frequency
band.
2. DESIGN
The conﬁguration of the proposed multilayer power divider is
shown in Figure 1. It consists of ﬁve conductor layers interleaved
by three dielectrics. The input port is located at the mid layer of the
structure, whereas the output ports are at the top and bottom layers.
The ground plane, which also includes the coupling slot, is at the
second and fourth layers of the structure. The microstrip-coupled
patches and the slots are of elliptical shapes, similar to those used
by the author to fabricate the UWB three-way power divider [10].
Assume that the device is designed to have a coupling equal to
C between the mid layer and the top and bottom patches, and that
the input and output signals to/from the i-th port are ai and bi,
respectively. Depending on the odd-even modes analysis of the
structure whose ports are depicted in Figure 2, the reﬂected signal
at port 1 (the input port) and the output signals at port 2 and 3 (the
output ports) can be calculated as follows [10–13]:
b1 	a4 
a5 a6 (1)
b2 b3 a5 
a4 (2)
Figure 1 Conﬁguration of the proposed power divider, (a) Top layer, (b) second layer (ground with coupling slot), (c) mid layer, (d) fourth layer (ground
with coupling slot), (e) bottom layer, and (f) the whole conﬁguration. [Color ﬁgure can be viewed in the online issue, which is available at www.inter-
science.wiley.com]
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b4 a4 	a1 (3)
b5 a5 b6 a6 
a1 (4)

 
jCsin(l )
1 C2cosl  jsinl  (5)
 
1  C2
1  C2cosl  jsinl  (6)
	 
1  C2 C2sin2l 
1 C2cosl  jsinl  (7)
where l is the physical length of the coupled structure and  is the
effective phase constant in the medium of the coupled structure.
For the structure under investigation, it is possible to show that
 
e  o
2 
2r

(8)
where e and o are the phase constants for the even and odd
modes, respectively,  is the free space wavelength, and r is the
dielectric constant of the substrate. In deriving (1–7), it was
assumed that the output ports are perfectly matched. Because the
ports 4, 5, and 6 are terminated in an open circuit then the
reﬂection coefﬁcient at these ports was assumed to be equal to 1.
The return loss at the input port (S11) and the insertion loss
from the input to the output (S21, S31) can be calculated from (1–7):
S11
1  C2 3C2sin2l 
1 C2cosl  jsinl 2 (9)
S21 S31
jCsinl 1 C2  1 C2  C2sin2l 
1 C2cos(l  jsinl ]2
(10)
To ﬁnd the optimum value for the coupling factor, which
results in the best possible performance of the proposed multilayer
divider, variation of the calculated insertion loss and return loss are
shown in Figure 3 after using (9, 10). It is clear from the calculated
results that an acceptable performance of the power divider can be
achieved across the band 3.1–10.6 GHz when the coupling value is
between 0.5 and 0.55. With C  0.55, the widest bandwidth is
achieved, whereas with C  0.5, the bandwidth is less, while the
return loss performance at the centre of the band is better.
Using C  0.55, the even (Zoe) and odd (Zoo) mode character-
istic impedances for each of the coupled patches are calculated
using the following equations:
Zoe  Zo1 C1 C (11)
Zoo  Zo1 C1 C (12)
where Zo is the characteristic impedance of the input/output ports
of the coupler.
Assuming that Zo  50	 and C 0.55, then Zoe  92.8	 and
Zoo  26.94 	. The major diameters of the elliptical slot (Ds) and
the coupled microstrip patches (Dm) offering the required even and
odd mode characteristic impedances can be determined by using
the quasi-static approach presented in [10]. The length of the slot
and the coupled microstrip patches (l) are equal to quarter of the
effective wavelength calculated at the center frequency, which is
6.85 GHz. The last step of the design is to calculate the width of
the input and output stripline/microstrip ports. They are deter-
mined to give 50 	 characteristic impedance using the well known
stripline/microstrip equations [1].
3. RESULTS
The validity of the presented design method was tested by building
a power divider aimed at the operation in the UWB range 3.1–10.6
GHz. Rogers RO4003C (with r  3.38, h  0.508 mm, and loss
tangent 0.0027) was selected for the development of the divider.
Using the proposed design method and with the help of the
optimization capability of the software Ansoft HFSSv10, param-
eters of the divider were found to be as follows: Dm for the top and
bottom layers  5.1 mm, Dm for the mid layer  3.3 mm, Ds 
6.7 mm, l  7.4 mm, width of the stripline input port  0.67 mm,
and width of the microstrip output ports  1.15 mm. Photo of the
manufactured power divider is shown in Figure 4. It has a compact
size with an overall dimension of 20 mm  30 mm.
The designed power divider was tested via simulation and
measurement. The simulation was performed using the commer-
Figure 2 Ports of the proposed power divider. [Color ﬁgure can be
viewed in the online issue, which is available at www.interscience.wiley.
com]
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cial software Ansoft HFSSv10, whereas the measurement was
done using a vector network analyzer.
The insertion loss of the two output ports, as shown in Figure
5, is equal to 3.3 0.3 dB across the band 3.1–10.6 GHz revealing
an UWB performance with less than0.3 dB amplitude imbalance
between the output signals. The return loss for the input port of the
device and the isolation between the output ports are also shown in
Figure 5. The return loss at the input port is better than 20 dB
across most of the UWB, whereas the isolation between the two
output ports is about 10 dB across the band 3.1–10.6 GHz.
Concerning the phase performance of the device, the measured
and simulated results shown in Figure 6 indicate that the two
output signals are in phase with less than 2° phase difference.
4. CONCLUSION
A multilayer inphase power divider with UWB behavior has been
presented. It has a compact size with an overall dimension of 20
mm  30 mm. The proposed divider utilizes broadside coupling
via a multilayer microstrip/slot conﬁguration. The simulated and
measured results of the developed device have shown equal power
division with 3.3  0.3 dB insertion loss, good return loss, and
isolation over the band 3.1–10.6 GHz.
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Figure 4 Photo of the manufactured power divider. [Color ﬁgure can be
viewed in the online issue, which is available at www.interscience.wiley.
com]
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Abstract: A multilayer inphase power divider with an ultra wideband behaviour is presented. The proposed
divider exploits broadside coupling via a multilayer microstrip/slot conﬁguration. The design method utilised
for the device is based on the conformal mapping techniques. The developed device has a compact size with
an overall dimension of 20 mm  30 mm. The simulated and measured results show that the proposed device
has equal power division between the two output ports with ,0.2 dB amplitude imbalance between them,
better than 10 dB return loss and isolation and ,28 phase difference between the two output signals across
the frequency band 3.1–10.6 GHz.
1 Introduction
Power dividers play an important role in the design of
microwave circuits. They are widely used in antenna
arrays, power ampliﬁers, mixers, phase shifters and vector
modulators [1]. The exploding growth of wireless
communication systems has led to a huge increase in the
demand for the multilayer integration technology, such as
the low temperature co-ﬁred ceramic (LTCC) and the
laminated multi-chip modules (LMCM), and to the use of
these new technologies in the design and fabrication of
ultra wideband (UWB) systems. The power divider is
among the passive components needed in these modern
technologies and systems. The power divider to be used in
LTCC or LMCM should have its three ports distributed
in different layers.
The most widely used power divider is the Wilkinson
divider [2]. It has completely matched output ports with
sufﬁciently high isolation between them. Moreover, it
offers equal-phase characteristics at each of its output ports.
This device is also potentially lossless provided that no
reﬂected power from output ports enters into it. However,
in its original conﬁguration, the Wilkinson power divider
has a narrow bandwidth, which makes it inconvenient for
UWB applications. Several modiﬁcations have been
proposed later to either enhance its performance or reduce
its size [3–10]. The techniques used to reduce the size of
the Wilkinson divider ended up in a narrowband
performance. Recently, the parallel strip lines have been
used with a modiﬁed conﬁguration of the Wilkinson power
divider [11, 12]. The measured performance of the
developed devices shows a performance which cannot cover
the whole UWB.
The other widely used inphase power divider is the hybrid-
ring [13], also known as the Gysel power divider, which
usually takes the shape of a ring impedance transformer.
The Gysel power divider can be regarded as a Wilkinson
power divider terminated with a transmission stub load.
Because the Gysel divider is a narrowband device, several
methods have been proposed to increase its bandwidth
[14, 15]. However, it still has ,50% fractional bandwidth
which prevents its use in UWB application.
In this paper, the conﬁguration of a compact multilayer
power divider with UWB performance is presented. It
utilises the broadside-coupled conﬁguration, where the
three ports of the device are distributed among different
layers. This makes the proposed divider compatible with
the modern multilayer technology. The simulated and
measured results conﬁrm the good performance of the
proposed device across the band 3.1–10.6 GHz. The
proposed divider exhibits equal power division between
the output ports with ,0.2 dB amplitude imbalance and
,28 phase difference. The return loss at its three ports and
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the isolation between the output ports are better than 10 dB
across the whole UWB.
2 Design
The conﬁguration of the proposed multilayer power divider is
shown in Fig. 1. The input port is located at the mid layer of
the structure, whereas the output ports are at the top and
bottom layers. The ground plane, which also includes the
coupling slot, is at the second and fourth layers of the
structure. The microstrip-coupled patches and the slots are
of elliptical shapes. This shape behaves like a tapered
transmission line which helps to achieve an almost constant
value for the coupling factor across the UWB as proven in
the results presented in [16]. The whole structure of the
power divider is shown in Fig. 2.
An outline of the different ports of the device is shown in
Fig. 3. There is a resistor R connected between the two
output ports. In the normal operation of the divider, the
input signal connected to port 1 is divided between the
output ports (ports 2 and 3). Because of symmetry between
the top and bottom layers, the two signals at ports 2 and 3
are equal in amplitude and phase. Therefore the two
terminals of the resistor R are at the same potential, which
means that no current ﬂows via this resistor and the device
is lossless and behaves as if the resistor does not exist. If a
mismatch occurs at any of the output ports, there is a
reﬂected signal at that port and the effect of the resistor
appears. It is possible to compare between two cases:
without and with the resistor R. If there is no resistor, the
reﬂected signal from the mismatched port, port 2, for
example, is coupled to port 4. Because this port is
terminated in an open circuit, the coupled power is
reﬂected back and part of it is coupled to the two output
ports. In conclusion, part of the reﬂected signal from port 2
emerges from port 3, which means a bad isolation between
them. If the resistor R is connected between the two
output ports, the two terminals of the resistor are in
different potentials because of the existence of the reﬂected
signal. Hence, if the resistor’s value R is chosen properly,
most of the reﬂected signal is dissipated in R and the
isolation between the two output ports is improved.
Assume that the device is designed to have a coupling
factor equal to C between the mid layer and the top and
bottom layers and that the input and output signals to/
from the ith port are ai and bi, respectively. Depending
on the odd–even mode analyses of the structure, whose
ports are depicted in Fig. 3, the reﬂected signal from
port 1 (the input port) and the output signals from ports
2 and 3 (the output ports) can be calculated as follows
[17, 18]
b1 ¼ xa4 þ d(a5 þ a6) (1)
b2 ¼ b3 ¼ ja5 þ da4 (2)
b4 ¼ a4 ¼ xa1 (3)
b5 ¼ a5 ¼ b6 ¼ a6 ¼ da1 (4)
d ¼ jC sin(bl )ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 C2
p
cos(bl )þ j sin(bl ) (5)
j ¼
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 C2
p
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 C2
p
cos(bl )þ j sin(bl ) (6)
x ¼
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 C2  C2 sin2(bl )
p
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 C2
p
cos(bl )þ j sin(bl ) (7)
where l is the physical length of the coupled structure and b
Figure 1 Conﬁguration of the proposed power divider
a Top layer
b Second layer (ground with coupling slot)
c Mid layer
d Fourth layer (ground with coupling slot)
e Bottom layer Figure 2 Conﬁguration of the integrated device
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the effective phase constant in the medium of the coupled
structure.
For the structure under investigation, it is possible to show
that b ¼ (be þ bo)=2 ¼ 2p ﬃﬃﬃﬃ1rp =l, where be and bo are the
phase constants for the even and odd modes, respectively, l
the free space wavelength and 1r the dielectric constant of
the substrate. In deriving (1)–(7), it was assumed that the
output ports are perfectly matched. The reﬂection
coefﬁcient at the ports 4–6 was assumed to be equal to 1
because these ports are terminated in an open circuit.
Assuming a lossless device, the return loss at the input port
(S11) and the insertion loss from the input to the output
(S21, S31) can be computed from (1)–(7)
S11 ¼
1 C2  3C2 sin2(bl )ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 C2
p
cos(bl )þ j sin(bl )
 2
(8)
S21 ¼ S31 ¼
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 jS11j2
2
s
(9)
It is possible to solve (8) and (9) in order to ﬁnd the optimum
value for the coupling factor, which results in the best
possible performance of the proposed multilayer divider. If
the length of the coupled structure l is chosen to be quarter
of the effective wavelength at the design frequency,
then the angle bl in (8) is equal to (p/2). Using this
value in (8) and (9) results in C ¼ 0.5 for S11 ¼ 0 and
S21 ¼ S31 ¼ 0.707 (or 3 dB), which are the required values
for an ideal performance. In order to make sure of the
above results across the whole UWB, variation of the
calculated insertion and return losses are shown in Fig. 4
after using (8) and (9) for several values of the coupling
factor around the value C ¼ 0.5. It is clear from the
calculated results that with C ¼ 0.5, the performance is
ideal at the design frequency. However, with C ¼ 0.55,
the widest bandwidth is achieved with an acceptable
performance at the centre of the band.
Concerning the resistor R, a simple network analysis can
be used to ﬁnd the approximate value of R needed to
achieve the required match at the output ports and isolation
between them. Using a similar analysis to the one used in
[19], it is possible to show that R is given as:
R ¼ 2Z
2
o
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
Z2oeZ2oo
p
Z2oeZ2oo  Z2o
(10)
where Zo is the characteristic impedance of the output ports
of the coupler and it is assumed to be 50 V, Z2oe and Z2oo are
the even- and odd-mode characteristic impedances,
respectively, for the top and bottom coupled layers.
The mid layer is connected to the input port and has
nothing to do with the isolation resistor R. The even- and
odd-mode impedances of this layer (Z1oe and Z1oo) are
chosen according to the following equation in order to
achieve a perfect matching with the input port, whose
characteristic impedance is Zo [1]
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
Z1oeZ1oo
p
¼ Zo (11)
Owing to the use of the isolation resistor R between the top
and bottom layers, the perfect matching with the input/
output ports requires that the mid layer has even- and odd-
mode characteristic impedances, which are not essentially
equal to those of the top and bottom layers. Therefore the
structure, in this context, can be considered as asymmetrical
and the method presented by Cristal [20] can be utilised to
show that the coupling factor between the mid layer and
any of the other layers is equal to
C ¼ Zoﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
Z2oeZ2oo
p Z2oe  Z2ooﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
(Z1oe þ Z1oo)(Z2oe þ Z2oo)
p (12)
It is to be noted that for the three-layer structure explained in
this paper, the top and bottom layers are identical. The
coupling between them is negligible, and thus it is possible to
approximate those three coupled layers with a separate pair of
two asymmetrical coupled layers [21]. Hence, the theory of a
Figure 4 Calculated insertion loss and return losses for
different values of the coupling factor
Figure 3 Outline of the different ports of the device
150 IET Microw. Antennas Propag., 2009, Vol. 3, Iss. 1, pp. 148–153
& The Institution of Engineering and Technology 2009 doi: 10.1049/iet-map:20070310
www.ietdl.org PAPER [61]
pair of coupled lines can be used to calculate the required odd-
and even-impedances for the different coupled layers [21, 22].
The relation between the even- and odd-mode impedances
of the different layers of the device and the physical
dimension of the coupled structure can be found using the
conformal mapping techniques [23] after assuming the
quasi-static approach presented in [16, 22, 24] to the case
of multilayer conﬁguration. The major diameters of the
elliptical slot (Ds) and the coupled microstrip patches at
the mid layer (D1) and top/bottom layers (D2) offering the
required even- and odd-mode characteristic impedances can
be determined by using the following equations
Z1oe ¼
30pﬃﬃﬃﬃ
1r
p K (k1)
K 0(k1)
; Z1oo ¼
30pﬃﬃﬃﬃ
1r
p K
0(k2)
K (k2)
(13)
Z2oe ¼
60pﬃﬃﬃﬃ
1r
p K (k3)
K 0(k3)
; Z2oo ¼
60pﬃﬃﬃﬃ
1r
p K
0(k4)
K (k4)
(14)
k1 ¼
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
sinh2 0:6Ds=h
 
sinh2 0:6Ds=h
 þ cosh2 0:6D1=h 
s
(15)
k2 ¼ tanh
0:6D1
h
 
(16)
k3 ¼
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
sinh2 0:6Ds=h
 
sinh2 0:6Ds=h
 þ cosh2 0:6D2=h 
s
(17)
k4 ¼ tanh
0:6D2
h
 
(18)
where h is the thickness of the substrate, K(k) the ﬁrst kind
elliptical integral and K 0(k) ¼ K(p(1-k2)).
The length of the coupled structure (l) is chosen to be
equal to the quarter of the effective wavelength calculated at
the design frequency, which is the centre frequency of the
UWB, that is, 6.85 GHz.
There are several procedures which can be used to solve the
design equations (10)–(18) and ﬁnd the values of the design
parameters. The procedure which is adopted in this paper can
be summarised in the following steps
1. Assume a certain value for the odd impedance of the mid
layer (Z1oo). This value should be less than the value of the
characteristic impedance of the input/output ports (50 V).
2. Use (11) to ﬁnd the even-mode impedance of the mid
layer (Z1oe).
3. Use (13)–(16) to ﬁnd Ds and D1.
4. Use the known value of the coupling factor C and (12),
(14), (17) and (18) to ﬁnd D2.
5. Use (10) to ﬁnd R.
6. If the calculated dimensions are reasonable and practical,
that is, compact and easy to manufacture, then the design
is complete, otherwise assume a new value for Z1oo and
repeat the steps 2–5.
3 Results and discussions
The validity of the presented design method was tested by
building a power divider aimed at the operation in the UWB
range. Rogers RO4003C (with 1r ¼ 3.38, h ¼ 0.508 mm
and loss tangent ¼ 0.0027) was employed as a substrate.
Assuming that Zo ¼ 50 V, C ¼ 0.55 and using the proposed
design method, the values of the design parameters were
found to be D1 ¼ 4.2 mm, D2 ¼ 3.1 mm, DS ¼ 6.9 mm
l ¼ 6 mm, R ¼ 52 V, width of the stripline input
port ¼ 0.68 mm and width of the microstrip output
ports ¼ 1.18 mm. With the help of the optimisation
capability of the software Ansoft HFSSv10, the ﬁnal values of
the design parameters were found to be D1 ¼ 5 mm,
D2 ¼ 2.8 mm, DS ¼ 6.4 mm l ¼ 7.6 mm, R ¼ 51.5 V,
width of the stripline input port ¼ 0.67 mm and width of the
microstrip output ports ¼ 1.15 mm. A comparison between
the calculated and optimised values reveals the capability
of the proposed design procedure to ﬁnd a good initial
estimation for the required values of the design parameters.
The manufactured power divider, which is shown in
Fig. 5, has a compact size with an overall dimension of
20 mm  30 mm. The device was tested via simulations using
HFSSv10, and measurements using a vector network analyzer.
The simulated and measured insertion loss of the two
output ports, as shown in Fig. 6, indicates that the power is
equally divided between the two output ports with
,0.2 dB amplitude imbalance between them across the
band 3.1–10.6 GHz revealing a UWB performance. The
simulated insertion loss is 3.4+ 0.2 dB, whereas it
is 3.6+ 0.2 dB in the measured results across the band
Figure 5 Photo of the developed device
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3.1–10.6 GHz. At the centre of the band, the insertion loss
is about 3.2 dB in the simulated results and 3.4 dB in the
measured results. It is to be noted that the ideal value for
the insertion loss of the equal division two-way power
divider is 3 dB.
The return loss for the input and output ports of the device
and the isolation between the output ports are also shown in
Fig. 6. They are better than 10 dB across the whole UWB
according to the simulated and measured results. The
return loss at the three ports of the device and the isolation
between the output ports are better than 13 dB across most
of the UWB. There is a good agreement between the
simulated and measured results depicted in Fig. 6.
Concerning the phase performance of the device, the
measured and simulated results shown in Fig. 7 indicate
that the proposed device is an inphase power divider, where
the two output signals are in phase with ,28 phase
difference.
4 Conclusion
A compact multilayer inphase power divider with a UWB
behaviour has been presented. The proposed divider utilises
broadside coupling via a multilayer conﬁguration. Assuming
a quasi-static transverse electromagnetic approach, the
conformal mapping technique was used to ﬁnd the relation
between the required performance and the physical
dimension of the coupled structure. The simulated and
measured results of the developed device have shown equal
power division between the two output ports with ,0.2 dB
amplitude imbalance between them, good return loss and
isolation and ,28 phase difference between the output
signals across the band 3.1–10.6 GHz.
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negative mode to occur at 6.1 GHz, a length of patch in mushroom
is readjusted. The resulting length and radius of via are determined
to be 2.65 mm and 0.25 mm, respectively. As shown in Figure 4,
the ﬁrst negative mode occurs at 6.1 GHz. The Table 1 compares
the capacitance values and sizes of conventional half wavelength
gap coupled RH ﬁlter and mushroom CRLH ﬁlter. The CRLH
ﬁlter using the ﬁrst negative resonant mode has the reduced size by
41% over that of conventional half wavelength gap coupled RH
ﬁlter. Note that the frequency responses of both RH and CRLH
ﬁlter are almost the same even though they are not shown in this
article.
Using the values in Table 1, the frequency responses of CRLH
bandpass ﬁlter have been simulated by commercial EM (HFSS)
and circuit simulators (Ansoft Designer) as shown in Figure 5. The
results of both EM and circuit simulation shows good agreements.
However, some insertion loss of 1.5 dB in EM simulation is
calculated due to material loss and radiation loss. Figure 6 com-
pares the results of the measurement and EM simulation. The
measured frequency response is up-shifted due to the fabrication
tolerance. The insertion loss is also measured to be 3 dB, which is
higher than that of simulation. Except for the frequency shift and
the level of insertion loss, the overall frequency responses are in
good agreements.
4. CONCLUSION
In this article, the high order (N  2) CRLH bandpass ﬁlter is
proposed using the ﬁrst negative resonant mode. The design equa-
tion of CRLH ﬁlter is derived to design a high order CRLH ﬁlter.
The resonators of proposed ﬁlter are implemented by two unit-
cells of mushroom structure supporting the ﬁrst negative resonant
mode of CRLH TL. The size of CRLH ﬁlter is reduced by 41%
when compared with that of conventional half wavelength gap
coupled RH ﬁlter. The design processes are conﬁrmed by mea-
sured and simulated results of CRLH bandpass ﬁlter.
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ABSTRACT: A planar inphase power divider, which has ultra wide-
band performance, is presented. The proposed device utilizes a T-mi-
crostrip junction combined with an electromagnetic coupling between a
Figure 5 Simulated responses of CRLH bandpass ﬁlter
Figure 6 Measured and simulated frequency responses of CRLH band-
pass ﬁlter. [Color ﬁgure can be viewed in the online issue, which is
available at www.interscience.wiley.com]
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slotted ground plane and an elliptical patch at the centre of the T-junc-
tion. A resistor is also used to enhance the isolation between the output
ports of the power divider. The simulated and measured return losses at
the three ports of the device, isolation between its output ports, and
phase stability of the output signals prove the ultra wideband perfor-
mance of the presented device. © 2009 Wiley Periodicals, Inc.
Microwave Opt Technol Lett 51: 1185–1188, 2009; Published online in
Wiley InterScience (www.interscience.wiley.com). DOI 10.1002/mop.
24272
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1. INTRODUCTION
Power dividers are widely used in antenna feeds, balanced mixers,
modulators, balanced ampliﬁers, phase shifters, automatic signal
level control, signal monitoring, and many other applications.
The most widely known power dividers are the Wilkinson,
hybrid ring, and T-junction [1–3]. Although several methods have
been recently proposed to enhance the frequency band of operation
for the Wilkinson and hybrid ring power dividers, their useful
bandwidth is still less than the 110% fractional bandwidth required
for the ultra wideband (UWB) applications [4, 5]. On the other
hand, the T-junction power divider has a simple structure, but it
has a poor isolation between its output ports [6].
In a recent development in designing broadband inphase power
divider, the multilayer technology has been used to build compact
devices [7, 8]. However, the measured performance has indicated
either a 66% fractional bandwidth, which is inconvenient for UWB
applications [7], or a limited isolation [8].
In this article, the simple T-junction power divider is modiﬁed
to improve the return loss at the three ports of the device and
enhance the isolation between the output ports over the UWB. The
modiﬁcation is achieved via the use of a controlled coupling
between a slotted ground plane and an elliptical microstrip patch at
the centre of the T-junction, which is located at the top layer of the
structure. A resistor is connected across the slot at the ground plane
in order to absorb any reﬂected signal at the output ports, thus
improving the isolation between them. The design of the proposed
device is achieved following a systematic approach. The simulated
and measured performance of the device is presented to prove the
validity of the described method.
2. DESIGN
The conﬁguration of the proposed power divider is shown in
Figure 1. The three ports of the divider are connected via an
elliptical patch to form a T-junction and they are located at the top
layer of the substrate. The ground plane is located at the bottom
layer of the structure. A slot in the shape of a narrow rectangle is
made in the middle of the ground plane directly under the elliptical
patch of the top layer. To efﬁciently couple the signal between the
slotline and the two output ports, the end of the slotline needs to be
compensated with an inductive element. Here, it is chosen in the
form of a circular slot. The coupling between the slot in the ground
plane and the elliptical microstrip patch at the top layer is used to
control performance of the device. Shape of the coupled microstrip
patch was chosen to be elliptical because it represents a tapered
shape, which enables a broadband performance [9].
Length of the coupling region (l) is chosen to be quarter of the
effective wavelength (ef) calculated at the centre of the UWB,
that is, at 6.85 GHz. When calculating value of l and ef, it is
assumed that the effective dielectric constant is equal to (r  1)/2,
where r is the dielectric constant of the substrate.
An isolation resistor R is connected across the slotted ground
plane. This resistor is used to absorb any power reﬂected from any
of the output ports, hence improving the isolation between them.
To understand the operation of the proposed device, the even-
and odd-mode analysis is used. The circuit that represents the
proposed device is shown in Figure 2. Two voltage sources are
considered at the two output ports to enable the even- and odd-
mode analysis. The circuit of Figure 2 is drawn such that it is
symmetrical with respect to its midplane. The characteristic im-
pedance of all the three ports is considered to be Zo. The imped-
ance of the input port is divided into two parallel connected
impedances each equal to 2Zo.
In the even-mode, the two voltages at the ports 2 and 3 are equal
in amplitude and phase. Thus, the two end points of the resistor R are
at equal potential. Therefore, no current ﬂows through that resistor or
between the points A and B shown in Figure 2(a). Then the circuit of
Figure 2(a) can be bisected to represent the even-mode as in Figure
2(b) for port 2. The voltage source is replaced by a short circuit
because impedance calculation is required here to ﬁnd the possibility
of a perfect matching between the input port and the output ports. The
characteristic impedance of any of the output ports (Zo) should equal
to the input impedance Zin as seen from that port after taking effect of
the ef/4 transmission line into consideration.
Zo Zin Zoe2 /2Zo (1)
It is to be noted that the ef/4 transmission line represents the
coupled patch of length l as shown in Figure 1. Equation (1) can
be rearranged to give the required value for the even-mode im-
pedance.
Zoe  2Zo (2)
Concerning the odd-mode’s operation, there is a zero potential
along the midplane of the circuit shown in Figure 2(a). Therefore,
the circuit can be bisected as in Figure 2(c), where the midplane of
the circuit is shown grounded. To achieve a perfect matching
between the output ports and the input port, the characteristic
impedance of any of the output ports should be equal to the input
impedance Zin as seen form that port. This requirement can be
written as in the following equation after taking effect of the ef/4
transmission line into consideration.
         (a)                                                       (b) 
Figure 1 Conﬁguration of the proposed power divider. (a) top layer
highlighted, (b) bottom layer highlighted. [Color ﬁgure can be viewed in
the online issue, which is available at www.interscience.wiley.com]
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Zo Zin R/2 Zoo2 /0/R/2 Zoo2 /0 (3)
This equation results in the following value for the isolation
resistor:
R  2Zo (4)
Having established the principles of operation of the power di-
vider, a simple procedure can be applied to ﬁnd the design param-
eters of the device. The width wf of the input and output microstrip
ports is determined by assuming 50  characteristic impedance
and then using the well known microstrip design equations [1].
From (2) and (4), the required values for the even-mode impedance
and the isolation resistor can be found: Zoe  70.7 , R  100 .
Using the calculated value of the even-mode impedance, width of
the slot at the ground plane ws and diameter of the microstrip
coupled patch Dm can be estimated using the quasi-static analysis
presented in [9, 10]. It is to be noted that when using the design
equations of [10], 2wc is to be replaced by Dm.
Concerning the odd-mode impedance of the coupled region, the
odd-mode equivalent circuit [Fig. 2(c)] indicated that this imped-
ance is terminated with a short circuit. This means that the input
impedance as seen from any port is independent of the odd-mode
impedance. Thus, it has no effect on the operation and can take any
value. This can also be justiﬁed by the fact that the presented
device is an inphase power divider, which means that if the three
ports of the device are perfectly matched then the two output
signals are equal and inphase. This means that the even-mode is
the normal mode of operation for the described device.
Radius of the circle used to effectively open ended the slotline
at the ground plane (rs) can be chosen to be around twice of the
microstrip width wf according to the guidelines presented in [6].
3. RESULTS AND DISCUSSIONS
To validate the presented method, a UWB inphase power divider was
designed and manufactured. Rogers RO4003C, with thickness 
0.508 mm, r  3.38, and tangent loss  0.0023, was used as a
substrate. Values of the design parameters (l, wf, Dm, ws, rs, and R)
calculated using the outlined design procedure and optimized using
the software HFSS are 8.5 mm, 1.18 mm, 2.3 mm, 0.7 mm, 3 mm,
and 100 , respectively. The overall dimension of the device is 2
cm 	 3 cm.
The device was tested via simulations (using HFSS) and mea-
surements (using a vector network analyser). The simulated and
measured S-parameters of the power divider are shown in Figure
3. It is to be noted that due to symmetry, performance of the output
port 3 is exactly similar to that of port 2. Therefore, the results for
port 3 are not shown in Figure 3.
The results in Figure 3 reveal that the power is equally divided
between the two output ports with an insertion loss less than 0.5 dB
across the band 3.1–10.6 GHz. Also the return loss for the input port
and the output ports is better than 23 dB at the centre of the band and
it is better than 10 dB for the whole ultra wideband. The isolation
between the output ports is found to be more than 30 dB at the centre
of the band and is better than 10 dB across the whole UWB. There is
generally a good agreement between the simulated and measured
results.
The phase performance of the developed device was also
measured. It was found that the signals from the two output ports
are inphase with less than 2.5° phase imbalance over the UWB as
depicted in Figure 4.
Figure 2 The equivalent circuit of the proposed device for (a) the whole
conﬁguration, (b) the even-mode, and (c) the odd-mode. [Color ﬁgure can
be viewed in the online issue, which is available at www.interscience.
wiley.com]
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Figure 3 The simulated and measured performance of the device. [Color
ﬁgure can be viewed in the online issue, which is available at www.inter-
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4. CONCLUSION
An ultra wideband inphase power divider has been described. The
proposed device utilizes a T-microstrip junction combined with a
controlled coupling between a slotted ground plane and an ellip-
tical patch at the centre of the T-junction. An isolation resistor is
connected across the slot in the ground plane to enhance the
isolation between the output ports. The simulated and measured
return losses at the three ports of the device and isolation between
its output ports have shown an ultra wideband performance. The
measured result has also shown high phase stability with less than
2.5° phase imbalance between the output signals.
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ABSTRACT: A CPS-fed printed pentagonal-loop antenna with high
gain, and broad beam is proposed. This antenna has not only the high
gain of 11.7 dB, but also the low cross-polarization level less than 
44
dB. Furthermore, the broad beam width with more than 60°HPBW (Half
Power Beam Width) in the E plane is able to avoid the demand of pre-
cise main beam alignment. With these advantages, it can be used in the
low power density applications of rectenna systems and radio fre-
quency front-ends. For measuring, a balun from the CPS to the mi-
crostrip line is designed. The measured results are in agreement with
the simulated ones. © 2009 Wiley Periodicals, Inc. Microwave Opt
Technol Lett 51: 1188–1191, 2009; Published online in Wiley Inter-
Science (www.interscience.wiley.com). DOI 10.1002/mop.24292
Key words: high gain; broad beam; low cross-polarization level; CPS
(coplanar stripline); balun
1. INTRODUCTION
Antennas are the key components of radio frequency front-ends.
High gain, low cross-polarization, broad beam and ease of inte-
gration are demanded with the rapid progress of communication
and rectenna systems.
The antenna with high gain can be used in low power density
applications. A variety of microstrip antenna structures are pro-
posed to obtain higher gain, such as adding reﬂecting metal plane
[1, 2], the double-layered structure [3]. In recent years, the elec-
tronic band gap (EBG) and photonic band gap (PBG) structure are
used to enhance the gain [4]. Table 1 compares the performances
of antennas above.
Generally, high gain antennas have comparably narrow beams
which require a precise main-beam alignment between the trans-
mitter and the receiving antenna. So a high gain antenna with
broad beam is preferable.
Ease of integration is demanded by radio frequency front-ends.
The uniplanar transmission-line based on a coplanar stripline
(CPS) has been developed for monolithc microwave integrated
circuits (MMIC) [5]. CPS characteristics include low loss, small
dispersion, compact size, low parasitic discontinuity, and ease of
mounting lumped components. Its balanced structure makes CPS a
good candidate for circuit design in such devices as printed dipole
antenna feed [6], rectennas [7], uniplanar mixers [8]. Figure 1
shows the structure of the CPS with the ﬁeld distribution being
drawn. w and s are the stripline width and gap between the two
striplines. CPS has more design freedom. The characteristic im-
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Figure 4 Phase difference between the output signals of the device.
[Color ﬁgure can be viewed in the online issue, which is available at
www.interscience.wiley.com]
TABLE 1 Antennas Performances
Antenna Structure f0/GHz Gain/dB
Cross
Polarization/dB
Rhombic loop [1] 5.8 10.7 /
Bow-tie [2] 10 5.7 22.5
Double-layered structure [3] 10.25 7.5 /
EBG structure [4] 4 10 /
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Three-Way Parallel-Coupled Microstrip Power
Divider With Ultrawideband Performance
and Equal-Power Outputs
Amin M. Abbosh, Senior Member, IEEE
Abstract—A compact equal-power three-way divider with ultra-
wideband performance is presented. The proposed device utilizes
simple, three parallel-coupled microstrip lines. In order to enable
the use of practical gaps between the tightly coupled lines, slotted
ground plane and lumped capacitors, which are connected sym-
metrically between the two sidelines and the centerline, are uti-
lized. The conformal mapping technique is employed to ﬁnd the di-
mensions of the device. The simulated and measured output power,
return loss, and isolation show that the proposed divider operates
well across the frequency band from 4 to 11 GHz.
Index Terms—Coupled transmission lines, multiway power di-
vider (PD), three-way power divider (PD).
I. INTRODUCTION
P OWER dividers (PDs) are key components in many mi-crowave systems. They are widely used in antenna arrays,
power ampliﬁers, phase shifters, and vector modulators, etc.
Severalmethods have recently been proposed to design equal-
power wideband multiway dividers [1]–[6]. Those methods in-
clude a modiﬁed Wilkinson PD [1], spatial architectures [2], [3]
multilayer broadside-coupled structures [4], [5], and a combi-
nation of parallel-coupled lines and isolation resistors [6].
ThemodiﬁedWilkinsondivider [1] requires theuseof thinﬁlm
technology to fabricate very narrow gaps between the utilized
coupled lines. Concerning the spatial structures [2], [3], they
suffer generally from a low isolation between the output ports. A
fractional bandwidth of 20%was achieved by using a single-sec-
tion structure [2], whereas a 100% fractional bandwidth was
achieved by using three sections with Chebyshev transformer
[3]. Regarding the multilayer broadside-coupled approach [4],
[5], it achieves an ultrawideband (UWB)performance.However,
they require the use of ﬁve conductive layers and four layers of
substrates. The use of two sets of parallel-coupled structures
and isolation resistors [6] requires also the use of bond wires
and narrow gaps. The performance shows a limited bandwidth.
Building an equal-power three-way PD using a coupled
structure requires very low odd-odd mode impedance and very
high even-even mode impedance. For the conventional par-
allel-coupled microstrip lines, those two requirements can only
be achievedwhen the gap between the coupled lines is extremely
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Fig. 1. Proposed three-way PD.
small.Thatvalue for thegapmakes thedevelopmentof thedevice
using the printed circuit board (PCB) technology an impractical
task. Thus, it is not a surprise when reviewing the literature not
to ﬁnd any PCB-based equal-power three-way divider designed
using the conventional three parallel-coupled microstrip lines.
In this letter, an equal-power three-way divider based on three
parallel-coupled microstrip lines is proposed. To enable the use
of practical spacing between the coupled lines, two indepen-
dent strategies are employed: Firstly, lumped capacitors are used
symmetrically to connect the centerline with each of the side-
lines. As proven previously with directional couplers [7], those
capacitors increase the effective odd-odd mode capacitor, and
thus, decrease the odd-odd mode impedance without any im-
pact on the even-evenmode circuit. Secondly, a slotted ground is
used underneath the coupled structure to decrease the effective
even-even mode capacitor, and thus to increase the even-even
mode impedance with negligible impact on the odd-odd mode
circuit. A design method based on the conformal mapping is
used to ﬁnd the physical dimensions. The simulated and mea-
sured results validate the success of the proposed method.
II. PROPOSED METHOD
The proposed three-way parallel-coupled microstrip PD is
shown in Fig. 1. The input signal is applied at port 1, whereas the
direct output signal appears at port 2. Since the utilized struc-
ture is of a backward coupled type, the coupled outputs appear
at ports 3 and 4. The ports 5 and 6 are isolated ports, and thus
they are terminated with 50 resistors.
The design of a three-way PD with equal outputs requires a
tight coupled structure, and thus low odd-odd mode impedance
and high even-even mode impedance. To achieve the ﬁrst re-
quirement, lumped capacitors are connected between the cen-
terline and the two sidelines, whereas a slotted ground is used
1531-1309/$26.00 © 2011 IEEE
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Fig. 2. Line capacitors (per unit length) of the proposed structure.
to realize the second requirement. The utilized capacitors and
slotted ground are shown in Fig. 1.
The structure of Fig. 1 can be analyzed using a quasi-static
transverse electromagnetic approach. A cross-sectional view of
the structure showing the equivalent capacitors per unit length
is depicted in Fig. 2. For the utilized parallel-coupled structure,
it is assumed that the mutual coupling between the sidelines
is negligible compared with the coupling between any of the
sidelines and the centerline. This assumption is based on the
analysis presented in [5] and [8].
The presented device is designed to have equal output power
at its three outputs. Thus, the two symmetrical microstrip side-
lines (#2 and #3 in Fig. 2) have equal dimensions. Thus, all the
calculated values of the mode impedances and dimensions for
transmission line #2 are equal to those of transmission line #3.
For the even-even mode, the three lines are excited at the
same polarity. Thus, the virtual walls shown in Fig. 2 behave as
H-walls. Therefore, the even-even mode capacitors of the cen-
terline (#1) and the two sidelines (#2 and #3) are
(1)
For the odd-odd mode, the two sidelines are excited in phase,
whereas the centerline is out of phase. Hence, the virtual walls
shown in Fig. 2 behave as E-walls, and, thus the odd-odd mode
capacitors of the three coupled lines are
(2)
(3)
In the third mode, i.e., even-odd mode, the centreline is
grounded, whereas the two sidelines are excited with opposite
polarity. Under these conditions, the even-odd mode capacitor
of the two sidelines can be calculated from Fig. 2 as
(4)
The different capacitors used in (1)–(4) are shown in Fig. 2:
is the added capacitor per unit length. and are the
effective capacitors per unit length between the centerline and
sidelines, respectively, and the ground, whereas is the ca-
pacitor per unit length between the coupled lines.
The characteristic impedance of each of the three lines at any
mode (say at the -th mode) can be found from [5]
(5)
is the speed of light in free space, is the -th mode capacitor
per unit length of the line, and is the -th mode effective di-
electric constant. For the utilized conﬁguration, most of the elec-
tric ﬁeld lines are within the substrate in the even-even mode.
Thus, the effective dielectric constant is considered to be equal
to that of the substrate . For the odd-odd mode, the lines are
Fig. 3. Top (left) and bottom (right) view of the developed divider. The isolated
ports are terminated with 50   loads.
distributed in the dielectric of the substrate and the free space
above that substrate; hence the effective dielectric constant is
taken as .
It is to be noted from (2), (3) that the total odd-odd mode ca-
pacitor of each line increases due to the effect of the added ca-
pacitor . Thus, the odd-odd mode impedance decreases for a
certain gap as compared with the case without . Concerning
the even-even mode, the only capacitor in this mode is the one
between any of the coupled lines and the ground, i.e., for
the centerline and for any of the sidelines. Hence, removing
the ground underneath the coupled structure leads to a signif-
icant reduction in the even-even mode capacitors, and thus, to
a signiﬁcant increase in the even-even mode impedances. The
removal of the ground plane underneath the coupled structure
has negligible impact on the odd-odd mode capacitor due to the
relatively small value of or with respect to
or which are not affected by the slot.
Using the analysis presented in [5] and [9], it is possible to
show that the coupling between the two sidelines is negligible
if the three-line coupled structure is designed such that
(6)
: input/output port impedance, , , : odd-odd, even-
even, and even-odd mode impedance, respectively. In this case,
the coupling factor from the centerline to each of the side-
lines can be accurately calculated using only and [5]
(7)
To complete the design procedure, the relation between the
different capacitors used in (1)–(5), and the physical dimensions
depicted in Fig. 1 is needed. Using the conformal mapping tech-
nique and following the procedure used in [10], one can show:
(8)
(9)
(10)
(11)
(12)
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Fig. 4. Performance of the developed device (    Simulated, ----- Measured).
(13)
, : the ﬁrst kind elliptical integral and its comple-
mentary, respectively, and : thickness of the substrate. The di-
mensions , , , and are shown in Fig. 1.
For equal-PD, the power at each of the three output ports is
1/3 of the input power, and thus, a power ratio of 1:1:1 is re-
quired. In this case, the coupling factor , which is
equivalent to . Using this value for with ,
the mode impedances for the centerline and any of the sidelines
are calculated from (6) and (7): , ,
, . The calculated mode imped-
ances and a suitable value for the gap between the coupled lines
that depends on the available manufacturing tools can be
substituted in (1)–(5) and (8)–(13) to ﬁnd the required dimen-
sions. The length of the coupled structure is equal to quarter
of the effective wavelength calculated at the center frequency
(6.85 GHz).
As the calculated is a capacitor per unit length, the actual
capacitor to be connected is . Practically, it is difﬁcult to
connect a network of capacitors. The practical alternative is to
use one capacitor with a value of to connect the middle of
the centerline with each of the sidelines.
It is worth mentioning that the presented design approach can
be utilized to achieve the required power division for any value
of the gap between the coupled lines. Following the procedure
of the proposed method, it is possible to show that increasing
requires an increase in . However, a parametric analysis (not
included here for space limitations) shows that with relatively
wider gaps and larger capacitors, the bandwidth narrows. Thus,
the minimum achievable gap with the available manufacturing
tool is to be used when broadband performance is required.
III. RESULTS
To test the validity of the proposed technique, an equal-power
three-way PD was designed and fabricated using RT6010
as the substrate. Using the design steps
in the previous section, the following design values were ob-
tained assuming and :
, , , , and
. The suitable broadband microwave capacitor
that is available from Johanson Technology (USA) has the value
of 0.1 pF. Thus, one capacitor of 0.1 pF is connected at the
center between each of the sidelines and the centerline of the
manufactured device. To compensate for the slight difference
between the calculated and available capacitor and to get the
best possible performance, values of the design parameters were
optimized using the software CST Microwave Studio. The ﬁnal
values are: , , ,
, , , which are reason-
ably close to the initial calculated values. The developed device
(Fig. 3) has an overall dimension of 2.5 cm 2.5 cm.
The performance of the designed device according to the sim-
ulations andmeasurements is shown in Fig. 4. The power at each
of the output ports is 4.77 dB across the band from 4 to
11 GHz in the simulations, and from 4.3 to 11 GHz in the mea-
sured results. Fig. 4 also shows the return loss at any of the four
ports (due to symmetry and ), and the iso-
lation between the output ports (due to symmetry ).
The return loss at any of the four ports is better than 16 dB,
whereas the isolation between the output ports is better than
12 dB across the whole investigated band from 3 to 11 GHz.
The simulated and measured performances agree well with
each other as shown in Fig. 4. There is a slight difference be-
tween them, especially at the upper band. This difference can
be attributed to the variation in the utilized lumped capacitors,
which are not expected to have a constant value across the whole
investigated band.
IV. CONCLUSION
A compact equal-power three-way PD has been presented.
The proposed divider utilizes a simple three parallel-coupled
microstrip lines. To enable the use of practical dimensions,
slotted ground underneath the coupled structure, and lumped
capacitors connecting the coupled lines are utilized. The
simulated and measured results of the device prove its UWB
performance.
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Figure 4 shows the operation frequency and locking range
dependence on input power for the ILFD biased at Vdd ¼ 0.7 V,
while varying Vtune from 0 to 0.9 V. The locking range increases
with injection power. It has a useful high band, and an external
injected signal power of 0 dBm provides an operation range of
3.9–6.1 GHz. At Vtune ¼ 0 V, the locking range is 2.1 GHz,
from 3.9 to 6.0 GHz. It has an excited low band at Vtune ¼ 0.9
V, this is caused by a dual-resonance ILO.
Figure 5 shows the measured output spectra of the high-band
ILFD before and after the locked conditions. The locked output
spectra show a lower phase noise than that of the free-running
ILFD. The output power at 9.4 GHz of ILFD is 7.764 dBm.
Figure 6 shows the measured phase noises of the injection-refer-
ence and high-band ILFD. Although the input signal is with a
power of 0 dBm, the phase noise of input signal at 1 MHz offset
is 126.73 dBc/Hz, after external power injection, the phase
noise of the locked ILFD at 1 MHz offset is 122.49 dBc/Hz.
Figure 7 shows the operation frequency and locking range
dependence on input power for the ILFD biased at Vdd ¼ 0.7 V,
while varying Vtune ¼ 1.2 and 2 V. Two locking range charac-
teristics are found at each Vtune. An external injected signal
power of 0 dBm provides a low-band operation range of 1.7–2
GHz. At Vtune ¼ 1.2 V, the locking range is 0.3 GHz, from 1.7
to 2 GHz. An external injected signal power of 0 dBm provides
a high-band operation range from 5.1 to 5.6 GHz. Figure 8
shows the high-band harmonic suppression versus injection input
power. For the input level of 0 dBm, the ILFD shows a funda-
mental suppression of 30.66 dBm and third harmonic suppres-
sion of 38.12 dBm.
4. CONCLUSIONS
This letter proposes a fully integrated dual-band differential
input/output CMOS LC-tank injection-locked frequency doubler
that uses a cross-coupled VCO with a dual-resonance ﬁrst-har-
monic ILO and frequency doubler with differential outputs. To
our knowledge, this is the ﬁrst reported dual-band ILFD with
dual-resonance LC tank. The ILFD consumes low power and
has high/low operation range from the incident frequency 3.9/
1.7 to 6.1/2 GHz to provide output signals with the frequency
from 7.8/3.4 to 12.2/4 GHz, while tuning the oscillation fre-
quency. The ILFD can also provide dual-band locking range at
a ﬁxed high-tuning bias. The measured result shows that the
prototype ILFD is useful for RF circuit application.
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ABSTRACT: A compact three-way power divider with ultra-wideband
(UWB) performance is presented. The proposed device utilizes a simple
and low-cost broadside-coupled microstrip-coplanar waveguide
structure. The conformal mapping technique is used to ﬁnd the
dimensions of the device. The simulated and measured output power,
return loss, and isolation validate the suitability of the proposed divider
for the UWB applications that operate across the frequency band from
3.1 GHz to more than 10.6 GHz. VC 2011 Wiley Periodicals, Inc.
Microwave Opt Technol Lett 54:196–199, 2012; View this article online
at wileyonlinelibrary.com. DOI 10.1002/mop.26492
Key words: power divider; planar power divider; three-way power
divider; broadside-coupled structure
1. INTRODUCTION
Power dividers are key components in many microwave sys-
tems. They are widely used in mixers, antenna arrays, power
ampliﬁers, phase shifters, and vector modulators, to name a few.
The most well-known three-way power divider is the Wilkin-
son divider [1]. However, a three-way Wilkinson divider faces a
serious packaging problem as it requires a three-dimensional
ﬂoating common node. To overcome that problem, different
conﬁgurations have been proposed [2, 3]. However, the
Figure 8 Measured high-band output power of harmonics at various
input power levels. Vdd ¼ 0.7 V, Vinj ¼ 1.0 V, and Vtune ¼ 0 V. fo ¼
9.4 GHz
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measured performance of the proposed conﬁgurations shows a
limited bandwidth.
The multilayer broadside-coupled microstrip-slot-microstrip
approach has recently been proposed for the development of
wideband three-way power dividers [4, 5]. It uses ﬁve conduc-
tive layers interleaved with four layers of substrates. In this arti-
cle, a simple conﬁguration that uses only two layers of sub-
strates is proposed to design a compact three-way power divider
with ultra-wideband (UWB) performance. A broadside-coupled
microstrip-coplanar waveguide (CPW) structure is utilized to
achieve the required performance. The conformal mapping tech-
nique is used to calculate the required dimensions of the device.
The simulated and measured results of an equal-power three-
way prototype divider show an output power of 4.77 6 1
(nominal value ¼ 4.77 dB) for each of the three output ports
across the band from 3.1 to 11.5 GHz. The proposed divider
exhibits better than 16 dB return loss at its ports with more than
13 dB isolation between the three output ports across the ultra-
wide frequency band from 3.1 to 10.6 GHz.
2. CONFIGURATION AND DESIGN
The conﬁguration of the proposed three-way power divider is
shown in Figure 1. It consists of three conductive layers inter-
leaved with two substrates. The input and one of the output
ports are located at the middle layer of the structure [Fig. 1(b)],
whereas the other two output ports in the form of CPW are at
the top [Fig. 1(a)] and bottom [Fig. 1(c)] layers. The other two
output ports at the top and bottom coupled layers labeled as
matched ports in Figures 1(a) and 1(c) have no power output,
and thus, they are terminated with 50 X surface mount resistors
to absorb any reﬂected signal from the three output ports labeled
with #2, 3, and 4 in Figure 1(d). To have one common ground
for the whole structure, the ground plane of the top and bottom
layers indicated in Figures 1(a) and 1(c) is connected with each
other by soldering them with the ground terminal of subminia-
ture A connectors at the four ports of the device.
Assume that it is required to have a power ratio of a:b:c at
the output ports 2, 3, and 4, respectively. The required coupling
factors (CF1 and CF2) between the microstrip patch at the mid-
dle layer, which is connected to the input port, and the CPW at
the top and bottom layers should be [5]: CF1 ¼
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
b=ðaþ bþ cÞp
and CF2 ¼
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
c=ðaþ bþ cÞp .
If equal-power output is required at the three output ports,
that is, the power from each of the three output ports is 1/3 of
the input power, and thus, a power ratio of 1:1:1 is required,
CF1 ¼ CF2 ¼ CF ¼
ﬃﬃﬃﬃﬃﬃﬃ
1=3
p
, which is equivalent to 4.77 db.
The proposed structure shown in Figure 1 is asymmetrical.
Thus, the c-p mode used to ﬁnd the characteristics of the
coupled structure. With CF ¼ 4.77 dB, it is possible to show
that the c- and p-mode impedances of the different coupled
layers are 96.5 X and 25.9 X, respectively [4]. The dimensions
of the coupled structure offering the required c- and p-mode
impedances can be determined by using the conformal mapping
technique for the asymmetrical quasi-static model of broadside-
coupled microstrip/CPW.
The excitations needed to generate the two modes and distri-
bution of the electric ﬁeld lines between the coupled layers are
shown in Figure 2. For the c-mode, the three layers are excited
in-phase, whereas in the p-mode, the top and bottom layers are
out-of-phase with respect to the middle layer.
Assuming a quasi transverse electromagnetic propagation,
the c-and p-mode impedances of the coupled lines can be deter-
mined from the effective capacitances per unit length of the
lines and the phase velocity on the lines [6]. Those capacitances
are shown for the two fundamental modes in Figure 3. The
c-mode capacitances for the microstrip (Cmc) at the middle layer
and the CPW (Ccc) at the top and bottom layers are equal to
Figure 1 Conﬁguration of the proposed three-way power divider. Top
view of the (a) top layer, (b) middle layer, (c) bottom layer, and (d) the
whole structure. [Color ﬁgure can be viewed in the online issue, which
is available at wileyonlinelibrary.com]
Figure 2 Distribution of the electric ﬁeld lines for the (a) c-mode and
(b) p-mode. [Color ﬁgure can be viewed in the online issue, which is
available at wileyonlinelibrary.com]
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Cmc ¼ 2Cmg;Ccc ¼ Ccg: (1)
The p-mode capacitances for the microstrip (Cmp) and the CPW
(Ccp) are equal to
Cmp ¼ 2Cmg þ 4Cmc;Ccp ¼ Ccg þ 2Cmc: (2)
Using the conformal mapping technique, the capacitances shown
in Figure 3 are calculated as a function of dimensions of the
coupled structure [7]
Cmg ¼ 2e0er K
0ðk1Þ
Kðk1Þ (3)
Ccg ¼ 2e0 ðer  1Þ Kðk2Þ
K0ðk2Þ þ 2
Kðk3Þ
K0ðk3Þ
 
(4)
Cmc ¼ e0er wm þ wc
2h
(5)
k1 ¼ sinh pwc= 4hð Þð Þﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
sinh2ðpws=ð4hÞÞ þ cosh2ðpwm=ð4hÞÞ
q (6)
k2 ¼ sinh pwc= 4hð Þð Þ
sinh pws= 4hð Þð Þ (7)
k3 ¼ wc=ws; (8)
where K(k) and K0(k) are the first kind elliptical integral and its
complementary, respectively, wm, wc, and ws are the widths of
the coupled structures as shown in Figure 1, and h is the thick-
ness of the substrate.
The characteristic impedances of the coupled CPW at the top
and bottom layers and the microstrip at the middle layer at the
c-and p-modes have the following relation with the mode
capacitances [6].
Zij ¼ ﬃﬃﬃerp =ðc0CijÞ; (9)
where the subscript i refers to the line (m for microstrip and c
for CPW) and j refers to the mode (c for c-mode and p for p-
mode), c0 is the velocity of light in free space, and er is the
dielectric constant of the substrate.
As the utilized structure shown in Figure 1 is asymmetrical
(the middle layer is a microstrip line, whereas the top and bot-
tom layers are CPW), the CF between the middle layer and any
of the other two layers is [5]
CF ¼ Zcc  ZcpﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃðZmc þ ZmpÞðZcc þ ZcpÞp (10)
In deriving (10), the three layers are assumed to have character-
istic impedance equal to Z0 ¼
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
ZmcZmp
p ¼ ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃZccZcpp ¼ 50 X.
Figure 3 Capacitances of the used structure at the (a) c-mode and (b)
p-mode. [Color ﬁgure can be viewed in the online issue, which is avail-
able at wileyonlinelibrary.com]
Figure 4 The manufactured device. [Color ﬁgure can be viewed in the
online issue, which is available at wileyonlinelibrary.com]
Figure 5 Power output and isolation (—— simulated, ------ meas-
ured). [Color ﬁgure can be viewed in the online issue, which is available
at wileyonlinelibrary.com]
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Also, the top and bottom CPW layers are assumed to be similar
due to the fact that the design in this letter aims at having an
equal power from the three output ports.
The design equations (1)–(10) can now be used to ﬁnd the
initial design dimensions (wm, wc, and ws) of the three-way
equal-power divider. Concerning the length of the coupled struc-
ture (l), it is equal to quarter of the effective wavelength at the
center of the passband (6.85 GHz).
3. RESULTS
An equal-power three-way power divider aimed at the operation
in the UWB range 3.1–10.6 GHz was designed, developed, and
tested. Rogers RO4003C (dielectric constant ¼ 3.55, thickness
¼ 0.508 mm, and loss tangent ¼ 0.0027) was used as the sub-
strate. Using the proposed design approach and with the help of
the optimization capability of the software CST Microwave Stu-
dio, parameters of the device (shown in Fig. 1) were found to
be: ws ¼ 6.7 mm, wc ¼ 1.7 mm, wm ¼ 2.1 mm, width of the 50
X microstrip input/output ports ¼ 0.75 mm, width of the central
conductor in the 50 X CPW output ports ¼ 0.6 mm, and width
of the slot in the CPW output ports ¼ 0.2 mm. The length of
the coupled layers l is equal to quarter of the effective wave-
length at the center frequency of operation (6.85 GHz). After
optimization, l was found to be 4.6 mm. A photograph of the
developed device is depicted in Figure 4. It has a compact size
with an overall dimension of 25  25 mm2.
The designed power divider was tested via simulations and
measurements. The output power at the three output ports, as
shown in Figure 5 (because of symmetry S31 ¼ S41), is equal
to 4.77 6 1 dB (ideal value ¼ 4.77 dB) across the band
from 3.1 to 11.5 GHz revealing an UWB performance. The iso-
lation between the three output ports is presented in Figure 5
(because of symmetry S32 ¼ S42). The simulated and measured
isolation between ports 3 and 2 (or between the ports 4 and 2)
is better than 20 dB, whereas it is better than 18 dB across the
band from 3 to 6.5 GHz and better than 13 dB across the whole
UWB (3.1–0.6 GHz) between the ports 3 and 4. The return loss
at the input/output ports of the device is revealed in Figure 6
(note that because of symmetry S44 ¼ S33). It is better than 16
dB at the four ports of the device across the band from 3 to
10.6 GHz. In general, there is a good agreement between the
simulated and measured results shown in Figures 5 and 6.
4. CONCLUSIONS
A compact three-way power divider with UWB performance has
been presented. The proposed divider utilizes a simple broad-
side-coupled microstrip/CPW structure. The simulated and
measured results of the developed device have shown equal
three-way power division, good return loss, and isolation across
the band from 3.1 to 10.6 GHz.
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ABSTRACT: The problem of the analyzing mutual coupling for the
conformal array in practice is addressed. Experiment is designed for
the sectoral cylinder conformal array composed of 12 cavity-backed
stacked microstrip antennas. Based on the measurement element
complex patterns, the phase pattern calibration technique and least
squares method are adopted to calculate the mutual coupling matrix
(MCM) for the conformal array. It is shown that the actual array
pattern modiﬁed by MCM agrees well with the ideal desired pattern,
which conﬁrms the validity and accuracy of the calculation of the
MCM. VC 2011 Wiley Periodicals, Inc. Microwave Opt Technol Lett
54:199–203, 2012; View this article online at wileyonlinelibrary.com.
DOI 10.1002/mop.26491
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1. INTRODUCTION
In recent years, conformal phased array systems have developed
considerably because of their capability of complying with the
requirements for aerodynamic shape, low antenna radar cross
section, wide scan range, etc. [1, 2]. Microstrip patch antennas
are often used as the array element because of their thin proﬁle,
light weight, and low cost [3]. Using the stacked patches could
overcome the narrowband drawbacks of microstrip antenna [4,
5], Therefore, the stacked microstrip antenna is extensively
investigated to design the conformal array element.
In published literatures, several methods have been applied
for analysis of conformal array; however, those methods assume
Figure 6 Reﬂection coefﬁcients at the four ports. [Color ﬁgure can be
viewed in the online issue, which is available at wileyonlinelibrary.com]
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Figure 8 shows the measured radiation patterns including the
copolarization and cross-polarization in the H-plane (x–z plane)
and E-plane (x–y plane). It can be seen that the radiation pat-
terns in x–z plane are nearly omnidirectional for the two
frequencies.
4. CONCLUSIONS
In this article, a novel multiresonances printed monopole
antenna by using a pair of C-shaped arms and an H-shaped slot
are presented for satisfying DCS operations at the 1.8-GHz fre-
quency, WLAN operations at the 2.4-, 5.2-, and 5.8-GHz fre-
quencies and also for WiMAX operations at the 2.5-, 3.5-, and
5.5-GHZ frequencies. Prototypes of the proposed antenna have
been constructed and studied experimentally. The measured
results showed good agreement with the numerical prediction.
By adjusting the folded C-shaped arms we can tune frequency
bands. Also by cutting an H-shaped slot in the bottom of micro-
strip feedline on the ground plane, much wider impedance band-
width can be produced, especially at the higher band.
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ABSTRACT: The article reports the design of an ultrawideband
quadrature power divider in uniplanar microstrip technology. The
proposed device uses the conventional Wilkinson power divider with one
of its output arms equipped with a double wireless via acting as a phase
Figure 7 Measured and simulated return loss for the proposed
antenna
Figure 8 Measured radiation patterns of the proposed antenna. (a) 1.8
and (b) 2.4 GHz
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adjusting circuit. The device is manufactured showing a wide bandwidth
in terms of return loss, isolation, power division, and a differential
phase shift of 90 across the frequency band of 3–8 GHz. Its compact
size and good performance makes it suitable for use in wideband-
balanced ampliﬁers. VC 2011 Wiley Periodicals, Inc. Microwave Opt
Technol Lett 54:300–305, 2012; View this article online at
wileyonlinelibrary.com. DOI 10.1002/mop.26519
Key words: power divider; phase shifter; wireless via; microstrip
circuits
1. INTRODUCTION
Power dividers are essential components of many microwave
subsystems [1]. They are used in RF front ends of microwave
transceivers (in ampliﬁers and mixers) as well as in beamform-
ing networks of array antennas. One of the most prominent
examples of two-way power divider is the Wilkinson power di-
vider [1]. Its importance in microwave subsystems comes from
its properties such as high return losses of its three ports and a
high isolation of its two output ports. These properties make the
Wilkinson divider also useful as a power combiner [1]. Its func-
tions of power division and combining can be utilized in devel-
oping high power solid-state microwave sources [2].
In its basic conﬁguration, the Wilkinson divider offers an in-
phase signal division. However, there are applications, such as
balanced ampliﬁers, where the two ampliﬁers require the power
division and combination with a 90 phase difference [1]. In
practice, this function can be delivered using two 3 dB quadra-
ture couplers with one of their ports terminated in a matched
load [1]. The role of the two couplers is that they improve the
return loss performance of the balanced ampliﬁer as well as
deliver graceful degradation, in case one of the ampliﬁers fails.
Typically, the couplers are developed in planar (microstrip, stri-
pline, or coplanar waveguide) technology. However, the
matched load is realized as a coaxial termination to achieve
wideband performance. This leads to a cumbersome and expen-
sive process of developing a balanced ampliﬁer.
A solution to this problem is described in Refs. 3–5 where 3
dB quadrature couplers are replaced by a quadrature power di-
vider (QPD). In the presented solution, QPD is formed by the
Wilkinson divider accompanied by additional circuits, so that
the two output ports offer a differential phase shift of 90. The
usual challenge, as in the previous solution with the 3 dB quad-
rature couplers, is to achieve the differential phase shift of 90
between the output ports over a wide operational bandwidth. In
this case, one has to overcome the fundamental behavior of low-
pass transmission lines that, for a given length, provide an
increasing negative phase shift with frequency. As shown in
Refs. 3–5, this behavior can be counter counted by high-pass
type transmission lines that, for a given length, provide an
increased positive phase shift with frequency. If the two lines
offer the phase shift change with frequency at the same pace,
then the differential phase shift introduced by the two lines can
be made constant. The line with the positive phase shift utilizing
lumped inserts in an ordinary microstripline is called the meta-
material (MM) transmission line.
Using the approach outlined in Refs. 3–5, obtaining a differ-
ential phase shift of 90 can be practically realized by various
combinations of negative and positive phase shifts of the lines
(i.e., 90 ¼ 60–(30), 90¼ 45–(45)), with preference
given to the combination that leads to the smallest deviation
from 90 over a speciﬁed frequency band.
One practical inconvenience of high-pass (MM) microwave
transmission lines is that adding lumped inductances and capaci-
tances to an ordinary microstripline leads to the bulky hybrid
approach of realizing such structures.
An alternative approach to obtaining a stable differential
phase shift is via the phase reversal. Examples of this approach
are transmission lines utilizing wired or wireless vias [6]. Their
advantageous feature is that they offer a wideband performance
[7]. The shortcoming of the wireless vias, such as those pre-
sented in Ref. 6, is that they require the use of multilayer struc-
tures when realized in microstrip-slot technology.
In this article, we use a double wireless via which is
designed on a single substrate with two conductor coated sides
to form the Wilkinson type QPD. The utilized via exhibits an
ultrawideband performance and makes the Wilkinson type QPD
fully planar and compatible with ordinary microstripline circuits.
2. DESIGN
The conﬁguration of the proposed QPD is shown in Figure 1.
It consists of a Wilkinson power divider, conventional micro-
strip transmission lines, and a double wireless via as a phase
adjusting circuit. The Wilkinson power divider is chosen in the
proposed QPD, as it can equally separate the input power into
two output ports and also provide good isolation between them.
A conventional microstrip transmission line and a double wire-
less via acting as a phase adjusting circuit are connected to two
output ports of the divider to achieve broadband quadrature
phase difference. The proposed design is similar to Refs. 3 and
Figure 1 Conﬁguration of (a) the broadband quadrature power divider employing and (b) a double wireless via
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Figure 3 Double-stage Wilkinson power divider (a) conﬁguration, (b) CST layout, and (c) simulated s-parameter in dB. [Color ﬁgure can be viewed
in the online issue, which is available at wileyonlinelibrary.com]
Figure 2 Single-stage Wilkinson power divider (a) structure and (b) simulated s-parameter in dB. [Color ﬁgure can be viewed in the online issue,
which is available at wileyonlinelibrary.com]
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5; however, in this article, a phase adjusting circuit is formed by
a double wireless via instead of metamaterial transmission lines
in Refs. 3 and 5. Because the new conﬁguration does not
include any chip inductors or capacitors, as required in Refs. 3
and 5, it is fully planar.
The design of the proposed QPD is divided into two parts,
the Wilkinson power divider and a double wireless via, which
are then combined to form the device. The design of the Wilkin-
son divider follows well-established rules. Here, we investigate
single- and double-stage varieties to be used in QPD.
The design aims at an ultrawideband performance across the
band from 3.1 to 10.6 GHz. In the design, Rogers RT6010 sub-
strate with dielectric constant of 10.2, tangent loss of 0.0023,
and thickness of 0.635 mm is used. The design is aided with the
commercially available full-wave EM analysis and design tool
CST Microwave Studio.
At ﬁrst, a single-stage Wilkinson power divider is designed
following the circuit conﬁguration as shown in Figure 1(a). The
single-stage design requires a 100-X resistor for the isolation of
the output ports. The simulated results of the one-stage power
divider indicates a return loss and isolation greater than 10 dB
and equal power division (3 dB 6 0.7) within the band from 3
to 10 GHz.
Because of use of a substrate with high dielectric constant,
the overall dimensions of the divider are very small. These
small dimensions form a motivation for designing a double-stage
power divider for the proposed QPD structure.
The conﬁguration of a double-stage power divider and its
simulated results are shown in Figure 3. By comparing the
results in Figures 2 and 3, it is apparent that for return loss
greater than 15 dB, the frequency range is from 4 to 9.5 GHz
for the double stage, whereas it is limited to the band from 5 to
9 GHz for the single stage. The isolation is also improved to 20
dB for most of the band. Because of satisfactory performance
both of them can be considered for inclusion in QPD. However,
in this article, the experimental results are only reported for the
QPD with the double-stage Wilkinson divider.
The design of a double wireless via acting as a phase adjusting
circuit of QPD follows the ideas described in Ref. 8. It uses only a
single substrate, and, thus, it forms a uniplanar structure with its
input and output ports located on the same side of the substrate.
As shown in Figure 1(b), each section of the wireless via is com-
posed of a microstrip patch on the top layer, and a coplanar wave-
guide structure is implemented on the bottom layer. The level of
electromagnetic coupling between the top and the bottom layers is
controlled by adjusting the dimensions of the slot in the bottom
layer. The two broadside coupled sections are connected together
through a microstrip transmission line on the bottom layer. The
property of this double wireless via is that it offers a constant
phase difference over a wide frequency band when compared with
a suitably chosen length lm of an ordinary microstripline. The dif-
ferential phase shift can be controlled by the coupling factor, CF
between the top layer and the bottom layer for both sections [7].
This can be accomplished by adjusting the minor axis of the ellip-
tical patches, Dm and Dc, and slot, Ds. The maximum return loss
and minimum insertion loss over the operational frequency band
can be achieved by tuning the length of the elliptical patches, l1
and l2 and slots, l3, which have values close to quarter of the effec-
tive wavelength at the center of the passband.
The following equation can be used to work out dimensions
for a constant 90 differential phase shift [7]:
DU ¼ 180  4 arctan sinðbef l3Þ
1 CF2 cosðbef l3Þ
 
þ bmlm (1)
The factor bef is the effective phase constant. By following the
equations described in Ref. 8, the initial dimensions of the struc-
ture shown in Figure 1(b), Dm, Dc, Ds, l1, l2, and l3 can be
obtained. Further adjustments can be made using CST Micro-
wave Studio.
Figure 5 The photograph of manufactured QPD. [Color ﬁgure can be
viewed in the online issue, which is available at wileyonlinelibrary.com]
Figure 4 Frequency characteristics of the phase shifter (a) magnitude and (b) differential phase shift. [Color ﬁgure can be viewed in the online issue,
which is available at wileyonlinelibrary.com]
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Here, the double wireless via for 90 differential phase shift
is designed assuming Rogers RT6010 substrate with dielectric
constant of 10.2, tangent loss of 0.0023, and thickness of 0.635
mm. The aim is to achieve the differential phase shift of 90
across UWB of 3.1–10.6 GHz. After optimization using the soft-
ware, the dimensions in mm are Dm ¼ 3.5, Dc ¼ 1.5, Ds ¼
5.8, l1 ¼ 4.3, l2 ¼ 4.1, and l3 ¼ 4.9, and lm ¼ 18.6. The simu-
lated structure excluding the reference line is very compact with
dimensions of 10  14 mm2. The simulated performance of the
double wireless via acting as the QPD phase adjusting circuit is
presented in Figure 4.
As observed in Figure 4, for the simulated performance of
the designed via, the 10 dB return loss bandwidth is from 3 to
10.3 GHz. A return loss of not less than 20 dB is achieved from
3.5 to 9.3 GHz. The device features very low insertion loss
which is less than 0.5 dB within 3–10.2 GHz. The phase imbal-
ance of the 90 differential phase shift is 65 across the same
band when compared with a 50-X microstrip transmission line
of length, lm ¼ 18.6 mm. These results show that the structure
is suitable to be combined with the earlier designed Wilkinson
power divider to obtain the quadrature phase response of QPD
over a wide bandwidth.
3. IMPLEMENTATION AND RESULTS
The broadband QPD is designed and manufactured as shown in
Figure 5.
As stated earlier, here only results for the QPD using the
double Wilkinson divider are reported. The prototype is fabri-
cated using Protomat C100/HF Micro Milling Machine. For the
substrate RT6010, the fabricated QPD is of dimensions 28  24
mm2 excluding the connectors and thus represents a compact
design in the intended frequency band. The required resistor val-
ues are rounded to 91 and 240 X. It is veriﬁed through simula-
tions that the performance of the Wilkinson divider is not
affected by the small deviations in the resistor values. The 91-X
resistor is realized using chip resistor 0603 (1.6  0.8 mm2),
whereas the 240 X resistor is realized using chip resistor 0805
(2.0  1.5 mm2). The experimental testing is investigated over
the frequency band from 3 to 11 GHz. Figure 6 shows the simu-
lated and measured results of the manufactured QPD.
The return loss is better than 10 dB for both simulated and
measured results across the band from 3 to 9.8 GHz. The curve
shape of the measured return loss is similar to the simulated one.
However, it is slightly shifted to the low frequency above 6 GHz.
The observed discrepancies betweeen the simulated and meas-
ured results in the output power and return loss can be explained
by the use of coaxial to microstrip transitions in the measurement
system which were not included in the simulations. The perform-
ance of the connectors used in this case is degraded at the upper
end of the investigated frequency band. The other reasons for dis-
crepances can be explained by manufacturing tolerances. The
simulated and measured isolation is greater than 15 dB across the
whole band. As shown in Figure 6(b), a good agreement between
the simulated and measured results can be noticed in the differen-
tial phase shift of the QPD from 3 to 8 GHz. In this frequency
range, the device achieves the differential phase shift of 90 6 5.
This has to be considered as a very impressive performance of
QPD in comparison with the results reported in Refs. 3–5.
4. CONCLUSIONS
A compact quadrature power divider in uniplanar microstrip
technology has been designed, fabricated, and tested. The pro-
posed device uses the conventional Wilkinson power divider
with one of its output arms equipped with a double wireless via
acting as a phase adjusting circuit and the other one reserved for
a reference microstripline. According to the simulated and meas-
ured results, the prototype has a wide bandwidth in terms of
return loss, isolation, power division, and a differential phase
shift of 90. Its compact size and good performance makes it
suitable for use in wideband-balanced ampliﬁers.
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ABSTRACT: By embedding a printed parallel resonant circuit, the
lower-band bandwidth of the proposed internal tablet computer antenna
is greatly enhanced. This bandwidth-enhancement technique allows the
proposed antenna to cover the eight-band wireless wide area network/
long term evolution operation in the 704–960 and 1710–2690 MHz
bands with a small size of 12  60  3.8 mm3 in the tablet computer.
The main radiator of the antenna comprises a patch monopole, a longer
shorted strip, and a shorter shorted strip. The latter two shorted strips
form the outer boundary of the antenna and are parasitically excited by
the patch monopole. The parallel resonant circuit is formed by
embedding a chip-inductor-loaded narrow strip in-between the longer
shorted strip and the patch monopole, with the narrow strip whose front
terminal connected to the patch monopole and end section gap-coupled
to the longer shorted strip. This embedded circuit can lead to the
generation of a parallel resonance seen at the antenna’s feeding point.
By controlling the parallel resonance to be at the high-frequency tail of
the resonant mode at about 800 MHz contributed by the longer shorted
strip, an additional resonance can be generated, which can result in
dual-resonance excitation of the original single-resonance mode. Thus, a
wide antenna’s lower band is obtained. Further, the patch monopole
can contribute a resonant mode to combine additional resonant modes
contributed by the two shorted strips to form a wide antenna’s upper
band. Details of the proposed antenna with the embedded parallel
resonant circuit are described in the article. VC 2011 Wiley
Periodicals, Inc. Microwave Opt Technol Lett 54:305–309, 2012;
View this article online at wileyonlinelibrary.com.
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1. INTRODUCTION
The occupied size of the internal laptop computer or tablet com-
puter antennas for the penta-band wireless wide area network
(WWAN) or eight-band WWAN/long term evolution (LTE)
operation is generally not easy to be reduced owing to the large
lower-band bandwidth required (for instance, 824–960 MHz for
the GSM850/900 operation or 704–960 MHz for the LTE700/
GSM850/900 operation) [1–12]. The requirement of large lower-
band bandwidth is especially more challenging for the internal
antenna in the tablet computer than in the mobile handset. This
is because the size of the system ground plane is generally
much larger in the tablet computer than in the mobile handset
[13–16], thus making the chassis mode of the system ground
plane generally cannot be excited to assist in achieving a wider
lower band for the embedded internal antenna.
To overcome the aforementioned problem for the internal
WWAN/LTE antenna embedded in the tablet computer, we pres-
ent a bandwidth-enhancement technique by using a distributed par-
allel resonant circuit embedded in the antenna, which does not
increase the antenna’s occupied size and can lead to a dual-reso-
nance excitation of the antenna’s lower band for the LTE700/
GSM850/900 (704–960 MHz) operation with a small size of 12 
60  3.8 mm3. The distributed parallel resonant circuit is obtained
by embedding a long narrow strip with its front terminal connected
to one part of the antenna’s main radiator and its end section gap-
coupled to the other part of the main radiator. The former provides
an additional inductance and the latter contributes an equivalent
capacitance, and both can lead to the generation of a parallel reso-
nance seen at the antenna’s feeding point [17]. This parallel reso-
nance can result in the generation of an additional resonance at the
high-frequency tail of the original single-resonance mode in the
antenna’s lower band, such that the original single-resonance
mode can become a dual-resonance mode to provide a much wider
lower-band bandwidth for the antenna. Note that as the embedded
parallel resonant circuit does not increase the occupied size of the
antenna, bandwidth enhancement is obtained without a sacriﬁce in
increasing the antenna size.
Further, the antenna can provide a wide upper band for the
GSM1800/1900/ UMTS/LTE2300/2500 (1710–2690 MHz) oper-
ation. That is, the proposed antenna can cover the eight-band
WWAN/LTE operation with an occupied size about the smallest
among the related reported antenna for tablet computer or laptop
computer applications [11, 14–16]. Details of the proposed
antenna and the operating principle of the embedded parallel
resonant circuit are described in the article. The antenna was
fabricated and tested. Results of the fabricated antenna are pre-
sented and discussed.
2. PROPOSED ANTENNA
Figure 1 shows the geometry of the proposed WWAN/LTE tab-
let computer antenna with an embedded parallel resonant circuit.
A photo of the fabricated antenna is shown in Figure 2. The
antenna is formed by two portions. The ﬁrst portion is printed
on a 0.8-mm thick FR4 substrate of relative permittivity 4.4,
loss tangent 0.02, and size 12  60 mm2, and the second portion
is a metal strip of width 3 mm and length 60 mm (t in the ﬁg-
ure) cut from a 0.2-mm thick copper plate. The second portion
is oriented perpendicular to and connected with the ﬁrst portion
as shown in the ﬁgure. In this study, the antenna is to be applied
in a 9.7-inch tablet computer, which is currently commercially
available. The antenna is mounted along the edge of the top
shielding metal wall (5  150 mm2) of the display ground (150
 200 mm2), which is used to support a 9.7-inch display. Note
that the antenna is placed close to one corner of the shielding
metal wall such that other possible internal antennas (for
instance, the WLAN antenna, the multiple-input multiple-output
antenna system [18], etc.) can also be mounted along the
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Abstract An ultra-wideband unequal-split Wilkinson power divider with a 2:1 split
ratio is presented. To achieve the ultra-wideband characteristics, the conventional
quarter-wave arms of the divider are replaced by tapered lines. Moreover, two extra
tapered transformers are incorporated at the output ports for matching purposes as
the designed divider is of an unequal-split type. To obtain good isolation between the
output ports, ﬁve isolation resistors are used, the values of which are determined
using the simple odd-mode analysis of the Wilkinson power divider. For veriﬁcation
purposes, an ultra-wideband Wilkinson power divider that operates over a frequency
range extending from 2 to 12 GHz is designed, simulated, fabricated, and measured.
The results of the full-wave simulation and measurements verify the validity of the
design procedure.
Keywords power divider, Wilkinson power divider, tapered lines, ultra-wideband
1. Introduction
There is an increased interest in the design of ultra-wideband (UWB) microwave compo-
nents since the Federal Communication Commission’s approval to use the frequency range
of 3.1 to 10.6 GHz for UWB applications, such as short-range indoor data transmission,
microwave imaging, and through-the-wall radars. As a consequence, many researchers
have recently been attracted to this ﬁeld, and different microwave devices that support
the use of the approved UWB frequency band have been presented. The microwave
power divider is one of the key microwave components used in different wireless ap-
plications. They are extensively used in antenna feed networks, balanced mixers, and
phase shifters. Thus, designing power dividers to be used in UWB systems is of utmost
importance.
Received 17 February 2012; accepted 3 June 2012.
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The Wilkinson power divider (WPD) is one of the dividers that gained a notable
signiﬁcance and interest in the literature related to the design of UWB dividers. For
many applications, such as phase-array systems and beam-forming networks, power
dividers with unequal power division ratios are required. Many conﬁgurations to build
an unequal-split WPD have been investigated (Moradian & Oraizi, 2008; Li & Wang,
2011; Wu et al., 2008, 2009a; Zhu et al., 2010, Li et al., 2009a). In Moradian and
Oraizi (2008), the application of the grooved substrate was presented for the design
of a 4:1 unequal-split WPD. The grooves were applied along one of the divider strips
that require high characteristic impedance for the purpose of overcoming its conventional
narrow width. A stub-loaded transmission line was used in Li and Wang (2011) to design
WPDs with arbitrary power division ratios. A WPD operating at a frequency and its ﬁrst
harmonic with an unequal power dividing ratio was proposed in Wu et al. (2008). To
obtain the unequal power property, four groups of 1/6 wavelength transmission lines with
different characteristic impedances were needed to match all ports. In Zhu et al. (2010),
a shunt-stub WPD with a uniform impedance line was introduced. Compared with the
conventional divider, the output distribution ratio was controlled by the length of the shunt
stubs. A 10:1 unequal-split WPD was designed in Li et al. (2009a) by replacing the high-
impedance line with two coupled lines terminated by two shorts. In Wu et al. (2009a),
a WPD operating at an arbitrary dual-band with an unequal power dividing ratio was
presented. The asymmetric structure that consists of seven sections of transmission lines
with different characteristics impedances was given to achieve the unequal power division
and matching characteristics. Furthermore, to obtain an acceptable isolation, a series
resistor-inductor-capacitor structure was incorporated in the proposed design.
In Oh et al. (2007) and Ko et al. (2003), wideband WPDs with unequal power
divisions were built. However, the design requires the use of extremely narrow lines and
a slotted ground to achieve the required high impedance for one of the branches of the
WPD. The use of lumped elements was investigated in Mizuno et al. (2008); however,
the achieved fractional bandwidth is only 40%, and thus, it does not suit the UWB
applications. Multisection stubs were utilized with the conventional WPD to realize an
arbitrary power ratio but across a narrow band (Wu et al., 2009b). In another approach,
offset double-sided parallel-strip lines were used to build the Wilkinson divider with an
unequal power ratio (Chen & Xue, 2007). However, the utilized structure is difﬁcult to
integrate with the other microstrip-based devices. The use of different types of shunt
stubs or coupled lines results in a narrowband performance (Li et al., 2009b, 2010; Wu
et al., 2010; Ahn et al., 2009).
In this article, an UWB unequal-split WPD with a 2:1 split ratio is presented. The
proposed device is aimed at covering the bands from 2 GHz to 12 GHz. Tapered-line
transformers are incorporated in the proposed design. The design of those transformers
is achieved using the even-mode analysis of the divider. To achieve acceptable output
ports matching and isolation conditions, multiple resistors are mounted between the two
tapered arms of the WPD. An optimization process is carried out to ﬁnd the values
of those uniformly distributed resistors considering the odd-mode analysis. It should
be emphasized that the present article differs from Chiang and Chung (2010) in two
aspects. First, an unequal-split WPD is considered here, while an equal-split WPD
was investigated in Chiang and Chung (2010), and as a consequence, two different
(asymmetric) microstrip tapered lines are considered in the WPD design. Furthermore,
two extra tapered transformers are designed and incorporated at the power divider’s output
ports for matching purposes. Second, in this study, the values of the shunt resistors are
obtained through an independent optimization process using the odd-mode equivalent
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Figure 1. Modiﬁed unequal-split UWB WPD (resistors are not shown here).
circuit of the WPD, while in Chiang and Chung (2010), the built-in optimization tool in
the full-wave simulator was used to ﬁnd the resistors’ values.
2. Design of UWB 2:1 WPD
An outline of the proposed device is shown in Figure 1. Each branch of the conventional
divider is replaced by a single microstrip tapered-line section. Since such tapered sections
have almost constant input impedance across an extremely wide bandwidth, they are used
to achieve the UWB operation of the WPD. In Section 2.1 (even-mode analysis), the
design of the tapered lines is presented; while in Section 2.2 (odd-mode analysis),
the values of the isolation resistors are derived.
2.1. Even-Mode Analysis
The even-mode equivalent circuits for the upper and lower branches of the proposed
UWB divider are shown in Figure 2.
For an unequal-split WPD, Zs1 , Zl1 , Zs2 , and Zl2 can be found using the following
equations (Pozar, 2005):
Zs1 D Z0

1 C 1
k2

; (1a)
Zl1 D
Z0
k
; (1b)
Zs2 D Z0.1 C k2/; (1c)
Zl2 D kZ0; (1d)
where k D
p
P2=P3, and P2 and P3 are the output powers from ports 2 and 3,
respectively.
Figure 2. Even-mode equivalent circuits for the UWB unequal-split WPD: (a) upper branch and
(b) lower branch.
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Hence, to obtain a 2:1 split ratio (i.e., k D
p
2), and using a characteristic impedance
Z0 of 50 , the values of Zs1 , Zl1 , Zs2 , and Zl2 should be 75 , 35.35 , 150 , and
70.71 , respectively.
According to Chiang and Chung (2010) and Hecken (1972), the maximum input
return loss (in dB) for a given tapered line used to match source impedance Zs to load
impedance Zl is characterized by the following equation:
jRLinputjmax D 20 log
"
tanh
 
B
sinhB
.0:21723/ ln
 s
Zl
Zs
!!#
; (2)
where B is a predeﬁned design parameter used to determine the tapered line curve. It
should be mentioned here that larger values of B result in lower reﬂection at the input
port. However, increasing B will demand a wider tapered line width and longer length.
After choosing the value of B in order to achieve a desired input return loss,
the exponential tapered line characteristic impedance is calculated using the following
equation (Chiang & Chung, 2010; Hecken, 1972):
ln

Z.z/
Zs

D 0:5 ln

Zl
Zs
h
1 C G

B; 2
 z
d
 0:5
i
; (3a)
where
G.B; / D B
sinhB
Z 
0
I0

B
p
1   02

d 0: (3b)
Z.z/ in Eq. (3a) represents the characteristic impedance of the tapered line at point z,
and I0.x/ represents the modiﬁed zero-order Bessel function. The tapered line length
d is a predeﬁned variable chosen appropriately to achieve the desired maximum input
return loss.
As noted above, the conventional quarter-wave transformers are replaced by their
equivalent tapered-line transformers, considering .Zs1 ; Zl1/ and .Zs2 ; Zl2/, in order to
achieve the UWB characteristics. Moreover, two extra tapered line transformers are
designed to match the output ports to 50 . The source and load impedances that
are considered in the design of these matching tapered transformers are .Zl1 ; Z0/ and
.Zl2 ; Z0/.
2.2. Odd-Mode Analysis
The odd-mode analysis is carried out to obtain the isolation resistors’ values needed to
achieve the optimum output ports isolation and output ports matching conditions. Figure 3
shows the equivalent odd-mode circuit of the proposed divider (Qaroot et al., 2010).
First, each tapered line transformer will be subdivided into K uniform electrically
short segments with length z D d=K. The ABCD matrix for each section of the
tapered line (considering the upper branch) shown in Figure 3 is calculated as follows
(Pozar, 2005):
"
A B
C D
#
D
"
A1 B1
C1 D1
#"
A2 B2
C2 D2
#
  
"
Ai Bi
Ci Di
#
; (4)
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Figure 3. Odd-mode equivalent circuit for the UWB unequal-split WPD.
where the ABCD parameters of the i th segment are (Pozar, 2005)
Ai D Di D cos./; (5a)
Bi D Z2..i  0:5/z/Ci D jZ..i  0:5/z/ sin./; (5b)
 D 2

z D 2
c
f
p
"eff z: (5c)
The effective dielectric constant "eff of each section is calculated using the well-known
microstrip line formula in Pozar (2005). Then, the total ABCD matrix for the upper
branch can be calculated as follows (Pozar, 2005):
ŒABCDTotal D ŒABCDR0N  ŒABCDﬁrst section : : :
 ŒABCD.N  1/th sectionŒABCDR01  ŒABCDNth section: (6)
It is worth mentioning here that the isolation resistors are distributed uniformly (a resistor
every d=N distance, where d is the tapered line length, and N is the number of used
resistors). Finally, and as illustrated in Figure 3, the following equation can be written:"
V1
I1
#
D
"
A B
C D
#
Total
"
V2
I2
#
: (7)
Setting V2 D 0 leads to the following equation:
Zoin D
V1
I1
D B
D
: (8)
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For perfect output port matching, the following condition should be satisﬁed:
	out.fj / D
Zoin.fj /  Zl1
Zoin.fj / C Zl1
; (9)
where fj denotes the frequencies at which Eq. (9) is calculated. Here, a frequency
increment of 1 GHz is used within the frequency range 2 to 12 GHz. So, for perfect
output ports matching over the design frequency range, the following error function is
considered (Shamaileh et al., 2011):
Errorout D
MX
jD1
j	out.fj /j2: (10)
This optimization problem is solved using “fminunc.m” MATLAB routine (The Math-
Works, Natick, Massachusetts, USA), where R01; : : : ; R
0
N are the optimization variables
to be determined. It should be noted here that the same procedure carried out in Eqs. (4)
through (10) is repeated in order to obtain the optimum resistors’ values R001 ; : : : ; R
00
N ,
which minimize the output reﬂection for the lower branch in Figure 3. Finally, the overall
resistance values can be calculated as follows (Qaroot et al., 2010):
ŒR1 R2   RN  D ŒR01 R02    R0N  C ŒR001 R002    R00N : (11)
3. Simulation and Experimental Results
Figure 4 represents the layout of the proposed UWB 2:1 WPD (without the isolation
resistors). Considering a Roger RT5870 substrate (Rogers Corporation) with a relative
permittivity of 2.33, a thickness of 0.508 mm, and a loss tangent of 0.0012, the lengths
of each tapered WPD arm and output ports matching transformers needed to achieve
an acceptable input/output ports matching conditions are set to 28 mm and 27 mm,
respectively. Those lengths are approximately equal to the lengths of the conventional
uniform quarter-wave transformers at 2 GHz. Besides, the design parameter B was set
to 5.5, which corresponds to a maximum input return loss of 56.55 dB.
Figure 5 shows the effect of uniformly distributing three resistors (a resistor every
9.3 mm), four resistors (a resistor every 7 mm), and ﬁve resistors (a resistor every 5.6 mm)
on the input/output ports matching parameters (S11, S22, and S33), as well as the isolation
between the two output ports (S23). It should be pointed out here that the simulation
results were obtained using the method of moments (MoM) based full-wave simulator
Figure 4. Layout of the 2:1 UWB WPD without the isolation resistors (dimensions in mm).
 
PAPER [66]
432 K. A. Al Shamaileh et al.
(a)
(b)
Figure 5. Isolation and input/output ports matching parameters of the designed UWB WPD with
different numbers of isolation resistors. (color ﬁgure available online)
IE3D (Mentor Graphics PCB Design Software, 2006). Moreover, the isolation resistors’
values in the three scenarios are obtained following the optimization procedure mentioned
in Section 2.2. Table 1 shows the resulting resistors in each case.
It is clearly seen in Table 1 that the resistors’ values increase in magnitude in all
cases but that of three resistors. This reﬂects the divergence of the optimization engine
toward minimizing the error expressed in Eq. (10) when only three resistors are used.
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Table 1
Optimized values of isolation resistors used in simulations of the 2:1 UWB WPD
No. of resistors R1 () R2 () R3 () R4 () R5 ()
Three resistors 22.34 651.41 428.765 — —
Four resistors 91.57 210.73 360.52 476.74 —
Five resistors 97.75 203.41 328.87 477 515.8
The error achieved when using three resistors was more than 0.9, which is considered
very high as an output reﬂection coefﬁcient, whereas the error is around 0.1 when using
four and ﬁve resistors. The divergence in the three-resistor case was translated into the
resistors’ variation listed in Table 1. Table 2 represents the error obtained in each case
along with the obtained error value in both branches.
As shown in Figure 5, when using three resistors, an acceptable return loss (below
10 dB) at the input port and port 2 is achieved across the entire frequency range of
interest. However, poor isolation and output return loss at port 3 are obtained at some
frequency bands. On the other hand, better performance is clearly seen in the case of
using four and ﬁve isolation resistors.
Figure 6 shows the simulated transmission parameters S21 and S31. Lower transmis-
sion loss is obtained in the case of using four and ﬁve resistors because of the optimal
response achieved by the optimization engine in those two cases. In both scenarios, S21
equals 1.76 dB (˙0.8 dB), while S31 equals 4.77 dB (˙1 dB) over the frequency
range of 2 to 12 GHz.
For veriﬁcation purposes, the UWB unequal-split WPD with ﬁve isolation resistors
is implemented over the same substrate previously mentioned. The practical surface-
mount device (SMD) resistor values that are used in the fabrication are R1 D 100 ,
R2 D 200 , R3 D 330 , R4 D 470 , and R5 D 510 . Figure 7 shows a photograph
of the fabricated divider, while Figure 8 shows the simulated and measured scattering
parameters.
As shown in Figure 8(a), both simulated and measured results show an acceptable
input port matching (below 10 dB) over the frequency range of 2 to 12 GHz. Further-
more, the output ports matching parameters S22 and S33 are also below 10 dB over the
same frequency range. Moreover, the simulations and the measurements results illustrated
in Figure 8(b) show an acceptable isolation (below 10 dB) over the design frequency
range. The simulation results for the transmission parameters are close to their theoretical
values; S21 is 1.77 dB (˙0.5 dB) in the frequency range of 2 to 12 GHz, and S31 is
Table 2
Error values in the optimization as calculated from
Eq. (10) for upper and lower branches of the device
No. of resistors Upper branch Lower branch
Three resistors 0.92 0.97
Four resistors 0.1 0.14
Five resistors 0.093 0.091
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Figure 6. Transmission parameters S21 and S31 for the 2:1 UWB WPD with different numbers of
isolation resistors. (color ﬁgure available online)
4.77 dB (˙1 dB) over the same frequency range. The measured transmission parameters
show acceptable characteristics except for a slight increase of the insertion losses at the
upper end of the investigated band. That increase, as well as the discrepancies between
the simulated and measured results is thought to be due to the connectors, the tolerance
in the values of the ﬁve resistors, conductor and dielectric losses, and radiation losses.
Figure 9 shows the phase imbalance of the designed divider, which clearly illustrates
an in-phase performance with less than 2ı imbalance over the entire frequency range that
extends from 2 to 12 GHz. It is to be noted here that for applications that require compact
Figure 7. Photograph of the fabricated UWB 2:1 WPD with ﬁve isolation resistors. (color ﬁgure
available online)
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(a)
(b)
Figure 8. Simulated and measured scattering parameters for the fabricated UWB 2:1 WPD. (color
ﬁgure available online)
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Figure 9. Phase imbalance of the proposed UWB 2:1 WPD. (color ﬁgure available online)
design, meandered structures, for example, can be utilized to decrease the overall length
of the proposed divider.
4. Conclusions
The design of an UWB unequal-split WPD using tapered lines has been presented. The
design of the UWB tapered lines is obtained from the even-mode analysis of the WPD,
whereas the isolation resistors are calculated through an optimization process using the
odd-mode equivalent circuit. Three scenarios are presented in such a way that the effect
of using three, four, and ﬁve isolation resistors on enhancing the isolation between the
two output ports, as well as achieving optimum output ports matching over the frequency
range of 2 to 12 GHz, is studied. For veriﬁcation purposes, an UWB unequal-split WPD,
with a 2:1 split ratio, and ﬁve isolation resistors, is fabricated and measured. The good
agreement between both simulation and measurement results and the design target proves
the validity of the design procedure.
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Three-way signal divider with tunable ratio for
adaptive transmitting antenna arrays
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Abstract: A tunable wideband three-way signal divider that is useful in adaptive transmitting arrays is presented. The design of
the proposed device is based on using three stepped-impedance coupled microstrip lines that have controllable coupling factors,
and thus a variable signal ratio at the three output ports. The variation in the coupling factors is achieved by using two varactor
diodes that are connected between the central coupled line and each of the side lines. The biasing voltages of the varactor diodes
are used to control their capacitors and thus to achieve the required output signal ratios. A signal-ﬂow analysis is used to predict
the performance of the proposed device, whereas the conformal mapping technique is used to obtain the required dimensions of
the coupled structure and the varactors’ capacitors. The validation of the proposed design method is tested by simulations and
measurements. The results indicate the possibility of changing the signal ratio across a wide range of values with more than
10 dB return loss at the four input/output ports and isolation between the output ports across more than 85% fractional bandwidth.
1 Introduction
Adaptive arrays are widely used for many purposes, such as to
achieve extremely low-sidelobes or to optimise the radiation
pattern for certain required characteristics concerning, for
example, the gain or signal-to-noise ratio subject to the
existence of noise sources or external interferences [1–4].
Two of the important applications of transmitting arrays
that need pattern optimisation are the multiple-input
multiple-output (MIMO) systems and retrodirective arrays
[1–3]. In MIMO systems, the pattern, for example, is
synthesised to transmit data to a single user while placing
nulls in the directions of other users [2, 3]. In retrodirective
arrays, the transmitting patterns are adapted to optimise the
transmission subject to some received signal or noise
distribution [1]. They ﬁnd applications in many commercial
and military systems, such as electronic trafﬁc and toll
management, wireless power transmission, advanced digital
mobile communication systems, where limited tracking
without a priori knowledge of the source is required, and
many more [2, 4].
The adaptation of the array’s pattern can be realised by
real-time phase and/or amplitude weighting of the signals
fed to the elements of the array. In this paper, a device is
proposed to enable changing the amplitude of the signals in
an efﬁcient and simple manner.
The conventional scenario to implement amplitude–weight
pattern optimisation on a transmitting array is to use as many
variable gain ampliﬁers as transmitting antenna elements
(Fig. 1a). The gain of those ampliﬁers is varied as per the
amplitude weights required to generate a certain pattern.
Obviously, this solution requires the use of a large number
of variable-gain ampliﬁers. The other proposed solution
depicted in Fig. 1b is to have one ﬁxed-gain ampliﬁer for
the whole system, whereas the signal is distributed among
the antenna elements using a multiway signal divider with
tunable amplitude ratio at its output ports. This
conﬁguration is useful for low-power levels. For high-
transmitting-power levels, the conﬁguration shown in
Fig. 1c that includes an easy-to-design ﬁxed-gain ampliﬁer
for each antenna element and a variable-ratio multiway
signal divider to control the amplitude weights is more
realistic.
Reviewing the literature shows that there are several
methods proposed to build tunable two-way signal dividers
and couplers [5–8]. Most of the available designs of
tunable two-way dividers are based on the theory proposed
in 1958 [5], which states that the series connection of two
3-dB directional couplers using a variable phase shifter
results in a tunable power divider. Concerning multiway
(three-way or more) signal dividers, several conﬁgurations
have been proposed to build wideband and cost-effective
devices [9–18]. However, all those devices have ﬁxed
signal division, and thus, are not suitable as an
implementation tool for the pattern optimisation of adaptive
arrays based on amplitude weights.
In [15, 19], novel couplers and power dividers utilising
coupled structures are proposed. In those designs, a chip
capacitor is connected between the coupled lines at the
centre of the structure to achieve a certain value for the
coupling factor without the need to use narrow gaps or
lines that are difﬁcult to manufacture. If that capacitor is
replaced with a varactor diode, it could be possible to
change the coupling factor of the structure, and thus the
amplitude ratio of the output signals, by changing the
biasing voltage applied to the diode. Thus, signal dividers
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with tunable amplitude ratio can be realised using that
approach with a properly designed coupled structure.
In this paper, a wideband three-way signal divider with
planar structure and variable amplitude ratio at its three
output ports is proposed. The device is based on three
parallel-coupled microstrip lines. Unlike the available
tunable two-way dividers that need cascading multiple
couplers or dividers and variable phase shifters, the
tenability of the proposed three-way divider is achieved by
the direct control of the coupling factor between those three
lines. That target is realised by connecting two varactor
diodes between the coupled lines. A complete design
method based on the signal ﬂow diagrams and quasi-static
approach is presented. The designed device has a compact
size, planar structure and tunable amplitude ratio across
more than 85% fractional bandwidth.
2 Theory
Assume that there are three stepped-impedance coupled lines
as shown in Fig. 2. The coupled stepped-impedance structure
is proven to be useful in extending the bandwidth of coupled
devices [19, 20]. Those lines can be arranged in a parallel-
coupled structure for uniplanar conﬁguration [15] or
broadside-coupled structure for multilayer conﬁguration [13,
16]. Each of the three coupled lines includes three sections.
The two side sections are similar with a length of l1,
whereas the central section has a length l2 as depicted in
Fig. 2. Assume that based on the dimensions of the side
sections, the electromagnetic coupling factor between the
three lines forming them is equal to cs. The central section
is assumed to have a coupling factor c12 with the upper-side
line and c13with the lower-side line.
The structure shown in Fig. 2 can be analysed using a
combination of even–odd mode analysis using the quasi-
static approach and signal-ﬂow diagrams [19, 20]. In the
following analysis of the three-line coupled structure, it is
assumed that all the six ports of the structure are perfectly
matched. Moreover, the coupling between the side lines is
assumed to be negligible. The input signal at port 1 is
divided between the three output ports 2, 3 and 4 and no
signal appears at the ports (5 and 6), which can then be
terminated by matched loads. The division of the signal
between the three output ports follows the following
scattering parameters, which are derived using the signal
ﬂow of multiport devices at a certain frequency with
effective wavelength le.
S21 = a1 + b2 b6
a1b3b4
1− a1a4 − a1a6
+ a5
[ ]
(1)
S31 = a1 + b2 b6
a1b3b5
1− a1a4 − a1a6
+ a3
[ ]
(2)
S41 =
b1b3 b6
1− a1a4 − a1a6
(3)
where
a1 =
jcssin(2pl1/le)NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
1− 2c2s
√
cos(2pl1/le)+ j sin(2pl1/le)
(4)
a2 =
jcssin(2pl1/le)NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
1− c2s
√
cos(2pl1/le)+ j sin(2pl1/le)
(5)
Fig. 1 Adaptive transmitting array using amplitude weights
a Conventional approach
Proposed approaches using three-way signal divider with tunable amplitude
ratio
b For low-power levels
c For high-power levels
Fig. 2 Diagram of the proposed signal divider
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a3 =
jc21sin(2pl2/le)NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
1− (c221 + c231)
√
cos(2pl2/le)+ j sin(2pl2/le)
(6)
a4 =
jc21sin(2pl2/le)NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
1− c221
√
cos(2pl2/le)+ j sin(2pl2/le)
(7)
a5 =
jc31sin(2pl2/le)NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
1− (c221 + c231)
√
cos(2pl2/le)+ j sin(2pl2/le)
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jc31sin(2pl2/le)NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
1− c231
√
cos(2pl2/le)+ j sin(2pl2/le)
(9)
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NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
1− 2c2s
√
NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
1− 2c2s
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cos(2pl1/le)+ j sin(2pl1/le)
(10)
b2 =
NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
1− c2s
√
NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
1− c2s
√
cos(2pl1/le)+ j sin(2pl1/le)
(11)
b3 =
NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
1− (c221 + c231)
√
NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
1− (c221 + c231)
√
cos(2pl2/le)+ j sin(2pl2/le)
(12)
b4 =
NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
1− c221
√
NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
1− c221
√
cos(2pl2/le)+ j sin(2pl2/le)
(13)
b5 =
NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
1− c231
√
NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
1− c231
√
cos(2pl2/le)+ j sin(2pl2/le)
(14)
b6=
b1
1−a2a3−a2a5−a1a2b3(b4+b5)/(1−a1a4−a1a6)
(15)
The performance of the proposed three-way signal divider is
calculated using the derived model for different values of the
lengths and coupling factors. It is found that the following
equation derived previously in [19, 20] concerning the
relation between the length of the side sections (l1) and
the length of the central section (l2) for a wideband
performance of four-port devices is still valid in the
proposed six-port device for a wideband operation
l2 = 2l1 (16)
As with the analysis in [20], the total length of the coupled
structure is equal to one-third of the effective wavelength at
the centre of the required operational bandwidth.
The calculated performance for different values of the
coupling factors is shown in Figs. 3–5 across one-octave
frequency band. It is clear from Figs. 3 and 4 that ﬁxing the
value of cs and c21 (or c31) while changing the value of c31
(or c21) causes a signiﬁcant variation in the level of signals
emerging from the output ports 4 and 3 (or 2), whereas the
level of the signal at port 2 (or 3) varies slightly. Those
results can be explained by the fact that increasing the
coupling factor from the central line to any side line
increases the signal emerging from the output port
connected to that side line, and consequently decreases the
remaining signal emerging from the output port connected
to the central line (port 4). To be able to change the signal
level at any ratio between the three output ports, the
coupling factors c21 and c31 are to be changed together as
indicated in the results of Fig. 5.
Fig. 4 Signal level at the three output ports when cs ¼ 0.45,
c31 ¼ 0.6 and c21 is variable from 0.45 to 0.7
Fig. 3 Signal level at the three output ports when cs ¼ 0.45,
c21 ¼ 0.6 and c31 is variable from 0.45 to 0.7
Fig. 5 Signal level at the three output ports when cs ¼ 0.45,
whereas c21 and c31 take different values from 0.54 to 0.65
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The signal ratio can also be controlled by changing the
coupling factors of the ﬁrst and third sections, while ﬁxing
that factor for the central section. However, there is a
practical implication of that approach in that the number of
varactor diodes is larger and this means an increase in the
losses because of the parasitic elements of those diodes in
addition to complicating the biasing circuit.
3 Design
The tunable ratio of signals can be achieved as explained
earlier by changing the coupling factors of the central
coupled section. The ideal scenario for that change to
happen while keeping the perfect matching between the
whole coupled structure and the impedance (Zo) of the
input/output ports, is to vary both of the odd–odd and
even–even mode impedances of the central section (Zoo,
Zee) so that at any coupling factors, and thus at any signal
ratio, the following equation holds [20]
NameMeNameMeNameMeNameMeNameMeNameMeNameMe
ZeeZoo
√ = Zo = 50 V (17)
Practically, this target can be implemented by using ﬁve
varactor diodes to control the coupling factors of the central
section. Two of those diodes are connected from the central
line to the two side lines, whereas the three remaining
diodes are connected between each of the three-coupled
lines and the ground. By properly changing the biasing
voltages of the ﬁve varactor diodes, the perfect matching
can be maintained across the required range of signal ratios.
However, this solution complicates the design as it requires
ﬁve different biasing voltages to control the capacitance of
the utilised varactor diodes.
The other solution is to use only two diodes connecting the
central line to the two side lines. Those diodes are used to
vary the odd–odd mode impedance of the central section.
The even–even mode impedance is designed to have a
reasonable high value that can guarantee a proper matching.
To avoid using narrow gaps or lines that makes the
manufacturing process difﬁcult, the high value for the
even–even mode impedance can be realised by using a
slotted ground underneath the central coupled structure
[20]. The dimensions of the coupled structure are calculated
so that a perfect matching is achieved at three-equal signal
outputs, that is, signal ratio of 1:1:1. For other ratios, the
capacitor of each of the varactor diodes can take values
that are above or below the required value at the 1:1:1 ratio.
A compromise between the performances at the different
signal ratios can be obtained using a suitable full-wave
electromagnetic simulator so that an acceptable performance
can be maintained at all the possible signal ratios.
The ﬁnal adopted design is depicted in Fig. 6a. The
top layer contains three parallel-coupled microstrip lines,
whereas a slotted ground plane is located at the bottom
layer directly underneath the central coupled section. In
order to feed the diodes, a proper biasing circuit is included
in the design as revealed in Fig. 6a.
The dimensions of the coupled structure of Fig. 6a can be
calculated using the even–even, odd–odd and even–odd
mode approach [15, 20, 21]. Assuming a quasi-transverse
electromagnetic propagation, the electrical characteristics of
the coupled lines (mode impedances and thus the coupling
factors) can be calculated from the effective per unit length
capacitances of lines and the phase velocity on the lines. In
turn, the values of different mode capacitors can be
calculated using conformal mapping techniques as
explained in [21, 22]. The main parameters that deﬁne the
values of those capacitors are the thickness and dielectric
constant of the substrate (h and 1r), and the dimensions of
the coupled structure (s, w, ws and wc) depicted in Fig. 6a.
Based on that approach, the required dimensions of the
three sections and the required varactors’ capacitors are
found assuming a signal ratio of 1:1:1. The ﬁnal
dimensions are then obtained via the optimisation feature of
the software HFSS. Assuming the use of the substrate
Rogers RT6010 (1r ¼ 10.2, h ¼ 0.635 mm), the optimised
dimensions in (mm) for a signal divider operating across
the band from 2 to 5 GHz are l1 ¼ 2.7, s ¼ 0.21, l2 ¼ 4.8,
ws ¼ 4.9, w ¼ 0.89, wc ¼ 0.44 and varactors’ capacitors at
1:1:1 signal ratio Cv1 ¼ Cv2 ¼ 1 pF. The overall dimensions
of the device are 30 mm × 30 mm.
The range across which the signal level at each of the
output ports can be controlled depends on the range of the
capacitor of the utilised varactor diodes. A large capacitor
range means wide range of signal levels that can be
achieved at each output port. To control the signal at any of
the output ports by a ratio (maximum value/minimum
value) of 3, the required capacitors (Cv1 and Cv2) of the
utilised varactor diodes should cover the range from 0.4 to
1.8 pF. Those values are evenly distributed around the
required value for a signal ratio of 1:1:1 and this justiﬁes
the use of the 1:1:1 ratio as the starting design point.
4 Results and discussions
The performance of the designed device is tested via full-
wave electromagnetic simulations. Also, a prototype is
Fig. 6 Design showing dimensions of the utilised structure and the
biasing circuit and developed device
a Outline of the ﬁnal design showing dimensions of the utilised structure and
the biasing circuit
b Developed device
IET Microw. Antennas Propag., 2012, Vol. 6, Iss. 12, pp. 1318–1324 1321
doi: 10.1049/iet-map.2012.0124 & The Institution of Engineering and Technology 2012
www.ietdl.orgPAPER [67]
developed (Fig. 5b) and tested. To realise the optimised range
of values for the capacitors of the varactor diodes, the hyper–
abrupt junction diode MA46H201 is used in the developed
device. The maximum biasing voltage for this diode is 20 V.
The simulated performance of the designed three-way
signal divider is shown in Figs. 7–9 for varactor capacitors
that are changed from 0.4 to 1.8 pF. It is clear from
the results of Fig. 7, which includes limited steps of the
capacitor values for clarity of the ﬁgure, that the ratio of the
signals at the three output ports can be controlled across a
wide range. The deviation in the values is around +0.5 dB
from the median value of each ratio across the band from 2
to 5 GHz. It is interesting to see that the general variations
in the simulated signal levels at the three output ports
(Fig. 7) agree well with the predictions using the derived
theoretical model (Fig. 5) despite the fact that the derived
model assumes an ideal substrate, perfect matching at all
the ports and no coupling between the side lines.
The simulated reﬂection coefﬁcient at all the ports of the
device (owing to symmetry S44 ¼ S11) in all the cases is
below 210 dB as shown in Fig. 8. There is also a good
isolation, which is more than 13 dB between the output ports 2 and 4 or ports 3 and 4 in all the investigated cases
as depicted in Fig. 9. The isolation between the output ports
is an important factor to prevent any signal reﬂected from
any of the antenna elements of the array depicted in Fig. 1b
from affecting the performance of the other antennas in the
array. The isolation between the output ports 2 and 3 is
more than 10 dB in most of the cases. The only case which
causes the isolation to be around 9 dB is when the biasing
voltages at the varactor diodes are close to zero and thus
the varactors have the largest capacitor value.
The measured performance of the developed device is
shown in Figs. 10–12 for biasing voltages of the two
utilised diodes that change from 2.5 to 15 V. The results of
Fig. 10 concerning the ratio of the signals at the three
output ports, which are shown for small number of biasing
voltages steps for clarity of the ﬁgure, agree well with the
simulated results (Fig. 7). The selected biasing voltages
shown in Fig. 10 are chosen based on the technical data of
the diodes so that their capacitors are roughly equal to those
used to obtain the simulated results of Fig. 7 to enable a
comparison between them. The obtained results indicate the
possibility of controlling the signal ratio at the three outputFig. 7 Simulated signal level at the three output ports for different
values of the varactors’ capacitors
Fig. 8 Simulated reﬂection coefﬁcient at the input and output ports
for different values of the varactors’ capacitors
Fig. 9 Simulated isolation between the output ports for different
values of the varactors’ capacitors
Fig. 10 Measured signal level at the three output ports for
different values of the varactors’ biasing voltages
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ports by a factor of around 2.8, which is close to the value 3
used in the design procedure. The deviation in the output
signal values is around +1 dB from the median value of
each ratio across the band from 2 to 5 GHz.
The measured reﬂection coefﬁcient at the input port (port 1)
of the device is below 210 dB as shown in Fig. 11. For the
other two output ports, the reﬂection coefﬁcient is less than
28 dB. For the conﬁguration of transmitting array depicted
in Fig. 1b, the reﬂection coefﬁcient of the input port is the
most important parameter among the reﬂection coefﬁcients
of the four ports as it quantiﬁes the level of signal reﬂected
back from the three-way signal divider to the ampliﬁer. To
avoid any disturbance to the operation of the ampliﬁer, that
signal should be as low as possible, which occurs when the
input reﬂection coefﬁcient is very low. For the output ports
(2, 3 and 4), there is no signal entering the output ports
when the device is used with transmitting antenna array
depicted in Fig. 1b. Thus, the reﬂection coefﬁcients at those
ports are not critical parameter in the design compared with
the input reﬂection coefﬁcient.
As indicated in Fig. 12, there is also a good isolation of
more than 12 dB between the output ports 2 and 4 or ports
3 and 4 in all the investigated cases. The isolation between
the output ports 2 and 3 is more than 10 dB in most of the
cases. As in the simulations, the only case that causes the
isolation to be around 9 dB is when the biasing voltages at
the varactor diodes are close to zero causing the varactor’s
capacitors to be at their maximum values. In this case, the
coupling factor between the two side lines, which is
assumed to be zero in the design, has a certain non-zero
value that causes a slight degradation in the isolation
between the two-side lines.
Comparing the simulated results in Figs. 7–9 with the
measured results in Figs. 10–12 reveals a good agreement
between them. The slight differences are thought to be
owing to the parasitic elements of the utilised varactor
diodes and the imperfect isolation between the biasing
circuit and the coupled structure.
The other important factor to evaluate the proposed device
is the phase performance. For the application intended in the
work, that is, the amplitude–weight pattern optimisation of a
transmitting array, the difference in the phase between the
three output ports of the signal divider should have a
certain ﬁxed value across the band of interest so that no
additional variable phase compensation techniques are
needed. Concerning the designed device, the differential
phase of the ports 2 and 3 with respect to port 4 are
calculated using the simulation tool and measured.
Snapshots of the results are shown in Fig. 13 for three cases
that represent the two ends of the operating conditions of
the device and the central design working condition. It is
clear from the results that the ports 2 and 3 have an average
908 in the simulations and 928 in the measurements ﬁxed
phase difference with respect to port 4. The deviation in
that phase difference is around +68 in the simulations and
+88 in the measured results across the investigated band.
This result can be explained by the fact the coupled
structures between the two output ports (2 and 3) and the
input port (1) are in the form of a quadrature coupler,
whereas the output port 4 is directly connected with the
input port. Thus, the two ports (2 and 3) are in phase,
whereas a ﬁxed 908 phase shift is expected between them
and the other output port (4).Fig. 12 Measured isolation between the output ports for different
values of the varactors’ biasing voltages
Fig. 11 Measured reﬂection coefﬁcient at the input and output
ports for different values of the varactors’ biasing voltages
Fig. 13 Simulated and measured differential phase of port 2 (or
similarly port 3) with respect to port 4 at the two ands and central
point of the operating conditions as indicated
Solid lines, simulations; dash lines, measurements
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5 Conclusion
A wideband three-way signal divider with tunable amplitude
ratio has been presented. The proposed device utilises a
planar parallel-coupled conﬁguration and two varactor diodes.
Through changing the biasing voltage of the varactor diodes,
the coupling factor is changed and thus the signal level at the
three output ports is varied. The signal ﬂow of multiport
devices is used to explain the performance of the device,
whereas the conformal mapping is used to ﬁnd its
dimensions. The simulated and measured results have shown
the possibility of achieving wide range of signal levels at the
three output ports across more than 85% fractional
bandwidth. The proposed device is a good candidate for
pattern optimisation of low-power transmitting antenna arrays.
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Abstract: The design of a novel wideband six-port network constituted by in-phase and quadrature Wilkinson power dividers is
presented. To achieve wideband operation of the quadrature divider, the device uses a 908 phase shifter in the form of a double
vertical wireless interconnect that utilises microstrip to coplanar waveguide transitions. The performance of the designed in-phase
and quadrature dividers and the entire six-port network is assessed via full-wave electromagnetic simulations and measurements.
The obtained results show that the designed six-port network offers good performance in terms of amplitude and phase
characteristics across the frequency band of 3.5–9 GHz.
1 Introduction
Six-port networks are widely used in many ﬁelds, such as
reﬂectometers in microwave measurement systems [1–7],
direct phase shift keying modulators of a transmitter [8–10]
and as correlating demodulators in direct conversion
receivers [8–13]. Recently, there has been a considerable
interest in integrated six-port networks with wide
operational bandwidth. Using a traditional approach, a six-
port for the use in measurement or communication sub-
systems can be constructed with three couplers and one
power divider [5–7]. The design of an integrated six port
using the conventional conﬁguration with wideband
performance was presented in [5]. The design was
accomplished in a multi-layer microstrip-slot technology in
which two dielectric substrates with a common ground
plane were used. The device was not only fully integrated
but was also very compact in size. It provided a very good
operation across an ultrawide frequency band of 3.1–
10.6 GHz. However, these positive attributes came at a
price. The design required a special effort of devising a new
type of a power divider which could be compatible with the
multi-layer couplers. In practice, the multi-layer approach
creates a challenge to manufacturing of couplers and
dividers, as the performance in multi-layer structures is very
sensitive to any misalignments or air gaps [14]. Advanced
manufacturing tools are required to align various layers
without any air gaps to achieve best electrical performance.
Some of the challenges in designing six-port networks
formed by couplers are addressed in [8]. The question was
posed whether a traditional six port can be designed using
other components than the couplers. It was shown that an
equivalent performance to that of the traditional six port
(formed by three couplers and one power divider) can be
achieved using entirely power dividers but with some of
them equipped with 908 phase shifters. An extra motivation
for such a new conﬁguration was to overcome the difﬁculty
of designing couplers at millimetre-wave frequencies. They
demonstrated their idea by designing a wideband six-port
network operating at microwave frequencies. The concept
of using dividers to design the six port was fully proved.
However, the presented implementation was incomplete, as
in the presented solution, the required 908 phase shifters
were realised by delay lines referenced against sections of
microstrip lines. The delay lines could only deliver a
narrowband phase shift. In this paper, we provide the
missing solution for wideband 908 phase shifters and
describe the full design of an ultrawideband six-port
network formed entirely by in-phase and quadrature
Wilkinson dividers. We show that the required 908 phase
shifters can be obtained using a double wireless vertical
interconnect utilising a microstrip to coplanar waveguide
(CPW) transition, which is described here. This design has
the advantage of eliminating one terminating load, which
helps in reducing some errors. Moreover, the design can be
implemented on a single-layer board. It is to be noted that
the multi-layer technology is used to achieve the wideband
performance in [5], whereas the simple printed circuit board
(PCB) technology is utilised in the proposed design.
2 Design procedure
Fig. 1 shows the block diagram of the conventional six-port
network followed by its emulation proposed in [8]. The
conventional device is formed by three couplers, denoted
by the letter Q and one in-phase power divider, denoted by
the letter D. As seen in Fig. 1a, the conventional design has
an additional port that needs to be terminated with a 50 V
load. The non-conventional six-port presented in Fig. 1b is
taken from [8]. It is redrawn in this way so as to show that
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it is formed by in-phase and quadrature Wilkinson dividers. In
the two six-port depicted in Fig. 1, the ports are numbered this
way so that an equivalence between the two can be observed
in terms of the distributed signals when ports 1 and 2 are fed
by complex signals a and b.
Fig. 1 offers an ample analysis of operation of these
devices when port 1 is fed with a complex signal a and port
2 is fed by a complex signal b. The complex signals
emerging from ports 3–6 are denoted as S3, S4, S5 and S6.
They are linear combinations of the input signals a and b.
Those S-parameters are obtained assuming an ideal
operation of couplers, dividers and phase shifters in
Figs. 1a and b. In these ﬁgures, the symbol j stands forp
21 and represents the 908 phase shift of a complex
microwave signal in the phasor notation. For the
conventional six-port (Fig. 1a), the required S-parameters
can be rewritten as
S3 =
−ja
2
b
a
+ j
[ ]
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a
+ 1
[ ]
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a
2
b
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− 1
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whereas for the non-conventional six port (Fig. 1b) they are
given as
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2
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Fig. 1 Block diagram of a six-port network as proposed in [8]
a Conventional
b Non-conventional
Fig. 2 Double-stage Wilkinson power divider
a Conﬁguration
b Fabricated
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(2d)
By comparing the two sets of equations, it is evident that the
expressions in the square brackets in (1a)–(1d) and (2a)–(2d)
are identical. The differences include the magnitudes. The
ones appearing in (2) are smaller by the factor of
p
2 than
the ones in (1). This difference occurs because in the
non-conventional six-port conﬁguration, the signals undergo
a 3 dB power loss. This power loss occurs during the
combining process in the Wilkinson dividers connected to
ports 3–6. The remaining difference is in the sign in
expressions for the signal S6. Otherwise, the equivalence in
operation of the two devices is apparent.
Now the task is to obtain practical realisation of the device
of Fig. 1b. As observed, in Fig. 1b this device includes six
in-phase Wilkinson dividers and four quadrature Wilkinson
dividers. The design of Wilkinson dividers is already well
established in the microwave literature [15, 16]. For
example, double-stage dividers can easily be designed in
microstrip technology using the guidelines given in [15,
16]. The challenge is to obtain the design of a wideband
quadrature Wilkinson divider. This device is formed by a
conventional Wilkinson divider with a 908 phase shifter in
its output arms. The design of a wideband 908 phase shifter
that complements the in-phase divider to achieve the
quadrature operation is presented here. The proposed design
is based on the so-called double vertical interconnect
utilising microstrip to CPW transitions.
In the undertaken approach, each component (power
divider and phase shifter) are designed independently using
CST Microwave Studio v2010. Then they are integrated
into a six-port network. The design assumes the use of a
double-sided Rogers RT6010 PCB, with a relative dielectric
constant of 10.2 and a loss tangent of 0.0023, 0.635 mm
thickness and 17 mm conductive coating.
2.1 Double-stage Wilkinson power divider
Fig. 2 shows a double-stage Wilkinson power divider for use
in the wideband six-port network of Fig. 1b.
The double-stage Wilkinson power divider is designed at
the centre frequency of 6 GHz for operation in the 3–
10 GHz band. It is known that a better performance can be
achieved with more stages, but the overall dimension of the
power divider would become excessively large. As a
substrate with high dielectric constant is assumed in this
design, the overall dimensions of the double-stage
Wilkinson divider are quite small and is 15 × 20 mm
excluding the connectors. The prototype of Wilkinson
power divider is fabricated using Protomat C100/HF Micro
Milling Machine. The required resistor values shown in
Fig. 2a are rounded to 91 and 240 V. The 91 V resistor is
realised using chip resistor 0603 (1.6 × 0.8 mm), whereas
the 240 V resistor is realised using chip resistor 0805
(2.0 × 1.5 mm). The experimental testing is investigated
over the frequency band from 3 to 11 GHz. Fig. 3 shows
the simulated and measured results of the manufactured
Wilkinson divider.
As shown in Fig. 3, a good agreement between the
simulated and measured results can be noticed in the power
division of the Wilkinson divider from 3 to 9 GHz. The
return loss is better than 10 dB for both simulated and
measured results across the band from 3 to 9.5 GHz. The
simulated and measured isolation is greater than 15 dB
across the whole band.
Fig. 3 Simulated and measured S-parameters of double-stage
Wilkinson power divider
a Return loss and isolation
b Insertion loss
Fig. 4 Double-stage quadrature Wilkinson divider
a CST layout
b Fabricated
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2.2 Quadrature divider
The detailed layout of the quadrature Wilkinson divider is
shown in Fig. 4a. The device is formed by the combination
of the earlier design of double in-phase Wilkinson divider
(Fig. 2) and wideband 908 phase shifter.
The design of the 908 phase shifter is adopted from [17].
The device uses a two section of broadside-coupled
microstrip/CPW as indicated in Fig. 4a. The design uses
only a single substrate with its input and output ports
located on the same side of the substrate. As shown in
Fig. 4, each section of the phase shifter is composed of a
microstrip patch on the top layer, and a CPW structure on
the bottom layer. The two broadside coupled sections are
connected together through a short section of microstrip
transmission line on the bottom layer. The property of this
circuit is that it offers a constant phase difference over a
wide frequency band when compared with a suitably
chosen length lm of an ordinary microstripline. The
differential phase shift can be controlled by the coupling
factor between the top layer and the bottom layer for both
sections [17]. This can be accomplished by adjusting the
minor axis of the elliptical patches, Dm and Dc and slot, Ds.
The maximum return loss and minimum insertion loss over
the operational frequency band can be achieved by tuning
the length of the elliptical patches, l1 and l2 and slots, l3,
which have values close to quarter of the effective
wavelength at the centre of the passband. After optimisation
using the CST software, the dimensions of the phase shifter
in mm are Dm ¼ 3.5, Dc ¼ 1.5, Ds ¼ 5.8, l1 ¼ 4.3, l2 ¼ 4.1
and l3 ¼ 4.9, lm ¼ 18.6.
The manufactured quadrature Wilkinson divider is shown
in Fig. 4b. For the substrate RT6010, the fabricated
quadrature divider is of dimensions 28 × 24 mm excluding
the connectors and thus represents a compact design in the
intended frequency band. Fig. 5 shows the simulated and
measured results of the designed device.
The return loss is better than 10 dB for both simulated and
measured results across the band from 3 to 9.8 GHz. The
simulated and measured isolation is greater than 15 dB
across the whole band. As shown in Fig. 5b, a good
agreement between the simulated and measured results can
be noticed in the differential phase shift of the power
divider from 3 to 10 GHz. In this frequency range the
device achieves the differential phase shift of 90+ 78.
According to the simulated and experimental results
presented in this section, each component exhibits the
required characteristics to form a wideband six-port
network.
Fig. 6 Fabricated six-port network
a Top view
b Bottom view
Fig. 5 Simulated and measured S-parameters of double-stage
quadrature Wilkinson power divider
a Return loss and isolation
b Insertion loss
c Differential phase shift
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3 Results of the integrated six-port network
Fig. 6 shows the photo of the fabricated six-port network
formed by in-phase and quadrature Wilkinson power
dividers realising the structure of Fig. 1b. From Fig. 6, it
can be seen that relatively long sections of transmission
lines are used to connect the different devices forming
the six-port network to accommodate, within reasonable
distances, the six sub-miniature-A connectors, especially the
two internal connectors shown in Fig. 6b, needed for the
experimental testing.
The simulated and measured transmission coefﬁcients from
port 1 to output ports 3–6 of the designed six-port network
are shown in Fig. 7.
Ideally, the values of these transmission coefﬁcients should
be 29 dB. As observed, the obtained simulated values
are 210.5+ 1.5 dB across 3–9.5 GHz. The measured
transmission coefﬁcient values from port 1 to ports 3–6 are
211+ 2 dB across the frequency band from 3 to 9 GHz.
Similar results were obtained when port 2 is designated as
input port, thus the transmission coefﬁcient from port 2 to
ports 3–6 are not shown in Fig. 7.
Fig. 8 illustrates the simulated and measured refection
coefﬁcient at input port 1 and isolation between ports 1 and
2 of the proposed six-port network.
The simulated and measured refection coefﬁcient at port 1
is better than 10 dB over 3–10 GHz. Similar values for the
refection coefﬁcient at port 2 are obtained. The simulated
and measured isolation between ports 1 and 2 is better than
15 dB over the band from 3 to 11 GHz.
Fig. 9 shows the simulated and measured phase
characteristics of the proposed six-port network.
Theoretically the phase differences between ports 3 and 5
should be +90 and 2908 between ports 6 and 4 when
referring to input ports 1 and 2. The simulated results show
almost a constant phase shift for the intended frequency
band of 3–9 GHz, where the phase imbalance of 908/2908
is +158. The measured results show almost a constant
phase shift for the intended frequency band of 3–8 GHz
where the phase imbalance of 908/2908 is +258.
The observed discrepancies between the simulated and
measured results, especially in the phase performance that
is very sensitive to any errors, can be explained by the use
Fig. 7 Transmission coefﬁcient results of the six-port network
a Simulated results
b Measured results
Fig. 9 Phase characteristics of the six-port network
a Simulated results
b Measured results
Fig. 8 Simulated and measured refection coefﬁcient at input port 1
and isolation between ports 1 and 2 of the proposed six-port network
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of coaxial to microstrip transitions in the measurement system
that were not included in the simulations. The performance of
the connectors used in this case is degraded at the upper end
of the investigated frequency band. The other reasons for the
discrepancies can be attributed to the manufacturing
tolerances of the utilised chip resistors and the soldering
imperfections of the chip resistors and port connectors.
From the presented full electromagnetic simulations and
measured performance, it is apparent that the relative phase
differences and transmission coefﬁcient performances are
degraded above 8 GHz. Therefore the overall performance
of the designed six-port network can be stated as more than
one octave bandwidth from 3 to 8 GHz. These results are
considered inspiring and better than the ones presented in
[8]. The proposed six port formed by in-phase and
quadrature Wilkinson dividers/combiners indeed delivers
wideband performance, as initially planned in [8].
4 Conclusion
The design of a wideband six-port network formed by
in-phase and quadrature Wilkinson power dividers has been
presented. The design complements a previous work which
shows that six-port networks aimed for reﬂectometers of
measurements systems or quadrature phase shift keying
(QPSK) modulators/demodulators in communication systems
can be entirely formed by divider/combiners and 908 phase
shifters. The accomplished work provides the missing
solution for wideband 908 phase shifters, which are required
to realise wideband quadrature dividers constituting the six-
port networks. The wideband 908 phase shifters are realised
using a two-section of broadside-coupled microstrip-CPW
technology. Such phase shifters are compatible with
microstrip Wilkinson dividers enabling the full integration of
the six-port network in a single-layer substrate. This design
has the advantage of eliminating one terminated load and it
can be implemented on a single layer board. It has been
proved via full-wave simulations as well as measurements
that the designed device features a wide bandwidth in terms
of return loss, transmission coefﬁcient and phase shift
characteristics. Its good performance indeed makes it suitable
for the use in wideband measurement systems or transceivers
employing QPSK modulation/demodulation.
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Planar Bandpass Filters for
Ultra-Wideband Applications
Amin M. Abbosh
Abstract—The design of planar bandpass ﬁlters (BPFs) with
ultra-wideband (UWB) behavior is presented. The proposed ﬁlters
utilize broadside coupling between elliptical-shaped microstrip
patches at the top and bottom layer of the ﬁlter’s structure via an
elliptical slot located at the mid layer, which contains the ground
plane. A theoretical model is presented to explain performance
of the suggested ﬁlters. Results of calculation show that the el-
liptical microstrip-slot–microstrip broadside-coupled structure
can be used to build UWB BPFs with a ﬂat group delay, which
makes the presented conﬁguration a good candidate for very
narrow pulse transmission/reception. A design procedure for
multisection broadside-coupled ﬁlters is explained. BPFs, which
use different sections of the proposed structure, were designed
and manufactured. Results of simulation and measurement show
that the developed devices have a 3-dB insertion loss bandwidth
from 3.1 to 10.6 GHz. They have less than 1-dB insertion loss at
the center of the passband, a sharp cutoff stopband, especially
at the low-frequency stopband, and a ﬂat group delay within the
passband.
Index Terms—Bandpass ﬁlter (BPF), broadside coupling, ultra-
wideband (UWB).
I. INTRODUCTION
THE RELEASE of the unlicensed use of the ultra-wide-band (UWB) (3.1–10.6 GHz) by the Federal Communica-
tions Commission (FCC) has triggered signiﬁcant research ac-
tivities in both academy and industry toward exploring various
UWB components and devices. Among them is the bandpass
ﬁlter (BPF), which is a key device in almost any communica-
tion system. The BPF to be used in UWB systems is required
to have low insertion loss over the band from 3.1 to 10.6 GHz,
and a ﬂat group delay performance within that band. Moreover,
the UWB BPF should exhibit a very good selectivity in order
to meet the FCC spectrum mask, especially at the cutoff region
below 3.1 GHz. Developing a UWB-BPF is deﬁnitely a chal-
lenge. The ﬁrst difﬁculty comes from the 110% fractional band-
width requirement, which makes some widely used techniques
for BPF design inapplicable. The second challenge comes from
the requirement of a ﬂat group delay over the UWB, and the
third is the FCC limit at the low-frequency end.
It is well known that the microwave ﬁlter theory was estab-
lished under the assumption of a narrow fractional bandwidth.
As such, this theory is not applicable for the design of UWB
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ﬁlters, due to the unexpected spurious resonances, and uncon-
trollable nonlinear frequency dispersion over the 110% band.
The initial planar BPFs were designed using end-coupled
coplanar waveguides (CPWs) [1], [2]. Due to the extremely
weak coupling extent of these end-coupling elements, the
resultant CPW ﬁlters suffer from a narrow passband and a high
insertion loss. To circumvent this issue, various CPW edge- or
parallel-coupled structures were suggested in [3] and applied in
[4] to develop a wideband CPW ﬁlter with approximately 60%
fractional bandwidth.
BPFs based on the combination of CPW low- and high-pass
periodic structures were presented in [5] and [6]. These wide-
band ﬁlters have good suppression of out-of-band response.
However, they have the drawback of a large circuit size, and
an imperfect group delay over the passband. To meet the UWB
ﬁlter speciﬁcation, several studies to increase the number of
sections have been reported [7], [8].
The parallel-coupled microstrip line with a slotted ground
plane was employed to give the required tight coupling for a
wideband BPF [9], [10]. However, increasing the fractional
bandwidth requires the use of a very narrow, and sometimes
impractical, gap size in spite of the modiﬁed three coupled-lines
method presented in [11]. The BPF presented in [12] combined
the effect of the parallel coupled lines with ﬁve short-circuited
stubs. The use of many grounding vias complicated the man-
ufacturing process, especially if we know that performance of
the ﬁlter is very sensitive to size and position of the vias.
An initial UWB ﬁlter was constructed by mounting a mi-
crostrip line in a lossy composite substrate so as to attenuate
the signals at high frequencies [13]. The reported performance
of the ﬁlter showsmore than 6-dB insertion loss in the passband.
In another approach, a BPF with 49% fractional bandwidth was
designed in [14] by using two stopbands of a ﬁlter block with
two tuning stubs on a ring.
A compact UWB BPF on microstrip line was reported in [15]
and [16] using a single multimode resonator, which is driven at
two sides by two identical parallel-coupled lines. The idea of
the multimode resonator UWB ﬁlter was proposed in [9] and
applied in [17] to achieve a fractional bandwidth of 60%–80%
with a stepped-impedance resonator [18]. The design presented
in [16] has an insufﬁciently tight coupling between the parallel-
coupled microstrip lines. To address the problems of the design
in [16], a hybrid microstrip/CPW structure with a multimode
resonator was presented in [19], whereas [20] suggested a BPF
by forming a CPW-based multimode resonance in which two
sides are linked with two single microstrip-to-CPW transition
structures. In another approach, a UWB BPF with a short-cir-
cuited CPW multimode resonator was designed [21]. This type
0018-9480/$25.00 © 2007 IEEE
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Fig. 1. Conﬁguration of the: (a) proposed broadside-coupled BPF and (b) sim-
pliﬁed diagram.
of ﬁlter can cover the UWB frequency band with low insertion
loss. However, it has a narrow stopband at the high frequency.
A modiﬁed class of multimode resonator-based wideband
ﬁlters was presented in [22]–[25] to improve the out-of-band
rejection skirts. However, these ﬁlters can hardly achieve
the UWB passband. An open-ended CPW multimode res-
onator with one low-impedance section in the middle and
two high-impedance sections in two sides was used in [26] to
construct a UWB BPF. Tight coupling and, hence, very low
gaps were needed to achieve a UWB performance.
AUWBBPFwas developed in [27] by adopting the high-pass
ﬁlter prototype and transition stretch stubs to create the lower
and upper stopbands. In [28], an electromagnetic bandgap
periodic structure was utilized for the design of ultra-wide
BPFs with harmonic passband suppression. The measured
performance of the designed ﬁlter shows that it cannot cover
the FCC-deﬁned UWB passband.
The developed UWB BPFs mentioned above are mainly
based on the traditional parallel- or edge-coupled line structure,
in which a very strong coupling structure will be a must for a
UWB performance. The tolerance of the microstrip and CPW
fabrication process, however, imposes an upper limit upon
coupling levels for parallel- and edge-coupled structures. This
makes the production of such ﬁlters difﬁcult using PCB tech-
nology as their performance is very sensitive to the production
errors. This difﬁculty can be circumvented by implementing
such high coupling using broadside coupling. In [29] and
[30], the author used an elliptical-shaped broadside coupled
structure via an elliptical slot to construct UWB couplers and
phase shifters. In this paper, the broadside coupled multilayer
structure is proposed as one of the possible solutions to build
low-cost and efﬁcient UWB BPFs.
This paper starts by presenting a theoretical model to ana-
lyze the proposed broadside-coupled microstrip-slot–microstrip
structure. A design procedure for multisection BPFs is then ex-
plained. The measured and simulated results for ﬁve BPFs de-
signed using the suggested method are presented. The designed
BPFs show UWBbehavior with ﬂat group delay across the pass-
band. They have also a wide rejected out-of-band with sharp
cutoff, especially at the low-frequency band, where the FCC
cutoff conditions are very strict.
II. ANALYSIS
The proposed BPF conﬁguration is shown in Fig. 1. It uti-
lizes broadside-coupled multilayer structure. Two similar ellip-
tical-shaped microstrip patches at the top and bottom layers are
coupled via an elliptical slot at the mid layer of the structure,
which also contains the ground plane. The reason for the choice
Fig. 2. Three-section broadside-coupled BPF.
of this conﬁguration is that the tapered shape of the elliptical
broadside-coupled structure provides an almost constant tight
coupling across the UWB, as proven in [29] and [30], where the
same structure was used to build directional couplers and phase
shifters.
Assume the device is designed to have a coupling equal to
between the top and bottom patches. Ports 1 and 2 are assumed
to be the input and output ports respectively, whereas ports 3 and
4 are terminated in an open circuit. Depending on the odd- and
even-mode analysis of the four-port devices, and assuming that
the input and output ports are perfectly matched, the reﬂection
coefﬁcient at the input port , and the insertion loss from
the input to the output port can be calculated as follows
[31]–[34]:
(1)
(2)
where is the physical length of the coupled structure, and is
the effective phase constant in the medium of the coupled struc-
ture. In all the calculations that follows, the length is chosen
such that at the center of the passband (6.85 GHz).
The group delay of the ﬁlter is a function of the phase of
the insertion loss. Applying the method presented in [35] on (2),
can be found to be
(3)
where is speed of light in free space and is the dielectric
constant of the substrate.
Assume that in order to increase the sharpness of the inser-
tion loss decay at the stopbands below 3.1 and above 10.6 GHz,
it is required to use sections of the broadside coupled struc-
ture shown in Fig. 1. In this case, the cascaded connection is
performed as shown in Fig. 2.
It is interesting to note that, with an even number of sec-
tions, the input and output ports are located at the same layer,
whereas with odd number of sections, the two ports are at dif-
ferent layers. In addition to the other factors related to the re-
quired performance, this could be an important parameter in
deciding the number of sections to be used. For example, in
the low-temperature co-ﬁred ceramics applications, it is usually
preferred to have the input/output ports of the ﬁlter at different
layers. In this case, an odd number of sections is a must to avoid
using an additional lossy transition.
In the cascaded connection shown in Fig. 2, an additional
50- microstrip line with length is used to connect the two
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Fig. 3. Schematic diagram to show the signal ﬂow in a two-section ﬁlter.
consecutive sections in order to minimize the undesired mu-
tual coupling between the top (or bottom) layers of those sec-
tions. The optimum value for is to be found after calculating
the equivalent return loss and insertion loss of the entire struc-
ture. Performance of the cascaded structure can be estimated de-
pending on the -parameters of the different sections. The anal-
ysis can be started with a two-section ﬁlter, and the result can
be generalized to any number of sections. In Fig. 3, a schematic
diagram shows the incident and reﬂected signals at
the th port of the th section. The midsection transmission line
shown in Fig. 3 is assumed to be lossless and perfectly matched
with the two sections of the BPF. Hence, it only introduces a
phase shift equals to on the signals and . is the
phase constant of the microstrip line, which can be calculated
from the well-known microstrip design equations [35].
Using the deﬁnition of the -parameters on Fig. 3, it is pos-
sible to show that the return loss of themultisection ﬁlter
and its insertion loss as a function of the
-parameters of its sections are equal to
(4)
In deriving (4), it was assumed that the ﬁlter is perfectlymatched
with the input and the output, and that the structure is reciprocal
and symmetrical, i.e., and .
The group delay for the multisection BPF can be calcu-
lated by applying the method in [35] to (4).
Equation (4) can be generalized for cascaded sections as
follows. The effective -parameters for the -section BPF can
be calculated from the -parameters of the ﬁrst sections
and the -parameters of the last section
. Using (4) and assuming that the -parameters of the
ﬁrst stage in the equivalent two-section circuit is the effective
-parameters of the ﬁrst sections, it is possible to show
that
(5)
(6)
This procedure can be repeated for the sections, and so
on, until the ﬁrst two sections, where it is possible to use (4).
At this stage of the analysis, it is required to ﬁnd the optimum
length for the additional transmission line connecting any
two consecutive sections of the BPF. Using (4), the effect of
on the return loss and insertion loss of a two-section ﬁlter
is shown in Fig. 4, assuming different values for . In these
results, the coupling is assumed to be equal to 0.7 for each
Fig. 4. Effect of different values of   on the performance of the two-section
ﬁlter.
Fig. 5. Calculated variation of the insertion and return losses with frequency
for    .
of the two sections. It is clear from Fig. 4 that the increasing
value of increases the 3-dB insertion-loss bandwidth of the
ﬁlter at the high-frequency range. It has a negligible effect on
the performance of the ﬁlter at the low-frequency range. How-
ever, increasing has a negative impact on the return loss at the
passband. The analysis was repeated using a different number
of sections and coupling factors. It was noticed that if is less
than , then it has a negligible effect on the performance
of the multisection ﬁlter. is the microstrip wavelength at the
center frequency. If it is required to use to increase the frac-
tional bandwidth without causing a signiﬁcant negative impact
on the passband performance, can be made as large as .
Variation of the calculated , , and with frequency for
one- to ﬁve-section ﬁlters are shown in Figs. 5 and 6 after using
(1)–(6). In these calculations, it is assumed that all sections of
the ﬁlter have the same coupling value. It is clear from Fig. 5
that it is possible to design a BPF with 110% fractional band-
width by just using one section of the suggested structure. If it
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Fig. 6. Calculated variation of the group delay with frequency.
is required to have a sharp cutoff and a higher insertion loss at
the stopband regions with a wide high stopband, a multisection
BPF is to be used. An increasing number of the ﬁlter’s sections,
increases sharpness of the insertion loss decay at the cutoff re-
gions, improves the performance at the high stopband, and de-
creases the fractional bandwidth with a little negative effect on
the passband performance.
The proposed BPF has a ﬂat group delay, as shown in Fig. 6.
The lowest average group delay ( 0.05 ns) can be obtained
using a one-section ﬁlter with a high coupling value ( 0.8). It
is obvious from Fig. 6 that the group delay of the -section ﬁlter
at the passband is approximately equal to times the group
delay of a one-section ﬁlter. This conclusion can be veriﬁed
using (5) and (6). Within the passband, the reﬂection coefﬁcient
of each section is very low. Hence, the denominator of (6)
is approximately equal to 1. Assuming the same coupling for the
different sections and using , (6) can be approximated to
(7)
Therefore, the phase variation from the input to the output of the
-section ﬁlter at the passband is , from which
the group delay of the -section ﬁlter is
(8)
The fractional bandwidth, rate of cutoff at the stopband, and
the average group delay and its standard deviation were calcu-
lated for a wide range of coupling values and number of sec-
tions. Summary of the results is shown in Figs. 7 and 8.
The general behavior of the fractional bandwidth presented
in Fig. 7 indicates that it decreases with increasing number of
sections. It is also clear from Fig. 7 that the 110% fractional
bandwidth required for UWB applications can be achieved by
using a signiﬁcant range of coupling values and/or number of
sections. On the other hand, the designed BPF should have a
sharp rate of cutoff at the stopband. From Fig. 7, it is obvious
that in order to have a sharp cutoff at the stopband regions, a
multisection ﬁlter should be used.
Fig. 7. Calculated variation of the fractional bandwidth and rate of cutoff with
number of ﬁlter’s sections for different values of the coupling.
Fig. 8. Calculated variation of the average group delay and its standard devia-
tion at the passband with number of ﬁlter’s sections for different values of the
coupling.
The other important parameter, which shows the quality of the
BPF, is the group delay. The calculated values for the average
group delay and its standard deviation for the proposed ﬁlters
are shown in Fig. 8.
The system designer is usually concerned with the standard
deviation of the group delay, whereas the average value has no
signiﬁcant effect on the overall performance of the system. The
designed BPF should have a low value for the standard devia-
tion of the group delay, or its peak-to-peak variation. The results
shown in Fig. 8 reveal that the proposed BPFs have, in gen-
eral, low values for the standard deviation of the group delay
and its average value. There is a direct relation between the av-
erage value of the group delay and number of ﬁlter’s sections,
as proven earlier, whereas the average value of and its stan-
dard deviation are inversely related to the coupling value. The
conclusion here is to use the highest possible coupling value.
According to the results presented in Figs. 6–8, it seems that
increasing the value of the coupling improves performance of
the ﬁlter. Actually, this conclusion should be restricted for a cer-
tain range of , as there is an ugly side to the picture: increasing
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Fig. 9. Performance of the two-section ﬁlter with different values of the cou-
pling.   and  refer to the insertion loss and return loss, respectively.
beyond a certain limit causes deterioration in the performance
at the passband. In Fig. 9, variation of the insertion loss and re-
turn loss of a two-section BPF is shown for different values of .
It is obvious from the presented results that increasing the cou-
pling value from 0.6 to 0.7 increases the bandwidth (as expected
in Fig. 7) without a signiﬁcant effect on the passband perfor-
mance. If is increased to more than 0.8, the passband perfor-
mance of the ﬁlter starts to deteriorate. Therefore, the optimum
value of the coupling for the BPF designed using the proposed
approach is roughly between 0.6–0.8. This conclusion was veri-
ﬁed, and proven to be correct, for any number of the ﬁlter’s sec-
tions. Here, the importance of the suggested broadside-coupled
elliptical structure becomes clear. A tight coupling
is required to build a UWB BPF with good performance, some-
thing that is difﬁcult to achieve using edge- or parallel-coupled
lines.
The ﬁnal step in the analysis, before building the ﬁlters, is
to check whether it is better to design the multisection ﬁlter
with the same value of the coupling for its different sections,
or it is better to design each section having a different .
The return loss and insertion loss of a two-section ﬁlter was
calculated assuming ﬁrst the same coupling for the two
sections, and then a different value for each section: for
the ﬁrst section and for the second section. The result
of calculation, shown in Fig. 10, reveals that the best perfor-
mance can be achieved when the two sections have the same
value of coupling. If the two sections are designed using a dif-
ferent value of , the resultant fractional bandwidth is equal
to that of the two-section ﬁlter using the same coupling
when , but with an inferior passband per-
formance. The calculations were repeated for the three-section
ﬁlter assuming all the possible cases including the case of sym-
metrically identical coupling factors. The conclusion was the
same as for the two-section ﬁlter: there are no clear beneﬁts
from using different coupling factors for the different sections.
Therefore, any multisection ﬁlter presented in this paper has
the same coupling factor for all of its sections.
Fig. 10. Performance of a two-section ﬁlter when the two sections use the same
and then different coupling values.
III. DESIGN
According to Figs. 7–9, the design of a UWB BPF requires a
compromise between the required large number of sections with
a high coupling value, to achieve a sharp cutoff at the stopband,
and the required low number of sections to have a high frac-
tional bandwidth and a low ﬂuctuation in the group delay. After
deﬁning the design priorities, the required value of the coupling
can be found from Figs. 7 and 8. This value can then be used
to calculate dimensions of the coupling structure as follows.
Depending on value of the coupling, the even and odd
mode characteristic impedances for the coupled patches
are calculated using the following equations:
(9)
where is the characteristic impedance of the mi-
crostrip input/output ports of the device. Dimensions of the cou-
pled region to give the impedance values calculated from (9) can
be found by using the conformal-mapping technique [36]
(10)
where is the ﬁrst kind elliptical integral and
. Major diameters of the elliptical coupled mi-
crostrip patches at the top and bottom layers and slot
at the mid-layer can be found by using the conformal-mapping
technique [36] and the method given in [29]
(11)
(12)
(13)
where is the wavelength inside the substrate at the center fre-
quency (6.85 GHz), is the thickness of the substrate, is the
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TABLE I
VALUES OF THE DESIGN PARAMETERS
height of the enclosing box, and is the length (secondary di-
ameter) of the elliptical microstrip/slot coupled structures. The
value of is chosen according to the following equation [29]:
(14)
It is to be noted that if the device is not put in an enclosure, then
in (14) can be assumed to be inﬁnitely high. Hence, from
(13), and (10) reduces to the equation given in [29].
The ﬁnal step in the design procedure is to ﬁnd width
of the input/output microstrip lines, which connects the ﬁlter to
the 50- input/output ports. This can be achieved using standard
microstrip design equations [35].
Dimensions of the BPFs calculated using the proposed
method and optimized using Ansoft HFSSv10 software are
shown in Table I. The optimization was aimed to improve per-
formance of the ﬁlters at the high stopband (above 10.6 GHz).
The devices were assumed to use Rogers RT6010LM as a
substrate. No shielding box was considered and, therefore,
value of in (10) was assumed to be 0. For the multisection
ﬁlters, the same coupling value was considered for the different
sections. It is worth mentioning that there is approximately a
5% difference between the calculated and optimized values of
, , and , whereas the optimized value for is less than
the calculated value by around 15% for all the designed ﬁlters.
It is to be noted from Table I that the coupling value for the
one-section ﬁlter was taken to be 0.68, although it is clear from
Fig. 7 that 0.6 coupling can achieve over 110% fractional band-
width. This is because the calculated return loss, when ,
ﬂuctuates at the passband between 12–8 dB, whereas it is better
than 20 dB across the passband when .
IV. RESULTS
The ﬁve BPFs, designed as in Section III, were man-
ufactured using Rogers RT6010LM (with ,
thickness mm, and tangent loss ) as
the substrate. The overall dimensions of these devices are
15 mm 20 mm, 15 mm 25 mm, 15 mm 30 mm, 25 mm
30 mm, and 25 mm 30 mm for the one- two, three-, four-,
and ﬁve-section ﬁlters, respectively. These dimensions conﬁrm
the compact size of the developed devices. A photograph for
the developed ﬁve-section ﬁlter is shown in Fig. 11. This
photograph reveals how the space was efﬁciently utilized by
Fig. 11. Five-section ﬁlter.
Fig. 12. Measured and simulated results of the return loss, insertion loss, and
group delay for two of the manufactured BPFs. (a) Three-section ﬁlter. (b) Five-
section ﬁlter.
distributing the ﬁlter’s sections around an arc. The same design
strategy was also used with the four-section ﬁlter.
The developed devices were tested via simulations and mea-
surements. The simulation was done using the full electromag-
netic analysis software Ansoft HFSSv10, whereas the measure-
ments were done using a vector network analyzer. Fig. 12 shows
the simulated and measured results for the three- and ﬁve-sec-
tion BPFs. Due to the space limitation, the results for the one-,
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two-, and four-section ﬁlters are not shown, but their perfor-
mances are explained here. The measured and simulated re-
sults indicate that the manufactured one-, two, and three-sec-
tion ﬁlters have a passband that covers the FCC-deﬁned UWB,
whereas the four- and ﬁve-section ﬁlters cover the band from
3.2 to 10 GHz. The insertion loss of the designed ﬁlters at the
center of the passband is less than 1 dB, whereas the return
loss is higher than 25, 17, 12, and 11 dB for the one-, two-,
three-, four-, and ﬁve-section ﬁlters, respectively. Sharpness of
the cutoff stopband region increases with the increasing number
of the ﬁlter’s sections. The overall performance of the ﬁlters
agrees well with the predicted ones using the theoretical model.
There is also a good agreement between the measured and sim-
ulated results.
The simulated and measured results reveal that part of the
high stopband suffers from the effect of a spurious response.
With the help of the theoretical model presented in Section II,
it is possible to show that the center of the spurious response
appears at a frequency that is an odd multiple of the center fre-
quency of operation. Hence, the ﬁrst peak of the spurious re-
sponse appears at 20.5 GHz, which is far away from the UWB,
permitting a relatively wide stopband after 10.6 GHz.
The measured insertion loss of the four- and ﬁve-section ﬁl-
ters across the high-frequency portion of the passband is higher
than the calculated and simulated value. The measured inser-
tion loss was found to be over 2 dB at the frequency range from
8 to 10 GHz. The calculated value is less than 1 dB for that
range. This increase in the passband insertion loss is mainly due
to the radiation losses from the microstrip patches at the top and
bottom layers in addition to the insertion loss of the subminia-
ture A (SMA) connectors used in the manufactured ﬁlters.
To eliminate effect of the radiation losses, the four- and
ﬁve-section ﬁlters were redesigned so that they can be en-
closed within a shielding box. The dimension of the box is
25 mm 30 mm 20 mm, which means that mm
in (13). It was noticed that with the shielding box, for
the new ﬁlters is 5% higher, whereas is 5% lower than the
values of the unshielded ﬁlters. The redesigned ﬁlters were
tested. Results of the measurement, which are shown in Fig. 12,
indicate that the insertion loss at the high-frequency portion of
the passband was improved signiﬁcantly. The redesigned ﬁlters
have an insertion loss that is less than 1.2 and 1.7 dB for the
four- and ﬁve-section ﬁlter, respectively, across their passband.
The group delay of the ﬁve manufactured ﬁlters were simu-
lated and measured. The results for two of the developed ﬁlters
are shown in Fig. 12. The ﬁlters have a ﬂat group delay across
the UWB. The average measured group delay for the ﬁlters is
0.2, 0.35, 0.42, 0.57, and 0.72 ns, whereas the peak-to-peak vari-
ation in the group delay within the passband of the ﬁlters is 0.04,
0.06, 0.1, 0.2, and 0.25 ns for the one-, two-, three-, four-, and
ﬁve-section ﬁlter, respectively. There is a good agreement be-
tween the measured and simulated results for the group delay of
the designed ﬁlters.
There is a signiﬁcant difference between the average mea-
sured and simulated values of the group delay presented in
Fig. 12 and the calculated values shown in Fig. 6. This is due to
the effect of the additional transmission lines used to connect
the ﬁlter to the input/output SMA ports and the additional line
between different sections of the devices. The results intro-
duced in Fig. 6 are only for the effect of the coupled structure.
The effect of the additional transmission lines on the average
group delay can be calculated as follows. The value of
for the transmission line of length is . Using the
deﬁnition of the group delay , the additional due to the
transmission line is , where is the effective
dielectric constant and can be calculated using the microstrip
design equations [35]. Substituting for the length used in
the manufactured ﬁlters gives the following additional group
delay: 0.12, 0.15, 0.12, 0.22, and 0.2 ns for the one-, two-,
three-, four-, and ﬁve-section ﬁlters, respectively. Subtracting
these numbers from the measured magnitudes in Fig. 12 gives
average group delay values, which are close to those calculated
and shown in Fig. 6.
V. CONCLUSION
The design of planar BPFs with UWB behavior has been pre-
sented. The proposed ﬁlters utilize broadside coupling between
elliptical-shaped microstrip patches at the top and bottom layer
of the ﬁlter’s structure via an elliptical slot located at the mid
layer, which contains the ground plane. A theoretical model has
been presented to explain performance of the presented conﬁg-
uration. Results of the calculation have shown that the elliptical
microstrip-slot–microstrip broadside-coupled structure can be
used to build UWB BPFs with a ﬂat group delay, which makes
the presented design a good candidate for UWB pulse trans-
mission/reception. A design procedure for multisection broad-
side-coupled BPFs has been explained. BPFs of different sec-
tions of the proposed structurewere designed andmanufactured.
Results of simulation and measurement have shown that the de-
veloped devices have a 3-dB insertion loss bandwidth from 3.1
to 10.6 GHz. They have less than 1-dB insertion loss at center of
the passband, a sharp cutoff stopband, especially at the low-fre-
quency stopband, and a ﬂat group delay within the passband.
The suggested conﬁguration offers another advantage, which
is the possibility of the direct integration in the multilayer mi-
crostrip/slot technology without using additional transitions or
external connectors. The presented design should be of special
interest to the designers of modern multilayer microwave cir-
cuits, such as the low-temperature co-ﬁred ceramics and the
laminated multichip modules. This is because they efﬁciently
tackle the problem of UWB signal distribution across different
layers.
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Abstract: A multilayer broadside-coupled microstrip-slot-microstrip structure is used to design a bandstop ﬁlter
with a wide passband for ultra wideband (UWB) applications. The design procedure for the proposed ﬁlter is
based on the conformal mapping technique and the even- and odd-mode analysis. The theoretical analysis
indicates that value of the coupling factor between the top and bottom layers of the structure can be used to
control the width of the stopband, whereas centre of that band can be controlled by the length of the
coupled structure. To limit the passband of the proposed bandstop ﬁlter to 3.1–10.6 GHz, which is the
speciﬁed bandwidth for UWB systems, a broadside-coupled bandpass ﬁlter is integrated with the proposed
device. The simulated and measured results show that the proposed device achieve ,0.5 dB insertion loss
across most of the passband and .20 dB insertion loss at the stopband. The device also shows a ﬂat group
delay across the passband with ,0.15 ns peak-to-peak variation. Hence, it is a suitable choice for the UWB
systems that require a distortionless operation.
1 Introduction
Bandstop ﬁlters (BSFs) play an important role in the modern
communication systems because they are required to remove
the undesired spurious components, such as harmonics,
parasitic effects and intermodulation distortion through a
system. BSFs should offer high levels of rejection over the
undesired band, while creating minimal disturbance in the
remainder of the spectrum.
Recent years have witnessed an increased interest in the ultra
wideband (UWB) systems which cover the band 3.1–
10.6 GHz. The UWB systems need to meet the condition of
a harmonious operation with the existing standards which
cover part of the assigned UWB frequencies, such as the
IEEE802.11 and HIPERLAN systems which operate within
the band 5–6 GHz. Therefore a UWB system which is
expected to coexist with those systems should be equipped
with a ﬁlter having a 3.1–10.6 GHz passband and a stopband
which covers the frequencies used by the other coexisting systems.
The conventional method to design a BSF is to use open-
circuited or short-circuited stub resonators which are
electrically, or magnetically, coupled to the main transmission
line. This method has been extensively used by the
researchers and it generally results in a narrow stopband [1–9].
The spurline BSF, which belongs to the resonant-type
ﬁlters with the resonator embedded within the main
transmission line, was investigated by several authors [10–
13]. The spurline ﬁlters have compact structures with a
signiﬁcantly low radiation loss compared with the
conventional shunt stub ﬁlters. In [14, 15], microstrip
BSFs using shunt open stubs and spurlines were
presented. These kinds of BSFs have relatively narrow
bandwidths because of the reliance on a resonance
structure. Moreover, the resonant-type BSFs have the ﬁrst
spurious stopband at a frequency which is three times that
of the fundamental stopband centre frequency. A solution
to this problem was proposed in [16] using circuit
optimisation. The ﬁlter structure presented in [16] was
redesigned in [17] using a systematic circuit-oriented
approach which provides an insight into the physical
operation of these ﬁlters and requires minimal circuit
optimisation.
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The other trend in the design of BSFs is to utilise the
non-resonant types of BSF such as the parallel-coupled
transmission lines, which were theoretically proven to be
able to achieve a broadband BSF [18]. However, it was
shown that fabricating a wideband BSF by using the
conventional-coupled resonators is difﬁcult because of the
need for very close spacings. In an alternative approach,
cross-over and broadside-coupled lines were adopted to
design BSFs [19]. However, the results obtained in [19]
indicate a serious problem in the performance; the insertion
and return losses have a very slow variation from their values
at the stopband to the required values at the passband. In
[20], a strong coupling was achieved by utilising a double
negative-coupled transmission line, whereas the design
presented in [21] relaxed the requirement of a narrow
spacing by utilising a combination of loosely parallel-coupled
input/output ports and a standard multiple-stub BSF.
For wide stopband BSFs, electromagnetic bandgap
structures as well as slotted ground structures have been
widely applied to microwave systems [22–30]. In these
structures, the stopband is dependent on the shape,
position and size of the etching in ground plane, which
results in a large dimension and alignment problem
between the signal strip-line and ground plane. In order to
avoid the etching in the ground plane, the structures with
T-shaped stubs at two sides of the main line were proposed
in [31].
The metamaterial technology has been utilised in the
design of BSFs as another form of resonant type of ﬁlters
[32, 33]. The split-ring resonator was used in [32] to
construct ﬁlters that need to notch certain frequencies
sharply. The split-ring resonator was originally introduced
in [34] to construct the left-hand materials. It can be
considered as an electronically small resonant structure with
a high quality factor. In [33], a notch BSF, which was
previously proposed [35], with a left-handed transmission
line was presented. The effectiveness of the left-
handed metamaterials in size reduction and performance
enhancement was demonstrated.
The multilayer broadside-coupled structure has been
recently used by the author to design UWB directional
couplers [36], phase shifters [37] and bandpass ﬁlters [38].
It has been shown that a wide range of coupling values can
be achieved using the multilayer broadside-coupled
structure with a UWB performance. In this paper, a
multilayer broadside-coupled microstrip-slot-microstrip
structure is utilised to design a BSF which has a UWB
passband and a certain stopband that can be controlled
using the value of the coupling factor. The proposed design
avoids the limitation in width of the stopband associated
with the resonated ﬁlter structures and the fabrication
difﬁculties in the case of the parallel-coupled ﬁlters.
Moreover, the use of the broadside-coupled structure
enables to design BSFs with wide stopband as it is easy to
achieve a wide range of coupling values in contrast to the
limited range of coupling values in the previous designs
which uses the parallel-coupled structures.
2 Design
The proposed BSF consists of two microstrip patches which
are located at the top and bottom layers of the structure. The
two patches are broadside-coupled via a slot in the ground
plane, which is located at the mid layer. The three layers of
the device are shown in Fig. 1, whereas Fig. 2 shows the
whole structure. To reduce the radiation losses, the
proposed device is assumed to be enclosed by a shielding
box. It is worthwhile to mention that the structure shown
in Figs. 1 and 2 contains also a two-stage bandpass ﬁlter,
which is needed to limit the lower and upper ends of the
passband as explained later in the paper.
The design of the proposed BSF is accomplished using the
odd–even analysis of the coupled microstrip lines. Following
the design steps in [37], the structure of the BSF shown in
Fig. 2 can be considered as a four port backward coupler
with one of the output ports terminated in an open circuit,
whereas another port is terminated in a short circuit,
(Fig. 3). Assume that the device is designed to have a
coupling factor equal to C between the top and bottom
patches and that the input and output signals to/from the
ith port are ai and bi, respectively. As port 3 is terminated
in an open circuit, whereas port 4 is terminated in a short
circuit, then the reﬂection coefﬁcient at these ports is equal
to 1 and 21, respectively. If the input port 1 and output
port 2 are assumed to be perfectly matched then using the
principles of the four ports backward coupler [39], the
output signals at the four ports of the device can be
Figure 1 Layers of the proposed BSF integrated with a two-
stage bandpass ﬁlter
a Top layer
b Mid layer
c Bottom layer
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calculated as follows
b1 ¼ Aa3 (1)
b2 ¼ Ba1 þ Aa4 (2)
b3 ¼ a3 ¼ Aa1 þ Ba4 (3)
b4 ¼ a4 ¼ Ba3 (4)
A ¼ jC sin (bls)ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 C2
p
cos (bls)þ j sin (bls)
(5)
B ¼
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 C2
p
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 C2
p
cos (bls)þ j sin (bls)
(6)
where ls is the length of the coupled structure and b the
effective phase constant in the medium of the coupled
structure. For the structure under investigation, it is
possible to show that
b ¼ be þ bo
2
¼ 2p
ﬃﬃﬃﬃ
1r
p
l
(7)
where be and bo are the phase constant for the even and odd
modes, respectively, l the free space wavelength and 1r the
dielectric constant of the substrate.
From (1)–(4) and knowing that S11 ¼ b1=a1 and
S21 ¼ b2=a1 are the return loss of the input port and the
insertion loss from the input to the output port,
respectively, then
S11 ¼
A2
1þ B2 (8)
S21 ¼ B 1
A2
1þ B2
 !
(9)
To design a high-performance BSF, it is required to make
the return loss (S11) equal to 1 and the insertion loss (S21)
equal to zero at the centre of the stopband ( fr). It is
possible to solve (8) and (9) under such a condition and to
show that it can be achieved when the length of the
coupled structure (ls) is equal to the quarter of the effective
wavelength calculated at fr for any value of the coupling
factor.
The design equations (8) and (9) can be used to show the
effect of the coupling factor C on the performance of the
proposed ﬁlter. The result is shown in Fig. 4, which reveals
variation of the return and insertion losses of the device
across the UWB. It is clear from Fig. 4 that width of the
stopband depends on the value of the coupling factor.
Increasing value of the coupling increases the width of the
stopband and vice versa. This proves the need for a tight-
coupled structure, such as the multilayer broadside-coupled
conﬁguration of this paper, to build a BSF with wide
stopband.
It is to be noted from Fig. 4 that the passband of the ﬁlter
extends well beyond the band assigned for UWB, which is
3.1–10.6 GHz. Therefore a bandpass ﬁlter is needed to
limit the operation within the required band. The
multilayer broadside-coupled structure presented in [38]
can be used as it is compatible with the multilayer structure
of the device presented in this paper (Fig. 2). It is valuable
to mention that the coupled structure used for the BSF is
of a rectangular shape, whereas it is of an elliptical shape
for the bandpass ﬁlter (BPF). The reason behind that is the
BSF is required to have a constant coupling factor only
across the stopband, which is 5–6 GHz for the design
presented in this paper. A simple rectangular shaped
structure can achieve that goal. On the other hand, the BPF
Figure 2 Conﬁguration of the integrated device
Figure 4 Variation of the calculated return and insertion
losses with frequency for different values of the coupling
factorFigure 3 BSF as a four-port device
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is required to have a constant coupling factor across the whole
UWB (3.1–10.6 GHz). Therefore there is a need to use some
sort of a tapered structure, such as the elliptical-shaped
structure, which has a constant coupling factor across the
UWB [37]. If it is required to design a BSF with a very
wide stopband then the elliptical shape is to be used for the
coupled structure.
Performance of the BSF after including a two-section BPF
designed according to the procedure given in [38] was
calculated and it is shown in Fig. 5. The lower and upper
ends of the passband of the integrated device have been
limited by the added BPF so that they are 3.1 and
10.6 GHz, respectively.
To ﬁnd the required dimension for the coupled structure,
the odd- and even-mode analysis can be used. Depending on
the required width of the stopband, the coupling factor C can
be estimated from Fig. 5. Using the estimated value of the
coupling factor, the even (Zoe) and odd (Zoo) mode
characteristic impedances for the coupled patches are
calculated using the following equations
Zoe ¼ Zo
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1þ C
1 C
r
; Zoo ¼ Zo
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 C
1þ C
r
(10)
where Zo is the characteristic impedance of the microstrip
ports of the coupler.
Assuming a quasi-transverse electromagnetic propagation,
the electrical characteristics of the coupled lines can be
completely determined from the effective per unit length
capacitances and the phase velocity of the lines [40]. The
characteristic impedance of each of the coupled lines at any
of the two modes can be found using the relation
Zom ¼
1
v
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
CmCom
p (11)
where v is the velocity of light in free space, the subscript m
refers to the mode, Cm is the per unit length capacitance of
the coupled line at the m-mode and Com is the capacitance
when the dielectric is replaced by free space.
Using the conformal mapping techniques [41], the per
unit length capacitances can be found as a function of the
structure dimension and the substrate’s characteristics.
Substituting the results in (11), the ﬁnal results for the
characteristic impedances of the coupled lines at the two
modes of operation are
Zoe ¼
60pﬃﬃﬃﬃ
1r
p K
0(k1)
K (k1)
þ K (k2)
K 0(k2)
 1
;
Zoo ¼
60pﬃﬃﬃﬃ
1r
p K (k2)
K 0(k2)
þ K (k3)
K 0(k3)
 1
(12)
k1 ¼
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
sinh2 (pwss=4h)
sinh2 (pwss=4h)þ cosh2 (pws=4h)
s
;
k2 ¼ tanh (pws=2ho);
k3 ¼ tanh (pws=4h) (13)
where wss is the width of the slot in the ground plane, ws the
width of the coupled lines at the top and bottom layers, h
the thickness of the substrate, respectively, ho the height of
the enclosure and K(k) the ﬁrst kind elliptical integral and
K 0(k) ¼ K (
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 k2
p
).
It is to be noted that the direct relation between the
coupling factor C and the required dimensions of the
coupled structure can be obtained by ﬁnding C as a
function of Zoe and Zoo from (10) and then substituting for
these impedances from (12).
3 Results and discussions
The above method was used to design and build a BSF with a
5–6 GHz stopband and a passband which extends over the
rest of the UWB frequency range. Rogers RO4003C with
thickness 0.508 mm, dielectric constant 3.38 and tangent
loss 0.0023 was used as a substrate. The design process was
aided with a full electromagnetic simulation package (Ansoft
HFSSv10), whereas the measurements were accomplished
using a vector network analyzer.
According to Fig. 5, the coupling factor for the BSF
should be around 0.4 to achieve a 5–6 GHz stopband,
assuming the 3 dB insertion loss as a reference. Using
C ¼ 0.4, the even (Zoe) and odd (Zoo) mode characteristic
impedances for the coupling patches can be found from
(10) to be 76.4 and 32.7 V, respectively. Using the
Figure 5 Performance of the proposed BSF when integrated
with a two-section bandpass ﬁlter
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proposed design method and with the help of ﬁne tuning
using the optimisation capability of the software Ansoft
HFSSv10, parameters of the BSF were found to be 3.5, 3,
7.1 and 1.15 mm for ws, wss, ls and wm, respectively. For
the BPF, the design procedure given in [38] can be
followed assuming the coupling factor to be 0.7 in order to
have a 3.1–10.6 GHz passband. The dimensions for the
BPF are 4.6, 7.8, and 7.4 mm for wb, wsb and lb,
respectively. The different design parameters for the BSF
and BPF are shown in Fig. 1. The developed device was
built on a substrate with an overall dimension of
2.5 cm  3 cm. The overall structure was put in the middle
of a shielding box with width ¼ 2.5 cm, length ¼ 3 cm,
and height ¼ 2 cm.
Fig. 6 shows the simulated and measured return and
insertion losses of the ﬁlter. The manufactured device has a
passband which covers the deﬁned UWB range of 3.1–
10.6 GHz excluding the stopband 5–6 GHz. The insertion
loss is ,0.5 dB, whereas the return loss is better than
15 dB across most of the passband. The insertion loss at
the centre of the 5–6 GHz stopband is .20 dB revealing
the effectiveness of the designed BSF. The simulated and
measured results shown in Fig. 6 are in good agreement
with each other and with the theoretical results presented
in Fig. 5. It is worthwhile to mention that during the
measurements, it was noticed that height of the enclosure
has a considerable effect on the performance at the high
frequency range. The height of the enclosure should be
larger than 1 cm in order to avoid any negative impact on
the performance.
The measured and simulated results of the group delay for
the developed ﬁlter are shown in Fig. 7. The device has a ﬂat
group delay across the passband which makes the proposed
device a convenient choice for distortionless UWB systems.
The peak-to-peak variation in the group delay within the
passband of the devices is about 0.15 ns according to the
measured and simulated results. The average measured
group delay for the ﬁlter is about 0.45 ns, whereas the
average group delay according to the simulated results is
about 0.35 ns. The difference between the two values can
be referred to the two sub-miniature A connectors used for
the measurements.
4 Conclusion
A multilayer broadside-coupled structure has been used to
design a BSF with a wide passband for UWB applications.
The design method for the proposed ﬁlter is based on the
conformal mapping technique and the even- and odd-
mode analysis. The theoretical analysis has shown that
width of the stopband has a direct proportional relationship
with the coupling factor between the top and bottom layers
of the structure, whereas centre of that band depends on
the length of the coupled structure. To limit the passband
of the proposed BSF to 3.1–10.6 GHz, a broadside-
coupled bandpass ﬁlter has been integrated with the
proposed device. The simulated and measured results have
revealed that the proposed device has ,0.5 dB insertion
loss across most of the passband and .20 dB insertion loss
at the stopband. The device has also shown a ﬂat group
delay across the passband with less than 0.15 ns peak-to-
peak variation.
5 References
[1] BELL H.: ‘L-resonator bandstop ﬁlters’, IEEE Trans.
Microw. Theory Tech., 1996, 44, pp. 2669–2672
[2] MALHERBE J.: ‘Microwave transmission line ﬁlters’
(Artech House, 1979)
Figure 6 Measured and simulated return and insertion
losses of the device
Figure 7 Measured and simulated group delay of the
device
134 IET Microw. Antennas Propag., 2009, Vol. 3, Iss. 1, pp. 130–136
& The Institution of Engineering and Technology 2009 doi: 10.1049/iet-map:20070294
www.ietdl.org PAPER [70]
[3] MATTHAEI G., YOUNG L., JONES E.: ‘Microwave ﬁlters,
impedance-matching network, and coupling structures’
(Artech House, Norwood, MA, USA, 1980)
[4] HONG J., LANCASTER M.: ‘Microstrip ﬁlters for RF/
microwave applications’ (Wiley, New York, 2001)
[5] HUNTER I.: ‘Theory and design of microwave ﬁlters’ (IEE
Press, 2001)
[6] GO¨RU¨R A., KARPUZ C.: ‘Uniplanar compact wideband
bandstop ﬁlter,’ IEEE Microw. Wirel. Compon. Lett. 2003,
13, (3), pp. 114–116
[7] JACHOWSKI D.: ‘Passive enhancement of resonator Q in
microwave notch ﬁlters’. IEEE MTT-S Int. Microw. Symp.
Dig., 2004, Vol. 3, pp. 1315–1318
[8] TSAI L., CHEN H., HSUE C.: ‘Z-domain formulations of equal-
length coupled-serial-shunted lines and their applications
to ﬁlters’, Proc. Inst. Electr. Eng., 2004, 151, (2), pp. 97–103
[9] YANG R., WENG M., HUNG C., CHEN H., HOUNG M.: ‘Novel
compact microstrip interdigital bandstop ﬁlters’, IEEE
Trans. Ultrason. Ferroelectr. Freq. Control, 2004, 51,
pp. 1022–1025
[10] SCHIFFMAN B., MATTHAEI G.: ‘Exact design of bandstop
microwave ﬁlters’, IEEE Trans. Microw. Theory Tech., 1964,
12, pp. 6–15
[11] BATES R.: ‘Design of microstrip spurline bandstop ﬁlters’,
IEE J. Microw. Opt. Acoust., 1977, 1, (6), pp. 209–214
[12] NGUYEN C., HSIEH C.: ‘Millimeter wave printed circuit
spurline ﬁlters’. IEEE MTT-S Int. Microw. Symp. Dig., 1983,
pp. 98–100
[13] TU W., CHANG K.: ‘Compact microstrip bandstop ﬁlter
using open stub and spurline’, IEEE Microw. Wirel.
Compon. Lett., 2005, 15, (4), pp. 268–270
[14] NGUYEN C., CHANG K.: ‘On the analysis and design of
spurline bandstop ﬁlters’, IEEE Trans. Microw. Theory
Tech., 1985, 33, (12), pp. 1416–1421
[15] WANG Y., HER M.: ‘Compact microstrip bandstop ﬁlters
using stepped-impedance resonator (SIR) and spur-line
sections’, IEE Proc. Microw. Antennas Propag., 2006, 153,
(5), pp. 435–440
[16] LEVY R., SNYDER R., SHIN S.: ‘Bandstop ﬁlters with extended
upper passbands’, IEEE Trans. Microw. Theory Tech., 2006,
54, (6), pp. 2503–2515
[17] FATHELBAB W., STEER M.: ‘Design of bandstop ﬁlters
utilising circuit prototypes’, IET Microw. Antennas Propag.,
2007, 1, (2), pp. 523–526
[18] AMARI S., ROSENBERG U.: ‘Direct synthesis of a new class of
bandstop ﬁlters’, IEEE Trans. Microw. Theory Tech., 2004,
52, pp. 607–616
[19] YANG N., CHEN Z., WANG Y., CHIA M.: ‘Studies on cross-
over and broadside-coupled microstrip lines for
bandstop application’. IEEE Antennas Prop. Symp., 2003,
pp. 757–760
[20] LEE J.G., LEE J.H.: ‘Parallel coupled bandstop ﬁlter using
double negative coupled transmission line’, IEEE Microw.
Wirel. Compon. Lett., 2007, 17, (4), pp. 283–285
[21] SHAMAN H., HONG J.: ‘Wideband bandstop ﬁlter with
cross-coupling’, IEEE Trans. Microw. Theory Tech., 2007,
55, pp. 1780–1785
[22] YANG F., MA K., QIAN Y., ITOH T.: ‘A uniplanar compact
photonic-bandgap (UC-PBG) structure and its applications
for microwave circuits’, IEEE Trans. Microw. Theory Tech.,
1999, 47, pp. 1509–1514
[23] SHUMPERT J., CHAPPELL W., KATEHI L.: ‘Parallel-plate mode
reduction in conductor-backed slots using electromagnetic
bandgap substrates’, IEEE Trans. Microw. Theory Tech.,
1999, 47, pp. 2099–2104
[24] AHN D., PARK J., KIM C., KIM J., QIAN Y., ITOH T.: ‘A design of the
low-pass ﬁlter using the novel microstrip defected ground
structure’, IEEE Trans. Microw. Theory Tech., 2001, 49,
pp. 86–93
[25] LEE Y., LIM J., PARK J., AHN D., NAM S.: ‘A novel phase noise
reduction technique in oscillators using defected ground
structure’, IEEE Microw. Wirel. Compon. Lett., 2002, 12,
pp. 39–41
[26] HANG C., DEAL W., QIAN T., ITOH T.: ‘High efﬁciency
transmitter front-ends integrated with planar and PBG’,
Asia-Paciﬁc Microwave Conf. Dig., 2000, pp. 888–894
[27] KIM J., LEE H.: ‘Wideband and compact bandstop ﬁlter
structure using double-plane superposition’, IEEE Microw.
Wirel. Compon. Lett., 2003, 13, (7), pp. 279–280
[28] HSIEH M., WANG S.: ‘Compact and wideband microstrip
bandstop ﬁlter’, IEEE Microw. Wirel. Compon. Lett., 2005,
15, (7), pp. 472–474
[29] KARIM M., LIU A., ALPHONES A., ZHANG X., YU A.: ‘CPW
band-stop ﬁlter using unloaded and loaded EBG
structures’, IEE Proc. Microw. Antennas Propag., 2005,
152, (6), pp. 434–440
[30] WOO D., LEE T., LEE J., PYO C., CHOI W.: ‘Novel U-slot and
V-slot DGSs for bandstop ﬁlter with improved Q factor’,
IEEE Trans. Microw. Theory Tech., 2006, 54, (6),
pp. 2840–2847
IET Microw. Antennas Propag., 2009, Vol. 3, Iss. 1, pp. 130–136 135
doi: 10.1049/iet-map:20070294 & The Institution of Engineering and Technology 2009
www.ietdl.orgPAPER [70]
[31] ZHANG W., SUN X., MAO J.: ‘Theory and application of
compact microstrip PBG cell for wide stop-band ﬁlter’,
IEICE Trans. Electron., 2005, E88-C, pp. 1315–1321
[32] KIM J., CHO C., LEE J.: ‘CPW bandstop ﬁlter using slot-type
SRRs’, Electron. Lett., 2005, 41, (24), pp. 1333–1334
[33] TONG W., HU Z.: ‘Left-handed L-band notch bandstop
ﬁlter with signiﬁcantly reduced size’, IET Microw.
Antennas Propag., 2007, 1, (1), pp. 45–49
[34] PENDRY J., HOLDEN A., ROBBINS D., STEWART W.: ‘Magnetism
from conductors and enhanced nonlinear phenomena’,
IEEE Trans. Microw. Theory Tech., 1999, 47, pp. 2075–2084
[35] GUYETTE A., HUNTER I., JACHOWSKI D.: ‘Perfectly matched
bandstop ﬁlters using lossy resonators’. IEEE Antennas
Propag. Symp., 2005, pp. 12–17
[36] ABBOSH A., BIALKOWSKI M.: ‘Design of compact directional
couplers for UWB applications’, IEEE Trans. Microw.
Theory Tech., 2007, 55, (2), pp. 189–194
[37] ABBOSH A.: ‘Ultra wideband phase shifters’, IEEE Trans.
Microw. Theory Tech., 2007, 55, (9), pp. 1935–1941
[38] ABBOSH A.: ‘Planar bandpass ﬁlters for ultra-wideband
applications’, IEEE Trans. Microw. Theory Tech., 2007, 55,
(10), pp. 2262–2269
[39] MONGIA R., BAHL I., BHARTIA P.: ‘RF and microwave coupled-
line circuits’ (Artech House, 1999)
[40] POZAR D.: ‘Microwave engineering’ (Wiley, 2005, 3rd edn.)
[41] COLLIN R.: ‘Foundations for microwave engineering’
(IEEE Press, 2001, 2nd edn.)
136 IET Microw. Antennas Propag., 2009, Vol. 3, Iss. 1, pp. 130–136
& The Institution of Engineering and Technology 2009 doi: 10.1049/iet-map:20070294
www.ietdl.org PAPER [70]
The designed divider is fabricated using microstrip lines on a
Teﬂon substrate with the dielectric constant 2.1 and the thick-
ness 0.5 mm. Figure 6 is the photograph of the fabricated
divider.
The frequency response of the designed divider is shown in
Figure 7. The measured results are compared with those from
the full-wave electromagnetic simulation [15]. The measured
data show reasonable agreement with the simulated results. The
dual-band operation characteristic is clearly observed at the
desired band frequencies 1 GHz and 2 GHz with 3 dB differ-
ence between the two outputs. The measured performances of
the designed divider at the two band frequencies 1 GHz/2 GHz
are: the input matching 29.3 dB/20.3 dB (|S11|), the output
matching 19.7 dB/18.9 dB (|S22|) and 21.9 dB/26.5 dB
(|S33|), the output isolation 24.3 dB/32.2 dB (|S23|) and the
output transmission 4.93 dB/4.85 dB (|S21|) and 1.92 dB/
2.23 dB (|S31|).
4. CONCLUSIONS
A new Wilkinson power divider structure is proposed for the
dual-band, unequal power division with matched output ports.
The compact dual-band stubbed P sections are employed to
reduce the overall divider length in half as compared with simi-
lar dividers based on the two-section cascaded sections. Com-
pact open stub based design method also facilitates the low cost
fabrication of the divider without using any lumped reactive ele-
ments. Exact design formulas are provided along with the
detailed design procedure of the proposed divider, which are
validated through the design and experiment of a prototype
divider.
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ABSTRACT: A compact planar bandpass ﬁlter is designed using a
tapered slot resonator, which is formed using two tapered slot antennas
connected in a face-to-face conﬁguration. The tapering proﬁle and
dimensions of the resonator control the characteristics of the ﬁlter. The
success of the method is demonstrated via full wave electromagnetic
simulations and measurements. Passbands of 30–50% centred at about
6 GHz with an insertion loss of less than 1 dB and a peak-to-peak
group delay of less than 0.5 ns are achieved in two ﬁlters having
different tapering proﬁles and fabricated on RT6010 substrate with an
overall dimension of 25 mm  30 mm. The use of an open-ended series
stub within the coplanar waveguide feeder of the ﬁlters extends their
high stopband beyond 15 GHz. VC 2010 Wiley Periodicals, Inc.
Microwave Opt Technol Lett 52: 1190–1194, 2010; Published online in
Wiley InterScience (www.interscience.wiley.com). DOI 10.1002/
mop.25118
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1. INTRODUCTION
Bandpass ﬁlters (BPF) are a key component in any communica-
tion system. Planar ﬁlters have attracted much attention because
they are generally low cost and easily integrated with the other
circuit elements.
There are varieties of planar BPFs that have recently been
proposed and investigated for use in different communication
systems. For example, planar BPFs using end-coupled coplanar
waveguides (CPW) were introduced [1]. BPFs based on the
combination of CPW lowpass and highpass periodic structures
were described in [2]. To obtain tight coupling in a wideband
BPF, the use of a parallel-coupled microstrip line with a slotted
ground plane was investigated in [3]. An alternative approach to
overcome the manufacturing problems present in edge-coupled
planar structures was demonstrated in [4], where a broadside-
coupled structure was used to design ultra wideband BPFs.
Another type of wideband ﬁlter was constructed by mounting a
microstrip line in a lossy composite substrate so as to attenuate
the signals at high frequencies [5]. A wideband BPF employing
two stopbands of a ﬁlter block with two tuning stubs on a ring
was presented in [6], whereas the design of a broadband BPF with
a short-circuited CPW multimode resonator was given in [7].
In some BPF designs, a particular attention is paid to
improving the out-of-band rejection. Examples include a modi-
ﬁed class of multimode resonator-based wideband ﬁlter with an
improved out of band rejection characteristic [8] and harmonic
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passband suppression by employing electromagnetic bandgap
periodic structures [9].
The concept of designing BPFs by connecting two identical
tapered slot antennas (TSA) in the face-to-face conﬁguration has
recently been proposed by the authors [10]. In this article, that
approach is extended to build BPFs with narrow and wide frac-
tional bandwidths by utilizing the tapering proﬁle of the
employed TSA to control bandwidth of the ﬁlters. To improve
its high frequency stopband performance of the BPF, the CPW-
feeder of the ﬁlter is modiﬁed to include open-ended series
stubs. The success of the proposed concept is demonstrated via
full-wave electromagnetic simulations and measurements.
2. DESIGN
The antenna, which is utilized as a building block for the design
of a wideband ﬁlter, is shown in Figure 1a. It belongs to a class
of TSA which have attracted a signiﬁcant attention due to their
wideband performance, high directivity, low cost, and easy inte-
gration with the radio frequency circuitry [11]. An inherent fea-
ture of TSA is that it has a natural low cut-off frequency. This
cut-off frequency is determined by the width w and depth d of
the opening of the radiating aperture.
It has been proven that the tapering proﬁle of the tapered
slot antenna has a direct effect on its directivity and bandwidth.
The linearly tapered TSA has a wideband, whereas the con-
cavely tapered antenna [see Fig. 1(c)] has a narrowband [12].
Therefore, two types of tapering were used to design both wide-
band and narrowband ﬁlters. The linearly tapered TSA used to
design a wideband ﬁlter is shown in Figure 1(a), whereas the
elliptically concaved TSA for a narrowband ﬁlter is shown in
Figure 1(c). The antennas used in the proposed method are uni-
planar with no ground plane at the bottom layer of the structure.
The feed structure of the two antennas includes a coplanar
waveguide with the inner conductor tapered in the manner
shown in Figure 1(a) to achieve a perfect matching across the
whole band of interest.
Width of the opening of the antenna w was chosen to be
equal to the effective wavelength at the lowest frequency of the
passband, and the depth d was chosen to be a quarter of the
effective wavelength at that frequency. The low cut-off fre-
quency for the device was assumed to be 5 GHz to have a pass-
band, which is located within the ultra wideband frequency
range of 3.1–10.6 GHz. Assuming the use of Rogers RT6010 (er
¼ 10.2, thickness ¼ 0.64 mm) as a substrate, the initial dimen-
sions of the antenna were calculated to be: w ¼ 30 mm and d ¼
7.5 mm. For the 50 X CPW feeder, the dimensions were wf ¼ 2
mm and s ¼ 0.5 mm.
To form a BPF, two identical TSA antennas are connected in
the face-to-face orientation as depicted in Figures 1(b) and 1(d)
to form a tapered slot resonator. The overall dimension of both
ﬁlters is 25 mm  30 mm. To minimize the insertion loss of the
designed ﬁlters at the passband, the structures were assumed to
be enclosed in a metallic box. This conﬁguration is used to pre-
vent any radiation from the two antennas that can contribute to
a higher insertion loss at the passband and to electromagnetic in-
terference when these ﬁlters operate in presence of other RF cir-
cuits. Dimensions of the box were: width ¼ 25 mm, length ¼
30 mm, and height ¼ 20 mm. The ﬁlter board was located at
center of the box.
The performance of the ﬁlter was optimized using the full-
wave electromagnetic simulator CST Microwave Studio. The
optimization was performed to achieve two main targets: Firstly
to have a passband located within the desired frequency range
with a minimum insertion loss, and secondly to have the widest
possible higher stopband. The design parameters w and d for the
ﬁlters after optimization were found to be 24 mm, and 7.7 mm,
respectively, for the linearly tapered structure [Fig. 1(b)] and
21 mm and 10 mm for the elliptically concaved ﬁlter [Fig.
1(d)]. It is to be noted that when the shielding boxes were
removed; the result was a small increase of about 1 dB in the
insertion loss across the passband of the designed ﬁlters.
Figure 1 Linearly (a) and elliptically concaved (c) tapered slot anten-
nas and the ﬁlters (b & d) formed from two of those antennas connected
face-to-face to form a tapered resonator. [Color ﬁgure can be viewed in
the online issue, which is available at www.interscience.wiley.com]
Figure 2 Variation of the S-parameters with frequency for the
designed ﬁlters. [Color ﬁgure can be viewed in the online issue, which
is available at www.interscience.wiley.com]
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3. RESULTS AND DISCUSSIONS
The simulated performance of the two designed ﬁlters is shown
in Figure 2. The linearly tapered ﬁlter has a wide passband that
extends from 4.9 GHz to 8.2 GHz. The insertion loss at the cen-
ter of the passband is less than 0.5 dB. The concavely tapered
ﬁlter has a passband that extends from 4.3 GHz to 6.2 GHz with
an insertion loss of less than 0.3 dB at center of the passband.
Concerning their performance at the lower and upper stopbands,
both ﬁlters show sharp low stopbands with an insertion loss of
33 dB at 1 GHz.
Performance of the two devices as BPFs can be explained by
the simulated surface current distribution shown in Figure 3. At
1 GHz, which is well below the lower cut-off frequency of the
ﬁlter, the input signal is completely reﬂected back at the input
port and no current ﬂows in the output port. At 5.2 GHz, which
is within the passband of the ﬁlter, the input current ﬂows via
the input port and couples almost completely to the output port.
This operation can also be explained by the passband character-
istics of the TSA when operating in isolation. In the ﬁlter con-
ﬁguration, they are near ﬁeld coupled. In the presented design,
their residual radiation in the passband is minimized using a
conducting enclosure.
The two ﬁlters exhibit a sharp cut-off at the beginning of the
higher stopbands. The insertion loss is more than 40 dB at 10.2
GHz for the linearly tapered ﬁlter, while it is more than 20 dB
at 8.3 GHz for the concaved ﬁlter. However, the two ﬁlters suf-
fer from a spurious response at integer multiples of the center of
their passbands. The linearly tapered ﬁlter demonstrates some
resilience to that effect, while the concaved ﬁlter shows a deter-
iorated performance at its higher stopband due to those spurious
responses.
To overcome the spurious response problem, the feeding
structure of the two ﬁlters at the input and output ports was
modiﬁed to accommodate open-ended series stubs. The modiﬁed
structure behaves as a BPF with sharp high frequency stopband
[13]. Length of each series stub was chosen initially to be half
of the effective wavelength calculated at center of the spurious
response. Because across the higher stopband, there are at least
two signiﬁcant spurious responses as revealed in the results of
Figure 2, the modiﬁed feeder at the input port was designed to
remove one of those spurious responses, whereas the feeder at
the output port was designed to overcome the other. Those val-
ues were optimized to achieve the largest possible insertion loss
across the stopband that extends up to 15 GHz.
The optimized structures of the two ﬁlters were manufac-
tured. A photo of the devices is shown in Figure 4. In the inset
of that photo, the modiﬁed feeder is shown. The optimized
lengths of the series stubs (ls) are 4.6 mm and 4.1 mm for the
linearly tapered ﬁlter, and 5.6 mm and 5.3 mm for the concaved
ﬁlter. The width of the slots in the modiﬁed feeder was ﬁxed at
0.1 mm, which is the lowest possible value that can be achieved
using the milling machine available to the authors.
The two manufactured ﬁlters were tested using a vector net-
work analyzer, and the results were compared with simulations.
Figure 5 shows the simulated and measured results for the return
Figure 3 Distribution of the surface current density at two frequencies
representing the stopband and passband of the concavely tapered ﬁlter.
[Color ﬁgure can be viewed in the online issue, which is available at
www.interscience.wiley.com]
Figure 4 Photo of the manufactured ﬁlters outside their shielding
boxes. The inset in the photo shows the modiﬁed feeder. [Color ﬁgure
can be viewed in the online issue, which is available at www.
interscience.wiley.com]
Figure 5 The measured and simulated S-parameters of the linearly
tapered ﬁlter. [Color ﬁgure can be viewed in the online issue, which is
available at www.interscience.wiley.com]
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and insertion losses of the linearly tapered BPF. In the legend of
the results, the subscript (m) refers to the measured values. The
results shown in Figure 5 indicate that the device has a wide
passband, which extends between 4.8 and 7.8 GHz according to
the simulations and 4.8–8.2 GHz according to the measure-
ments, assuming the 3 dB insertion loss as a reference. This
result represents more than 50% fractional passband. The inser-
tion loss at the center of the passband is less than 1 dB accord-
ing to the measured results, whereas it is approximately 0.5 dB
in the simulations. The ﬁlter has a sharp lower stopband with
insertion loss of around 40 dB at 1 GHz. The effect of the modi-
ﬁed feeder is revealed in the results of Figure 5. The spurious
responses at the higher stopbands have been highly attenuated.
The insertion loss is larger than 15 dB up to 14 GHz, where the
insertion loss then starts to decrease till it becomes between 9
and 10 dB at around 15 GHz.
In the concaved ﬁlter, the simulated and measured results of
Figure 6 reveal around 30% fractional bandwidth with the pass-
band extending from 4.3 to 6.2 GHz in the simulations and 4.3
to 6.6 GHz in the measured results. The reduction in width of
the passband is thought to result from the concaved tapering
proﬁle utilized for this ﬁlter. The insertion loss at the center of
the passband is less than 0.2 dB in the simulations and less than
1 dB in the measurements. This discrepancy is expected, as the
measured results include extra losses introduced by the CPW to
coaxial transitions used in measurements. The low stopband
(below 4 GHz) is sharp, providing an insertion loss of around
35–40 dB at 1 GHz. Performance of the ﬁlter at the higher stop-
band has been improved with the use of the modiﬁed feeder as
seen from a comparison of the results in Figure 6 with those of
Figure 2.
One other important characteristic of a BPF is a ﬂat group
delay across the passband. Concerning the manufactured ﬁlters,
the group delay for the designed ﬁlter was measured and the
results are depicted in Figure 7. It is clear from this result that
the two developed ﬁlters have a group delay, which has a peak-
to-peak variation of less than 0.5 ns across their passband. This
result is an attractive feature for many applications.
4. CONCLUSION
The design of BPFs from two face-to-face connected planar
TSA that form a tapered resonator has been presented. The
tapering proﬁle of the utilized antennas is used to control the
fractional bandwidth. To improve the performance at the higher
stopbands, the transmission feedline of the device was modiﬁed
to include an open-ended series stub. The measured and simu-
lated results of the ﬁlters have shown more than 50% fractional
passband for the linearly tapered structure and around 30% frac-
tional passband for the concaved structure, with less than 1 dB
insertion loss at the center of the passband. The two ﬁlters have
a sharp lower stopband performance, whereas their higher stop-
band performance extends beyond 15 GHz. The designed ﬁlters
have a ﬂat group delay with less than 0.5 ns peak-to-peak varia-
tion across their passbands.
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ABSTRACT: This article reports a novel broadband rectifying antenna
(rectenna) using the printed monopole antenna and the band-pass stub
band-pass ﬁlter, which is designed in the microstrip line structure at
2.45 GHz for the wireless transmission of microwave power. We suggest
a novel H-shape printed monopole antenna with size reduction of the
radiator and the ground plane using surface current distribution, and a
broadband stub band-pass ﬁlter with suppression of the second
harmonic. The rectifying circuit with stub ﬁlter doesn’t need additional
area because it is fabricated on the ground plane, which is widened to
acquire broadband characteristic of the monopole antenna. The RF-to-
DC conversion efﬁciency of 66% is obtained by using a load resistor of
270 X at 2.45 GHz. Also, the conversion efﬁciency is maintained from
2 GHz to 3 GHz above 50%. VC 2010 Wiley Periodicals, Inc. Microwave
Opt Technol Lett 52: 1194–1197, 2010; Published online in Wiley
InterScience (www.interscience.wiley.com). DOI 10.1002/mop.25130
Key words: broadband rectenna; printed monopole antenna; stub BPF;
rectifier; wireless power transmission
1. INTRODUCTION
Recently, there is a growing concern on the renewable energy
and energy harvesting of industrial infrastructures. The rectify-
ing antenna (rectenna) is one of the important components out
of energy harvesting devices and it has been used for providing
DC power from space solar power [1]. Also, the rectenna
for wireless power transmission has been used in distributed
wireless sensor network, RFID tags, and health monitoring of
infrastructures [2].
The more antenna size increase, the more DC power can be
obtained until the diodes break down; however, because the cur-
rent portable devices have generally small dimensions, the rec-
tenna should be reduced in size. This leads a small antenna
area, and consequently, a low amount of received power. There-
fore, the rectenna presented in this article is mainly suitable for
low-power applications of wireless power transmission [3].
The typical rectenna in the prior literatures basically consists
of four elements: microwave antenna, matching circuit, diode,
and DC pass capacitor [1–3]. The initial development of rec-
tenna is focused on antenna gain for more power reception and
conversion. The broadband antenna enables relatively high RF
power to be received from various sources in the frequency
range [3, 4].
This article presents a broadband rectenna, which is designed
at 2.45 GHz with the operating range of between 1.8 and 2.8
GHz. Proposed rectenna is combined of a novel printed monop-
ole broadband antenna using surface current distribution and a
harmonic-suppressed broadband stub band-pass ﬁlter for the sup-
pression the harmonic signals generated from the diode.
2. DESIGN OF A NEW RECTENNA
Usually, the rectenna is consisted of an H-shaped broadband
printed monopole antenna, a harmonic-rejecting broadband stub
ﬁlter for the suppression of the harmonic signals, one detector
diode for RF-to-DC conversion, and the DC pass ﬁlter. In this
article, the proposed rectenna is designed with Ansoft HFSS
(ver. 11) and Agilent ADS (ver. 2006). It is fabricated using a
standard photolithography process on RT/duriod 6010M sub-
strate, which has a relative dielectric constant of 10.2 and the
height of 0.635 mm. Both the antenna feeding and rectiﬁer input
port have characteristic impedance of 50 X for good impedance
matching to reduce signal reﬂection between these components.
2.1. Antenna Design
The geometry along with its parameters of the novel printed
monopole broadband antenna is shown in Figure 1. The antenna
has the following dimensions: W ¼ 34 mm, L ¼ 46 mm, Wa ¼
13.6 mm, La ¼ 9 mm, Lc ¼ 3 mm, Wh ¼ 1.6 mm, Wg ¼ 24
mm, and Wr ¼ 1.5 mm. The length of Wg, which can be
regarded as a width of dipole antenna is optimized. The more
the width is extended, the more broadband characteristic can be
achieved. In addition, the rectifying circuit can be implemented
on the expanded ground plane. Novel H-shape monopole
antenna is compact as compared with the conventional printed
monopole antenna. The size reduction can be realized by using
surface current distribution as shown in Figure 2. It is based on
dipole antenna surface current. Figures 2(a) and 2(b) have the
same surface current path length of 57.5 mm, and the size of
Figure 1 Geometry of proposed printed monopole antenna. [Color ﬁg-
ure can be viewed in the online issue, which is available at www.
interscience.wiley.com]
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ABSTRACT: A bandpass ﬁlter that uses broadside-coupled structures
and covers the ultra-wideband (UWB) frequency range (3.1–10.6 GHz)
is presented. It utilizes a broadside-coupled microstrip-slot-microstrip
structure with embedded low-pass ﬁlter to achieve the required UWB
performance. The simulated and measured results of the proposed ﬁlter
prove its UWB performance with about 0.4-dB insertion loss, more than
17-dB return loss, and less than 0.3-ns peak-to-peak deviation in the
group delay across the UWB passband. The ﬁlter has a wide high cutoff
band that extends beyond 20 GHz. It has a compact size with overall
dimensions of 1.5  2.5 cm2. VC 2011 Wiley Periodicals, Inc. Microwave
Opt Technol Lett 53:1053–1056, 2011; View this article online at
wileyonlinelibrary.com. DOI 10.1002/mop.25903
Key words: bandpass filter; microstrip filter; broadside-coupling; ultra-
wideband
1. INTRODUCTION
Bandpass ﬁlters (BPFs) with low insertion loss over the pass-
band (3.1–10.6 GHz) and a ﬂat group delay performance within
that band are must for ultra-wideband (UWB) systems. More-
over, the UWB BPFs should exhibit a very good selectivity
below 3.1 GHz and above 10.6 GHz. Different types of UWB
BPFs have been reported in the literature [1–14]. One of the
main classes of BPFs relies on parallel or edge-coupled struc-
tures [1–5]. To achieve an UWB performance, tight coupling
between different elements of the utilized structure is needed.
However, the tolerance of the microstrip and coplanar wave-
guide (CPW) fabrication process imposes an upper limit on the
coupling levels for parallel- and edge-coupled structures. Thus,
the production of the UWB ﬁlters utilizing those structures is
costly and difﬁcult as their performance is very sensitive to the
manufacturing errors. This difﬁculty can be avoided by utilizing
broadside-coupled structures that can achieve the required tight
coupling for UWB performance [7–13]. A BPF, which utilizes a
two-section broadside-coupled microstrip-slotline connected to-
gether via a quarter wavelength CPW, achieves a UWB pass-
band [7]. However, the harmonic response is strong at the high
cutoff band. In another utilization of broadside-coupled slotline-
microstrip structure [8], the slotline in the ground plane is
coupled to two microstrip open-circuited stubs on the top layer
of the substrate. Because the performance is controlled by the
coupling value between the narrow slotline and the microstrip
stubs, the device is very sensitive to alignment errors. In another
method that relies on the tight coupling of broadside-coupled
structures, elliptical shaped microstrip-slot couplers are utilized
to construct UWB BPFs [9]. To improve the performance at the
high stopband, multiple broadside-coupled sections were uti-
lized. The drawback of this approach is an increased size and a
risk of increasing insertion loss. To minimize those adverse
effects of the multisection approach, a low-pass ﬁlter (LPF) is
embedded within the feeder of the ﬁlter to improve its high
stopband performance without signiﬁcantly increasing the size,
while maintaining the required performance at the passband
[10]. In this article, microstrip-slot-microstrip structure with em-
bedded LPF is utilized to achieve the desired UWB perform-
ance. This conﬁguration is suitable for the multilayer technol-
ogy. A complete design method is presented and the ﬁnal design
is tested via simulations and measurements.
2. DESIGN
The conﬁguration of the proposed BPF that utilizes microstrip-
slot-microstrip coupled structure is shown in Figure 1. The mid-
dle part of the ﬁlter is based on the broadside-coupled micro-
strip-slot-microstrip multilayer conﬁguration. The top layer [Fig.
1(a)] and the bottom layer [Fig. 1(c)] have two similar elliptical
shaped microstrip patches that are coupled via an elliptical slot
at the middle layer of the structure [Fig. 1(b)]. The ground plane
of the whole structure is located in the middle layer. The
tapered shaped broadside-coupled patches are utilized as they
provide an almost constant tight coupling, which is important to
achieve the required ﬁlter’s characteristics, across the UWB
[15]. When compared with the structure presented in Ref. 9, the
main modiﬁcation in the device shown in Figure 1 is the inclu-
sion of a coupled dumbbell slot in the ground plane [as shown
in Fig. 1(b)] and H-shaped shunt open-ended stubs connected
with the input and output ports at the top layer as revealed in
Figure 1(a). This modiﬁcation results in an embedded LPF,
which improves the high stopband characteristics of the ﬁlter if
designed properly. The ﬁrst step in the design procedure of the
presented ﬁlter is to calculate the required dimensions for the
elliptical coupled structure to achieve a passband that extends
from 3.1 to 10.6 GHz. To that end, the detailed design method
presented in Refs. 9 and 16 is applied. The main parameter
needed to calculate the required dimensions is the coupling fac-
tor C between the top and bottom layer of the utilized broad-
side-coupled structure. The structure shown in Figure 1(e) can
be considered as a two-section directional coupler connected
DOI 10.1002/mop MICROWAVE AND OPTICAL TECHNOLOGY LETTERS / Vol. 53, No. 5, May 2011 1053
PAPER [72]
using a short microstrip line. Following the quasi-static analysis
presented in Ref. 9, it is possible to show that the effective scat-
tering parameters for the two-section broadside-coupled structure
(S1lef and S2lef) of Figure 1(e) are given as;
S11ef ¼ S11 þ S
2
21S11
1 S211
(1)
S21ef ¼ S
2
21
1 S211
(2)
S11 ¼ 1 C
2ð1þ sin2ðbef lmÞÞ
½
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 C2
p
cosðbef lmÞ þ j sinðbef lmÞ2
(3)
S21 ¼ j2C
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 C2
p
sinðbef lmÞ
½
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 C2
p
cosðbef lmÞ þ j sinðbef lmÞ2
(4)
where S11 and S21 are the return loss and insertion loss, respec-
tively, of each of the two sections, lm is the physical length of
the coupled structure, and bef is the effective phase constant in
the medium of the coupled structure. For the configuration
under investigation, it is possible to show that
bef ¼
be þ bo
2
¼ 2pk= ﬃﬃﬃﬃerp (4)
where be and bo are the phase constants for the even- and odd-
mode respectively, k is the free space wavelength, and er is the
dielectric constant of the substrate.
From (1)–(4), it is possible to show that the optimum per-
formance, that is, S11ef ¼ 0 and S21ef ¼ 1, occurs when the cou-
pling factor between the top and bottom layer (C ) is equal to
0.707. Using C ¼ 0.707 in the quasi-static design approach [9,
16] and assuming that the substrate is Rogers RT6010 (with er
¼ 10.2, thickness ¼ 0.635 mm, and tangent loss ¼ 0.0023)
results in the following values for the design parameters
depicted in Figure 1; Dm ¼ 2.8 mm, Ds ¼ 5.7 mm. Concerning
length of the coupled structure lm, it is usually chosen to be
quarter of the effective wavelength at the center of the passband,
that is, 6.85 GHz. Using the software CST Microwave Studio,
the optimum value was found to be lm ¼ 5.2 mm. The broad-
side-coupled structure designed in the previous steps results in a
BPF with an UWB passband (3.1–10.6 GHz) and a good low
frequency stopband (below 3.1 GHz). However, the performance
at the high stopband shows a slow cutoff and a harmonic
response that appears at integer multiple of the mid-band fre-
quency. To deal with these problems, the second step of the
design is needed. In the second step of the design procedure, H-
shaped shunt open-ended stubs connected with the microstrip
line of the top layer and coupled with dumbbell shaped slots at
the ground plane of the middle layer are used as depicted in
Figure 2(a). The location of the embedded structure within the
whole device is shown in Figure 1(e). The slotted ground plane
disturbs the current distribution in the ground plane and, thus,
changes the line capacitance and inductance of a transmission,
whereas the shunt stubs added a reactive element to the trans-
mission line [10]. The equivalent circuit for the combination of
the slotted ground plane and shunt open-ended stubs can be
obtained using Agilent ADS as depicted in Figure 2(b). This cir-
cuit represents a LPF with a wide high stopband. It was found
that if length of the slot in the ground plane (ls) and of the shunt
stubs at the top layer (lst) are equal to 2.5 and 2 mm, respec-
tively, the parameters of the equivalent circuit shown in Figure
2(b) have the following values: Le ¼ 1.2 nH, Ce ¼0.36 pF, and
Re ¼ 11 kX. The response of the circuit in this case is as shown
in Figure 2(c), which indicates a cutoff band that extends from
11 GHz to more than 30 GHz. The rough design for the embed-
ded LPF is to choose the length of the stub at the top layer and
the slot in the ground plane to be half of the effective wave-
length at the center of the undesired response. In the broadside-
coupled microstrip-slot-microstrip, the harmonic responses
Figure 1 Conﬁguration of the multilayer broadside-coupled BPF.
[Color ﬁgure can be viewed in the online issue, which is available at
wileyonlinelibrary.com]
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appear at frequencies, which are twice and three times the fre-
quency of the center passband. Thus, there are two effective
spurious responses in the frequency band from 11 to 20 GHz.
Therefore, each of the LPFs in Figure 1(e) is designed to effec-
tively remove one of those undesired responses. After optimiza-
tion using the software CST Microwave Studio, the length of
the slot in the ground plane (ls) and of the shunt stubs at the top
layer (lst) are equal to 2.4 and 2 mm, respectively, for one of
the LPFs and 1.6 and 1.4 mm for the other. Width of the slot in
the ground plane is ﬁxed at 0.2 mm, whereas the width of the
shunt stubs is 0.3 mm, and the radius of the circular slots that
form the two ends of the dumbbell slot is 0.3 mm.
3. RESULTS AND DISCUSSION
To verify the performance of the proposed BPF, the device is
simulated using the software CST Microwave Studio. A proto-
type was also manufactured and tested. A photo of the devel-
oped ﬁlter is depicted in Figure 3. The overall dimension of the
designed ﬁlter including the microstrip feeders at the input and
output is 1.5  2.5 cm2. Because of the use of coupled patches
at the top and bottom layers, there is a possibility of limited
radiation from the ﬁlter. This radiation can have adverse effects
on the performance, such as increasing the insertion loss or level
of the harmonic responses. To prevent those adverse effects, the
ﬁlter was simulated and measured while it was enclosed in a
shielding box of dimensions 1.5  2.5  1 cm3. A comparison
is also made with the performance without the enclosure. Varia-
tion of the simulated and measured scattering parameters (S11
and S21) with frequency is shown in Figure 4. It is apparent that
the designed ﬁlter has a passband that covers the UWB range of
3.1–10.6 GHz assuming the 3-dB insertion loss as a reference.
The insertion loss at the center of the passband is less than 0.3
dB, according to the simulations and less than 0.5 dB in the
measured results, whereas the return loss is larger than 15 dB.
Also, the results of Figure 4 reveal a sharp cutoff at the upper
stopband between 10.6 and 14 GHz indicating the effectiveness
of the embedded LPFs. In general, Figure 4 reveals a good
agreement between the simulated and measured results. To
prove the beneﬁts of shielding the device, the ﬁlter was also
simulated in case there is no enclosure. The results concerning
the insertion loss is included in Figure 4. It is clear that without
the enclosure, the ﬁlter has an additional 0.2-dB insertion loss
when compared with the simulation results with enclosure.
Moreover, three residual harmonic responses appear at around
13.7, 16.2, and 19.3 GHz. One of the important parameters that
deﬁne the quality of the performance of ﬁlters is the variation in
the group delay across their passband. For impulse radio sys-
tems, the ﬁlter is required to have a ﬂat group delay within its
passband. For the BPF presented in this article, the group delay
was measured, and the result is depicted in Figure 4. The device
has about 0.3-ns peak-to-peak variation in the group delay
across the band 3–10 GHz indicating a low time domain distor-
tion. Finally, if the performance of the two-section broadside-
coupled BPF with embedded LPFs presented in this article is
compared with that of the two-section BPF without the embed-
ded structure [9], it will become obvious that despite the fact
that the two devices have the same size, the modiﬁed structure
has a sharper and wider high cutoff band.
Figure 2 Conﬁguration of the LPF (a), its equivalent circuit (b), and
performance (c). [Color ﬁgure can be viewed in the online issue, which
is available at wileyonlinelibrary.com]
Figure 3 Photo of the manufactured ﬁlter. [Color ﬁgure can be viewed
in the online issue, which is available at wileyonlinelibrary.com]
Figure 4 The simulated and measured performance of the ﬁlter.
[Color ﬁgure can be viewed in the online issue, which is available at
wileyonlinelibrary.com]
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4. CONCLUSIONS
The design of a BPF using a multilayer broadside-coupled structure
has been presented. The UWB performance of the ﬁlter is achieved
via the use of controlled coupling between microstrip elliptical
patches at the top and bottom layers through a slot at the middle
layer. To widen the high cutoff band of the ﬁlter, H-shaped shunt
open-ended connected with the microstrip line of the top layer and
coupled with dumbbell shaped slots at the ground plane of the mid-
dle layer are used to form two embedded LPFs. Those LPFs are
designed to remove any harmonic responses that may appear
beyond 10.6 GHz. The simulated and measured results of the ﬁlter
prove its UWB passband and a high cutoff band that extends
beyond 20 GHz. The designed ﬁlter also has a ﬂat group delay with
less than 0.3-ns peak-to-peak variation across its passband.
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ABSTRACT: A quadrature phase-shift keying (QPSK) demodulator
frontend for a passive optical network (PON) optical network unit
receiver fabricated in CMOS 0.13-lm technology is presented. The
frontend integrates a compact 5-GHz ring quadrature voltage-controlled
oscillator (QVCO), two inductor-less broadband mixers, and two
second-order LC ladder low-pass ﬁlters. The broadband mixers operate
with an input frequency between 2.5 and 7.5 GHz and with an input
1-dB compression point of 5 dBm. Area-saving design techniques
are applied to lower the cost of the terminal receivers, because a
competitive cost is a key requirement for the deployment of the PON
access network. The frontend circuit presented achieves an area savings
of more than 90% for the QVCO and mixers when compared with some
published designs that can also ﬁt the application. Measurement and
simulation results are presented to verify that this frontend can be used
to demodulate a QPSK signal with a data rate as high as 5 Gb/s, which
is twice the downstream data rate of the current Gigabit PON standard.
VC 2011 Wiley Periodicals, Inc. Microwave Opt Technol Lett 53:1056–
1062, 2011; View this article online at wileyonlinelibrary.com. DOI
10.1002/mop.25902
Key words: CMOS; PON; QPSK; demodulator; frontend
1. INTRODUCTION
Passive optical networks (PON) are methods promising imple-
mentation for broadband access networks like ﬁber to the home/
premises (FTTH/P). PONs require no electrical power supply
between the central ofﬁce, optical line terminal, and the end
users, optical network units (ONUs). The ITU-T G.984 Gigabit
PON (GPON) standard [1] has deﬁned an industry best practice
with a downstream bandwidth of 2.488 Gb/s and an upstream
bandwidth of 1.244 Gb/s. PON ONU transceivers are very cost
sensitive because the end users will directly bear the cost of
ONU equipment located in their home or premises.
An integrated ONU solution has been proposed in Ref. 2,
which uses a novel offset sideband modulated optical signal.
This technique is used to create a quadrature phase-shift keying
(QPSK) signal. The integrated ONU consists of a photonic inte-
grated circuit functioning as an optical-electrical interface and a
microelectronic integrated circuit (MIC) functioning as electrical
transceiver. The receiver in the MIC consists of a bandpass tran-
simpedance ampliﬁer (TIA) and a direct down-conversion
demodulator.
This article proposes a demodulator frontend for the pro-
posed receiver in Ref. 2. It consists of two mixers, a quadrature
voltage-controlled oscillator (QVCO), and two low-pass ﬁlters.
This frontend can be used in a four-phase Costas loop [3] as
shown in Figure 1, which can be used for the simultaneous car-
rier recovery and demodulation of a QPSK signal. In addition to
the frontend circuit discussed in this article, a Costas loop con-
tains two limiting ampliﬁers, two baseband multipliers, one sub-
tractor, and one loop ﬁlter.
2. COMPONENT DESIGN
This section describes the circuit design and measurement
results for the QVCO and the broadband mixers separately.
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Abstract: Bandpass ﬁlters that cover the ultra-wideband (UWB) frequency range (3.1–10.6 GHz) are presented. The ﬁlters utilise
broadside-coupled microstrip–coplanar waveguide making them suitable for printed circuit board technology. To achieve a wide
upper stopband, radial slots and stepped impedance resonators are employed either to suppress or to relocate the harmonic
responses outside the band of interest. The presented design procedure relies on a quasi-static analysis and conformal
mapping. The simulated and measured results of the proposed ﬁlters prove their suitability for UWB. Furthermore, the
presented ﬁlters have a wide upper stopband that extends above 20 GHz, a compact size and less than 0.12 ns peak-to-peak
variation in the group delay across the passband.
1 Introduction
In 2002, the Federal Communications Commission (FCC)
assigned the frequency band of 3.1–10.6 GHz to emerging
ultra-wideband (UWB) technologies and their applications.
The primary objective of UWB is the possibility of
achieving high data rate communication in the presence of
existing wireless communication standards. To meet the
FCC spectrum mask, UWB sub-systems require bandpass
ﬁlters (BPFs) which feature low insertion loss over the
passband (3.1–10.6 GHz), a ﬂat group delay performance
within that band and a good rejection characteristic outside
the band. To meet these requirements, different types of
UWB BPFs have been reported in the literature [1–24].
One of the main classes of BPFs relies on parallel or edge-
coupled structures [1–7]. However, the tolerance of the
microstrip and coplanar waveguide (CPW) fabrication
process imposes an upper limit upon the coupling levels for
parallel- and edge-coupled structures. This makes the
manufacturing process for the UWB ﬁlters utilising those
structures difﬁcult as their performance is very sensitive to
manufacturing errors. This difﬁculty can be overcome by
utilising broadside-coupled structures that can offer tight
coupling across UWB [8–20].
In [8], a UWB BPF was presented by utilising a broadside-
coupled microstrip–CPW transition, which was proposed
previously [9]. However, the results show that up to three
sections should be connected together to achieve the
required passband performance. Moreover, the ﬁlter suffers
from a serious harmonic response at the high out-of-band
frequencies. The authors had to add another section to the
three-section ﬁlter to cancel the effects of the harmonic
responses and to extend the upper stopband. A close look at
the design presented in [8] shows that it does not rely only
on the broadside coupling between a microstrip line and a
CPW, but it also depends on the edge coupling as the gap
between the input and output ports is only 0.2 mm.
In another design, which also relies on a microstrip–CPW
transition, a hybrid microstrip and CPW structure that
utilises a multiple-mode resonator was proposed to design a
UWB BPF [10]. The device consists of three sections; two
broadside-coupled microstrip–CPW structures and a half-
wavelength multiple-mode resonator. The total length of
these three sections is equal to, or more than, one
wavelength, which makes the ﬁlter relatively large in size.
From the results at around 13 GHz, it is apparent that the
device has a strong harmonic response at and above 13 GHz
which limits the high out-of-band rejection. A similar design
with similar drawbacks is also presented in [11].
A more compact UWB BPF design utilising a two-section
broadside-coupled microstrip–slotline connected together via
a quarter wavelength CPW is described in [12]. However, the
harmonic response is strong at the high cutoff band. In
another utilisation of broadside-coupled slotline-microstrip
structure [13], the slotline in the ground plane is coupled to
two microstrip open-circuited stubs on the top layer of the
substrate. Since the performance is controlled by the coupling
value between the narrow slotline and the microstrip stubs, the
device is very sensitive to alignment errors. The presented
results are given only for limited high out-of-band
frequencies. Thus, it is not possible to verify whether or not
the ﬁlter has harmonic responses at a wide high band.
In another class of UWB BPFs, multilayer technology is
employed to achieve the required tight broadside coupling.
In [14], elliptical-shaped broadside microstrip–slot couplers
[15] are used to construct UWB BPFs. To improve the
performance at the high stopband, multiple broadside-
coupled sections of up to ﬁve were utilised. The drawback
of using ﬁve sections is an increased size and a noticeable
increase in the insertion loss at the passband. In a recent
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modiﬁcation to the structure proposed in [14], a low-pass
ﬁlter is embedded within the feedline of the ﬁlter to
improve its high stopband performance without signiﬁcantly
increasing the size, while maintaining the required
performance at the passband [16].
Another approach to obtaining UWB BPFs is by using
multilayer non-uniform periodic structures on liquid-crystal
polymer substrates [17]. This design requires the use of
sophisticated tools as the distances between different parts
of the structure can be as low as 0.02 mm. Moreover, the
results show high insertion loss (2 dB) at part of the
passband (4 GHz). In another approach to the design of
liquid crystal polymer-based BPF [18], broadside-coupled
microstrip radial stubs and high-impedance microstrip lines
on three-metal-layer structures are utilised to realise the
required UWB performance. To improve the performance at
the upper stopband, several stubs with short-circuit vias are
needed.
The use of another technology, namely low-temperature
co-ﬁred ceramics (LTCC), for the design of different types
of BPFs is investigated in [19, 20]. The procedure presented
in [19], which uses multiple transmission lines shunted with
short-circuited stubs, resulted in two relatively narrow
bandpass regions, which does not suit UWB applications.
The three-section stripline-coupled structure utilised in
LTCC [20] shows an UWB performance. The offset
distance between the top and bottom layer, which is as low
as 0.02 mm, is used to control the value of the coupling,
and thus, the performance of the ﬁlter. This very small
spacing puts a huge burden on the manufacturing process,
as it requires costly tools.
In another development, a UWB BPF that relies on
broadside-coupled CPW–CPW and stripline–stripline
structures is presented in [21]. The ﬁlter needs several stubs
and bonding wires to achieve the required performance. The
proposed conﬁguration presents several manufacturing
challenges as the value of the coupling for the presented
ﬁlter is very sensitive to the offset distance between the top
and bottom strips, having widths as low as 0.2 mm.
Different combinations of Y-shaped resonators in the edge-
coupled and broadside-coupled topologies have recently been
used to build UWB BPFs [22]. The main drawback of the
edge-coupled topology is the narrow gap needed for a tight
coupling. Moreover, the presented results show a strong
harmonic response at 18 GHz.
The above considerations of the existing designs of UWB
BPFs indicate that most of them use a multilayer broadside
coupling approach to meet the requirement for a tight
coupling. Their frequent shortcomings include very small
spacing of the layers in some of the utilised techniques
leading to costly manufacturing, the use of a large number
of sections resulting in increased insertion losses and poor
out-of-band rejection characteristics accompanied by the
presence of spurious harmonics.
This paper addresses the above problems by reporting the
design of a tapered broadside-coupled microstrip–CPW
UWB BPF structure as an alternative to the multilayer
conﬁgurations. The proposed conﬁguration suits the use of
simple printed circuit board (PCB) technology. Thus, it
alleviates the need to use the expensive multilayer
technology and its sophisticated fabrication process. In the
ﬁlters presented here, embedded radial slots and stepped
impedance resonator (SIR) are employed to achieve a wide
upper stopband. A complete design method is presented for
the proposed devices and the ﬁnal designs are tested via
simulations and measurements.
2 Theory and design
The conﬁguration of the BPF that utilises a microstrip–CPW
coupled structure is shown in Fig. 1. Tapered coupled lines
of elliptical shape are used because they provide an almost
constant tight coupling across a large frequency range [25],
which is important to achieve a ﬂat bandpass characteristic
of ﬁlter over the UWB. The proposed conﬁguration shows
some similarities with the multilayer microstrip–slot–
microstrip approach [14, 16] whose drawbacks, such as
challenges of aligning the different layers and the
accompanying costs, are avoided. In the new approach, the
coupling patch in the bottom layer is included within the slot
of the mid-layer. Thus, the PCB of the bottom layer, that is,
the third layer in the multilayer structure of [14], is removed
resulting in a simple two-sided PCB. To minimise insertion
losses, present in the multi-section designs reviewed earlier,
the ﬁlter uses a two-section broadside-coupled microstrip–
CPW structure. Those two sections are connected together
via a short length of CPW in the bottom layer.
In the following, we present the analysis for rectangular-
shaped coupled sections, whereas the real elements used in
the ﬁlter’s structure are elliptically shaped (Fig. 1). This is
required for the ease of derivations via conformal mapping.
The ﬁnal results for the elliptically-shaped coupled lines
can be obtained using equivalence between the elliptical
and rectangular-shaped line sections [15].
Following the analysis presented in [14], it is possible to
show that the effective scattering parameters for the two-
section broadside-coupled structure (S11ef and S21ef) shown
Fig. 1 Bandpass ﬁlter with broadside-coupled microstrip–CPW
structure
a Top layer
b Bottom layer
c Side view of whole structure
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in Fig. 1c are given as
S11 ef = S11 +
S221S11
1− S211
; S21 ef =
S221
1− S211
(1)
S11 =
1− CF2(1+ sin2(bef l))
[
NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
1− CF2
√
cos (bef l)+ j sin (bef l)]2
(2)
S21 =
j2CF
NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
1− CF2
√
sin (bef l)
[
NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
1− CF2
√
cos (bef l)+ j sin (bef l)]2
(3)
where S11 and S21 are the scattering parameters for one section
of the coupled structure, CF is the coupling factor between the
top layer and the bottom layer of a one-section broadside-
coupled structure, bef is the effective phase constant in the
medium of the coupled structure, and l is the physical
length of the coupled structure which is chosen such that
bef l ¼ p/2 at the centre of the passband (6.85 GHz).
It is possible to solve (1)–(3) to ﬁnd that CF ¼ 1/ NameMeNameMe2√ gives
the best performance, that is, S1ef ¼ 0 and S21ef ¼ 1, at the
centre of the passband of the device. Thus, this value for
CF is used in the design of the ﬁlters presented in this paper.
To ﬁnd the relation between the coupling factor CF and the
physical dimensions of the ﬁlter, each of the two sections
shown in Fig. 1 can be analysed using the odd- and even-
mode approach. The excitations needed to generate the two
modes and distribution of lines of the electric ﬁeld between
the two broadside-coupled layers for the two fundamental
modes is shown in Fig. 2.
For the even-mode, the two layers are excited in-phase,
whereas in the odd-mode, the top and bottom layers are
out-of-phase with respect to the ground plane. Assuming a
quasi-transverse electromagnetic propagation, the electrical
characteristics of the coupled lines can be completely
determined from the effective per unit length capacitances
of the lines and the phase velocity on the lines [26].
Therefore equivalent circuits shown in Fig. 3 can be used to
analyse the proposed ﬁlter.
For each of the two modes of propagation, the capacitance
for each of the two coupled lines can be determined from
Fig. 3. The even-mode capacitance for the microstrip (Cme)
and the CPW (Cce) are equal to
Cme = Cmg, Cce = Ccg (4)
The odd-mode capacitance for the microstrip (Cmo) and the
CPW (Cco) are equal to
Cmo = Cmg + 2Cmc, Cco = Ccg + 2Cmc (5)
The characteristic impedance of each of the two lines
(microstrip at the top layer and CPW at the bottom layer) at
any of the two modes can be found as follows [27]
Zij = 1/(vCij) (6)
where the subscript i refers to the line (m for microstrip and c
for CPW) and j refers to the mode (e for even and o for odd), v
is the phase velocity (v ¼ c/ NameMeNameMe1√ r) and it is assumed to be the
same for the two modes for the structure under consideration.
The structure shown in Figs. 1–3 is asymmetrical.
Therefore the analysis method for asymmetrical broadside-
coupled lines [27] is used. According to that method, the
coupling factor between the top layer and the bottom layer
(CF) can be found as
CF =
NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
ZmeZmo
ZceZco
√
Zce − ZcoNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
(Zme + Zmo)(Zce + Zco)
√ (7)
It is possible to use a similar analysis to the one in [26], to
show that in order to achieve a perfect matching at the
input/output ports, which have characteristic impedance
Zo(¼50 V), then
Zo =
NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
ZmeZmo
√
(8)
Substituting (8) into (7) gives the following result
CF = Zo(Zce − Zco)NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
(ZceZco)(Zme + Zmo)(Zce + Zco)
√ (9)
The coupling factors as a function of the capacitances can
be obtained by substituting (6) into (9).
Fig. 2 Distribution of the electric ﬁeld lines for the two modes
a Even-mode
b Odd-mode
Fig. 3 Per-unit length capacitances of the used structure for the
two modes of operation
a Even-mode
b Odd-mode
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The dimensions of the coupled microstrip–CPW offer the
required capacitances, as from (7) to (9), and thus coupling
factors can be determined by utilising the quasi-static
approach. Using that approach with the help of the
conformal mapping technique [28, 29], the capacitances
shown in Fig. 3 can be calculated as a function of the
coupled structure’s dimensions. The ﬁnal equations for the
capacitances per unit length are
Cmg = 21o1r
K ′(k1)
K(k1)
(10)
Ccg = 21o (1r − 1)
K(k2)
K ′(k2)
+ 2 K(k3)
K ′(k3)
[ ]
(11)
Cmc = 1o1r
Dm + Dc
2h
(12)
k1 =
sinh (pDs/(4h))NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
sinh2(pDs/(4h))+ cosh2(pDm/(4h))
√ (13)
k2 =
sinh (pDc/(4h)
sinh (pDs/(4h))
(14)
k3 = Dc/Ds (15)
where K(k) is the ﬁrst kind elliptical integral and K′(k) ¼
K = (
NameMeNameMeNameMeNameMeNameMeNameMeNameMe
1− k2
√
), Dm, Dc and Ds are the diameters shown in
Fig. 1 and h is the thickness of the substrate.
The design (6)–(15) can now be used to ﬁnd the initial
dimensions (Dm, Dc and Ds) of the BPF assuming
CF ¼ 1/ NameMeNameMe2√ .
All of the solutions obtained using (6)–(15) are guaranteed
to give a theoretically ideal performance at the centre of the
passband. However, there is no guarantee that all these
solutions provide the required performance across the whole
band under consideration, say from DC up to 20 GHz.
Thus, the available solutions from (6) to (15) are checked
using a full-wave electromagnetic simulation to see which
one of them achieves the best performance across the band
under investigation.
Concerning the other physical dimensions of the ﬁlter, the
length of the coupling slot in the ground plane (l3) is chosen
according to the design principles of coupled structures to be
equal to quarter of the effective wavelength at the centre of the
passband (6.85 GHz), whereas the lengths (l1 and l2) are
chosen to be less than l3 by the value of the slot needed in
the ground plane to achieve a perfect matching between the
coupled structure and the input/output ports. The length of
the CPW connecting the two coupled structures at the
ground plane (d ) can be used to ﬁne adjust width of the
passband [14].
Using the above derivations, the initial physical dimensions
of the ﬁlter are worked assuming Rogers RT6010 substrate
with 1r ¼ 10.2, and thickness ¼ 0.635 mm. Next, the
software computer simulation technology (CST) Microwave
Studio is used to further tune the dimensions, which are
equal to Dm ¼ 2 mm, Dc ¼ 4.2 mm, Ds ¼ 5.3 mm,
l1 ¼ 4 mm, l2 ¼ 4.1 mm, l3 ¼ 5.7 mm and d ¼ 3.5 mm.
There is an additional step in the design procedure needed
to ensure the complete cancellation of the harmonic responses
at a wide upper stopband. Two methods are considered
to achieve that goal. In the ﬁrst approach, which is used
traditionally, a low-pass ﬁlter in the form of radial slots is
inserted in the ground plane of the CPW line connecting
the two sections as depicted in Fig. 4.
It is shown [30] that quarter-wavelength, shunt radial stubs
in microstrip line or radial slots (in CPW) behave as a wide
bandstop ﬁlter. The radial slot is usually designed to cause
an attenuation pole at the mid-band frequency of the
stopband. The attenuation-pole frequency is decided by the
slot’s radius, whereas the attenuation bandwidth is deﬁned
by the radial angle. A larger radius results in a lower
attenuation-pole frequency, whereas a larger radial angle
causes a reduction in the reactance slope of the slot’s input
reactance, and thus an increase in the bandwidth of
attenuation [30].
In this paper, the initial values for the radii of the utilised
radial slots are chosen to be around quarter of a wavelength
calculated at the centre of the undesired responses. Those
initial values are then optimised to obtain the best possible
rejection of the harmonic response without changing the
performance at the passband. The optimised dimensions for
the ﬁlter, in this case using RT6010 as a substrate, are
Dm ¼ 2 mm, Dc ¼ 2.2 mm, Ds ¼ 4.1 mm, l1 ¼ 2.5 mm,
l2 ¼ 2.8 mm, l3 ¼ 5.5 mm and d ¼ 3.5 mm. The radii of the
608 radial slots are between 0.9 and 1.6 mm.
The second approach to remove the harmonic responses is
to convert the CPW connecting the two sections into a SIR.
Thus, the two sections that form the BPF are overlapped in
the manner shown in Fig. 5. This conﬁguration can be
represented by a two-section coupled structure connected
using a SIR. The SIR can be designed speciﬁcally to cancel
the effects of the spurious responses [31]. Let us ﬁrst
assume that Zr is the ratio of the impedance of the two ends
of the SIR to the impedance of the middle section of the
SIR. The required length of the SIR needed to resonate at a
Fig. 4 Top view of the proposed broadside-coupled microstrip–
CPW bandpass ﬁlter with embedded radial slots
Fig. 5 Top view of the proposed overlapped structure of the ﬁlter
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frequency that has an effective le, which is equal to [31]
lSIR = 2le tan−1
NameMeNameMeNameMe
Zr
√
/p (16)
It is clear from (16) that if a uniform resonator is used, that is,
Zr ¼ 1, the length of the resonator is le/2. However, if Zr , 1,
LSIR , le/2, and thus a compact resonator can be used. The
other important parameter in the design of the SIR is the
location of the harmonic responses. From [31], values of
the ﬁrst three harmonic responses ( fh1, fh2 and fh3) relative
to the resonant frequency fo are
fh1/fo = p/(2 tan−1
NameMeNameMeNameMe
Zr
√
) (17a)
fh2/fo = 2(fh1/fo)− 1 (17b)
fh3/fo = 2(fh1/fo) (17c)
The target of the design is to have fo at the centre of the
passband, that is, at 6.85 GHz, and each of the harmonic
frequencies ( fh1, fh2, fh3, . . .) to be larger than 20 GHz.
Solving (17) results in Zr , 0.35. If Zr is taken as 0.3 for an
additional safety margin, the harmonic responses appear at
fh1 ¼ 21.5 GHz, fh2 ¼ 36 GHz and fh3 ¼ 42.85 GHz. The
total length of the SIR needed to achieve those
characteristics is 0.32l according to (16). With this SIR, the
upper stopband extends up to 21.5 GHz. For the
applications that require a wider upper stopband, Zr is to be
chosen well below 0.3.
For the overlapped structure of Fig. 5, the two coupled parts
connected at the ends of the SIR are designed following
the procedure of the broadside-coupled microstrip–CPW
(6)–(15). After obtaining the initial dimensions, the overall
structure is tuned for an optimum performance using CST
Microwave Studio. The ﬁnal dimensions of the ﬁlter after
manual tuning are Dm ¼ 1.8 mm, Dc ¼ 3.8 mm,
Ds ¼ 4.6 mm, l1 ¼ 1.5 mm, l2 ¼ 3.1 mm, l3 ¼ 7 mm and
lc ¼ 11.2 mm. It was noticed that the tuned dimensions were
different by around +10% compared with the initial values.
For example, the initial values for Dm, Dc and Ds calculated
using (6)–(15) are 1.74, 3.94 and 4.13 mm, respectively. By
using the overlapped structure, the device has a compact size
with an overall dimension including the input/output feeders
of 1.2 cm × 1.8 cm.
3 Results and discussions
The designed ﬁlters were tested via simulations using CST
Microwave Studio. A prototype of each of the designed
ﬁlters was also developed using the substrate RT6010 and an
automated milling machine with +0.1 mm accuracy. A
photograph of one of the developed devices is depicted in
Fig. 6. The simulated and measured results for the BPF
designed using the broadside-coupled microstrip–CPW
structure and embedded radial slots are shown in Fig. 7.
Note that the measured results include the effect of the sub-
miniature A connectors used during the testing. The results
in Fig. 7 reveal a passband from 3.1 to 10.6 GHz. The
insertion loss is less than 0.5 dB, whereas the return loss is
larger than 15 dB, across most of the UWB passband. The
ﬁlter has a wide upper stopband that extends above 20 GHz.
Fig. 6 also shows a sharp cutoff at the frequency band 11–
14 GHz. During the tests, the device was enclosed in a
shielding box with dimensions of 1.5 cm × 2 cm × 1.5 cm
to prevent any radiation losses. When the ﬁlter was tested
without using the shielding box, the measured insertion loss
of the ﬁlter was around 0.8 dB across most of the passband.
It is to be noted from Fig. 7 that there is, in general, a good
agreement between the simulated and measured results.
For the impulse radio systems, the BPF should have a ﬂat
group delay across the passband to keep the distortion of
the pulse shape to minimum. Thus, variation of the group
delay of the designed ﬁlter should have a sub-nanosecond
peak-to-peak variation across the passband. The measured
results of the group delay for the manufactured ﬁlter are
shown in Fig. 7. There is a 0.12 ns peak-to-peak variation
in the group delay across the UWB passband.
Concerning the overlapped structure of Fig. 5, this was tested
while the device was enclosed in a shielding box of dimensions
(1.2 cm × 1.8 cm × 1 cm) to minimise effects of any radiation
from the coupled patches. The results in Fig. 8 indicate a
passband that covers the range 3.1–10.6 GHz assuming the
3 dB insertion loss as a reference. The insertion loss is less
than 0.5 dB and the return loss is larger than 15 dB across
most of the passband. Moreover, the ﬁlter has a wide stopband
that extends beyond 20 GHz. The harmonic responses are
removed entirely from the band of interest, that is, up to
20 GHz. This result proves accuracy of the design procedure
adopted for this structure. The measured results depicted in
Fig. 8 conﬁrm the simulated performance, although there is an
additional 0.3 dB insertion loss at the passband.
To conﬁrm the validity of the presented design method, the
performance of the overlapped ﬁlter designed using the initial
calculated values is included in Fig. 8. It is clear that those
initial values result in a wideband BPF that has a passband
extending from 3.2 to 9.4 GHz. From the results, it is
apparent that the manual optimisation involving an iterative
use of CST Microwave Studio gives an improved passband
that covers the frequency range from 3.1 to 10.6 GHz.
Fig. 7 Performance of the microstrip–CPW bandpass ﬁlter
Fig. 6 Manufactured ﬁlter with overlapped structure
a Top view
b Bottom view
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The other important parameter needed to judge
performance of the overlapped BPF of Fig. 5 is the group
delay. The measured results of the group delay for the
manufactured ﬁlter depicted in Fig. 8 reveal 0.12 ns peak-
to-peak variation in the group delay across the UWB
passband.
From a comparison between the performance of the BPF
with embedded radial slots (Fig. 7) and that of the
overlapped structure (Fig. 8), it is apparent that the two
topologies offer almost the same performance at the lower
stopband and the passband. However, there is a signiﬁcant
difference in the performance at the upper stopband. For the
BPF with embedded radial slots, the cutoff is sharper near
the band 13 GHz, but there are residuals of the harmonic
responses, although they are very low in amplitude, near 15
and 18 GHz. For the overlapped structure, the harmonics
are removed entirely from the upper stopband under
investigation. This is in an exact agreement with the utilised
design procedure that aimed at relocating the harmonic
response to above 20 GHz.
4 Conclusion
BPFs that cover the UWB frequency (3.1–10.6 GHz) have
been presented. These ﬁlters are based on a broadside-
coupled microstrip patch at the top layer of a substrate and
a CPW at the bottom layer. Thus, the proposed ﬁlters can
be manufactured easily by using PCB technology. To
remove the harmonic responses from the upper stopband,
and thus to achieve a wide upper stopband, two methods
have been utilised; in the ﬁrst one, radial slots with low-
pass characteristics are embedded in the CPW, whereas, in
the second method, two sections of a broadside-coupled
microstrip–CPW BPF are overlapped to form an
embedded SIR between them. The SIR is employed to
relocate the harmonic responses outside the band of
interest. A detailed design procedure has been presented
for the proposed ﬁlters. The simulated and measured
results have proven the UWB performance of the presented
devices with a wide upper stopband that extends above
20 GHz. These ﬁlters have less than 0.12 ns peak-to-peak
deviation in the group delay across the passband enabling
their use in the pulsed radio systems with distortionless
operation. Their small size enables their use in compact
UWB sub-systems.
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Ultrawideband Balanced Bandpass Filter
Amin M. Abbosh, Senior Member, IEEE
Abstract—A broadside-coupled structure is utilized to design
balanced bandpass ﬁlter (BPF) with ultrawideband performance.
The top and bottom layers of the structure contain tapered
microstrip patches. Those patches are coupled via tapered slots
in the ground plane, which is located at the middle layer. The
employed structure operates as a BPF in the differential-mode,
whereas it operates as an all-stop ﬁlter in the common-mode. The
simulated and measured performance of the ﬁlter show a 123%
fractional bandwidth centered at 6.55 GHz, a sharp and wide
upper stopband that extends beyond 20 GHz, and a sharp lower
stopband. The ﬁlter suppresses the common-mode signals by more
than 27 dB in the simulations and 24 dB in the measurements
across the whole abovementioned band. The designed ﬁlter reveals
a distortionless performance in the time domain with only 0.1 ns
peak-to-peak variation in the group delay across the band 3.1 to
10.6 GHz.
Index Terms—Balanced ﬁlter, bandpass ﬁlter (BPF), differential
ﬁlter, ultrawideband (UWB).
I. INTRODUCTION
B ALANCED ﬁlters are essential in building communica-tion systems due to their crucial role in reducing the inter-
ference, noise and crosstalk between different elements of the
system. The modern trend in building ﬁlters, ampliﬁers, mixers,
and oscillators is to use the balanced conﬁguration. The bal-
anced transceivers that include those devices have higher im-
munity to noise and interference and a higher signal-to-noise
ratio in comparison to the single-ended transceivers.
The balanced bandpass ﬁlters (BPF) with differential input/
output ports should have the required passband and stopbands
in the differential-mode operation, and be effective in removing
the common-mode signals across at least their passbands. Those
characteristics are essential to ensure a high signal-to-noise ratio
in communication systems.
Due to the enormous increase in demand for wideband ap-
plications, such as the ultrawideband (UWB) 3.1 to 10.6 GHz
systems, the design of balanced ﬁlters with wideband or multi-
band performance has attracted a signiﬁcant attention recently
[2]–[7].
Different conﬁgurations, such as coupled stepped-impedance
resonators [1], end- and broadside-coupled coplanar striplines
[2], branch-line structures [3], double-sided parallel-strip lines
[4], vertical split ring resonators based on low-temperature
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co-ﬁred ceramics [5], and metamaterials [6], were utilized
to design balanced ﬁlters. The measured and simulated per-
formance of the presented balanced ﬁlters shows that they
have either a limited bandwidth that does not suit the UWB
applications [1], [3], [6], a narrow upper stopband [4], or a high
insertion loss across most of the passband [2], [5].
In this letter, a broadside-coupled microstrip-slot-microstrip
structure is utilized to develop an UWB balanced BPF. The
ﬁlter is designed to have a passband in the differential-mode of
more than 120% fractional bandwidth. In the common-mode,
the proposed ﬁlter behaves as an all-stop ﬁlter with more than
24 dB of attenuation across the band (3.1 to 10.6 GHz). The
lower and upper cutoff bands show sharp rejection characteris-
tics, with upper stopband extending to 20 GHz. Moreover, the
presented ﬁlter has a ﬂat group delay across its passband. The
performance of the proposed ﬁlter is conﬁrmed via simulations
and measurements.
II. THE PROPOSED DEVICE
The multilayer broadside-coupled structure depicted in Fig. 1
is employed to build an UWB balanced ﬁlter. In the utilized
structure, two pairs of similar tapered microstrip patches at the
top and bottom layers are coupled through a pair of tapered
slots at the middle layer of the structure, which also contains
the ground plane. There are two vias connecting the far ends of
the coupled microstrip patches to the ground plane as shown in
Fig. 1. The utilized structure includes three conductive layers
interleaved by two substrates.
It has been shown that a BPF based on a broadside-coupled
structure can be easily designed to produce a wide passband.
However, it has a narrow upper stopband with a slow cutoff
rate [7]. Those conclusions are applied to the proposed balanced
ﬁlter that uses a broadside-coupled structure. Thus, to improve
the sharpness of the stopbands and to make the ﬁlter’s ports
uniplanar, two sections are employed as revealed in Fig. 1. To
widen the upper stopband by removing the harmonic responses,
a lowpass ﬁlter (LPF) is embedded in the microstrip line con-
necting the two utilized sections of the ﬁlter as shown in Fig. 1.
H-shaped shunt open-ended stubs connected with the microstrip
line of the bottom layer and coupled with dumbbell shaped slots
at the ground plane of the middle layer are employed to form the
LPF [8].
To explain the fundamental of operation for the proposed
ﬁlter, a simpliﬁed diagram for the device is deduced from
Fig. 1(a) and depicted in Fig. 1(e). In the differential-mode
operation, a virtual short circuit appears along the axis of
symmetry indicated in Fig. 1(a) and (e). In this case, section #1
and section #2 are connected virtually to the ground at points
and , respectively. Using the four-port network analysis
1531-1309/$26.00 © 2011 IEEE
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Fig. 1. Conﬁguration of the proposed balanced BPF with the following layers
highlighted (a) top layer, (b) middle layer, (c) bottom layer, (d) details of the
embedded lowpass ﬁlter and its equivalent circuit, and (e) simpliﬁed diagram of
the device.
[7], [9], the reﬂection ( ) and transmission ( ) coefﬁcients for
each of the coupled sections in this mode are
(1)
(2)
is the coupling factor between the top and bottom layers,
is the effective phase constant in the medium of the coupled
structure, and is the physical length of the coupled structure
[Fig. 1(a)], which is equal to quarter of the effective wavelength
calculated at the center of the passband.
In the common-mode operation, a virtual open circuit appears
along the axis of symmetry, and thus, at and marked in
Fig. 1(e). and for each of the coupled sections in this mode
can be found using the four-port network analysis
(3)
Thus, the structure in the common-mode behaves as an all-stop
ﬁlter. This is the preferred option for the behavior of the bal-
anced circuit in the common-modewhen comparingwith having
a bandstop ﬁlter. This is because the all-stop ﬁlter secures the
rejection of the common-mode signals across the whole pass-
band of the BPF, whereas the bandstop ﬁlter usually has a low
rejection capability at the lower and upper ends of its stopband.
The design procedure for the proposed ﬁlter starts by ﬁnding
the suitable value for the coupling factor . Solving (1)–(2)
shows that the optimum performance ( and ) in
the differential-mode can be achieved when . If the
performance is calculated for by including the effect
of and of the two sections [7], the fractional bandwidth
is found to be equal to 120%. Using the same approach, it is
possible to show that when , the fractional bandwidth
decreases. The bandwidth increases, but the performance at the
center of the passband deteriorates when .
For , the even ( ) and odd ( ) mode imped-
ances for the two coupled sections are calculated to be 120.7
and 20.7 , respectively [7]. The required dimensions for the
coupled sections ( and ) to achieve those impedances can
be found from the following relations, which are derived using
the conformal mapping technique [7], [10]
(4)
(5)
(6)
is the effective wavelength at the center frequency
(6.85 GHz), is the thickness of the substrate, is
the ﬁrst kind elliptical integral and .
The dimensions and in Fig. 1(c) are not critical design
parameters. However, shouldn’t be too small in order to avoid
undesired coupling between the microstrip patch connected to
port 1 and that connected to port 1’. The distance between the
two sections of the balanced ﬁlter, i.e., , is chosen just to make
enough space for the embedded LPF.
Concerning the embedded LPF, which can be represented
by the equivalent RLC circuit in Fig. 1(d), the length of the
stubs ( ) and the slot in the ground plane ( ) are designed
slightly below a quarter of the effective wavelength at the re-
quired cutoff frequency. This length ensures that the stubs and
slot add effectively pure reactive elements to the microstrip line.
For the presented balanced ﬁlter, the passband of interest ends
at 10.6 GHz. Thus, the cutoff frequency for the embedded LPF
is set at 13 GHz. This value ensures that the LPF does not
have any negative impact on the passband of the balanced ﬁlter,
whereas it does have the required impact of reducing the har-
monic responses.
III. RESULTS AND DISCUSSIONS
The designed ﬁlter was fabricated using two layers of Rogers
TMM4 ( , )
as the substrate. The design guidelines explained in the previous
section were used to calculate the initial dimensions of the de-
vices, whereas the ﬁnal dimensions were found using the op-
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Fig. 2. Top view (a) and bottom view (b) of the manufactured balanced ﬁlter.
Fig. 3. Differential- (dd) and common-mode (cc) performances of the ﬁlter.
timization capability of the software CST Microwave Studio.
The ﬁnal dimensions (in mm) are; , ,
, , , , ,
, , , , and
. The element values for the equivalent circuit of
the LPF [Fig. 1(d)] are: , ,
, . The input/output feeders have
a characteristic impedance of 50 , and thus have a width of
0.96 mm. The manufactured device (Fig. 2) has an overall di-
mension of 2 cm 3 cm.
The performance of the designed ﬁlter was simulated using
the software CST Microwave Studio and measured using a
vector network analyzer. The results of simulations and mea-
surements are depicted in Fig. 3.
In the differential-mode, the ﬁlter has a 3 dB passband that
extends from 2.5 to 10.6 GHz, which is equivalent to 123% frac-
tional bandwidth centered at 6.55 GHz. The insertion loss is less
than 1 dB across the band from 2.5 to 10 GHz according to the
simulations and from 4.2 to 9.9 GHz in the measured results,
whereas the return loss is more than 14 dB across the band from
4.3 to 9.2 GHz. As required by the UWB regulations, the ﬁlter
has sharp lower and upper cutoff bands, and a wide upper stop-
band that extends beyond 20 GHz.
The proposed ﬁlter suppresses the common-mode signals
across the whole investigated band, i.e., up to 20 GHz. Con-
cerning the UWB range (3.1 to 10.6 GHz), the common-mode
signal is attenuated by more than 27 dB according to the
simulations and 24 dB in the measurements.
A good agreement can generally be observed between the
simulated and measured results depicted in Fig. 3. The slight
difference between them can be mainly attributed to the manual
alignment and sticking of the different layers used to develop
the multilayer structure.
One of the important parameters that deﬁnes the quality of the
performance of ﬁlters is the variation in the group delay across
their passband. For a distortionless operation in the pulsed RF
systems, the ﬁlter is required to maintain ﬂat group delay within
its passband. The measured group delay of the developed device
depicted in Fig. 3 reveals a ﬂat group delay with only 0.1 ns
peak-to-peak variation across the passband.
IV. CONCLUSION
A balanced BPF with UWB performance has been presented.
The device utilizes a three-layer broadside-coupled structure.
The employed structure behaves as a BPF in the differential-
mode and an all-stop ﬁlter in the common-mode. The simulated
and measured results of the developed device have shown more
than 120% fractional bandwidth, sharp and wide upper stop-
band, and sharp lower stopband. The ﬁlter has the capability to
suppress the common-mode signals by more than 24 dB.
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Design Method for Ultra-Wideband Bandpass
Filter With Wide Stopband Using
Parallel-Coupled Microstrip Lines
Amin M. Abbosh, Senior Member, IEEE
Abstract—A method to design microstrip bandpass ﬁlters with
ultra-wideband (UWB) performance, wide stopband, and practical
dimensions is presented. According to the proposed method, three
subsections of different lengths and coupling factors are connected
to form a stepped-impedance parallel-coupled microstrip struc-
ture. A theoretical model is derived and used to ﬁnd the optimum
length and coupling factor for each of those subsections for an
UWB passband and suppressed second and third harmonic re-
sponses in the stopband. The required performance is realized by
generating and proper positioning of three transmission zeros in
the upper stopband and three transmission poles in the passband.
The derived model shows that the total length of the three-subsec-
tion coupled structure is one-third of the effective wavelength at
the center of the passband. The theoretical model is used to ﬁnd
the required design values for the whole structure. The presented
method is validated by building a bandpass ﬁlter that has a pass-
band from 3.1 to 10.6 GHz with less than 1-dB insertion loss and a
wide upper stopband that extends up to 28 GHz.
Index Terms—Bandpass ﬁlter, microstrip ﬁlter, ultra-wideband
(UWB) ﬁlter.
I. INTRODUCTION
B ANDPASS ﬁlters that are based on parallel-coupled mi-crostrip lines arewidely used inmicrowave systems due to
their simple structure, low cost, and easy integration with other
devices. However, their use in many wideband applications is
hindered by two factors. The ﬁrst one is the presence of the
second and third harmonic responses. The undesired second har-
monic appears due to the difference in the odd- and even-mode
phase velocities of the microstrip coupled structures. That dif-
ference becomes larger, and thus, the second-harmonic problem
becomes more serious when a substrate with high dielectric
constant is used. The third harmonic appears due to the dis-
tributed nature of the utilized coupled microstrip lines [1], [2].
The second factor that limits the use of microstrip bandpass ﬁl-
ters in wideband systems is the need for a very narrow spacing
between the coupled lines for fractional bandwidths of more
than approximately 30% [3].
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In order to address the aforementioned challenges, a wide
range of methods and techniques were proposed [4]–[29]. They
include combining parallel-coupled lines with different types
and shapes of stubs or multimode resonators [4]–[12], manip-
ulating the shape of the ground structure or the dielectric sub-
strate [13]–[24], and modifying the shape of the coupled lines
[25]–[29].
Each of the presented ﬁlters in [4]–[29] has its own merits.
However, when it comes to the requirements of an easy to man-
ufacture ﬁlter that has an ultra-wideband (UWB) passband and
an upper stopband that is free from the effect of the second and
third harmonics, there are important limitations in [4]–[29]. The
upper stopband of the ﬁlters presented in [4]–[8], [10], [11],
[13]–[15], [17], and [20]–[29] has limited width due to the exis-
tence of a strong third harmonic response. The inherent charac-
teristics of the utilized structures in [6] and [7] limits the band-
width to less than 80% as the passband is bounded by the ﬁrst
and third harmonic responses of the stubs.
The technique used in [9] enables the reduction of the levels
of the second and third harmonics, but they are not removed
completely. To achieve the required UWB performance in [12]
and [16], narrow gaps (0.05 mm) were needed between the cou-
pled lines that have a narrow width of 0.1 mm in [12]. To im-
prove the performance at the upper stopband, a low-pass ﬁlter
was needed in [18]. The measured results of the ﬁlter indicate an
insertion loss of 1.8 dB across most of the passband. The perfor-
mance of a four-section ﬁlter in [19] reveals an extended upper
stopband, but a limited-width passband.
The conclusion from the aforementioned review is that there
is a need for a technique that enables the design of a planar
UWB bandpasss microstrip ﬁlter with less than 1-dB insertion
loss across its passband, a wide upper stopband that is free from
the presence of the second and third harmonic responses, and a
reasonable spacing between the coupled lines. The design pre-
sented in this paper endeavours to address that need. To suppress
the second and third harmonic responses, the coupled structure
is divided into three subsections that have different coupling fac-
tors and lengths. A theoretical model is derived for the proposed
structure. That model is used to ﬁnd the required values for the
length and coupling factor for each of the coupled subsections
so that three transmission poles and three zeros are created in
the passband and upper stopband, respectively. It is shown that
while the side subsections should be designed to have a loose
coupling, the central subsection should have a tight coupling
that is almost twice that of the side subsections. The length of
the central subsection is also twice that of any of the side sub-
0018-9480/$26.00 © 2011 IEEE
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Fig. 1. Symmetrical coupled structure with three subsections.
sections. The total length of the coupled structure is one-third
of the effective wavelength at the center of the passband.
II. THEORY
Assume that a coupled structure is divided into three subsec-
tions, as depicted in Fig. 1. For a symmetrical conﬁguration,
the two side subsections are assumed to have the same coupling
factor ( ) and length ( ). The central subsection has a coupling
factor ( ) and length ( ). Using the even-oddmode analysis for
four-port devices [30], [31], it is possible to show that the reﬂec-
tion ( ) and transmission ( ) coefﬁcients of the three-sub-
section coupled structure are given as
(1)
(2)
(3)
(4)
(5)
(6)
and are the coupling factor and the length, respectively, of
the th coupled section, and is the effective wavelength.
The iterative solution of (1)–(6) for shows that it is
possible to generate three transmission zeros at the upper stop-
band in positions that completely suppress the second and third
harmonic responses when the length and coupling factor of the
side and central subsections have the following relations:
(7)
(8)
: the effective wavelength at the center frequency of the pass-
band .
Fig. 2. Calculated performance of a single-section structure for different values
of   .   calculated from (8).
The solution (7) reveals that the coupled structure of Fig. 1
should have a total length ( ) that is equal to one-third
of the effective wavelength at the center of the passband. The
solution (8) shows that for a spurious-free stopband, the central
subsection having a length, which is twice that of any of the
side subsections, should be tightly coupled, whereas the side
subsections are loosely coupled.
The performance is calculated using (1)–(8) for wide range of
coupling values. In those calculations and the other calculations
that follow, it is assumed that the required center frequency for
the passband is 6.85 GHz as the target of the design is a
passband from 3.1 to 10.6 GHz. The results are shown in Fig. 2
for different values of the coupling factor . The corresponding
coupling factor is calculated using (8).
In all the investigated cases, it is found that the stopband is
characterized by the presence of three transmission zeros ( ,
, and ). The position of those zeros are related to the
center of the passband as follows: , ,
and , as shown in Fig. 2. The frequency appears
at because the total length of the coupled structure, which is
equal to one-third of a wavelength at , is equal to one wave-
length at . Thus, a complete reﬂection of the signal occurs.
The other two transmission zero frequencies ( and ) are
the result of the destructive combination of the direct and cou-
pled/reﬂected signals at the output port.
Concerning the performance at the passband, it is clear from
the results of Fig. 2 that for low values of the coupling factors,
there is one transmission pole at the passband. That pole appears
exactly at . Increasing the value of the coupling factors results
in splitting the central pole into two poles that are symmetrical
around . That split appears when . The two poles
move towards the two edges of the passbandwith the continuous
increase in the values of the coupling factors resulting in an
increase in the width of the passband.
If two sections similar to that shown in Fig. 1 are connected
in series, the effective reﬂection ( ) and transmission ( )
coefﬁcients can be found as follows. Assume that a transmis-
sion line that has a characteristic impedance ( ) and length
( ) is used to connect the two sections that have a characteristic
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impedance ( ). The connecting line has the following
-parameters that can be derived from its -parameters
[3]:
(9)
(10)
The effective -parameters of the whole structure (coupled sec-
tion #1, connecting line, and coupled section #2) can be calcu-
lated from the -parameters of the three parts [32]
(11)
(12)
(13)
(14)
and are given by (1) and (2).
The iterative solution of (9)–(14) shows that the relations be-
tween the lengths and coupling factors of the two-section struc-
ture should be as in (7) and (8) in order to suppress the second
and third harmonic responses in the stopband. This conclusion
is valid for any values of and . The choice of , , , and
according to (7) and (8) results in three transmission zeros at
the same positions as those in the single-section device.
As will be thoroughly discussed in the coming section, there
are two possible conﬁgurations for the connection of the two
sections. In one of the conﬁgurations, the two sections are con-
nected directly without the need for any connecting line. In this
case, the performance can be calculated from (9)–(14) after as-
suming . It is found that in order to achieve a passband
from 3.1 to 10.6 GHz with less than 1-dB insertion loss and spu-
rious-free stopband, , and thus, from (8).
Snapshots of the calculated performance for those values of
and and two other set of values are shown in Fig. 3. The stop-
band performance is similar to that of the single-section device
in having the same three transmission zeros. However, the level
of attenuation in the stopband of a two-section device is better
than that of the single-section device by more than 20 dB, as re-
vealed when comparing Fig. 2 with Fig. 3 for, say, .
Moreover, the rate of cutoff at the lower and upper stopbands is
larger in the two-section compared with the one-section struc-
ture.
Concerning the performance in the passband, the extensive
calculations and the snapshots shown in Fig. 3 indicate that
the passband has two transmission poles; , and
when . For the case ,
a third transmission pole appears between and . That
pole moves toward with increasing . If is increased be-
yond 0.44, a fourth pole starts to appear from the position of
moving toward the lower edge of the passband. That pole moves
Fig. 3. Calculated performance of a two-section structure for different values
of   .   is calculated from (8).
the low cutoff frequency of the ﬁlter to lower values. Moreover,
the third pole moves toward the upper edge of the passband,
pushing the high cutoff frequency to higher values. Thus, wider
passband can be achieved by increasing , and consequently,
. A signiﬁcant increase in the width of the passband beyond
the UWB requirement of 109% fractional bandwidth comes at a
cost; the performance at the center of the passband deteriorates
as shown in Fig. 3 for the case , which achieves 150%
fractional bandwidth. The results of Fig. 3 also indicate that by
decreasing , and thus, , narrowband performance with very
high attenuation in the stopband is realized.
When assuming independent values for the coupling factors
and , i.e., they are not related according to (8), it is found
that the position of does not depend on the values of or
, as revealed in Fig. 4. It is only deﬁned by the value of ,
and thus, by the length of the coupled structure. On the other
hand, the values of the other two transmission zero frequen-
cies ( and ) depend on the coupling values if they are not
taken according to (8). For example, increasing the value of
to more than the value given by (8) results in an increase in the
frequency spacing between the transmission zeros, whereas de-
creasing that value results in a decrease in the spacing between
the zeros. As shown in Fig. 4, both of those two situations cause
the unwelcomed appearance of local maxima in the insertion
loss at the exact positions of the two side transmission zeros of
the case when (8) is applied, i.e., at , and .
In the second conﬁguration of a two-section device, a trans-
mission line of length and impedance is needed to connect
the two sections. The performance for this conﬁguration is cal-
culated using (9)–(14) for a wide range of values for and .
In order to achieve a 3.1–10.6-GHz passband, , and
thus, are used in those calculations. Snapshots of the
calculations are shown in Figs. 5–7. The results of Figs. 2–7
prove that if , , , and are chosen according to (7) and
(8), the three transmission zero frequencies does not depend on
the number of sections or parameters of the connecting line.
It is found that if , the best performance is achieved
when the connecting line is as short as possible, as revealed in
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Fig. 4. Calculated performance of a two-section structure when      .
Fig. 5. Calculated performance at      and      for the given
length  (per  ) of the connecting line that has     .
Fig. 5 for . Increasing does not change the position
of the two higher poles, but it splits the ﬁrst pole into two poles.
However, the performance in the passband is not acceptable for
large values of . For the case (Fig. 6), the performance
does not depend on the length of the connecting line, and thus,
it should be chosen as short as possible for a compact structure.
Concerning the case (Fig. 7), changing the value of
has no effect on or . The central transmission pole
shifts slightly downward with increasing . A close inspection
of Fig. 7 shows a possibility of improvement in the passband
with a proper choice of the connecting line parameters. For ex-
ample, the case , depicted in Fig. 7
causes a slight, but important, improvement in the return loss at
around 7 and 10 GHz compared with all the other investigated
cases in Figs. 5–7. This observation is thoroughly investigated
in order to get the optimum choice for and . It is found that
a connecting line with and achieves
better performance compared with any other values including
the conﬁguration that does not need a connecting line.
Fig. 6. Calculated performance at      and      for different
values of the length  (from 0 to  	 ) of the connecting line that has   
	 .
Fig. 7. Calculated performance at      and      for the given
length  (per  ) of the connecting line that has     .
III. DESIGN
From the practical point of view, it is easy to achieve the re-
quired loose coupling of 0.43 (equivalent to 7.3 dB) at the
two side subsections using conventional parallel-coupled mi-
crostrip lines. However, the tight coupling of 0.81 (equivalent
to 1.83 dB) at the central subsection cannot be realized using
the conventional structure. Therefore, two techniques are em-
ployed in order to facilitate the achievement of tight coupling in
that subsection without the need for a very narrow gap between
the coupled lines. Since the tight coupling requires very high
even-mode impedance and very low odd-mode impedance, one
of the employed techniques aims at decreasing the odd-mode
impedance, while the other aims at increasing the even-mode
impedance. Both targets are achieved while a reasonable gap
between the coupled lines is maintained.
In the ﬁrst approach, a chip capacitor is connected between
the two coupled lines at the middle of the central subsection
to increase its odd-mode capacitor, and thus, to decrease its
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Fig. 8. Proposed bandpass ﬁlter using: (a) inline and (b) cascaded conﬁgura-
tion.
odd-mode impedance [33], [34]. That capacitor has no effect
on the even-mode circuit. In the second approach, the conduc-
tive layer in the ground plane located directly underneath the
coupled structure is removed leaving a slotted ground plane at
that place. This action results in a reduction in the even-mode
capacitor, and thus, an increase in the even-mode impedance
[34]–[36].
The proposed method can be implemented using parallel-
coupled microstrip lines in two different manners (inline and
cascaded conﬁgurations), as shown in Fig. 8.
Using the well-known equations that relate the coupling
factor with the mode impedances [3], it is possible to show that
for the side subsections ( ) and the central subsection
( ), the even- and odd-mode impedances are equal
to 79.2, 31.5, and 154.3, and 16.2 , respectively. To ease
the manufacturing process, the minimum value of the gaps
between the coupled lines, i.e., and in Fig. 8, is assumed
to be 0.2 mm. With mm and for a certain substrate,
the width of the side subsections ( ) to achieve the required
mode impedances of the side subsections are found using the
design equations of the conventional coupled microstrip lines
[35], [37].
Concerning the central subsection, the analysis for parallel-
coupled lines with slotted ground [35] can be employed after
considering the effect of the additional chip capacitor. The even-
( ) and odd-mode ( ) impedances are equal to
(15)
(16)
(17)
(18)
(19)
and : ﬁrst kind elliptical integral and its comple-
mentary, respectively, and : dielectric constant and thick-
ness of the substrate. The design parameters , , and are
shown in Fig. 8. Since the design (15)–(19) are nonlinear, an it-
erative procedure was adopted to ﬁnd the required values of the
design parameters. That procedure starts by using the minimum
value for (0.2 mm), the calculated mode impedances, and a
certain value for . The procedure is repeated until reasonable
values for the design parameters are found.
Since the effect of the harmonic responses is more serious
when the utilized substrate has a high dielectric constant and
in order to show the effectiveness of the proposed method, the
ﬁlter was designed and fabricated using the substrate RT6010
( , mm). Assuming that
mm, the values of the design parameters are mm,
mm, mm, mm, mm,
mm, mm, and pF. For a
two-section conﬁguration that needs a connecting line between
the two sections, the line has mm, and mm.
IV. RESULTS AND DISCUSSIONS
The calculated design values were used in the simulation tool
(CST Microwave Studio) to calculate the performance of the
ﬁlter should those values are used without any optimization.
The results shown in Fig. 9 indicate that the passband agrees
well with the target. The upper stopband has a sharp cutoff rate
at 12 GHz and it is free from the presence of the second and
third harmonics. However, the insertion loss at the upper stop-
band, especially around 18 GHz, needs to be increased. The per-
formance also requires an improvement over part of the pass-
band (around 9 GHz). The level of attenuation at the stopband
is below that expected in theory. Those discrepancies between
the theoretical and full-wave simulated performance are mainly
due to the effect of the parasitic elements and substrate dielectric
and conductive losses, which are not considered in the theory.
Since the investigated band is extremely wide, it is typical to
anticipate that the effect of the nonideal elements used in the
simulation is signiﬁcant.
A close inspection of the performance according to the cal-
culated design values in Fig. 9 shows that the response is to be
PAPER [75]
36 IEEE TRANSACTIONS ON MICROWAVE THEORY AND TECHNIQUES, VOL. 60, NO. 1, JANUARY 2012
Fig. 9. Simulated performance using the calculated (initial) and optimum de-
sign values for the inline and cascaded conﬁgurations.
shifted slightly upward. Thus, the lengths of the coupled struc-
tures should be decreased slightly. The central transmission pole
also appears at 7 GHz, whereas it should be at around 8.9 GHz
indicating lower achieved values for the coupling factors. Thus,
the optimization process should target increasing those factors.
The simulation tool was used to ﬁnd the optimum dimen-
sions. To ease the manufacturing process, the cost function of
the utilized optimization algorithm was designed to drive and
to have high values with a minimum acceptable value set at
0.2 mm. Moreover, the added chip capacitor was allowed to
take only the available standard values. The optimized values
are found to be mm: mm,
mm, mm, mm, and pF.
Concerning the inline structure, the connecting line between
the two sections was found to have the optimum dimensions
mm, mm.
In the proposed design, a broadband microwave chip capac-
itor from Murata Electronics, Kyoto, Japan, was used. As shown
in Fig. 8, a tapered microstrip is used to connect the coupled
structure to the input and output ports. The use of the tapered
line is useful in easing the constraint on the even- and odd-mode
impedances of the different subsections. It is found during the
optimization that a deviation of about 10 from the relation
can be easily compensated using the tapered
microstrip lines.
If the calculated values of the design parameters are com-
pared with the optimized values, it is possible to conclude that
the presented design method, which is based on the quasi-static
assumption, gives reasonable initial values. The major differ-
ence occurs in the gap spacing. That difference occurs due to
the adopted optimization procedure, which encourages a larger
value for the gaps for easy manufacturing.
It is worth mentioning that different optimization techniques
were tried. It was found that the best performance is always
achieved when the width and the gap of the central subsection
( and ) are equal to those of the side subsections ( and
Fig. 10. Top and bottom views of the developed ﬁlter.
). The other design parameters of the central subsection (
and ) are used to get its required mode impedances, which
are different from those of the side subsections. This result can
be explained by the removal of all the discontinuities from the
structure when the side and central subsections have the same
width and gap.
Using the optimized design values, the performance of the
inline conﬁguration [see Fig. 8(a)] and the cascaded conﬁgura-
tion [see Fig. 8(b)] were simulated. The results shown in Fig. 9
reveal that both of the structures achieve the required UWB per-
formance. The use of the optimized parameters results in a sig-
niﬁcant improvement in the performance, especially at the upper
ends of the passband and stopband. Fig. 9 shows that the inline
conﬁguration has a better performance concerning the return
loss at the passband and the insertion loss at the upper stopband.
The return loss of the inline structure is more than 20 dB across
the band from 3.5 to 10.6 GHz, whereas the return loss in the
cascaded structure is better than 17 dB across the same band.
The insertion loss of the inline structure is more than 40 dB,
whereas it is more than 31 dB for the cascaded structure, across
the stopband from 13.5 to 19.5 GHz.
The improvement in the performance of the inline structure
compared with the cascaded structure is achieved by the proper
utilization of the connecting transmission line and a weak ca-
pacitive end coupling between the ﬁrst and second sections.
The level of that capacitive coupling is controlled using the dis-
tance [see Fig. 8(a)] between the ﬁrst and second sections
of the ﬁlter. Concerning the size of those coupled structures,
it is easy to show that the inline structure needs a smaller size
than that of the cascaded structure under the realistic assumption
. For those reasons, the inline structure is chosen
for the development of the proposed ﬁlter. The overall dimen-
sion of the manufactured ﬁlter (Fig. 10) is 1.2 cm 1.7 cm.
It is worth mentioning that with a smaller size and a better
performance of the inline structure compared with the cascaded
structure, the parallel-coupled resonators used by Cohn [37] for
the development of bandpass ﬁlters could be arranged in an in-
line conﬁguration instead of the originally suggested cascaded
conﬁguration. The capacitive end coupling between subsequent
sections can then be utilized to improve the performance in a
similar manner to the method used in this paper.
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Fig. 11. Measured and simulated  -parameters for the inline conﬁguration
across the investigated band.
Fig. 12.  -parameters and group delay for the inline conﬁguration across the
lower part of the investigated band.
The simulated and measured performance of the inline con-
ﬁguration is shown in Fig. 11 for the whole investigated band
and in Fig. 12 for the passband and small parts of the stopbands.
Figs. 11 and 12 reveal a passband from 3.1 to 10.6 GHz with less
than 1-dB insertion loss. The return loss is more than 20 dB ac-
cording to the simulations and 18 dB in themeasurements across
the band from 3.5 to 10.5 GHz. Within the passband of the ﬁlter,
there are three resonances that appear at 5, 8, and 10 GHz in the
return loss as expected in the theoretical model. The device has
a sharp cutoff at the upper stopband. The maximum insertion
loss is equal to 48 dB at 15.8 GHz in the simulations and 47 dB
at 15.4 GHz in the measured results. The insertion loss is more
than 30 dB across the stopband from 12 to 24 GHz. The upper
stopband extends up to 28 GHz.
As shown in Fig. 12, the simulated andmeasured results agree
very well across the band up to around 14 GHz. The difference
between them is signiﬁcant after that frequency, as revealed in
Fig. 11. That difference can be attributed to two parameters. The
ﬁrst one is the performance of the utilized chip capacitor. Al-
though the capacitor was chosen to be of a microwave broad-
band type, its performance according to the technical data is
guaranteed up to 10 GHz. However, after 10 GHz, it could have
parasitic parameters (inductors and resistor) that affect its per-
formance. The second parameter is the Subminiature A (SMA)
connectors. The utilized connectors have less than 0.4-dB in-
sertion loss for operating frequencies up to 18 GHz. Beyond
that frequency, the insertion loss of each of those connectors in-
creases signiﬁcantly.
To quantify the level of distortion introduced by any band-
pass ﬁlter, it is necessary to measure the deviation in the group
delay across the passband of the ﬁlter. Concerning the devel-
oped ﬁlter, the measured group delay depicted in Fig. 12 shows
a low peak-to-peak deviation of 0.12 ns across the band from
3.1 to 10.6 GHz.
V. CONCLUSION
AnUWBbandpass ﬁlter based on parallel-coupledmicrostrip
lines has been presented. In order to achieve the required UWB
passband and wide spurious-free stopband, three subsections
that have different lengths and coupling factors are connected
to form a stepped-impedance coupled structure. The resultant
structure creates three transmission poles at the passband and
three transmission zeros at the upper stopband. A theoretical
model is derived and used to ﬁnd the optimum length and cou-
pling factor for each of those subsections for an UWB pass-
band with suppressed second and third harmonic responses. To
achieve those targets, it is shown that the central subsection is
required to be tightly coupled; whereas the side subsections are
loosely coupled. The derived model shows that the total length
of the three-subsection coupled structure is one-third of the ef-
fective wavelength at the center of the passband. The presented
method is validated by simulations and measurements.
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Abstract: A single-substrate microstrip/coplanar waveguide broadside-coupled structure is utilised to build a lowpass ﬁlter. The
main features of the proposed ﬁlter are the extremely wide stopband, sharp cutoff response, compact size and closed-form design
procedure. The theory of operation for the proposed ﬁlter is presented, its design procedure is derived and its performance is
explained. The measured and simulated performance of a manufactured prototype ﬁlter agrees well with the theoretical
analysis. The ﬁlter shows a negligible radiation, ﬂat group delay and a sharp and wide stopband that is larger than 14 times
the 3 dB cutoff frequency of the ﬁlter. The length of the coupled structure required to build the ﬁlter is less than 6% of the
effective wavelength calculated at the cutoff frequency.
1 Introduction
With the huge expansion of communication systems, high
performance lowpass ﬁlters (LPF) have become essential
components in those systems. In a typical communication
system, mixers and oscillators are usually followed by a
low pass ﬁlter to remove the harmonic products. A wide
stopband, sharp cutoff response and compact size are
important factors in the design of the lowpass ﬁlter as
required by the modern communication systems.
Conventional microstrip lowpass ﬁlters such as stepped-
impedance ﬁlters, open-stub ﬁlters, parallel-coupled half-
wavelength resonator ﬁlters, hairpin-line ﬁlters, interdigital
and comb-line ﬁlters are widely used in many RF
applications [1]. However, those ﬁlters show generally poor
spurious response in their stopband. Some techniques have
been introduced to address this serious problem. For the
case of open stub LPFs, slotted ground plane [2–9], multi-
section [10], broadened transmission line elements over a
defected ground plane [11–13], short-ended coupled lines
[14], resistive loading using thin or thick-ﬁlm technology
[15], and the combined use of open stubs and stepped
impedance resonators [16] are utilised to extend the width
of the stopband.
In another strategy to widen the stopband of the LPFs,
transmission line loaded with slow-wave resonators [17, 18]
or tapered stubs [19–22], was investigated. The interdigital
structures were also utilised in a multi-section structure
[23], or loaded with tapered resonators, to obtain a wide
upper stopband [24]. In another approach, the negative
permittivity property of the complementary split ring
resonators was used [25–29]. The combination of
interdigital structures and slotted ground plane was also
proposed [30].
The lowpass ﬁlter with high–low impedance, or stepped
impedance lines, has limited applications in its basic
structure because of the narrow stopband and a poor cutoff
response. To improve the performance of the stepped
impedance lines, different techniques were proposed. It is
shown that the use of stepped-impendence hairpin
resonators [31, 32], defected ground [33–36], tapered shunt
stubs [37, 38], ﬁnite ground plane [39], folded resonators
on liquid–crystal–polymer substrate [39], interdigital
structures [40–42] or coupled-line hairpin unit [43, 44] is
useful in extending the stopband of the LPFs.
Reviewing the performance of the LPFs designed using the
techniques explained in [2–45] shows that the stopband is
extended signiﬁcantly compared with the conventional
structures of microstrip LPFs. The ratio of the harmonic
frequency to the cutoff frequency of the ﬁlter is extended to
be in the range between four and nine [7, 8, 17, 20, 21, 24,
30, 32–34, 36, 38, 41, 42, 44]. However, some of the
utilised techniques result in a large size [3, 5, 14, 19, 21,
29, 31] or high insertion loss at the passband [5, 6, 15, 37].
The performance of some of the proposed LPFs shows high
radiation losses at parts of the stopband [12, 21, 23, 28, 31,
37]. This phenomenon casts some doubts on whether the
designed ﬁlters do their job normally in reﬂecting the
signals that have frequencies within the stopband, or behave
as a radiator at parts of the assumed stopband. Some of the
presented ﬁlters rely on very narrow coupled slots [4, 17,
24, 37, 38, 43] or very narrow transmission lines [14, 34].
In other ﬁlters [2, 5, 6, 9, 11–13, 15, 16, 26–28, 31, 39,
40, 43, 45], the performance is shown across a limited-
width stopband, and thus, it is not possible to verify the full
extension of the stopband.
Recently, it has been shown that broadside-coupled
microstrip/coplanar waveguide (CPW) structures can be
utilised to build microwave devices with high-quality
performance [46, 47]. The performance of those devices
can be controlled over a wideband using the coupling factor
[46]. One of the important characteristics of those
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broadside-coupled structures is the ability to achieve tight
coupling that is almost constant across a wideband. The
presented method in this paper exploits the strong
electromagnetic broadside coupling between a microstrip
patch at the top layer of a substrate and a CPW at the
bottom layer of the substrate to build an LPF with an
extremely wide stopband. A complete design method is
presented and veriﬁed via simulations and measurements. It
is shown that the proposed ﬁlter has a compact size, sharp
cutoff and an extremely wide stopband.
2 Theory
A general coupled structure is assumed to be connected in the
manner shown in Fig. 1a. One of the coupled elements is
grounded at the centre and it is open-ended at both sides,
whereas the other coupled structure is connected to the
input/output ports. The structure of Fig. 1a can be analysed
by considering it as a two-section four-port coupler as
revealed in Fig. 1b. It is assumed that the coupling factor is
equal to C between the coupled patches and that the input
and output ports are perfectly matched. Depending on the
analysis of four-port couplers [48], it is possible to show
that the reﬂection (S11) and transmission (S21) coefﬁcients
are equal to
S11 = B2
1− A2 + B2
1+ A2 + B2 (1)
S21 = A2
1+ A2 − B2
1+ A2 + B2 (2)
A =
NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
1− C2
√
NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
1− C2
√
cos(bef l/2)+ j sin(bef l/2)
(3)
B = jC sin(bef l/2)NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
1− C2
√
cos(bef l/2)+ j sin(bef l/2)
(4)
l is the physical length of the coupled structure and bef is the
effective phase constant in the medium of the coupled
structure.
Using (1)–(4), it is possible to show that A ¼ 0, B ¼ 1,
S21 ¼ 0, S11 ¼ 1, and thus, the structure of Fig. 1 behaves
as an all-stop ﬁlter when C ¼ 1, whereas it behaves as an
all-pass ﬁlter when C ¼ 0. This means, theoretically at
least, that it is possible to use the coupling factor to achieve
a stopband of any width between zero, when C ¼ 0 and
inﬁnity when C ¼ 1.
If the performance is calculated using the above derived
equations for different values of the coupling factor, the
result is as shown in Fig. 2. It is clear from Fig. 2 that in
order to design an LPF with an extremely wide stopband, a
tight coupling is required. This conclusion is veriﬁed by
plotting the relation between the width of the stopband, as
deﬁned in Fig. 2 and the coupling factor using the data
from (1) to (4) and the result is shown in Fig. 3.
In order to simplify the design procedure for the LPF, curve
ﬁtting is utilised to show that the relation between the width of
the stopband normalised by the value of the cutoff frequency
( fc), that is Wsb ¼ width of the stopband/fc, and the coupling
factor is
Wsb = 0.05e4.8C + 5× 10−10e24.3C (5)
There is an excellent agreement between the values of the
Fig. 1 Schematic diagram of the utilised coupled structure
a Utilised coupled structure
b Equivalent two-section structure
Fig. 2 Derived performance of the utilised structure
Fig. 3 Variation of the normalised width of the stopband with the
coupling factor
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width of the stopband calculated using (5) and those obtained
using the derived method (1)–(4) as shown in Fig. 3. The
above equation is valid for any substrate with any thickness.
The results shown in Figs. 2 and 3 reveal that it is possible
to design an LPF with an extremely wide stopband by
choosing the design parameters such that the coupling
factor for the structure shown in Fig. 1 is close to 1. If a
broadside-coupled structure is used, the tight coupling can
be easily achieved as proven by different ultrawideband
devices that have tight coupling [46, 48]. The utilised
structure in this paper is the microtsrip/coplanar waveguide-
coupled structure shown in Fig. 4. It can be designed using
a two-sided printed circuit board. The top layer includes a
microstrip patch that is connected with the input/output
ports. The bottom layer contains the ground plane. There is
a coplanar waveguide at the centre of the ground plane.
The tight coupling of this structure is because of a
strong electromagnetic coupling between the microstrip
patch located at the top layer and the CPW at the bottom
layer. To make the structure fully equivalent to the
theoretical model of Fig. 1, the CPW at the bottom layer is
grounded at the centre using a microstrip line as depicted in
Fig. 4b.
It is worth mentioning that the structure of Fig. 4 is adopted
in the proposed ﬁlter because it is easy to manufacture
when compared, for example with the multilayer microstrip-
slot-microstrip conﬁgurations [48]. Moreover, the short
circuit needed between the bottom-layer coupled structure
and the ground plane can be easily implemented in the
utilised structure of Fig. 4 without the need for any bias.
Concerning the length of the coupled structure, it can be
shown using (1)–(4) and from Fig. 2 that the frequency of
transmission zero occurs when the length of the coupled
structure is equal to half of the effective wavelength
calculated at that frequency. The transmission zero
frequency according to Fig. 2 is
fz = fc(Wsb/2+ 1) (6)
Thus, it is possible to show that if the LPF is designed to
achieve a normalised stopband width Wsb, the length of the
coupled structure l as a function of the effective wavelength
le calculated at fc and Wsb is
l = le
2+Wsb
(7)
To give an indication of the required size of the proposed
LPF, assume that it is required to design an LPF with
extremely wide stopband such that Wsb ¼ 15. The length of
the coupled structure in this case is equal to le/17 revealing
a compact size for the proposed ﬁlter.
It is clear from (7) that there is no compromise between
the requirement for an extremely wide stopband and the
small dimensions. Both targets can be realised
simultaneously if a suitable conﬁguration that can achieve
a tight coupling is utilised. However, an utmost care
should be taken when using an extremely small structure
(l≪ le/20) to achieve, say, an inﬁnite wide stopband as
the structure in this case does not behave as an ideal
backward coupled structure, and thus, the analysis (1)–(7)
is not valid for this case.
3 Design
In order to establish the validity of the proposed method
and to clarify the design procedure, an LPF with the
following characteristics is designed, fabricated and tested.
The LPF has a cutoff frequency ¼ 2 GHz with the
capability to remove the harmonic frequencies up to at
least 30 GHz. Thus, the width of the stopband is 28 GHz
and Wsb ¼ 14.
The ﬁrst step in the design is to ﬁnd the required coupling
factor to achieve the abovementioned characteristics.
According to the design (5), the required coupling factor
is C ¼ 0.97. The second step in the design is to determine
the dimensions of the coupled region that give this
coupling factor. As the structure shown in Fig. 4 is an
asymmetrical coupled structure (microstrip/CPW), the
conformal mapping techniques for the C- and p-modes of
the structures can be utilised to ﬁnd the relation between
the C- and p-mode impedances and the physical
dimensions of the structure. The other required relation
between the C- and p-mode impedances and the coupling
factor is given in [46].
Assuming a quasi-transverse electromagnetic propagation,
the C- and p-mode impedances for the microstrip patch at the
top layer (Zmc and Zmp) and the CPW at the bottom layer (Zcc
Fig. 4 Utilised broadside-coupled microstrip/CPW structure
a Top layer
b Bottom layer
c Whole conﬁguration
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and Zcp) can be found using conformal mapping [46]
Zmc =
60pNameMeNameMeNameMe
1r
√ K(k1)
K ′(k1)
(8)
Zcc =
60pK ′(k2)K
′(k3)
NameMeNameMeNameMe
1r
√
(1r − 1)K(k2)K ′(k3)+ K ′(k2)K(k3)
(9)
Zmp =
120phK(k1)NameMeNameMeNameMe
1r
√
[2hK ′(k1)+ (wm + wc)K(k1)]
(10)
Zcp =
60p
NameMeNameMeNameMe
1r
√
(1r − 1)K(k2)/K ′(k2)+ 2K(k3)/K ′(k3)+
1r(wm + wc)/(2h)
(11)
k1 =
sinh(pws/(4h))NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
sinh2(pws/(4h))+ cosh2(pwm/(4h))
√ (12)
k2 =
sinh(pwc/(4h)
sinh(pws/(4h))
(13)
k3 = wc/ws (14)
In (8)–(14), K and K′ are the ﬁrst kind elliptical integral and
its complementary, respectively, wm (width of the microstrip
coupled patch at the top layer), wc (width of the central line of
the CPW at the bottom layer) and ws (total width of the CPW
at the bottom layer) are the dimensions shown in Fig. 4, 1r is
the dielectric constant of the substrate, and h is the substrate
thickness.
Using the presented design procedure (7)–(14) and the
relation between the C- and p-mode impedances and
the coupling factor [46], the following values are found for
the dimensions of the coupled structure assuming the use
of the substrate Rogers RO4003C with 1r ¼ 3.55 and
h ¼ 0.508 mm: l ¼ 6.4 mm, wm ¼ 5.8 mm, wc ¼ 6.1 mm
and ws ¼ 15.8 mm.
The whole structure is optimised using CST Microwave
Studio and the ﬁnal dimensions are found to be l ¼ 7.2 mm
wm ¼ 5.45 mm, wc ¼ 5.81 mm, ws ¼ 13.46 mm, width of
the microstrip feeders wf ¼ 1.2 mm, width of the microstrip
grounding line at the bottom layer wl ¼ 0.56 mm, and
width of the slot in the CPW s ¼ 0.8 mm. By comparing
the calculated and optimised values of the design
parameters, it can be concluded that the difference between
them is relatively small reﬂecting the reliability of the
derived design procedure.
The theoretical analysis (1)–(14) assumes that the utilised
coupler has an inﬁnite directivity, whereas the practical
structure of Fig. 4 is expected reasonably to have a limited
directivity. Thus, the following ﬁnal step of the design is
adopted in order to bridge the gap between the directivity
of the theoretical model and that of the practical structure.
The microstrip coupled patch at the top layer is extended
slightly in length (by much less than le/20) compared with
the length of the coupled structure at the bottom layer. This
action adds an inductive element in series with the coupled
structure [49]. As an indication of the extended length, it is
possible to make it less than. It was proven that series
inductors can be utilised for directivity enhancement of
coupled structures [50]. Concerning the ﬁlter presented in
this paper, the improvement in the directivity of the utilised
coupler is transformed into an improvement in the overall
performance, that is, the insertion and return losses across
the whole investigated band. The optimum length of the
added microstrip patches to each side of the coupled
microstrip patch at the top layer was found to be 2.7 mm.
4 Results and discussions
The designed low pass ﬁlter was manufactured and tested.
The developed device is shown in Fig. 5. The simulated
and measured scattering parameters of the ﬁlter at the
frequency band up to 30 GHz are depicted in Fig. 6. In
order to show details of the performance at the passband
and the cutoff response, the scattering parameters for a
limited lower part of the investigated band are shown in
Fig. 7, which also shows the group delay of the ﬁlter is
shown in Fig. 7.
It is clear from the results of Figs. 6 and 7 that the proposed
device has a cutoff frequency of 2 GHz as required in the
design. The results in Fig. 7 reveal a sharp cutoff across the
frequency band that extends from the cutoff frequency
(2 GHz) to 2.5 GHz. The ﬁlter has a wide stopband that
extends up to 29 GHz as depicted in Fig. 6. Thus, it has the
ability to remove any harmonic response that may appear
across that band. The insertion loss of the ﬁlter across the
Fig. 6 Scattering parameters of the ﬁlter at the investigated
frequency band
Fig. 5 Views of the manufactured LPF
a Top
b Bottom
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passband is less than 0.5 dB. At the stopband, the ﬁlter
attenuates the undesired harmonic responses by more than
20 dB across most of the stopband. The ﬁrst harmonic
response appears at 29.8 GHz according to the simulations
and at 29 according to the measurement. Those results
agree well with the design requirements where the harmonic
response is planned to appear at 30 GHz.
It is to be noted that according to the results shown in
Fig. 6, the simulated and measured results agree well up to
about 15 GHz. At the frequency band above 20 GHz, there
is a signiﬁcant difference between the simulated and
measured results. The main factor behind that difference is
the S-miniature A (SMA) connectors. According to the
technical speciﬁcations of the utilised SMA connectors,
they should operate well with a maximum of 0.4 dB
insertion loss for each connector up to 18 GHz. However,
the loss increases signiﬁcantly above that frequency. A
separate test on those connector shows that it introduces an
insertion loss of about 1 dB across the band 20–30 GHz.
Thus, the measured return loss across the band from 20 to
30 GHz is more than the simulated return loss by about
2 dB on average.
It is worth mentioning here that the utilised structure does
not behave as a radiant element across most of the frequency
range of interest because of the small electrical size of the
utilised coupler. By removing the effect of the SMA
connector’s losses from the measured results, it is found
that the radiation losses are less than 0.5 dB at frequencies
up to 15 GHz. However, signiﬁcant radiation occurs at the
upper end of the investigated band, speciﬁcally around the
harmonic response.
The low level of radiation from the proposed ﬁlter and its
compact size mean that the device can be packaged, if
required, inside a small enclosure without any signiﬁcant
impact on its performance. It has been shown via
parametric simulations that a minimum distance of 10 mm
between the slotted ground of the proposed ﬁlter and the
lower metallic structure of the enclosure is enough to
guarantee the required performance of the ﬁlter as revealed
in the simulation results with enclosure depicted in Fig. 6.
The other important parameter that deﬁnes the quality of
performance of the ﬁlters is the group delay. The ﬁlter
should have a ﬂat group delay across its passband so that it
adds a minimum or no distortion to the signals especially in
the pulsed communication system. The proposed ﬁlter was
tested for this parameter. The measured results shown in
Fig. 7 reveal a ﬂat group delay across the passband with the
peak-to-peak variation in the group delay of less than 0.2 ns.
If the proposed ﬁlter is compared with the other lowpass
ﬁlters that are designed to achieve the same target of having
a wide stopband [2–45] it is possible to claim that the
presented ﬁlter has a more compact structure, simpler
topology and wider stopband. The presented ﬁlter is
designed using an easy-to-manufacture structure following a
closed-form procedure and thus, it saves the time and effort
needed in the trial-and-error approach followed by many of
the previously proposed structures.
5 Conclusion
A broadside-coupled microstrip/coplanar waveguide has been
utilised to design a low pass ﬁlter with extremely wide
stopband. A theoretical model for the proposed structure
has been used to derive a closed-form design procedure for
the ﬁlter. The simulated and measured results of a prototype
ﬁlter, designed using the presented method, agree well with
each other and with the theoretical model. The
manufactured ﬁlter has an extremely wide stopband,
compact size, negligible radiation and ﬂat group delay.
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Compact tunable low-pass filter using variable mode
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Abstract: A compact and tunable low-pass ﬁlter utilising a coupled structure is presented. A closed-form design method is used
to estimate the required design parameters so that the ﬁlter can have a tunable cutoff frequency across wide range of values. The
ﬁlter also has an extremely wide stopband, sharp cutoff response and compact size. The theory of operation for the proposed ﬁlter
is explained, and its design procedure and equivalent circuit are derived. The tuning capability of the ﬁlter is enabled by using two
varactor diodes connected between the coupled lines to change their p-mode impedance. The simulated and measured results of a
prototype with dimensions 15 mm × 20 mm designed to have a cutoff frequency tuning range from 1.5 to 2.5 GHz and a
stopband that extends to 25 GHz prove the validity of the presented design method.
1 Introduction
Low-pass ﬁlters (LPFs) that have wide stopbands are vital in
modern wireless systems. In a typical system, mixers and
oscillators are usually followed by a LPF to remove the
harmonic products. A wide stopband, sharp cutoff response
and compact size are important factors in the design of
high-performance LPFs.
Conventional microstrip LPFs using stepped-impedance,
open-stub, parallel-coupled half-wavelength resonator,
hairpin-line and comb-line structures show generally poor
spurious response in their stopband [1]. Different
techniques, such as inter-digital structures, slotted ground,
tapered resonators, metamaterials or coupled hairpin-lines,
were introduced to address that serious problem [2–8].
Those techniques are effective in extending the width of the
stopband to up to ten times the cutoff frequency of the ﬁlters.
In order to make the cutoff frequency of the LPF tunable,
several methods were proposed [9–12]. The mechanical
approach results in a bulky and narrow stopband ﬁlter [9],
whereas the electrical approach using several pairs of micro
electro-mechanical switch (MEMS) switching elements in
the slotted ground shows a performance characterised by a
narrow stopband [10]. The use of thin-ﬁlm technology to
develop tunable FPFs results in compact structures [11, 12].
However, the main drawbacks in using that technology are
the high-insertion loss across the passband and the high
cost. For example, the design proposed in [11] has more
than 10 dB insertion loss at the passband, whereas the new
generation of commercial tunable LPFs has more than 3 dB
insertion loss [12].
In this paper, a tunable compact broadside-coupled
microstrip/coplanar waveguide (CPW) is utilised to build an
LPF with an extremely wide stopband. The ﬁlter is based on
the broadside-coupled microstrip to CPW structure [8].
Varactor diodes connected between the coupled lines are
used to change the p-mode impedance, and thus, to tune the
passband of the device. A complete design method is
presented to enable the proper choice of the values of the
design parameters, so that the performance indicators of
the ﬁlter (return loss and insertion loss) stay within
the acceptable limits across the tuning range of the ﬁlter. The
proposed method is veriﬁed via simulations and measurements.
2 Proposed device
The proposed LPF is depicted in Fig. 1. It can be explained
using two methods. The ﬁrst one assumes the ﬁlter an
asymmetrical broadside-coupled structure [8, 13]. This
method is used to ﬁnd the physical dimensions of the
device for a certain cutoff frequency. In that method, the
top layer is considered to have a microstrip line that is
coupled to a CPW at the bottom layer. The central section
of the CPW is grounded at the centre using a microstrip
line. The second method assumes the structure as a wide
microstrip line over a defected ground structure. From that
method, the equivalent circuit can be easily derived and
used to explain the performance.
The equivalent coupled structure for the proposed device of
Fig. 1 is shown in Fig. 2. The coupled line 1 represents the
microstrip at the top layer, whereas coupled line 2
represents the CPW at the bottom layer. Two varactor
diodes are connected between the two coupled lines
symmetrically around the central point. The biasing circuit
needed for those diodes is shown in Fig. 1. Two DC-
blocking capacitors and a radio frequency choke (RFC) are
used to isolate the biasing circuit from the microwave signal.
The structure of Fig. 2 is analysed by considering it as a
two-section four-port asymmetrical coupler. Using the
signal ﬂow diagrams of four-port devices as depicted in
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Fig. 2, it is possible to show that for arbitrary coupled
structure, the outgoing signals from the four terminals of
each of the two sections are given as [13]
b = [I − SG]−1Sa (1)
where b: 4 × 1 vector representing the signal out of each
terminal. The elements in this vector are given the
designations (bij), i refers to the section number, j refers to
the terminal number, I is the 4 × 1 identity matrix and a is
the 4 × 1 vector of input signals from outside sources.
The elements of a, that is, aij, for the structure of Fig. 1b are
For section #1: a11 = 1; a12 = b21; a13 = a14 = 0 (2)
For section #2: a21 = b12; a22 = a23 = a24 = 0 (3)
G: 4 × 4 matrix representing the reﬂection coefﬁcients at the
four terminals. All the elements of the matrix are equal to zero
except the diagonal elements (Gijj) with the following values
For section #1: G111 = G122 = 0; G133 = 1; G144 = −1 (4)
For section #2: G211 = G222 = 0; G233 = −1; G244 = 1 (5)
S: 4 × 4 scattering matrix with elements that are calculated
using the p–C modes approach as explained in [14]. The
main parameters required in that approach are the C- and
p-mode impedances for the microstrip patch at the top layer
(Zmoc and Z
m
op) and the CPW at the bottom layer (Z
c
oc and
Zcop). The relation between them and the physical
dimensions of the utilised structure can be derived using the
conformal mapping technique [15] after including the effect
of the varactors’ capacitance (Cv)
Zmoc =
60pNameMeNameMeNameMe
1r
√ K(k1)
K ′(k1)
; Zcoc =
60pK ′(k2)K
′(k3)
NameMeNameMeNameMe
1r
√
(1r − 1)K(k2)K ′(k3)+ K ′(k2)K(k3)
(6)
Zmop =
120phK(k1)NameMeNameMeNameMe
1r
√
[2hK ′(k1)+ (wm + wc)K(k1)+ 4hCvK(k1)/(1o1rl)]
(7)
Zcop =
60p
NameMeNameMeNameMe
1r
√
(1r − 1)K(k2)
K ′(k2)
+ 2K(k3)
K ′(k3)
+ 1r(wm + wc)
2h
+ 2Cv
1ol
(8)
k1 =
sinh (pws/(4h))NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
sinh2(pws/(4h))+ cosh2(pwm/(4h))
√ (9)
k2 =
sinh(pwc/(4h))
sinh(pws/(4h))
; k3 = wc/ws (10)
K and K′ are the ﬁrst kind elliptical integral and its
complementary, wm, wc and ws are the physical dimensions
shown in Fig. 3, 1r and h are the dielectric constant and
thickness of the substrate, and l is a total physical length of
the coupled structure.
The important parameters that deﬁne the performance of
the ﬁlter as shown in Fig. 1 are the reﬂection coefﬁcient
at the input and output ports (SAA and SBB), and the
transmission coefﬁcient from the input to the output port
(SBA). Those parameters can be calculated after solving
(1)–(5) as follows
SAA = SBB = b11/a11; SBA = b22/a11 (11)
The derived model (1)–(11) is included in an iterative Matlab
code aimed at ﬁnding the optimum performance for different
dimensions of the coupled structure. For a tunable range
of cutoff frequency extending, for example, from 1.5 to
2.5 GHz, it is found that the required design parameters
assuming the use of the substrate Rogers RO4003C
with 1r ¼ 3.55 and h ¼ 0.508 mm are: wm ¼ 3.8 mm,
wc ¼ 2.5 mm, ws ¼ 11.55 mm, l ¼ 7.5 mm, and Cv ranges
from 0.4 to 1.4 pF. The above results indicate a compact
device as the length of the coupled structure is less than
one-tenth of the effective cutoff wavelength.
Fig. 1 Utilised structure of
a Top layer
b Bottom layer
Fig. 2 Proposed ﬁlter as a two-section coupled structure
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3 Results and discussions
The performance of the designed device with the calculated
dimensions is simulated as depicted in Fig. 3. The ﬁlter has
a tunable cutoff frequency extending from 1.6 to 2.4 GHz
with an ultrawideband stopband extending to more
than 25 GHz. The other main feature of the reported
performance is a sharp cutoff owing to a transmission zero
at around 3 GHz. However, the attenuation at the stopband
is around 15 dB, and thus, it requires an improvement.
To explain the resultant performance of the ﬁlter and to
explore methods to improve the attenuation at the stopband,
the equivalent circuit of the ﬁlter is derived. This target can
be achieved either from the simulated S-parameters or by
looking at the proposed structure from another viewpoint
that complements the previously explained perspective of
the device as a coupled-structure. The structure of Fig. 1
can be assumed a wide microstrip line over a dual face-to-
face C-shaped defected ground structure. Following [16],
the interaction between the microstrip line and each of the
C-shaped slots in the ground is equivalent to a parallel LC-
resonator that represents a one-pole Butterworth ﬁlter. The
wide microstrip line connecting the two sections can be
represented as a shunt capacitance. Thus, the simple
equivalent circuit representation of the ﬁlter including the
capacitances of the two varactor diodes is shown in the
dotted box of Fig. 4. This circuit can be simpliﬁed into a
three-order ﬁlter. As the simulated passband response of the
ﬁlter depicted in Fig. 3 is similar to that of Butterworth
ﬁlters, the values of the different elements of the circuit can
be derived from a three-order Butterworth prototype using
suitable frequency and impedance scaling.
One of the important points that become clear from the
equivalent circuit is that the parallel LC resonator is
responsible for the transmission zero in the performance
depicted in Fig. 3 at 3 GHz. Thus, it is possible to say that
1/(2p
NameMeNameMeNameMeNameMeNameMeNameMe
L1C1
√
) = 3 GHz. To change the position of that
zero, L1 and/or C1 have to be changed, and thus, the
dimensions of the C-shaped slot have to be changed. From
the coupled-method perspective, this is equivalent to
changing the dimensions of the CPW at the bottom layer.
In order to increase the attenuation at the stopband, the
order of the ﬁlter is to be increased. One of the possible
simple solutions is to add two shunt capacitors (C3) in the
manner shown in Fig. 4 resulting in a ﬁve-order ﬁlter.
Those two capacitors can be realised by extending the wide
microstrip line at the top layer. For a Butterworth response
with a 3 dB cutoff frequency at 2 GHz, and better than
25 dB attenuation at the stopband, it is possible to obtain a
rough estimation of the required shunt capacitance C3 as
0.9 pF from the equivalent ﬁve-port Butterworth prototype.
The required extended length (ls) of the wide microstrip line
can then be calculated from the value of the capacitance C3.
The relation between them is [17]
ls = (lec/2p) tan−1(2pfcC3Zom) (12)
Zom is the characteristic impedance of the extended wide
microstrip line, and lec is the effective wavelength of the
extended microstrip line at the central cutoff frequency
(2 GHz). Using the calculated design values from the
coupled-structure method, it is possible to ﬁnd that
Zom ¼ 18 V, lec ¼ 8.5 cm and thus ls ¼ 2.7 mm. The values
of the other elements of the equivalent circuit of Fig. 4 are
L1 ¼ 3.58 nH, C1 ¼ 0.79 pF and C2 ¼ 3.2 pF. Using the
simulator CST Microwave Studio, the performance of the
modiﬁed structure with the calculated design values depicted
in Fig. 3 indicates a signiﬁcant increase in the stopband
attenuation from 15 to 25 dB. However, the tunable cutoff
frequency extends from 1.7 to 2.7 GHz.
The simulator CST is used to optimise the dimensions for a
tunable cutoff frequency from exactly 1.5 to 2.5 GHz with the
Fig. 3 Performance of the initial and modiﬁed structures using the calculated design values
Fig. 4 Equivalent circuit of the proposed ﬁlter
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smallest possible structure. The optimised values (mm) of the
design parameters are: wm ¼ 3.5, wc ¼ 2.3, ws ¼ 12.2,
l ¼ 7.9, ls ¼ 1.8, d ¼ 0.5, s ¼ 0.7 and Cv ¼ 0.3 to 1.5 pF.
A prototype of the optimised ﬁlter is manufactured as
depicted in Fig. 5. It has a compact size of overall
dimensions 15 mm × 20 mm. The performance of the ﬁlter
is veriﬁed via simulations and measurements after
manufacturing a prototype (Fig. 5). Two GaAs hyberabrupt
junction varactor diodes with a maximum biasing voltage of
12 V and total capacitance that covers the required Cv range
are used. To effectively isolate the biasing circuits from the
microwave signal path, two 100 nF DC-blocking capacitors
and RFC of 10 mH are used. It is worth mentioning that
high value for the coupling capacitors is used to keep the
lower end of the passband close to DC. In the current
design, the lower end of the passband is at 0.02 MHz.
The simulated and measured performance of the ﬁlter at the
frequency band up to 25 GHz and for different biasing states
of the diodes is depicted in Fig. 6. It is clear that the proposed
device has a tuning range for the 3 dB cutoff frequency from
1.5 to 2.5 GHz in the simulation and 1.25 to 2.3 GHz in the
measurement. The slight difference in the tunable range of
cutoff frequency between the measured and simulated
results is because of the diodes’ effective series resistance
and inductance, and packaging capacitance. The results also
show a sharp rate of cutoff at all the diodes’ biasing states
with a transmission zero at about 3 GHz. The ﬁlter has a
wide stopband that extends to more than 25 GHz.
The results in Fig. 6 show a signiﬁcant difference between
the simulated and measured return loss after the frequency
12 GHz. This can be attributed to the utilised sub-miniature
A connectors at the input/output ports and the non-ideal
performance of the utilised substrate at such high frequencies.
4 Conclusions
A compact coupled structure with variable mode impedance
has been used to design an LPF that has an extremely wide
stopband and tunable passband. Two varactor diodes
connected between the coupled lines are used to change the
cutoff frequency. The simulated and measured results of a
prototype designed to have a 3 dB tunable cutoff frequency
Fig. 6 Performance of the ﬁlter at different varactor biasing states
Fig. 5 Top and bottom views of the developed ﬁlter
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from 1.5 to 2.5 GHz and a stopband that extends to 25 GHz
prove the validity of the presented method.
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Ultra-Wideband Phase Shifters
Amin M. Abbosh
Abstract—A method with clear guidelines is presented to de-
sign compact planar phase shifters with ultra-wideband (UWB)
characteristics. The proposed method exploits broadside coupling
between top and bottom elliptical microstrip patches via an
elliptical slot located in the mid layer, which forms the ground
plane. A theoretical model is used to analyze performance of the
proposed devices. The model shows that it is possible to design
high-performance UWB phase shifters for the 25 –48 range
using the proposed structure. The method is used to design 30
and 45 phase shifters that have compact size, i.e., 2.5 cm 2 cm.
The simulated and measured results show that the designed phase
shifters achieve better than 3 differential phase stability, less
than 1-dB insertion loss, and better than 10-dB return loss across
the UWB, i.e., 3.1–10.6 GHz.
Index Terms—Aperture coupling, phase shifter, ultra-wideband
(UWB).
I. INTRODUCTION
PHASE shifters are common microwave devices, which arewidely used in electronic beam-scanning phased arrays,
microwave instrumentation and measurement systems, mod-
ulators, and many other industrial applications. In these and
many other applications, and in order to get wideband perfor-
mance, phase shifters are usually realized in planar (stripline or
microstrip) technology due to its nondispersive and broadband
propagation properties.
In order to achieve the broadband operation of the phase
shifters, the approach of coupled transmission lines is usually
employed. One of the earliest designs that used the coupled lines
method to construct broadband phase shifters is the Schiffman
differential phase shifter [1]. It consists of two transmission
lines: the reference transmission line and the folded edge-cou-
pled section. By the proper selection of the length of these
lines and the degree of coupling, the phase difference between
them can be made constant at 90 over a broadband. However,
Schiffman’s original study was based on stripline transmission
structures, where the odd and even modes propagating along
the coupled lines have equal phase velocities. When this type
of circuit is designed in a microstrip form, the unequal odd-
and even-mode velocities results in poor performance [2].
Moreover, the measured results of Schiffman’s phase shifter
indicate a high phase ripple 10 [1].
In order to obtain a broader bandwidth with an acceptable
phase ripple using the edge-coupled method, some authors
Manuscript received March 13, 2007; revised May 29, 2007. This work was
supported by the University of Queensland under a Postdoctoral Research Fel-
lowship.
The author is with the School of Information Technology and Electrical Engi-
neering, The University of Queensland, St. Lucia QLD4072, Australia (e-mail:
abbosh@itee.uq.edu.au).
Color versions of one or more of the ﬁgures in this paper are available online
at http://ieeexplore.ieee.org.
Digital Object Identiﬁer 10.1109/TMTT.2007.904051
proposed the use of cascaded multiple coupled sections [3]–[7].
Shelton and Mosko [4] described an approximate synthesis
technique for ﬁxed phase shifters consisting of multiple
parallel-coupled quarter-wave sections. The main drawback
of this procedure, which is general to edge-coupled shifters,
is that in order to achieve a broadband, an extremely tight
coupling is required, which may not be realizable in a given
practical conﬁguration. Shelton and Mosko [4] proposed the
use of tandem coupling to minimize the effect of this problem.
However, tandem conﬁguration requires wire crossovers,
which is inconvenient from the manufacturing point of view.
The designed conﬁguration in [4] suffers from another serious
problem, which is the large size required for the multiple
coupled sections.
In order to decrease the size of the multisection coupling
structure required in the design presented in [4], an optimization
technique was used to calculate parameters of the edge-coupled
broadband phase shifter [5]. The structure considered in [5] con-
sists of a cascade of coupled line pairs of varying length and cou-
pling coefﬁcients and each connected together at one end. The
main drawback of the adopted technique is that it still requires a
large number of coupled line pairs to achieve the required phase
performance.
Some other modiﬁcations were proposed to improve perfor-
mance of the edge-coupled structures using new forms of mul-
tisection coupling lines [6] and a double or parallel Schiffman
phase shifter [7]. However, the design presented in [6] requires
a very narrow slot (tens of micrometers), which makes the fab-
rication process very difﬁcult. Moreover, the measured phase
performance presented in [6] shows a phase shifter that covers
only the -band (4–8GHz) with a phase error of 6.5 . The cir-
cuit presented in [7] (referred to as a double parallel Schiffman)
consists of two parallel-connected coupled sections designed to
yield a 90 phase difference. The lengths and coupling values
are adjusted to obtain a desired phase ripple. The measured re-
sults of the design in [7] indicate a narrowband performance
with high phase instability at the lower and higher ends of the
frequency band.
A compact version of the Schiffman phase shifter was intro-
duced in [8]. Although the proposed design uses a smaller area
and it is a cost-effective one compared with the original design,
it has a narrow bandwidth.
Tresselt explained a different design procedure using a
continuously tapered coupled section [9]. He noticed that
the spread in coupling values between adjacent sections of
the cascaded edge-coupled phase shifters, such as in [4], is
large enough to produce signiﬁcant reactive discontinuities in
practical transverse electromagnetic line geometries, adversely
affecting the phase accuracy of the devices. Tresselt described
a design that could alleviate that effect by employing coupling,
which is continuously tapered through the length of the device.
0018-9480/$25.00 © 2007 IEEE
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He designed and constructed a phase shifter for broadband
applications. However, the results indicated that the inter-
connecting strap parasitics, physical transitions, and etching
tolerances (due to a tight coupling requirement), limited the
upper frequency band and could only be partially compensated
for, thus limiting the device application to around 8.5 GHz. In
[10], two couplers, designed according to the tapered coupled
method, were connected in tandem to form a differential phase
shifter. The design required the use of a nine-section structure
for the transmission lines in addition to several impedance
transformers. The results presented in the paper show an inser-
tion loss higher than 2 dB, and a phase error that is 5 and
10 in the 45 and 90 phase shifters, respectively.
In another approach to improve performance of the edge-
coupled phase shifters, Taylor and Prigel [11] used a wiggling
technique to design a broadband phase shifter. The wiggled
edged coupled microstrip lines were used as a means of slowing
the odd-mode microwave-energy propagation velocity to equal
the even-mode propagation velocity and achieve broadband op-
eration. The results in [11] show narrowband characteristics
and suggest fabrication difﬁculties because of the very narrow
space required between the coupled lines to accomplish a good
performance.
In addition to the coupled lines structures, some other
methods have been used to build planar phase shifters. Ahn
and Wolff [12] presented several asymmetric ring-hybrid phase
shifters. Each consists of a ring hybrid and reﬂecting termina-
tions. The measured and simulated results in [12] indicated that
the proposed design does not have the broadband characteristics
of the edge-coupled structures.
With the rapid growth of microwave integrated-circuit tech-
nology, the switched phase shifters have been largely investi-
gated [13]–[15]. Themain target behind this type of phase shifter
is to get a wide range of phase variation using the same device. In
[13], a switching networkwas combinedwith a Schiffman phase
shifter to build 180 -bit phase shifter. The network is composed
of a half-wavelength coupled line, and parallel eighth wave-
length open and short stubs, which are shunted at the edge points
of a coupled line. Themeasuredperformance of the design shows
a high phase deviation 10 over the band, i.e., 1.5–4.5 GHz.
In [14], switchingdiodeswere used to convert amicrostrip line to
a rectangular waveguide, whereas in [15], a branch line coupler
controlled by a varactor diodewas used. The common features of
the switched phase shifters are a high insertion loss and a narrow
bandwidth. In another method, a 3-D electromagnetic-bandgap
woodpile was used to design a phase shifter, which is equivalent
to the switched type [16]. It suffers from the same limitations
of the switched type.
Three papers have recently appeared, which suggest modi-
ﬁcations on the previously designed phase shifters to improve
their performance [17]–[19]. A compensation technique was
introduced in [17] and [18] to improve performance of the
Schiffman phase shifter and the multistage design proposed by
Shelton andMosko [4]. Five compensating capacitors were used
to improve the return-loss performance of the two circuits. The
measured results indicated an improvement in the return-loss
performance across the -band.However, the use of the compen-
sation technique in [17] did not increase the useful phase-stable
bandwidth; actually it resulted in a 2–3-GHz bandwidth. The use
of the compensation technique in [18] for the multistage phase
shifter increased the insertion loss of the device. No results were
given in [18] to show the effect of the additional compensating
elements on the phase performance of the phase shifter.
The latest modiﬁcation to the Schiffman phase shifter in-
cluded altering the ground plane underneath the coupled lines
[19]. The ground plane under the coupled lines was removed;
meanwhile an additional isolated rectangular conductor was
placed under the coupled lines to act as a capacitor. This mod-
iﬁcation enabled the designer to build a compact phase shifter
(dimension 3 cm 4 cm). The measured results for this
device show that it covers a 2 : 1 frequency band with better
than 12-dB return loss and a moderate phase imbalance 5 .
It still has the problem of a need for a narrow gap between the
coupled lines, especially at the high-frequency range of the
ultra-wideband (UWB). Moreover, the bandwidth coverage of
the device indicates that it cannot be used for UWB application
where the band extends from 3.1 to 10.6 GHz (3.42 : 1 band).
For the edge-coupled structure, which was used by most of
the previously mentioned designs, the coupling factor is largely
dependent on the gap between the two coupled lines and the
dielectric constant of the substrate. Therefore, the edge-coupled
phase shifters are very difﬁcult to be fabricated using microstrip
lines on printed circuit board technology for UWB applications,
as the gap between the coupled lines must be very narrow to
obtain a tight coupling.
In a previous study by the author to build directional couplers
[20], it was noticed that broadside coupling can achieve UWB
characteristics without fabrication difﬁculties compared with
edge coupling. The work presented here adopts the broadside
coupling strategy using an elliptical coupled structure in the de-
sign of UWB phase shifters. There are many challenges that are
addressed in this paper: how to build a two-port broadside-cou-
pled phase shifter with minimum insertion loss and maximum
return loss across the 3.1-10.6-GHz band; how to derive a theo-
retical model, which shows the relation between the phase shift
and the coupling factor; and how to achieve a constant phase
shift across the UWB.
The proposed method in this paper exploits broadside cou-
pling between top and bottom ellipticalmicrostrip patches via an
elliptical slot located in the mid layer, which forms the ground
plane. Variations of the phase shift, return loss, and insertion
loss of the device with the coupling factor are calculated using a
simple theoretical model. The model shows that it is possible to
design high-performance UWB phase shifters for the 25 –48
range using the suggested structure. The proposed method is
used to design 30 and 45 phase shifters that have compact
size. The simulated and measured results show that the designed
phase shifters achieve better than 3 phase stability, less than
1-dB insertion loss, and better than 10-dB return loss across
the UWB, i.e., 3.1–10.6 GHz. In addition to that, the presented
device has a simple structure, which can be easilymanufactured.
II. ANALYSIS
The analysis used in this paper follows the conventional ap-
proach adopted for the coupled microstrip lines [21]–[24]. The
phase shifter is considered as a four-port device with two of its
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Fig. 1. Conﬁguration of the proposed phase shifter. (a) Top layer. (b)Mid layer.
(c) Bottom layer. (d) Whole structure.
Fig. 2. Proposed phase shifter as a four-port device with two of the ports open
circuited.
ports open circuited. The other two ports are the input and output
ports. The performance of the phase shifter is deﬁned in terms
of the return loss, insertion loss, and the differential phase shift.
To calculate (or measure) the phase-shift performance of the de-
vice, a comparison is made with a reference mictrostrip trans-
mission line with 50- impedance.
Conﬁguration of the proposed multilayer phase shifter is
shown in Fig. 1. It consists of two elliptical microstrip patches,
which are connected to the input and output microstrip lines,
facing each other at the top and bottom layers. The coupling
between these patches is achieved via an elliptical slot in the
ground plane, which is located at the mid layer. The elliptical
shape for the coupled structure is chosen because of its ability
to achieve an almost constant coupling factor over the UWB.
The analysis starts by considering the phase shifter as a four-
port backward coupler with two of the output ports terminated
in an open circuit (see Fig. 2).
Assume the device is designed to have a coupling equal to
between the top and bottom patches and that the input and
output signals to/from the th port are and , respectively.
Depending on odd–even modes analysis of the four-port cou-
pler, the output signals at Port 1 (the input port) and Port 2 (the
output port) can be calculated as follows [21]–[24]:
(1)
(2)
where is the physical length of the coupled structure and
is the effective phase constant in the medium of the coupled
structure. For the structure under investigation, it is possible to
show that
(3)
where and are the phase constants for the even and odd
modes, respectively, is the free-space wavelength, and is
the dielectric constant of the substrate.
Assuming that the output port (Port 2) is perfectly matched,
then the incident reﬂected signals at ports 3 and 4 are
(4)
(5)
As ports 3 and 4 are terminated in an open circuit, then the
reﬂection coefﬁcient at those ports is equal to 1. Therefore,
and . Using this conclusion in (1)–(5),
(6)
(7)
where is the return loss of the input port,
is the insertion loss from the input to the output port.
Phase shift of the output signal compared to the input signal
can be found from (7) as follows:
(8)
To ﬁnd the differential phase shift, which can be obtained
using the proposed structure, a comparison should be made with
a reference transmission line. A 50- microstrip line is assumed
as a reference in this paper. The phase shift caused by a section
of microstrip line of physical length is
(9)
where and are the phase constant and effective dielectric
constant of the microstrip transmission line, respectively. The
parameter can be calculated using the well-known formulas
as in [25].
The differential phase shift from (8) and (9) is
(10)
Variation of the calculated , using (10), for different values
of the coupling length and coupling factor is shown
in Fig. 3. The Rogers RO4003C (with , thickness
mm, and tangent loss ) was assumed as the sub-
strate.
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Fig. 3. Theoretical estimation of the phase variation with the coupling length
for different values of the coupling factor   .
Fig. 4. Theoretical estimation for the relation between the differential phase
shift   and phase deviation with the coupling factor   .
In Fig. 3, the physical length of the microstrip transmission
line is optimized to obtain a minimum deviation in the dif-
ferential phase shift for each value of the coupling. It was found
that should be around , which is the total physical length
of the top and bottom coupled patches.
Fig. 3 indicates an odd symmetry of around the length
. The results in Fig. 3 also reveal that it is possible to
design a phase shifter with wide range of phase shift by varying
value of the coupling factor . The estimated phase range using
(10) extends from 0 to 90 for from 1 down to 0. There are
still two parameters to be checked before judging performance
of the device: the return loss and insertion loss.
According to the results shown in Fig. 3, there is an inverse
relation between and . This conclusion is veriﬁed by plot-
ting in Fig. 4 the average value of and the phase devia-
tion (with respect to the average value) with using the data
of Fig. 3. It is also obvious from this ﬁgure that the maximum
phase deviation around the nominal value of has a direct
proportional relationship with .
Fig. 5. Theoretical estimation of variation of the return loss with the coupling
length for different values of the coupling factor   .
Fig. 6. Theoretical estimation of variation of the insertion loss with the cou-
pling length for different values of the coupling factor   .
Designing a high-performance phase shifter not only requires
phase stability with the least deviation around the nominal value
across the required bandwidth, but it also requires that the device
should have a low insertion loss and a high return loss across
that band. Variation of the return loss and insertion loss with the
coupling length are shown in Figs. 5 and 6 for different values of
the coupling factor by using the absolute value of the parameters
in (6) and (7).
It is clear from Figs. 5 and 6 that there is an even symmetry of
the return loss and insertion loss around the point .
Hence, to achieve the best performance (low insertion loss and
high return loss) over a broad band, should be equal to 90
at the center frequency of operation.
Referring to Figs. 5 and 6, it is important to make sure which
values of give an acceptable performance over the UWB from
3.1 to 10.6 GHz. As mentioned earlier, the length of the cou-
pled structure must be 90 at the center frequency, which is
GHz. Assuming the physical length
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of the coupled structure is constant, then the coupling length
is equivalent to at 3.1 GHz and
at 10.6 GHz. According to Figs. 5
and 6, the return loss is more than 10 dB and the insertion loss is
less than 0.5 dB across the whole UWB (3.1–10.6 GHz) when
.
From Fig. 4, it seems that it is possible to design high-perfor-
mance 25 –48 phase shifters that cover the 3.1–10.6-GHz band
using the proposed model with . A multistage
phase shifter can be designed to achieve a higher range of dif-
ferential phase shift when required. If, in some applications, the
required bandwidth is less than the one used in this paper, other
ranges of phase shifts are possible with the presented method
using only one stage.
III. DESIGN
In order to establish the validity of the proposed method, 30
and 45 phase shifters were designed using the following steps.
From Fig. 4, the coupling should be 0.81 and 0.73 for the 30
and 45 phase shifter, respectively. The return loss, from Fig. 5,
is higher than 12 and 10 dB for the 30 and 45 phase shifter,
respectively, across the 3.1–10.6-GHz band. The insertion loss
is less than 0.4 and 0.5 dB for the 30 and 45 phase shifter,
respectively, across the same band (see Fig. 6).
Depending on value of the coupling, the even and odd
mode characteristic impedances for the coupled patches
are calculated using the following equations:
(11)
where is the characteristic impedance of the mi-
crostrip ports of the coupler. Using for the 30 phase
shifter, the impedances and can be found to be 154.3
and 16.2 , respectively. If the device is designed to have 45
phase shift, and can be calculated to be 126.6 and
19.8 , respectively. To determine dimension of the coupled re-
gion, which gives these impedance values, it is possible to use
the following equations [26]:
(12)
where is the dielectric constant of the substrate, is the
ﬁrst kind elliptical integral, and . The
parameters and are used to ﬁnd the major diameters of
the elliptical coupled microstrip at the top and bottom layers
and slot at the mid layer according to the following
equations [20]:
(13)
(14)
Physical length (secondary diameter) of the elliptical mi-
crostrip/slot coupled structures must be chosen to be equal
to a quarter of the effective wavelength at the center frequency
of operation, i.e., at 6.85 GHz, as proven according to Figs. 3
and 4. It is to be noted that the coupling factor was considered
TABLE I
CALCULATED AND OPTIMIZED VALUES OF THE DESIGN PARAMETERS
constant when calculating each set of results shown in Figs. 3,
5, and 6. However, the measured results for the directional
couplers in [20], which used a broadside coupled structure
similar to the one used in this paper, show that the coupling
factor tends to be lower at the two ends of the frequency band
compared with its value at the center frequency. If this effect is
included into the results shown in Fig. 4, the designed device
is going to have a higher average phase shift at the two ends
compared with its value at the center frequency. On the other
hand, Fig. 3 shows that, for a certain value of the coupling,
is larger than the average value at the lower frequency band
and smaller at the upper frequency band. The combination of
these two factors results in a worse performance at the lower
end and a better performance at the upper end of the frequency
band. Therefore, it is better to design the phase shifter with
a length that is larger than 90 at the center frequency. A
comparative study of the mode of variation of (from Fig. 3)
and measured (from [20]) with frequency indicated that the
widest bandwidth can be achieved when the coupling length
at a center frequency of 6.85 GHz.
The last step in the design procedure is to ﬁnd width of
the reference line and the microstrip lines that connect the phase
shifter to the 50- input/output ports. This can be achieved
using the standard microstrip design equations [25].
Dimension of the phase shifters calculated using the proposed
method are shown in Table I. The phase shifters were assumed
to use a Rogers RO4003C as a substrate. Table I also shows
the ﬁnal dimension after ﬁne tuning using the optimization ca-
pability of the full electromagnetic software package Ansoft
HFSSv10. There is a little difference (less than 5%) between the
calculated and optimized values. This gives a high credibility to
accuracy of the proposed method.
IV. RESULTS AND DISCUSSIONS
To prove the validity of the presented design method, the 30
and 45 phase shifters designed in Section III and aimed for the
operation in the 3.1–10.6-GHz frequency band were manufac-
tured and tested. A Rogers RO4003C, with 17- m-thick con-
ductive coating, is selected for the devices development. A pho-
tograph for one of the manufactured phase shifters is shown in
Fig. 7. Dimension of the phase shifter alone (excluding the ref-
erence transmission line) is 2.5 cm 2 cm. This reveals com-
pactness of the proposed phase shifter.
It is to be noted that, in the manufactured devices, the cou-
pled structure of physical length and the reference transmission
line of physical length are connected to the input/output sub-
miniature A (SMA) connectors using the same additional length
of microstrip transmission lines.
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Fig. 7. One of the manufactured phase shifters. (a) Top layer. (b) Bottom layer.
The upper part of (a) and (b) is the phase shifter, whereas the reference trans-
mission line is shown at the lower part of (a).
Fig. 8. Simulated and measured differential phase shift for the two developed
phase shifters.
The differential phase shift , return loss, and insertion
loss of the designed devices were ﬁrst veriﬁed using the An-
soft HFSSv10 software and then measured using a vector net-
work analyzer. The simulated and measured of the designed
30 and 45 phase shifters are shown in Fig. 8. It is clear that
the designed phase shifter features UWB characteristics. The
value of is 30 3 in the simulations and 30 2.5 ac-
cording to the measured results for the 30 phase shifter across
the 3.1–10.6-GHz band. For the 45 phase shifter, is 45
3 in the simulation and 45 2.3 according to the measured
results across the same UWB. Fig. 8 indicated that the measured
results are close to the simulated results, and both of them are in
good agreement with the theoretical prediction shown in Fig. 4,
which gives an estimation of 30 2.7 and 45 2.4 for the
differential phase shift for the two phase shifters. The general
shape of differential phase variation with frequency is also in
good agreement with results of the theoretical analysis shown
in Fig. 3.
The combined effect of using a coupling length equal to 110
(instead of 90 ) and the nonconstant value of on can be
seen in Fig. 8. The measured value of at the lower frequency
band is almost equal to its value at the higher frequency band for
Fig. 9. Simulated and measured return loss for the two developed phase
shifters.
Fig. 10. Simulated and measured insertion loss for the two developed phase
shifters.
the 45 phase shifter. In the case of the 30 phase shifter,
is almost constant during most of the frequency band.
The simulated and measured return loss for the 30 phase
shifter is better than 12 dB according to the simulations and
better than 10 dB in the measured results across the whole UWB
(see Fig. 9). It is always better than 15 dB in the 3.7–11-GHz
band. Concerning the 45 phase shifter, the return loss is better
than 10 dB in the 3.3–10.6-GHz band, as shown in Fig. 9. The
return loss of this phase shifter is always better than 18 dB in
the 4.2–10.2-GHz band. There is a good agreement between the
measured and simulated results shown in Fig. 9 and the theo-
retical estimation shown in Fig. 5, except a little discrepancy at
the lower part of the frequency band, i.e., around 3 GHz. This
discrepancy can be justiﬁed by the combined effect of using a
longer coupled structure and the nonconstant value of .
In Fig. 10, the simulated and measured insertion loss for the
30 and 45 phase shifters is shown. The simulated insertion
loss for the 30 phase shifter is better than 0.6 dB, whereas it
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is better than 0.85 dB according to the measured results in the
3.1–10.6-GHz band. Concerning the 45 phase shifter, the sim-
ulated and measured insertion loss is better than 0.8 and 1 dB,
respectively, across the 3.1–10.6-GHz band, as shown in Fig. 10.
There is a little difference between the measured and sim-
ulated results shown in Fig. 10. The measured insertion loss is
more than the simulated value by approximately 0.15 dB, on av-
erage, for the two phase shifters. This additional insertion loss
comes from the two SMA connectors, which were used in the
measurements, but not included in the simulations. According
to the data sheet of the used connectors, their insertion loss in-
creases with frequency and becomes more than 0.1 dB per con-
nector after 6 GHz.
V. CONCLUSION
Simple and clear guidelines have been presented to design
compact planar phase shifters with UWB characteristics. The
proposed method exploits broadside coupling between top and
bottom elliptical microstrip patches via an elliptical slot located
in the mid layer, which forms the ground plane. A theoretical
model has been used to analyze performance of the proposed
devices. The model has shown that it is possible to design high-
performance UWB phase shifters for the 25 –48 range using
the proposed structure. The design method has been used to de-
sign 30 and 45 phase shifters, which have compact size, i.e.,
2.5 cm 2 cm. The simulated and measured results have shown
that the designed phase shifters have better than 3 phase sta-
bility, less than 1-dB insertion loss, and better than 10-dB return
loss across the UWB from 3.1 to 10.6 GHz.
The UWB behavior, compactness, and easy of fabrication of
the presented phase shifters should attract considerable interest
from designers of wireless systems, in general, and UWB sys-
tems, in particular.
The multilayer broadside-coupled conﬁguration of the
proposed device is especially suitable for implementation in
modern multilayer structures such as the laminated multichip
modules (MCMs-L) and low temperature co-ﬁred ceramics
(LTCC). In such structures, broadside coupling is much pre-
ferred from a reproducibility and loss perspective.
REFERENCES
[1] B. Schiffman, “A new class of broadband microwave 90-degree phase
shifters,” IRE Trans. Microw. Theory Tech., vol. MTT-6, no. 4, pp.
232–237, Apr. 1958.
[2] C. Free and C. Aitchison, “Improved analysis and design of coupled-
line phase shifters,” IEEE Trans. Microw. Theory Tech., vol. 43, no. 9,
pp. 2126–2131, Sep. 1995.
[3] B. Schiffman, “Multisection microwave phase-shift network,” IEEE
Trans. Microw. Theory Tech., vol. 14, no. 4, p. 209, Apr. 1966.
[4] J. Shelton and J. Mosko, “Synthesis and design of wideband equal-
ripple TEM directional couplers and ﬁxed phase shifters,” IEEE Trans.
Microw. Theory Tech., vol. MTT-14, no. 10, pp. 246–252, 462–473,
Oct. 1966.
[5] V. Meschanov, I. Metelnikova, V. Tupikin, and G. Chumaevskaya, “A
new structure of microwave ultrawide-band differential phase shifter,”
IEEE Trans. Microw. Theory Tech., vol. 42, no. 5, pp. 762–765, May
1994.
[6] B. Schiek and J. Kohler, “A method for broadband matching of mi-
crostrip differential phase shifters,” IEEE Trans. Microw. Theory Tech.,
vol. MTT-25, no. 8, pp. 666–671, Aug. 1977.
[7] J. Quirarte and J. Starski, “Novel Schiffman phase shifters,” IEEE
Trans. Microw. Theory Tech., vol. 41, no. 1, pp. 9–14, Jan. 1993.
[8] D. Chai, M. Linh, M. Yim, and G. Yoon, “Asymmetric Teﬂon-based
Schiffman phase shifter,” Electron. Lett., vol. 39, no. 6, pp. 529–530,
2003.
[9] C. Tresselt, “Broad-band tapered-line phase shift networks,” IEEE
Trans. Microw. Theory Tech., vol. MTT-16, no. 1, pp. 51–52, Jan.
1968.
[10] F. Minnaar, J. Coetzee, and J. Joubert, “A novel ultrawideband mi-
crowave differential phase shifter,” IEEE Trans. Microw. Theory Tech.,
vol. 45, no. 8, pp. 1249–1252, Aug. 1997.
[11] J. Taylor and D. Prigel, “Wiggly phase shifters and directional couplers
for radio-frequency hybrid-microcircuit applications,” IEEE Trans.
Parts, Hybrids, Packag., vol. PHP-12, no. 4, pp. 317–323, Dec. 1976.
[12] H. Ahn and I. Wolff, “Asymmetric ring-hybrid phase shifters and
attenuators,” IEEE Trans. Microw. Theory Tech., vol. 50, no. 4, pp.
1146–1155, Apr. 2002.
[13] S. Eom, “Broadband 180 bit phase shifter using    coupled line and
parallel   stubs,” IEEE Microw. Wireless Compon. Lett., vol. 14, no.
5, pp. 228–230, May 2004.
[14] Z. Jin, S. Ortiz, and A. Mortazawi, “Design and performance of a
new digital phase shifter at-band,” IEEE Microw. Wireless Compon.
Lett., vol. 14, no. 9, pp. 428–430, Sep. 2004.
[15] S. Cheng, E. Öjefors, P. Hallbjörner, and A. Rydberg, “Compact reﬂec-
tive microstrip phase shifter for traveling wave antenna applications,”
IEEE Microw. Wireless Compon. Lett., vol. 16, no. 7, pp. 413–433, Jul.
2006.
[16] A. Weily, T. Bird, K. Esselle, and B. Sanders, “Woodpile EBG phase
shifter,” Electron. Lett., vol. 42, no. 25, pp. 1463–1464, Dec. 2006.
[17] S. Gruszczynski, K. Wincza, and K. Sachse, “Design of compensated
coupled-stripline 3-dB directional couplers, phase shifters, and magic-
T’s—Part I: Single-section coupled-line circuits,” IEEETrans.Microw.
Theory Tech., vol. 54, no. 11, pp. 3986–3994, Nov. 2006.
[18] S. Gruszczynski, K. Wincza, and K. Sachse, “Design of compensated
coupled-stripline 3-dB directional couplers, phase shifters, and magic-
T’s—Part II: Broadband coupled-line circuits,” IEEE Trans. Microw.
Theory Tech., vol. 54, no. 9, pp. 3501–3507, Sep. 2006.
[19] Y. Guo, Z. Zhang, and L. Ong, “Improved wideband Schiffman
phase shifter,” IEEE Trans. Microw. Theory Tech., vol. 54, no. 3, pp.
1196–1200, Mar. 2006.
[20] A. Abbosh and M. Bialkowski, “Design of compact directional cou-
plers for UWB applications,” IEEE Trans. Microw. Theory Tech., vol.
55, no. 2, pp. 189–194, Feb. 2007.
[21] H. Riblet, “A mathematical theory of directional couplers,” Proc. IRE,
vol. 35, no. 11, pp. 1307–1313, Nov. 1947.
[22] B. Oliver, “Directional electromagnetic couplers,” Proc. IRE, vol. 42,
no. 11, pp. 1686–1692, Nov. 1954.
[23] E. Jones and J. Bolljahn, “Coupled-strip transmission line ﬁlters and
directional couplers,” IEEE Trans. Microw. Theory Tech., vol. 4, no. 2,
pp. 75–81, Feb. 1956.
[24] J. Reed and G. Wheeler, “A method of analysis of symmetrical four-
port networks,” IEEE Trans. Microw. Theory Tech., vol. MTT-4, no. 4,
pp. 246–252, Apr. 1956.
[25] D. Pozar, Microwave Engineering, 3rd ed. New York: Wiley, 2005.
[26] M. Wong, V. Hanna, O. Picon, and H. Baudrand, “Analysis and de-
sign of slot-coupled directional couplers between double-sided sub-
strate microstrip lines,” IEEE Trans. Microw. Theory Tech., vol. 39,
no. 12, pp. 2123–2128, Dec. 1991.
Amin M. Abbosh was born in Mosul, Iraq. He re-
ceived the M.Sc. degree in communication systems
and Ph.D. degree in microwave engineering from
Mosul University, Mosul, Iraq, in 1991 and 1996,
respectively.
Until 2003, he was Head of the Information Engi-
neering Department, Mosul University. In 2004, he
joined the Centre for Wireless Monitoring and Ap-
plications, Grifﬁth University, as a Post-Doctoral Re-
search Fellow. He is currently a Research Fellowwith
the School of Information Technology and Electrical
Engineering, The University of Queensland, St. Lucia, Australia. His research
interests include antennas, radio-wave propagation, microwave devices, and de-
sign of UWB wireless systems.
PAPER [78]
efﬁciency according to temperature are large. But, a GaN HEMT
PA is less sensitive to temperature than a Si LDMOS PA, as shown
in Figure 8(b). The small ACLR degradation due to temperature is
easily restored by the adaptive control of the vector modulator in
the PA.
Figure 9 shows the measured characteristics of Si LDMOS and
GaN HEMT PAs according to operating frequency from 2.11 to
2.17 GHz. For a Si LDMOS PA, the gain, drain efﬁciency, and
ACLR characteristics are seriously degraded according to fre-
quency change, as illustrated in Figure 9(a). Especially, the ACLR
is not easily restored by adaptively controlling the vector modu-
lator. Figure 9(b) shows the stable frequency performance of a
GaN HEMT PA.
4. CONCLUSIONS
We have analyzed the performance of the GaN HEMT and Si LD-
MOS transistors in analog predistortion PAs for WCDMA applica-
tions. To verify this method, two PAs using GaN HEMT and Si
LDMOS transistors have been implemented at 2.14 GHz and tested
using one-tone and 4-carrier WCDMA signals. For a single tone, a
GaN HEMT PA shows less gain and phase deviations according to
output power levels, and less gain and drain efﬁciency changes with
respect to quiescent current (IDQ) compared with a Si LDMOS PA.
For a 4-carrier WCDMA signal, the analog PD is very suitable to a
GaN HEMT PA, so a Pout of 37.5 dBm with 26.2% drain efﬁciency
are achieved at an ACLR of45dBc, which is an improvement of 1.5
dBm and 8.7% with respect to a Si LDMOS PA. For the variations of
temperature and operating frequency, a GaN HEMT PA is less
sensitive and easily resorted by the adaptive control of the PD com-
pared with a Si LDMOS PA. From the experimental results, the
analog predistortion GaN HEMT PA can be a effective and stable
solution for the repeater systems that require good efﬁciency as well
as good linearity.
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ABSTRACT: The design of a ﬁxed phase shifter for C-band applica-
tions is presented. The proposed device is composed of two parts: a
quadrature 3-dB directional coupler and the Wilkinson combiner. The
quadrature coupler used in the proposed phase shifter is based on the
edge-coupled microstrip lines with a slotted ground plane to make the
gap required between the coupled lines feasible. The simulated and
measured results of the phase shifter show a 45°  5° ﬁxed phase shift
across the band 4–8 GHz with less than 1-dB insertion loss and better than
12-dB return loss at the centre of the C-band. The designed device also
shows a ﬂat group delay, which enables its use in a narrow pulse transmis-
Figure 9 The measured characteristics of two PAs according to the
variation of operating frequency for a 4-carrier WCDMA signal at a Pout
of 34 dBm. [Color ﬁgure can be viewed in the online issue, which is
available at www.interscience.wiley.com]
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sion/reception and in the high data rate systems. The designed phase shifter
has a compact size with dimensions of 30 mm  30 mm. © 2007 Wiley
Periodicals, Inc. Microwave Opt Technol Lett 50: 396–399, 2008;
Published online in Wiley InterScience (www.interscience.wiley.com).
DOI 10.1002/mop.23133
Key words: phase shifter; Wilkinson combiner; quadrature coupler
1. INTRODUCTION
Phase shifters are important components for many applications,
such as phase modulators, phased array antennas, radars, and
measurement systems. In these and many other applications, and to
get wideband performance, phase shifters are usually realized in
planar technology using the stripline or microstrip lines. The
factors that should be considered when designing a phase shifter
are bandwidth, differential phase shift, phase errors, insertion
losses, complexity, and size.
To achieve the broadband operation of the phase shifters, the
approach of the coupled transmission lines is usually employed.
One of the earliest designs that used the coupled lines method to
construct broadband phase shifters is Schiffman differential phase
shifter [1]. Although it can achieve 90° differential phase shift over
a broadband, the measured results of Schiffman’s phase shifter
indicate a high phase ripple (10°). To design an edge-coupled
phase shifter with an acceptable phase ripple, some authors pro-
posed the use of the tandem conﬁguration [2] and the cascaded
multiple coupled sections [3–5]. However, tandem conﬁguration
requires wire crossovers, which is inconvenient from the manu-
facturing point of view, whereas to achieve a broadband perfor-
mance in the cascaded connection, an extremely tight coupling is
still required which may not be realizable in a given practical
conﬁguration.
A compact version of the Schiffman phase shifter was intro-
duced in [6]. Although the proposed design uses a smaller area and
it is a cost effective one compared with the original design, it has
a narrow bandwidth. In another approach to improve the perfor-
mance of the edge-coupled phase shifters, Taylor and Prigel [7]
used a wiggling technique to design a broadband phase shifter. The
design presented in [7] shows narrowband characteristics and
suggests fabrication difﬁculties because of the very narrow space
required between the coupled lines to accomplish a good perfor-
mance.
Recently, a compensation technique has been proposed as a
possible solution to improve the performance of the previously
designed phase shifters [8]. However, the use of the proposed
compensation technique did not increase the useful phase-stable
bandwidth; actually it resulted in a higher insertion loss.
The reﬂection type phase shifter has also been investigated [9].
However, it has the disadvantage of narrow bandwidth, large phase
error, and large size due to the design’s dependency on wave-
length. In a recent design [10], a slow wave microstrip line has
been used to make the reﬂection type phase shifter compact in size.
However, it still has a narrowband performance.
In this article, a quadrature directional coupler and the Wilkin-
son combiner are connected in series to form a ﬁxed phase shifter
with broadband performance. The quadrature coupler, which is
used in the presented design, is an edge-coupled line with a slotted
ground plane to relax the required gap between the coupled lines
and make the manufacturing process easy.
2. ANALYSIS
A diagram of the proposed phase shifter is shown in Figure 1. It is
composed of two devices: a 3-dB quadrature directional coupler
and the Wilkinson combiner. The two components of the phase
shifter are integrated in one printed circuit board.
The operation of the ﬁxed phase shifter can be explained as
follows. Assuming that the input signal to the device is a0 then the
direct and coupled output from the quadrature coupler a1 and a2,
respectively, are given as;
a1
aoe
jl1
2 (1)
a2
aoe
jl1/ 2
2 (2)
where l1 is length of the quadrature coupler. Note that the fourth
port of the coupler, i.e. the isolated port, is connected to a matched
load.
The two signals a1 and a2, which are the outputs from the direct
and coupled ports of the coupler, are the inputs to the second stage
of the phase shifter, i.e. the combiner. The output from the com-
biner a3, which is also the output from the phase shifter, is equal
to;
a3
aoe
jl1l2
2 1e
j/ 2	
aoe
jl1l2/4 (3)
where l2 is length of the combiner.
To ﬁnd the differential phase shift due to the use of the
proposed device, it is possible to compare between the phase shift
owing to the device and the phase shift due to the use of a
reference transmission line with the same signal input and the
same length, which should be (l1  l2). The signal output from the
reference line, which is a 50-  microstrip transmission line in this
case, is equal to;
ar aoe
jl1l2 (4)
Comparing (3) with (4), the differential phase shift  between
the output signal from the proposed device and the output from the
reference transmission line is equal to /4 (or 45°).
3. DESIGN
Conﬁguration of the proposed 45° phase shifter is shown in Figure
2. It consists of two parts connected in series: the ﬁrst part is a
backward quadrature directional coupler, whereas the second part
is the Wilkinson power combiner. The quadrature coupler is de-
signed using a double sided printed circuit board. The top layer
contains the two coupled microstrip lines with a length equal to
quarter of the effective wavelength calculated at the centre fre-
quency of operation, whereas the ground plane is located at the
bottom layer, see Figure 2. There is a rectangular slot made at the
Figure 1 The proposed ﬁxed phase shifter
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ground plane underneath the coupled lines. The slot at the ground
plane was used to relax the requirement for a narrow spacing
between the edge-coupled lines when the tight coupling of 3 dB is
needed, as for the device presented in this article. The coupled
lines of the coupler are twisted in the proposed structure to make
length of the paths for the two signals (a1 and a2 in Fig. 1) equal.
The isolated port of the coupler is terminated in a matched load, as
shown in Figure 2.
The coupler can be fully analyzed and its initial dimension can
be estimated using the even- and odd-mode analysis [11], the
conformal mapping [12] and the image technique [13] following
the steps which are explained brieﬂy hereafter. If the input/output
impedance of the coupler is Z0 
 50  and the coupling factor is
3 dB then values of the required even- and odd-mode impedances
of the coupled-lines can be found to be 120.5  and 20.7 ,
respectively, by using the formulas in [11]. Assuming a quasi
transverse electromagnetic propagation, the relation between the
calculated even- and odd-mode impedances of the coupled-lines
and its dimensions can be found using the conformal mapping
technique [12] and the image theory [13]. From which, the initial
values of the design parameters can be estimated. The optimization
capability of the software Ansoft HFSSv10 can then be used to
obtain the ﬁnal dimensions of the coupler.
The second part of the device is the Wilkinson combiner [11].
The two output signals from the quadrature coupler are connected
to the two inputs of the combiner using a 50- microstrip lines
with width equal to wf till the location of a junction, where the
100- resistance is connected, see Figure 2. After which, two
transmission lines with length equal to quarter wavelength calcu-
lated at the centre frequency of operation (6 GHz), and a width wm,
which gives a characteristic impedance equal to 2  50
 70.7, are used. The ﬁnal stage of the combiner, and the phase
shifter, is a 50-  microstrip line. Width of the microstrip lines
required to build the combiner can be calculated using the design
equations in [11].
4. RESULTS
The validity of the presented device was tested by designing a 45°
phase shifter aimed for the operation across the C-band (4–8
GHz). Rogers RO4003C (with dielectric constant 
 3.38, thick-
ness 
 0.508 mm, loss tangent 
 0.0027) was selected as a
substrate for the device. The software HFSSv10 was used to
optimize values of the design parameters. The optimization was
aimed to obtain the highest possible phase stability within the
C-band. Assuming that the centre frequency of operation is 6 GHz
(for the C-band), the optimized dimensions of the designed phase
shifter (wc, ws, wf, s, l, wm, and lm) are equal to 1, 7.2, 1.1, 0.13,
8.2, 0.6, and 6.7 mm, respectively. The overall dimension of the
phase shifter is 30 mm  30 mm indicating a compact size.
The differential phase shift (), return loss, and insertion loss
of the designed device were veriﬁed using the software Ansoft
HFSSv10, whereas the measurements were done using a vector
network analyzer. The simulated and measured  of the designed
45° phase shifter is shown in Figure 3. It is clear that the designed
phase shifter features broadband characteristics with the differen-
tial phase shift equals to 45°  5° across the C-band (4–8 GHz).
In addition to the phase stability, a high performance phase
shifter should have a low insertion loss from the input to the output
Figure 2 Conﬁguration of the proposed device. [Color ﬁgure can be
viewed in the online issue, which is available at www.interscience.wiley.
com]
Figure 3 Variation of the differential phase shift with frequency. [Color
ﬁgure can be viewed in the online issue, which is available at www.inter-
science.wiley.com]
Figure 4 The insertion loss and the return loss of the phase shifter.
[Color ﬁgure can be viewed in the online issue, which is available at
www.interscience.wiley.com]
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port and a high return loss at the input and output ports across the
band of operation. Concerning the presented device, the insertion
loss is less than 1 dB, whereas the return loss is better than 12 dB
at the centre of the C-band as shown in Figure 4. There is a good
agre ement between the measured and simulated results in Figures
3 and 4.
There is another parameter that can be used to assess the
performance of the phase shifter: it is the group delay [11]. To
handle a narrow pulse operation or a high data rate transmission/
reception, the group delay of the device should show a low
ﬂuctuation around the mean value. The phase shifter presented in
this article has almost a constant group delay (less than 0.05-ns
peak ﬂuctuation) across the C-band as depicted in the simulated
results in Figure 5.
5. CONCLUSION
The design of a broadband ﬁxed phase shifter for C-band appli-
cations has been presented. The proposed device is composed of
two parts: a quadrature 3-dB directional coupler and the Wilkinson
combiner. The directional coupler utilized in the design is based on
the edge-coupled microstrip lines. A slotted ground plane was used
underneath the coupled lines to relax the required gap between the
coupled lines and make the manufacturing process easy. The phase
shifter presented in this article has shown a 45°  5° ﬁxed
differential phase shift across the band 4–8 GHz with less than
1-dB insertion loss and better than 12-dB return loss at the centre
of the C-band. The designed device has also shown a ﬂat group
delay, which enables its use in a narrow pulse transmission/
reception and in the high data rate systems. The designed phase
shifter has a compact size with dimensions of 30 mm  30 mm.
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ABSTRACT: The design of a rectangular cavity resonator implies to
solve the Maxwell equations inside that cavity, respecting the boundary
conditions. The resonance frequencies appear as conditions in the solu-
tions of those equations. When a small piece of a magnetic material is
introduced in the cavity, the resonance frequency and the quality factor
changes. These effects can be used in the measurement of the perme-
ability of the material. The relations are derived from the perturbation
theory of resonant cavities and are simple when we consider only the
ﬁrst-order perturbation in the magnetic ﬁeld caused by the sample. This
is guaranteed when linearity exists between the measured perturbation
and the volume of the inserted sample. In this work, a resonant cavity to
measure the magnetic permeability of a material, at 2.16 GHz, was de-
veloped and characterized. © 2007 Wiley Periodicals, Inc. Microwave
Opt Technol Lett 50: 399–402, 2008; Published online in Wiley Inter-
Science (www.interscience.wiley.com). DOI 10.1002/mop.23098
Key words: resonant cavity; microwaves; perturbation theory; perme-
ability
Figure 5 Variation of the group delay with frequency. [Color ﬁgure can
be viewed in the online issue, which is available at www.interscience.
wiley.com]
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Broadband Fixed Phase Shifters
Amin M. Abbosh, Senior Member, IEEE
Abstract—Amethod to design planar and compact phase shifters
with broadband characteristics is presented. It utilizes broadside-
coupled microstrip-coplanar waveguide, and thus the proposed de-
vices can be fabricated using the simple and cheap double-side
printed circuit boards. The method is used to design 60 and 90
phase shifters. The simulated and measured results show that the
developed phase shifters achieve 3 to 11 GHz bandwidth with low
phase instability    , very low insertion loss (0.4 dB), high re-
turn loss (15 dB), and a compact size      .
Index Terms—Coupled transmission lines, electromagnetic cou-
pling, phase Shifters, planar transmission lines.
I. INTRODUCTION
P HASE shifters are key devices in many microwave sys-tems, such as intelligent antennas, microwave instrumen-
tations, modulators, to name a few.
The conventional approach to design planar phase shifters
is to use the Schiffman differential phase shifter or one of its
variations that rely on the edge-coupled transmission lines [1].
However, a very narrow gap between the edge-coupled lines is
needed for a broadband performance.
In an important development, multilayer broadside-coupled
structures were utilized to build ultra-wideband (UWB) phase
shifters with excellent performance [2]. This multilayer phase
shifter has recently been utilized to build UWBButler matrix for
switched beam antenna array that operates across the range 3.1
to 10.6GHz [3]. However, themultilayer conﬁguration is not the
preferred option for some applications which require the use of
the simple and low-cost printed circuit board (PCB) technology.
Moreover, the multilayer structure could pose some manufac-
turing challenges as any error in the alignment of the different
layers may cause a signiﬁcant degradation in the performance.
In recent developments, reﬂective-, active-, liquid crystal
polymer-, metamaterials-, and substrate integrated wave-
guide-based phase shifters are proposed [4]–[10]. However,
all of those types have either a limited relative bandwidth
(10%-40%) or a high insertion loss (2 to 5 dB), in addition to
their complicated and costly manufacturing process.
In this letter, a broadside-coupled microstrip-coplanar
waveguide (CPW) structure is utilized to develop broadband
phase shifters. The proposed approach enables the use of PCB
to develop phase shifters with low phase variation ,
very low insertion loss , and high return loss
.
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Fig. 1. Proposed structure of the phase shifter. (a) Top layer. (b) Bottom layer.
(c) Side view of the whole structure.
II. PROPOSED DEVICE
The conﬁguration of the proposed phase shifter is shown in
Fig. 1. It can be classiﬁed as a two-section broadside-coupled
microstrip-CPW structure. Those two sections are connected to-
gether via a short length of CPW in the bottom layer. Two sec-
tions are used to achieve a uniplanar structure (input and output
ports at the same layer) with one form of transmission lines, and
to increase the range of the achievable phase shift. The elliptical
shape for the coupled structure depicted in Fig. 1 is used because
of its ability to achieve an almost constant coupling factor over
a wide band [2].
Following the analysis of the multisection coupled structures
[11], it is possible to show that the effective scattering parame-
ters for the two-section broadside-coupled structure ( and
) shown in Fig. 1(c) are given as
(1a)
(1b)
(1c)
where and are the scattering parameters for one section
of the coupled structure, is the coupling factor between the
top and bottom layer of a one-section broadside-coupled struc-
ture, is the effective phase constant in the medium of the
coupled structure, and is the physical length of the coupled
structure.
1531-1309/$26.00 © 2010 IEEE
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Fig. 2. Capacitances of the used structure for the two modes of operation. (a)
 -mode (b)-mode.
If the device is designed properly such that , the
differential phase shift of the output signal compared to
a normal microstrip transmission line of length and phase
constant can be found from (1a)–(1c)
(2)
The main reason behind the possibility of achieving a con-
stant as given in (2) across the UWB is the constant of
the utilized structure across that band. The effect of the varia-
tion in with frequency can be compensated by the reverse
effect of . This step requires the optimization of for a
minimum deviation in across the UWB.
Following the analysis presented in [2], it is possible to show
using(2) that, foraUWBperformance, theproposedstructurecan
achieve a phase shift across the range from 30 to 90 . The cou-
pling factor is the parameter that can be used to control value
of the differential phase shift. After calculating the value of
needed to achieve the required phase shift from (2), the physical
dimensions for the structure are to be found. Thus, the relation
between the coupling factor and the physical dimensions of
each section of the device shown in Fig. 1 needs to be derived.
The structure depicted in Fig. 1 can be analyzed using the
-and -mode approach. For the -mode, the two layers are
excited in-phase, whereas in the -mode, the top and bottom
layers are out-of-phase with respect to the ground.
Assuming a quasi transverse electromagnetic propagation,
the electrical characteristics of the coupled lines can be com-
pletely determined from the effective capacitances per unit
length of the lines and the phase velocity on the lines [11].
Therefore, the structures shown in Fig. 2 can be used to analyze
the proposed device.
For each of the two modes of propagation, the capacitance
for each of the two coupled lines can be determined from
Fig. 2. The -mode capacitance for the microstrip and
the are equal to
(3a)
The -mode capacitance for the microstrip and the
are equal to
(3b)
Using the quasi-static approach with the help of the con-
formal mapping technique, the capacitances shown in Fig. 2 can
be calculated as a function of the coupled structure’s dimension
(4a)
Fig. 3. (a) Top and (b) bottom view of the developed 60 phase shifter.
(4b)
(4c)
(4d)
and are the ﬁrst kind elliptical integral and its com-
plementary, respectively, , , and are the diameters
shown in Fig. 2, and is the thickness of the substrate.
The characteristic impedance of each of the two lines (mi-
crostrip at the top layer and CPW at the bottom layer) at any of
the two modes can be found as follows [10]:
(5)
The subscript refers to the line ( for microstrip and for
CPW) and refers to the mode ( for -mode and for
-mode), is velocity of light in free space, and is the
dielectric constant of the substrate.
The structure shown in Figs. 1 and 2 is asymmetrical. There-
fore, the analysis approach for asymmetrical broadside-coupled
lines is used [12]. Hence, it is possible to ﬁnd the coupling factor
between the top layer and the bottom layer ( ) using the fol-
lowing equation [12]:
(6)
For a perfect matching between the coupled structure and the
input/output ports, which have characteristic impedance
, the -and -mode impedances of the coupled microstrip
patches should satisfy the following relation [12]:
(7)
The coupling factors as a function of the capacitances can be
obtained by substituting from (3) and (5) into (6). The design
(4)–(6) can now be used to ﬁnd the initial dimensions ( , ,
and ) of the device.
Concerning lengths of the coupled structure ( and ), they
are initially chosen to be equal to quarter of the effective wave-
length at the centre of the passband (6.85 GHz). The length is
less than by the value of the narrow slot needed in the ground
plane to form the CPW.
PAPER [80]
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Fig. 4. Phase performance of the designed devices.
Fig. 5. S-parameters of the designed devices.
III. RESULTS
To test the performance of the proposed device, 60 and
90 phase shifters were designed and fabricated using Rogers
RT6010 ( , ) as the substrate. The
proposed design method was used to calculate the initial di-
mensions of the devices, whereas the ﬁnal dimensions were
found using the optimization capability of the software HFSS.
It was noted that the absolute difference between the initial and
the optimized values is less than 12% reﬂecting the accuracy of
the utilized theoretical analysis.
The optimized dimensions in (mm) are ,
, , , , and for the 60
device, and , , , ,
, and for the 90 device. The distance has
no signiﬁcant impact on the performance, and for a compact
structure, it is chosen to be as small as possible; mm
for the 60 device, and 1.03 mm for the 90 device. Size of the
devices excluding the reference line is . A photo
of one of the developed devices is shown in Fig. 3.
The performance of the designed devices was veriﬁed using
the software HFSS and then measured using a vector network
analyzer. The simulated and measured of the 60 , and 90
phase shifters are shown in Fig. 4. The value of is in
the simulations and according to the measured results
for the 60 phase shifter across the band from 3.5 to 12 GHz. It
is interesting to see from Fig. 4 that the achieved phase shift of
this device is almost constant at 60 across the band from 4 GHz
to more than 12 GHz. For the 90 phase shifter, is
for the band 3 to 11 GHz.
The S-parameters of the developed devices are shown in
Fig. 5, which reveals a passband of 2.8 GHz to more than
12 GHz for the 60 phase shifter and 2.8 to 11 GHz for the 90
phase shifter assuming the 10 dB return loss as a reference. The
insertion losses of the two phase shifters are less than 0.2 dB
in the simulations and less than 0.4 dB in the measurements
across those passbands. Fig. 5 also shows that the return losses
of the two developed phase shifters are more than 15 dB across
most of the passbands.
The performance of the developed devices is also tested
when connected as a complete differential phase shifter using
two single-pole double-throw switches. It was noted that the
phase performance and the return loss are exactly as shown in
Figs. 4 and 5, whereas the insertion losses increase by 0.45 dB
due to the use of those switches as proven by their technical
speciﬁcations.
IV. CONCLUSION
A broadband phase shifter that can achieve a constant differ-
ential phase has been presented. The device utilizes a broadside-
coupled microstrip-CPW structure, which enables a simple and
cheap manufacturing process using the printed circuit board’s
technology. A complete design procedure has been presented
for the proposed device that has a compact size of .
The simulated and measured results of the developed 60 , and
90 phase shifters have shown 3 to 11 GHz bandwidth.
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ABSTRACT: A planar phase shifter with ultra-wideband performance
is presented. The proposed device utilizes a single-section broadside-
coupled coplanar waveguide structure that can be implemented using a
double-sided printed circuit board. The conformal mapping technique is
used to ﬁnd the proper dimensions of the device. The simulated and
measured results of a 45 phase shifter designed using the proposed
structure show more than 110% fractional bandwidth with a maximum
phase deviation of 63.3 and maximum insertion loss of 0.8 dB. VC 2011
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1. INTRODUCTION
Phase shifters have numerous applications, such as phased
arrays, microwave instrumentation and phase modulators, to
name a few. With the recent introduction of the ultra-wideband
(UWB) standard (3.1–10.6 GHz), there has been a huge interest
in developing different types of microwave devices that have
the required performance across the above-mentioned band. One
of those devices is the phase shifter.
Microwave phase shifters should have a constant differential
phase shift as compared with a conventional transmission line
across the band of interest. They should also have a low inser-
tion loss, and thus, a high return loss across that band. For
UWB applications, those requirements should be maintained
across the band from 3.1 to 10.6 GHz. One of the utilized
approaches to develop a wideband phase shifter is to use T-
shaped open stub loaded transmission line [1]. The measured
results indicate an 83% bandwidth [1], which is not enough for
UWB systems. In another approach that is derived from Ref. 1,
a combination of parallel stubs and ground slots are used to
build a UWB phase shifter [2]. The dimensions of the utilized
slots in the ground plane the stubs that load the main transmis-
sion line are obtained via trial-and-error. The experimental
results show a relatively large phase deviation (65).
In a recent development, broadside-coupled microstrip/micro-
strip and microstrip/coplanar waveguide (CPW) structures have
been proposed to design UWB phase shifters [3, 4]. Concerning
the microstrp/microstrip conﬁguration, multilayer structure with
four dielectric and ﬁve conductive layers is needed, and thus, it
is not suitable for the printed circuit board (PCB) technology.
The microstrip/CPW conﬁguration has recently been proposed
[4] to eliminate the multilayer requirement of the previous
broadside-coupled structure [3]. However, two coupled sections
are needed to maintain the use of one type of transmission line
for the easy integration with other microwave devices.
In this letter, a simple technique that can be implemented on
a two-sided PCB using only one coupled section is proposed to
design a UWB phase shifter. It utilizes the strong broadside
electromagnetic coupling between a CPW at the top side and a
similar structure at the bottom side of the substrate. A complete
design method for the proposed device is presented. The simu-
lated and measured results of a 45 phase shifter designed using
the proposed method to validate its UWB performance.
2. PROPOSED PHASE SHIFTER
The geometry of the proposed device is shown in Figure 1. It
consists of two CPW patches that are connected to the input and
output ports and facing each other at the top and bottom side of
the substrate. The two patches are strongly coupled in the broad-
side direction.
To ﬁnd the phase shift performance of the device, the differ-
ential phased shift is calculated by comparing the phase shift
introduced by the proposed device with a 50-X reference CPW
transmission line. In addition to the differential phase shift, the
performance of the device is also deﬁned by the return loss and
insertion loss at the passband.
For phase shifters that utilize coupled structures, the coupling
factor is the parameter that can be used to control the value of
the differential phase shift. The relation between them is derived
in Ref. 3. It is possible to show that to design, for example, 45
phase shifter, the coupling factor (Cf) should be 0.73.
Figure 1 Top (a) and bottom (b) view of the proposed device. [Color
ﬁgure can be viewed in the online issue, which is available at
wileyonlinelibrary.com]
Figure 2 Electric ﬁeld lines in the (a) even-mode and (b) odd-mode.
[Color ﬁgure can be viewed in the online issue, which is available at
wileyonlinelibrary.com]
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The structure depicted in Figure 1 can be analysed using the
even–odd mode approach. For the even-mode, the top and bot-
tom CPW are excited in-phase [Fig. 2(a)], whereas in the odd-
mode, the two CPWs are excited out-of-phase [Fig. 2(b)]. To
achieve a coupling factor equal to 0.73, the required even-mode
impedance (Zoe) and odd-mode impedance (Zoo) for the coupled
structure that has input/output port impedances of Zo can be cal-
culated using the following relations
Zoe ¼ Zo
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1þ cf
1 cf
r
(1)
Zoo ¼ Zo
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
1 cf
1þ cf
r
(2)
For 50-X port impedances, Zoe and Zoo are equal to 126.6
and 19.8 X, respectively. Assuming a quasi transverse electro-
magnetic propagation, the electrical characteristics of the
coupled lines can be determined using the effective capacitors
per unit length of the lines and the phase velocity on the lines
[3]. Therefore, the structures shown in Figure 2 can be used to
calculate the effective total capacitors at the two modes. The
total even-mode capacitor per unit length is the sum of two
components that represent the electric ﬁelds in the upper (or
lower) free space and middle dielectric material. The expres-
sions for these two capacitors can be found by mapping each of
the regions ﬁrst into a half-plane and then into the well-known
parallel-plate conﬁguration [5]. In the calculations, a magnetic
wall is assumed along the line of symmetry passing at the mid-
dle of the substrate as shown in Figure 2(a). The total odd-mode
capacitor per unit length is calculated in the same manner after
assuming an electric wall across the line of symmetry as shown
in Figure 2(b).
Using the conformal mapping technique as explained above,
it is possible to show that the even-mode capacitor per unit
length (Ce) and the odd-mode capacitor per unit length (Co) are
Ce ¼ 2eo½Kðk1Þ=K0ðk1Þ þ erKðk2Þ=K0ðk2Þ (3)
Co ¼ 2eo½Kðk1Þ=K0ðk1Þ þ erKðk3Þ=K0ðk3Þ (4)
k1 ¼ w=ðwþ 2sÞ (5)
k2 ¼ sinh ðpw=ð2hÞÞ=sinh ðpðwþ 2sÞ=ð2hÞÞ (6)
k3 ¼ tanh ðpw=ð2hÞÞ=tanh ðpðwþ 2sÞ=ð2hÞÞ (7)
K(k) and K0(k) are the first kind elliptical integral and its com-
plementary, er and h are the dielectric constant of the substrate,
and its thickness, respectively, w is the width of the coupled
CPW, and s is the slot width. The different dimensions of the
structure are depicted in Figures 1 and 2. The mode impedance
of each of the two coupled CPW lines at the top and bottom
side of the substrate at any of the two modes can be found from
Ref. 5
Zoi ¼ 1=ðco
ﬃﬃﬃﬃﬃﬃﬃﬃﬃﬃ
CiCai
p
Þ (8)
The subscript i refers to the mode (e for even-mode and o
for odd-mode), and co is the velocity of light in free space, Ci is
the ith mode capacitor, whereas Cai is the ith mode capacitor
when the substrate is replaced with free space.
For a certain substrate (er and h), and required even- and
odd-mode impedances (Zoe and Zoo), the dimensions of the uti-
lized coupled structure (w and s) can be found using (3)–(8).
The physical length of the coupled structure (l) is equal to quar-
ter of the effective wavelength calculated at the centre frequency
of operation, that is, at 6.85 GHz.
3. RESULTS AND DISCUSSION
To validate the proposed structure and its design procedure, a
45 phase shifter is designed, manufactured using the substrate
Rogers RO4003C (er ¼ 3.55, h ¼ 0.508 mm), and tested. By
using the presented design method and with the help of the opti-
mization capability of the software CST Microwave Studio, the
dimensions of the structure are found to be: w ¼ 3.04 mm, s ¼
0.53 mm, and l ¼ 5.68 mm. Concerning the input/ output CPW
ports, the width of the central conductor wc ¼ 1.1 mm and the
slot between the central conductor and the ground plane sc ¼
0.2 mm. The overall dimension of the developed device (Fig. 3)
excluding the reference transmission line is 2 cm  3 cm.
The simulated and measured differential phase shift of the
designed 45 phase shifter is shown in Figure 4. The differential
phase shift is equal to 45 6 2.2 in the simulation and 45 6
3.3 in the measured results across the band from 3 to 12 GHz.
The return loss for the developed phase shifter is better than 30
dB across most of the investigated band. It is better than 10 dB
across the band from 3.1 to 11.8 GHz. The insertion loss of the
device is less than 0.6 dB according to the simulations and less
Figure 3 The developed phase shifter with the reference transmission
line. [Color ﬁgure can be viewed in the online issue, which is available
at wileyonlinelibrary.com]
Figure 4 Performance of the device. [Color ﬁgure can be viewed in
the online issue, which is available at wileyonlinelibrary.com]
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than 0.8 dB in the measured results across the band from 3.1 to
10.6 GHz. There is a good agreement between the measured
and simulated results.
4. CONCLUSIONS
A compact differential phase shifter for UWB systems has been
presented. The proposed ﬁlter is based on a single-section broad-
side-coupled CPW structure that can be implemented on a two-
sided PCB. A complete design method for the device has been
presented and validated.
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ABSTRACT: Nowadays, the structure of the passive optical networks is
evolving, to keep the network survivability, the powering of some
elements in this kind of networks is a key issue. In this work we propose
the recycling of the Raman pump remaining optical power at the
receiver to be converted to electrical power. With a 24 dBm optical
pump signal a 8 dB on/off gain over 25 km of single mode optical ﬁber
was achieved. Also, the recycling of the pump signal generated 18.1 mW
of electrical power at the receiver. VC 2011 Wiley Periodicals, Inc.
Microwave Opt Technol Lett 54:116–119, 2012; View this article online
at wileyonlinelibrary.com. DOI 10.1002/mop.26506
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networks
1. INTRODUCTION
The popularity of Internet and the World Wide Web has been
leading to the consequent increase of the overall data trafﬁc vol-
ume, imposing a plethora of novel questions. This increase on
the data trafﬁc increase on the existing telecommunications net-
works is driving the introduction of the ﬁber optics into the
access layer, using passive optical networks (PON) [1]. PON are
becoming a consistent alternative to offer access solutions in a
ﬁber-to-the-home environment [1].
A typical PON is a point-to-multipoint ﬁber to the user net-
work architecture in which unpowered optical (power or wave-
length) splitters are used to enable the service to multiple prem-
ises. The PON conﬁguration reduces the amount of required
ﬁber and central ofﬁce equipment when compared with point to
point architectures.
Although PON are passive, the electrical power of some net-
work elements, such as the remote node (RN), could enable the
protection or restoration of the network in case of failure [2].
However, due to geographical limitations, in some situations, is
difﬁcult to electrically power the RN premises. In this work, we
propose the use of the optical signal transmitted over the ﬁber
to power the RN.
The concept of RNs optical powering was not extensively
exploited yet. However, the recent introduction on the market of
photo-voltaic converters to optical ﬁbers (photonic power con-
verters – PPC), with efﬁciencies up to 15% by JDSU, leads to
the possibility of efﬁciently supply energy to unpowered RNs
with optical signals transported in the transmission ﬁber [3]
Several research groups have been working in the increase of
the PONs network range, which could be achieved by the utiliza-
tion of ampliﬁcation techniques resilient to power transients, like
Raman ampliﬁcation [4]. The idea of using Raman ampliﬁcation
to provide extended reach and enhanced bandwidth on NGA net-
works has been leading to intensive research work. Recently, a
passive GPON compatible, with reach extender, using distributed
Raman ampliﬁers over 60 km of ﬁber has been presented for urban
and rural context [5, 6]. Other studies, such as have also demon-
strated the feasibility of bidirectional access links using distributed
Raman ampliﬁcation in PON at 10 Gb/s over 80 km [7].
Therefore we propose in this article the possibility to recycle
the Raman pump power at the RN to electrical power the node.
In Section 2 we describe the theoretical aspects and charac-
terization of the PPC. Section 3 is devoted to the description of
the implemented PON scenario with energy recycling, and the
experimental results are discussed in Section 4. Finally, in Sec-
tion 5 the work conclusions are despite.
2. PHOTONIC POWER CONVERTER
A PPC is a photovoltaic cell, allowing the conversion of optical
into electrical energy. The devices used to convert optical
energy transmitted through an optical ﬁbre, are based on semi-
conductor materials, such as AlGaAs, GaAs, InGaAs, or InP,
with absorption edge bands in the near infrared spectral region,
where the optical ﬁber communications systems operate [8, 9].
The typical diameter of the optical ﬁber core varies between
8 and 65 lm. These values are extremely small when compared
to the active surface of a conventional photovoltaic cell, so, the
photo converters require a much larger photocurrent density,
relatively to a typical photovoltaic cell. Thus, to effectively
convert the light radiation coming from a laser into electricity,
high-current photovoltaic cells, based on semiconductor hetero-
structures, with typically dimension of 1 mm  1 mm are used.
To build sufﬁcient voltage at the PPC terminals, the photovol-
taic cell is divided in several segments, electrically isolated and
connected in series, to add the voltage for each segment. For a
typical cell with six segments of GaAs, it is possible to get an
output voltage of 6 V [2]. The grid ﬁngers, shadowing from the
electric connection between cells, in this converters, is typically
10%, and may be reduced using a prismatic cover on the cell
surface.
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Double Microstrip-Slot Transitions for Broadband
  Microstrip Phase Shifters
Y. Wang, M. E. Bialkowski, and A. M. Abbosh
Abstract—The letter describes double microstrip-slot transi-
tions for use in planar   phase shifters. The described devices
exhibit broadband performance and offer compatibility with ordi-
nary microstrip circuits. Full-wave EM simulation results show a
phase shift of    over the frequency band of 3.1–12.0 GHz
when compared with a suitably chosen section of microstripline.
The observed differential phase shift is accompanied by return
losses of not less than 14 dB and insertion losses between 0.7 to
1.5 dB in the band 3.1–11.0 GHz. The simulated performance
is conﬁrmed by experimental results of    phase shift,
return loss not less than 14 dB and insertion loss between 0.5 and
1.8 dB in the frequency band of 3.1–11.0 GHz.
Index Terms—Microstrip circuits, microstrip-slot transition,
ultra-wideband (UWB) phase shifter.
I. INTRODUCTION
M ICROWAVE digital phase shifters are very usefulcomponents in communication sub-systems and radar.
Prominent examples include phased array antennas and phase
modulators [1]. Modern phase shifters are usually operated
using electronic means. They are viewed as two-port networks
whose two operational states are controlled by electronic
switching elements such as PIN diodes, transistors or MEMS.
Their design often commences with ﬁxed conﬁgurations which
include two circuits, one representing a phase shifting line and
the other a reference line.
Many digital phase shifter designs available in the literature
are narrowband. The development of wideband systems in the
last few decades calls for designs offering a constant differen-
tial phase over a broad frequency band [2]–[8]. One prominent
example of a broadband phase shifter is the Schiffman phase
shifter [2], which uses coupled lines for wideband phasing.
This letter reports the design of an alternative structure in
the form of a double microstrip-slot transition that can be used
for construction of broadband phase shifters. The design
focuses on the 3.1–10.6 GHz frequency band allocated by
US-FCC in 2002 for ultra-wideband applications [9]. It exploits
a principle similar to that described in [4], [7], [8], [10], where it
was shown that an ultra-wideband phase shift could be obtained
Manuscript received September 27, 2011; accepted December 08, 2011. Date
of publication January 27, 2012; date of current version February 15, 2012. This
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Fig. 1. Conﬁgurations of a differential phase shifter employing (a) in-phase
and (b) inverted-phase double microstrip-slot transitions. Ground slots etched
on the side opposite to the microstrip layer are shown in white color.
using microstrip-slot transitions in a double-layer substrate. In
this letter, it is demonstrated that a broadband differential phase
shift can be obtained using a double microstrip - slot transition
in a single layer substrate. The advantage of this new design is
that unlike the one described in [4], it provides compatibility
with ordinary microstrip circuits. Also, it offers both and
phase shift which cannot be realized using the structure
proposed in [4].
II. DESIGN
Two conﬁgurations of double microstrip-slot transitions to
design wideband phase shifters in single layer dielectric
substrate are presented in Fig. 1.
In these transitions, named in-phase and inverted-phase, mi-
crostrip and slotline sections are terminated in virtual open and
short circuits. They can be realized using circular, radial or rect-
angular/uniform line or multi-arm lines [10], [13], [14]. The
ones shown in Fig. 1(a) use circular shaped stubs. In the two
transitions, the signal is launched at one of the microstrip ports.
Then it is coupled to a slotline in the ground plane. Next, it
travels along the slotline until it is coupled to the second mi-
crostrip port. The difference between the in-phase and inverted-
phase transitions shown in Fig. 1(a) and (b) is with respect to the
direction of the second microstripline. This direction change in-
troduces a phase shift of 180 . As a result, if the ﬁrst transition
provides the phase shift of , the other transition gives the
phase shift of . This is an advantage of this conﬁg-
uration compared with the design in [4], which does not offer
this ﬂexibility.
There are only ﬁve design parameters of the in-phase and
inverted-phase transitions: radii of two types of stubs, distance
between the stubs, microstripline width and slot width. They are
selected using the following simple guidelines.
1531-1309/$26.00 © 2011 IEEE
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Fig. 2. Layouts of (a) in-phase and (b) inverted-phase double microstrip-slot
transitions.
TABLE I
DESIGN PARAMETERS FOR THE    PHASE SHIFTER
ASSUMING ROGERS RT6010 AS SUBSTRATE
Once the substrate parameters are speciﬁed, radii of the cir-
cular microstrip and slotline stubs are chosen to achieve the
lowest frequency of operation. The choice of introduces
the limitation on the upper frequency of operation, , which
is the frequency at which the stubs turn into radiating elements
[10]. is approximately equal to . Assuming that at
the open circuit radius is a quarter of the effective slotline
wavelength, an estimate for Rs is
where ). The short-circuit stub radius, Rm,
can be estimated in a similar manner and can be determined as
where approximates .
For the microstripline having a characteristic impedance of
50 , the slotline width is selected to obtain a characteristic
impedance of approximately 84 [10]. Their widths can be
obtained using standard design formulas [11]. There is ﬂexi-
bility in choosing the slotline length . Here small spacing
(at 6.5 GHz) is chosen to minimize radiation and
conduction losses.
These guidelines are independent of the choice of dielectric
constant or thickness of substrate. A larger permittivity is pre-
ferred because increasing the slotline width makes the design
less prone to manufacturing errors [11]. Also this choice makes
the design compact. This afﬁrmative comment does not apply to
the phase shifters described in [4]. They are formed by removing
two arms of an elliptically shaped slotcoupled patch coupler.
The performance of these couplers, and thus the phase shifters,
Fig. 3. Photograph of the manufactured reference line and double in-phase and
inverted-phase microstrip-slot transitions, top (a) and bottom (b) view.
Fig. 4. Simulated and measured magnitude characteristics of the designed
in-phase and inverted phase transitions for use in    phase shifters.
is substrate dependent [12]. Therefore, besides offering and
phase shift, the substrate independent design is an-
other advantage of the proposed phase shifting structure.
III. RESULTS
Following the above considerations, the design of transitions
aimed at obtaining a constant differential phase shift of
or in the frequency band of 3.1 to 10.6 GHz when com-
pared with a suitably chosen section of microstripline is under-
taken. The design and layout production is aided with Ansoft
High Frequency Structure Simulator (HFSS). Rogers RT6010
with thickness 0.635 mm, dielectric constant 10.2 and tangent
loss 0.0023 is assumed as a substrate. Fig. 2 shows layouts of the
in-phase and inverted phase double microstrip to slotline transi-
tions for use in the wideband phase shifters.
Table I includes parameters of the transitions and the refer-
ence microstripline which are used to accomplish the dif-
ferential phase shift.
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Fig. 5. Simulated and measured phase characteristics of the designed   
phase shifters.
Following the design stage, the two varieties of the phase
shifter aremanufactured and experimentally tested. Fig. 3 shows
a photograph of the manufactured devices.
Fig. 4 presents the simulated and experimental amplitude
characteristics of the two transitions for construction of the
two phase shifters. For both the in-phase and inverted-phase
transition, the simulated return loss is greater than 14 dB and
insertion loss increases from 0.7 to 1.5 dB in the band of
3.1–11 GHz. The measured return loss is greater than 17 dB
for the in-phase and not less than 14 dB for the inverted-phase,
while the insertion loss is between 0.5 and 1.8 dB for the two
transitions in the frequency band of 3.1–11 GHz. The observed
increased insertion loss is caused by residual radiation. This
type of loss is also observed in designs in [2] and [4]. It can be
minimized by introducing a conducting enclosure [2].
Fig. 5 shows the simulated and measured results of the phase
characteristics for the two phase shifters. The experimental
phase shift is over the band of 3.1–12 GHz and is
comparable with the simulated one of .
IV. CONCLUSION
In this letter, the design of broadband double microstrip-slot
transition for use in and phase shifters has been pre-
sented. The phase shifters developed using these transitions are
fully planar and compatible with microstrip circuits. They fea-
ture good amplitude and phase shift characteristics exceeding
the initially speciﬁed 3.1–10.6 GHz band. They are attractive
from the point of view of ease of fabrication without limitations
of substrate choice.
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Tunable phase shifter employing variable odd-mode
impedance of short-section parallel-coupled
microstrip lines
A.M. Abbosh
School of ITEE, The University of Queensland, St Lucia, QLD 4072, Australia
E-mail: a.abbosh@uq.edu.au
Abstract: A complete design method for a tunable phase shifter that employs a short section of parallel-coupled microstrip lines is
presented. In the proposed method, the variation in the phase is achieved by changing the odd-mode impedance of parallel-
coupled microstrip lines using a varactor diode that is connected between them. A derived theoretical model shows that a
unit-cell phase shifter of around one-tenth of the guided wavelength can be utilised to achieve a continuously tunable phase
range in excess of 908 depending on the required bandwidth and acceptable insertion loss. The proposed method shows that
in order to achieve the required tunable phase range across a wideband, high even-mode impedance is needed. A slotted
ground structure is utilised underneath the coupled structure to realise that target. The proposed method is validated by
building a phase shifter that has a very small length of around one-twentieth of the guided wavelength with 458 tunable phase
range and about 1 dB insertion loss across the band from 2 to 2.5 GHz.
1 Introduction
Tunable phase shifters are used to control the phase
characteristics of signals to be processed in any system.
Therefore phase shifters are key devices in many
microwave systems, such as phased antenna array, mobile
satellite systems, microwave instrumentations, modulators,
noise cancellation systems, frequency converters and
wireless local area networks employing multiple-input
multiple-output technology [1–21].
According to the industry outlook, there are three main
challenges facing the wide use of tunable phase shifters.
The ﬁrst one comes from the cost. It is estimated that the
cost of tunable phase shifters represents nearly half of the
cost of the entire electronically scanned array used in
communication systems [2]. The other important challenge,
especially in modern communication systems with large
dynamic ranges, is the level of insertion loss caused by the
utilised phase shifters. It is a crucial parameter that deﬁnes
the overall performance of those systems. The insertion loss
of phase shifters used in a transmitter causes a signiﬁcant
reduction in the level of transmitted power, whereas it
causes degradation in the signal-to-noise ratio when the
phase shifter is part of a receiver [3]. Both these effects
reduce the dynamic range signiﬁcantly of even the best
designed systems. The third challenge is the capability to
achieve the same phase change at a certain applied control
signal across the whole band of interest. This factor is
especially important when using the tunable phase shifters
in wideband systems.
In general, phase shifters can be classiﬁed as ﬁxed [4–8],
digital [9–12] or analogue phase shifters [13–21]. The
ﬁxed phase shifter uses loaded or coupled lines to change
the phase by a constant value across a certain band. The
digital type can change the phase in a certain limited
number of values with the help of different types of
switching elements. The third one, which is called analogue
phase shifters and is the topic of this paper, can change the
phase continuously depending on the control signal.
Therefore analogue phase shifters offer unlimited
resolution, and thus, they have the widest range of
applications.
The most common type of analogue phase shifters that uses
coupled structures is the reﬂection type [13–18]. It depends
on directional couplers to split the input signal into multiple
orthogonal signals that are combined at the output. The
variable phase shift is realised by changing the amplitude of
those orthogonal signals before their combination. This
operation requires a perfectly even power split, 908 phase
difference across the required band and parasitics-free
diodes. Since those factors cannot be maintained in a
perfect manner across a wideband, the result is usually a
high insertion loss.
Some of the analogue phase shifters are built using
different types of thin-ﬁlm technologies [15–18]. Apart
from the complexity and cost of those technologies, they
have the clear beneﬁt of achieving a compact size and ease
of integration with other devices. Since the thin-ﬁlm-based
phase shifters generally suffer from more than 5 dB
insertion losses, some of the proposed structures include
embedded ampliﬁers to compensate for those losses [15,
18]. However, the overall noise ﬁgure of those devices is
more than 10 dB indicating a limited dynamic range and
degraded noise immunity. It is well known that the noise
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added owing to the use of phase shifters with high insertion
loss cannot be removed by just increasing the gain of the
following stages [22].
In this paper, a short section of parallel-coupled microstrip
lines is utilised to develop a continuously tunable phase
shifter. The phase variation is achieved by changing the
odd-mode impedance of the coupled structure. A varactor
diode is connected for that purpose between the two
coupled lines. A complete design method is derived to
show the relation between the length of the coupled
structure, the even-mode impedance, range of odd-mode
impedance, the fractional bandwidth and the tunable phase
range. The proposed approach is implemented by building a
0.06l length phase shifter that has a continuous tunable
phase of 458 with less than 1.2 dB of insertion loss across
the band from 2 to 2.5 GHz.
2 Theory
Assume that a coupled structure of arbitrary length l is
connected in the manner shown in Fig. 1. A varactor diode
is connected between the two coupled lines. The line of
symmetry for the coupled structure depicted inside the
dotted square behaves as an E-wall in the odd mode and
H-wall in the even mode. Thus, it is easy to conclude that
the presence of this varactor has no effect on the even-
mode impedance Zoe, whereas it has a certain impact on the
odd-mode impedance Zoo depending of the value of the
varactor’s capacitor Cv.
Using the signal ﬂow diagrams of four-port devices [23], it
is possible to show that for arbitrary l, Cv, Zoe and Zoo, the
outgoing signals (bi) can be calculated for the structure of
Fig. 1 as follows
b = [I − SG]−1Sa (1)
b is the vector representing the signal out of each port, I the
identity matrix and a the vector of input signals from
outside sources. For the structure of Fig. 1, values of ai,
where i refers to the port number, are
a1 = 1, a2 = a3 = a4 = 0 (2)
G is the diagonal matrix representing the reﬂection
coefﬁcients at the four ports. All the elements of the matrix
are zero except for the diagonal elements where the values
derived from the structure of Fig. 1 are
G1 = G4 = 0, G2 = G3 = 1 (3)
S is the scattering matrix with elements are calculated using
the odd–even mode approach [24]
S11 = (S11e + S11o)/2 (4)
S21 = (S21e + S21o)/2 (5)
S31 = (S11e − S11o)/2 (6)
S41 = (S21e − S21o)/2 (7)
S11e =
j(Zoe/Zo − Zo/Zoe) sinbl
2 cosbl + j(Zoe/Zo + Zo/Zoe) sinbl
(8)
S11o =
j(Zoo/Zo − Zo/Zoo) sinbl
2 cosbl + j(Zoo/Zo + Zo/Zoo) sinbl
(9)
S21e =
2
2 cosbl + j(Zoe/Zo + Zo/Zoe) sinbl
(10)
S21o =
2
2 cosbl + j(Zoo/Zo + Zo/Zoo) sinbl
(11)
b is the phase constant in the medium of the coupled
structure.
The important parameters that deﬁne the performance of
the structure shown in Fig. 1 are the phase of the output
signal F, the reﬂection coefﬁcient at the input and output
ports (SAA and SBB) and the transmission coefﬁcient from
the input to the output port (SBA). Those parameters can be
calculated for the structure of Fig. 1 after solving (1) as
follows
SAA = SBB = b1/a1, SBA = b2/a1, F = angle(SBA)
(12)
The performance of the proposed structure concerning the
insertion loss and the phase of the output signal are
calculated using (1)–(12) for a wide range of values for the
mode impedances. Snapshots from the calculations are
shown in Fig. 2 for even-mode impedances from 100 to
200 V and for insertion losses that are equal to or less than
1 and 2 dB. The procedure used in the calculations is to use
(1)–(12) to ﬁnd the phase shift for the assumed Zoe and all
Fig. 1 Coupled lines with varactor diode that changes the odd-
mode impedance
Fig. 2 Variation of the maximum tunable phase range with length
of the coupled structure
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the possible values of Zoo that keep the insertion loss
calculated from SBA equal or below the target.
From Fig. 2, it is possible to conclude that the maximum
tunable phase range can be obtained when l  nl/
4+ 0.125l (n ¼ 0, 1, 2 etc. and l is the guided
wavelength). For a compact structure, the maximum tunable
phase range (DF), which increases with Zoe, can practically
be obtained at l ≃ 0.125l. Also, Fig. 2 reveals that the
coupled structure cannot be used as a tunable phase shifter
at l ¼ nl/4 by simply varying the values of any of the
mode impedances as there is no change in the phase at
those lengths.
Besides DF, the other parameter, which is critically
important when designing the proposed tunable phase
shifter, is the range of values for the Zoo needed to achieve
a certain value for DF. This parameter is limited by the
feasible range for the varactor’s junction capacitor Cv.
In general, it is required to have a low range of variation in
the odd-mode impedance as this means a low variation in
Cv and consequently a low variation in the applied biasing
voltage, or a low-cost diode. For that reason, the normalised
range of the odd-mode impedance (Rn), which is the ratio
of the maximum to the minimum odd-mode impedance
normalised by DF (Rn ¼ (Zoomax/Zoomin)/DF) is calculated
for the results of Fig. 2 and presented in Fig. 3.
It is interesting to see that the minimum value for Rn, which
means a minimum range of variation in Zoo per degree of
phase change, occurs at l ≃ 0.05l. A close inspection of
the minimum values for Rn in Fig. 3 shows that they
decrease slightly with increasing Zoe. Apart from that, it is
possible to conclude from Fig. 3 that Rn has generally very
small dependence on Zoe. By comparing the results of
Fig. 2 with those of Fig. 3, it is possible to say that if the
requirement is a low range of DF, the most compact design
is obtained with l ≃ 0.05l. However, if DF is required to
be as large as possible, the design in this case requires
l ≃ 0.125l.
The other important factor in the design is the fractional
bandwidth that can be achieved with a certain acceptable
deviation in the tunable phase across that band. The
theoretical model (1)–(12) is used to calculate the
maximum value of DF as a function of the required
fractional bandwidth assuming that the maximum
acceptable deviation in DF is 10% and that the maximum
insertion loss across the band of interest is 1, 2 and 3 dB.
The results are shown in Fig. 4. As a practical precaution
adopted in the calculations, the odd-mode impedance was
allowed to take values that are larger than 4 V. Extremely
small values for Zoo require a very narrow gap between the
coupled lines and/or a special and expensive varactor diode
that has a wide range for Cv. It is to be noted that
an extremely narrow gap causes a difﬁculty in the
manufacturing process and in connecting the varactor diode
between the coupled lines.
From Fig. 4, it can be concluded that there is an inverse
relationship between the maximum tunable phase range and
the required fractional bandwidth. Moreover, the achievable
DF increases with the value of the acceptable insertion
loss. Since the length of the coupled structure needed to
achieve the results of Fig. 4 is quite small (0.05l to 0.1l),
wide bandwidths with large DF can be obtained by
cascading several sections as required.
As an example for the design procedure, assume designing
a tunable phase shifter with DF ¼458 across the band from 2
to 2.5 GHz, that is 22.2% fractional bandwidth. For practical
reasons, the minimum value for the odd-mode impedance is
set at 4 V. Two designs are required; one for an insertion
loss that is less than 1 dB, whereas the other is for less than
2 dB insertion loss. As a ﬁrst step in the design, Fig. 4 is
inspected to make sure that a single section can be used to
meet the design requirements. Using the derived model
(1)–(12) in an iterative MATLAB code aimed at ﬁnding
the optimum values for the even-mode impedance, required
range of the odd-mode impedance and length of the
coupled structure, the following values are obtained. For
the 2 dB insertion loss design, l ¼ 0.05l, Zoe ¼ 350 V,
Zoo ¼ 4–18 V. For the 1 dB insertion loss design,
l ¼ 0.06l, Zoe ¼ 320 V, Zoo ¼ 4–24 V. The design can
also be achieved with almost the same performance using
lower values for the even-mode impedance. However, the
design in that case requires a larger range for the required
odd-mode impedance, which means the need for a special
varactor diode, and a larger length for the coupled structure,
which violates the target of building a compact device.
As can be seen from the calculated values of the design
parameters, the strict requirement of as low as 1 dB insertion
Fig. 3 Variation of the normalised range of the odd-mode
impedance with length of the coupled structure
Fig. 4 Tunable phase range as a function of the required
fractional bandwidth for different values of the maximum
acceptable insertion loss
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loss across the whole band requires a certain price to be paid.
That price includes a larger size and higher range of odd-
mode impedance, which could mean a more expensive
varactor or/and larger range of applied biasing voltage. The
phase performance of the two designs relative to the
minimum Zoo ¼ (4V) case of each design is shown in
Figs. 5 and 6. The tunable phase range for the ﬁrst design
with 2 dB insertion loss is DF ¼ 45+ 4.58, whereas it is
45+ 5.58 for the 1 dB insertion loss design. Thus, relaxing
the insertion loss requirements helps reducing the deviation
in the phase shift across the required band.
3 Design
As concluded from the calculated results in Fig. 2, the
proposed tunable phase shifter is required to have high
even-mode impedance and a range of low values for the
odd-mode impedance. If a parallel-coupled microstrip
structure is utilised to build the phase shifter, the high value
for Zoe can be achieved by using a slotted ground plane,
which results in an increase in the even-mode impedance
without signiﬁcant impact on the odd-mode circuit [25].
Concerning the requirement of a range of low odd-
impedance values, it can be achieved via the selection of a
suitable varactor diode with relatively high junction
capacitor. The implemented structure of the tunable phase
shifter is shown in Fig. 7. It includes the biasing circuit for
the varactor diode. There is a radio frequency choke (RFC)
of 10 mH to isolate the microwave signal from the biasing
line, and a 1 nF chip capacitor to block the biasing voltage
from the input and output ports.
In order to ﬁnd the initial dimensions of the coupled
structure and the required range of the needed junction
capacitor for the varactor diode, a quasi-transverse
electromagnetic propagation is assumed for the structure of
Fig. 7. Thus, the even- and odd-mode impedances of the
coupled lines are determined from the effective capacitances
per unit length of the lines and the phase velocity in the
utilised medium [24]. With the help of the conformal
mapping technique [25], the following results that show the
relation between the mode impedances and the dimensions
of the coupled structure can be obtained
Zoe=
60pNameMeNameMeNameMe
1r
√ K(k1)
K ′(k1)
(13)
Zoo=
60p
NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
(1r+1)/2
√
1r(K
′(k1)/K(k1)+K ′(k2)/K(k2))+K ′(k3)/K(k3)+Cvn/1o)
(14)
k1=
NameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMeNameMe
1+ exp[−p(ws− s)/(2h)]
1+ exp[−p(ws− s−2wm)/(2h)]
√
(15)
k2=
tanh(ps/(4h))
tanh(p(s+2wm)/(4h))
(16)
k3=
s
s+2wm
(17)
where K and K′ are the ﬁrst kind elliptical integral and its
complementary, respectively, of the parameters ki. wm the
width of any of the coupled lines, ws the width of the slot
in the ground plane and s the width of the gap between the
coupled lines. The parameters wm, ws and s are shown in
Fig. 7. Cvn ¼ Cv/l, junction capacitor of the varactor (Cv)
per unit length of the coupled structure and 1r and h are the
dielectric constant and thickness of the substrate, respectively.
The use of slot in the ground underneath the coupled
structure leads to a signiﬁcant increase in the even-mode
Fig. 5 Variation of the phase with frequency at different values of
the odd-mode impedance with insertion loss ≤2 dB
Fig. 6 Variation of the phase with frequency at different values of
the odd-mode impedance with insertion loss ≤1 dB
Fig. 7 Schematic diagram showing the practical implementation
of the proposed device
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impedance. This conclusion can be veriﬁed by the presence of
the parameter ws in (15) and thus (13). The removal of the
ground plane underneath the coupled structure has a small
effect on the odd-mode impedance because k1 has
negligible effect on (14) compared with k2 and k3. On the
other hand, as indicated by (13) and (14), Cvn has a direct
effect on the odd-mode impedance of the coupled lines
without any impact on the even-mode impedance.
4 Results and discussions
A unit-cell tunable phase shifter that can be tuned by 458 with
less than 1 dB insertion loss across the band from 2 to
2.5 GHz, that is, fractional bandwidth ¼ 22.2%, was
designed and fabricated. The band 2–2.5 GHz is chosen for
the design as it is increasingly used in the modern
technique to build high-capacity wireless local area
networks employing multiple-input multiple-output front-
ends [26]. The key component in that type of front-ends is
the phased array that is controlled by tunable phase shifters.
Rogers RT6010 (1r ¼ 10.2, h ¼ 0.635 mm) was used as
the substrate.
As explained earlier, the theoretical model (1)–(12) is
used to ﬁnd the required value for Zoe (320 V), range of
values for Zoo (4–24 V) and length of the coupled
structure l (0.06 l). The substitution of those values in
(13)–(17) results in the following dimensions for the
coupled structure and range of varactor’s capacitor:
wm ¼ 0.29 mm, s ¼ 0.25 mm, l ¼ 3 mm, ws ¼ 7 mm and
Cv from 0.45 to 4.3 pF.
To verify the reliability of the proposed design approach,
the performance using those calculated values is simulated
using the software tool CST Microwave Studio. The results
concerning the phase performance relative to the case of
zero diode biasing (maximum Cv and thus minimum Zoo)
and the amplitude of the S-parameters are shown in Figs. 8
and 9. The achieved tunable phase is equal to 47+ 58 in
the band from 2 to 2.5 GHz. The insertion loss across that
Fig. 8 Phase performance of the designed device using the
calculated design parameters
Fig. 9 Designed device using the calculated design parameters
a Amplitude of S21
b Amplitude of S11
Fig. 10 Top and bottom views of the developed device
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band is less than 1.75 dB. These results prove that the
presented design approach gives reasonable estimation for
the values of the design parameters. However, the
performance of the phase shifter still needs an
improvement. Thus, the designed parameters were
optimised using the software tool and the ﬁnal values are:
wm ¼ 0.3 mm, s ¼ 0.21, l ¼ 2.9 mm, ws ¼ 5.8 mm, Cv
from 0.6 to 6 pF. The developed device with the optimised
dimensions is shown in Fig. 10. To achieve the required
range for Cv, a GaAs hyperabrupt varactor diode with a
maximum biasing voltage of 12 V is used.
The performance of the developed device was veriﬁed via
simulations and measurements. The simulated and measured
phase at different biasing voltages relative to the case of
zero biasing (maximum Cv) is shown in Fig. 11. It is clear
that using a short coupled section of 2.9 mm with a single
varactor diode enables controlling the phase by a range of
458. This value for the range of phase change is maintained
across the whole investigated band. The maximum
ﬂuctuation in the achieved phase is +28 in the simulated
and +4.58 in the measured results across the whole band.
If the simulated and measured results are compared with
those predicted using the derived theoretical model (Fig. 6),
it can be concluded that the overall phase performances of
the three results are in good agreement.
The amplitudes of the S-parameters for the developed device
are shown in Fig. 12. The simulated and measured insertion
loss is less than 1.2 and 1.4 dB, respectively, across the
band from 2 to 2.5 GHz. This result is very close to the
required value (1 dB) in the design criteria. The simulated
and measured S-parameters with frequency agree well with
each other. The small discrepancy between them is due to the
tolerance of the milling machine used in the fabrication and
the parasitic elements of the utilised varactor diode.
5 Conclusion
A complete design method for a tunable phase shifter has been
presented. The device utilises a variable odd-mode impedance
of a short section of parallel-coupledmicrostrip lines to achieve
the required performance. The variation in the odd-mode
impedance is implemented using a varactor diode that is
connected between the two coupled lines. The proposed
method can be used to build a unit-cell phase shifter that has
a length of around one-tenth of the guided wavelength for a
tunable phase range in excess of 908. The proposed method
is validated by building a 0.06l length phase shifter that
covers the band from 2 to 2.5 GHz with a tunable phase
range of 458 and less than 1.2 dB insertion loss.
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Compact Tunable ReÀection Phase Shifters Using
Short Section of Coupled Lines
Amin M. Abbosh, Senior Member, IEEE
Abstract—In the design of reÀection-type phase shifters, the cou-
pler that represents the shifter’s backbone is usually assumed to
be a quarter-wavelength 3-dB coupler. In this paper, a derived
theoretical model shows that, for certain values for the odd- and
even-mode impedances, a coupled structure with a length that is
less than one tenth of a wavelength is suf¿cient to build a high-
performance reÀection phase shifter. The presented analysis indi-
cates that reÀection phase shifters can be designed with a more
compact size and larger phase range compared with the conven-
tional method of using a quarter-wavelength 3-dB coupler. How-
ever, the required odd-mode impedance in the proposed design is
low 10 , whereas the required even-mode impedance is high
200 . To realize those impedances when using parallel-cou-
pled lines, slotted ground and shunt chip capacitor are used. The
proposed design is supported by full-wave electromagnetic simula-
tions and measurements. The simulated results show that
coupled structure achieves 255 phase range across 36% fractional
bandwidth with less than 1-dB insertion loss and more than 10-dB
return loss. In another design, a full-cycle phase range is obtained
with less than 1.5-dB insertion loss across the same band by using
two coupled sections. Amanufactured prototype for a full-
cycle phase range validates the simulation results and, thus, the
proposed method.
Index Terms—Analog phase shifter, reÀective phase shifter, tun-
able phase shifter.
I. INTRODUCTION
T UNABLE phase shifters are key devices in many mi-crowave systems, such as phased arrays, satellite systems,
microwave instrumentations, modulators, noise cancellation
systems, frequency converters, and, recently, wireless local area
networks (WLANs) employing multiple-input multiple-output
(MIMO) technology [1]–[11].
The phase shifters are required to have compact size, low
cost, and low insertion loss across the required bandwidth. The
size of the phase shifters has become a crucial parameter in their
design, especially since the recent adoption of the MIMO tech-
nology in the design of mobile handsets due to the limited avail-
able space. Moreover, the cost of the utilized phase shifters in
the handsets and other portable devices should be as low as pos-
sible for obvious economical reasons. In addition, the level of
the insertion loss caused by the utilized phase shifters is the key
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factor that de¿nes the overall performance of modern communi-
cation systems with large dynamic ranges. A signi¿cantly high
insertion loss of phase shifters used in a transmitter causes a sig-
ni¿cant reduction in the level of transmitted power, whereas it
causes a serious degradation in the signal-to-noise ratio (SNR)
when the phase shifter is part of a receiver. Both of those effects
reduce the dynamic range signi¿cantly of even the best designed
systems.
The most common type of analog phase shifters is the reÀec-
tion-type [1]–[15]. It uses quarter-wavelength 3-dB quadrature
couplers to split the input signal into two orthogonal signals
that are reÀected back and combined at the output. The variable
phase shift is realized by changing the phase and amplitude of
those orthogonal signals before their combination.
Reviewing the literature shows that all of the papers that dealt
with the reÀection-type phase shifter assume by default that the
coupler, which is the backbone of the phase shifter, is quarter-
wavelength 3-dB quadrature coupler. In the design of quadra-
ture couplers as a standalone device, it is well understood that a
quarter-wavelength coupled structure is needed. Moreover, the
odd- and even-mode impedances in the couplers are
chosen according to the formula , where is
the input/output ports impedance. However, the ¿nal structure
and required performance for the couplers and phase shifters
as standalone devices are not exactly the same. The quadrature
couplers are needed to have a certain coupling factor with 90
phase shift between its two output signals, whereas the phase
shifter that has one output should achieve a speci¿c phase range
with a certain low insertion loss across a certain band. Thus, the
reasonable questions concerning this matter are, do we really
need a coupling length of quarter wavelength to achieve the re-
quired performance for the phase shifter? Are the quarter-wave-
length and 3-dB coupling the optimum choices for the design of
reÀection-type phase shifters? Does the aforementioned relation
between the mode impedances give the best performance for the
phase shifter across a certain band? It could be possible that dif-
ferent criteria from those of the quadrature coupler are needed
for the mode impedances and length of the coupled structure
when designing a reÀection phase shifters.
In this paper, a complete theoretical analysis is presented to
show that a coupled structure of length that is less than one tenth
of a wavelength is suf¿cient to build a high-performance re-
Àection-type phase shifter. Moreover, the short-length coupled
structure is actually the optimum choice to realize the highest
possible phase range for a certain varactor diode or reÀection
load in general. The derived model is supported by full-wave
electromagnetic simulations of two designs. Also, a prototype
with full-cycle phase range is built according to the proposed
method and successfully tested.
0018-9480/$31.00 © 2012 IEEE
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Fig. 1. ReÀection phase shifter utilizing coupled structure of arbitrary length.
II. THEORY
A diagram showing a reÀection-type phase shifter utilizing
a coupler of length is shown in Fig. 1. To change the phase,
a variable load is connected between the two outputs of
the coupled structure and the ground. Instead of using quarter-
wavelength coupler, assume that the coupled structure’s length
is a variable to be found for a maximum phase range across
a certain band. Also, the mode impedances of the
coupled structure are assumed to be independent variables to
be optimized for an acceptable performance (insertion loss and
return loss) across the required band. In other words, the mode
impedances are not assumed by default to be selected to achieve
a 3-dB coupling and to be related with each other and with the
input/output ports impedance via the relation
.
Using the signal Àow diagrams of four-port devices [16], it
is possible to show that, for arbitrary and , the out-
going signals can be calculated for the structure of Fig. 1 as
follows:
(1)
where is the vector representing the signal out of each port;
in the following analysis, refers to the output from port , is
the identity matrix, is the vector of input signals from outside
sources which, for the structure of Fig. 1, are
(2)
where is the input signal to port . is the diagonal matrix
representing the reÀection coef¿cients at the four ports. All of
the elements of thematrix are zero except the diagonal elements,
which are given for the structure of Fig. 1 by
(3)
where is the input impedance of the coupled structure
looking from the load’s side. In (3), the input and output ports
(#1 and 4) are assumed to be perfectly matched. For a general
coupled structure that has a length , even-mode impedance
, odd-mode impedance , medium with phase con-
stant is given as [17]
(4)
(5)
(6)
Scattering matrix with elements are calculated using the odd-
even mode approach [17]
(7)
(8)
(9)
(10)
(11)
(12)
(13)
(14)
The important parameters that de¿ne the performance of the
structure shown in Fig. 1 are the phase of the output signal ,
the reÀection coef¿cient at the input (terminal A in Fig. 1) and
output (terminal B) ports ( and ), and the transmission
coef¿cient from the input to the output port . Those pa-
rameters can be calculated for the structure of Fig. 1 after cal-
culating and from (1)–(14) as follows:
(15)
Assuming the loads connected at ports 2 and 3 of the cou-
pled structure shown in Fig. 1 are varactor diodes with capac-
itor . is allowed to change between
and using a suitable biasing voltage. The capacitor
ratio depends on the utilized diode.
Equations (1)–(15) are analyzed using a suitable MATLAB
code to ¿nd the maximum achievable phase range
as a function of the
length of the coupled structure and the mode impedances. In
order to limit the calculations to practical values, the mode
impedances are allowed to take any value within the range 4 to
400 . Concerning the varactor diodes, is assumed to be
0.2 pF, whereas the maximum varactor’s capacitor ratio is
assumed to be 10. In order to include only the useful results, it
is assumed that the minimum acceptable return loss is 10 dB.
The variation of the maximum achievable as a function
of the length of the coupled structure is shown in Fig. 2 for three
values of the fractional bandwidth. The fractional bandwidth is
de¿ned here as the band with more than 10-dB return loss. It is
clear from the results that a coupled structure with a length of
around one tenth of a wavelength ( is calculated at the center
of the band) gives the maximum achievable . For low values
of the fractional bandwidth, the required length is slightly lower
than , whereas it is slightly larger than for large frac-
tional bandwidths.
The other important factor indicated by the results in Fig. 2
is that the phase range achieved using a short section of cou-
pled structure is larger than the achievable value when using
quarter wavelength coupler. It is possible by using the derived
method for a traditional reÀection-type phase shifter [18] that
the phase range for a 10% fractional bandwidth is 109.8 .
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Fig. 2. Variation of the maximum phase range with length of the coupled
structure.
The same value is also obtained by using the presented model
(1)–(15) when the mode impedances are limited according to
the formula as needed in the quarter-wave-
length 3-dB coupler. Thus, for 10% fractional bandwidth, the
increase in the phase range by using with proper
mode impedances is 30% compared with the phase range when
following the traditional approach of using quarter-wavelength
3-dB coupler. For larger fractional bandwidths, Fig. 2 indicates
that the increase in the phase range from using the proposed
method becomes smaller, but the size of the needed structure is
still more compact than the traditional design of reÀection-type
phase shifters by using quarter-wavelength 3-dB couplers.
The required even-mode impedances to achieve the phase
range for each of the cases depicted in Fig. 2 are shown in Fig. 3.
It is clear that, if a short coupled structure is used in the de-
sign of a reÀection phase shifter, large values for the even-mode
impedance are needed. This result does not impose any threat to
the success of the proposed technique as several techniques can
be employed to realize the required mode impedances, as will be
shown later. Concerning the required odd-mode impedances to
achieve the results of Fig. 2, the values are depicted in Fig. 4. It is
obvious that the maximum , which occurs around ,
requires reasonable and easily implemented values for .
If is required to be larger than the values depicted in
Fig. 2, larger values for the varactor’s capacitor ratio are
needed. For example using enables achieving 180
phase range with . However, this type of varactor is, at
the least, not available to the author. Since the analysis presented
in this paper is limited to the practical and feasible values, this
option is disregarded. Thus, other options can be used to extend
the phase range while keeping the size compact.
One of the possible methods is to connect an inductor of suit-
able value in series with the varactor diode [3]. Thus, the
load impedance depicted in Fig. 1 is equal in this case to
. This value for is used in the MATLAB
code aimed at solving (1)–(15) to ¿nd the maximum achievable
phase range. In the calculations, the practical limitations on the
mode impedances (more than or equal to 4 and less than or
Fig. 3. Required even-mode impedance to achieve the maximum phase range
at each value of the length of the coupled structure.
Fig. 4. Required odd-mode impedance to achieve the maximum phase range
at each value of the length of the coupled structure.
equal to 400 and varactor’s capacitor ratio are im-
posed. Also, the calculations are limited to the cases with more
than 10-dB return loss. The results of the calculations are shown
in Fig. 5 for a reasonable range of values for .
From the presented results, it is clear that, as expected, using
an inductor in series with the varactor diode increases the phase
range signi¿cantly. With the practical imposed limits on
, and , a maximum phase range is achieved at a
certain value for . Above and below that value, the achievable
phase range decreases.
The achievable phase range from using the traditional ap-
proach for the design, i.e., using a quarter-wavelength 3-dB cou-
pler, is also included in Fig. 5 for the same and range of
values. The phase range in this case for a 10% fractional band-
width is calculated using the presented general model (1)–(15)
and [18, eq. 14.16] for a phase shifter that uses a quarter-wave-
length 3-dB coupler and a series combination of varactor diode
and inductor as a reÀective load. It is clear from the results
that the traditional design method has signi¿cantly lower phase
range compared with the proposed compact design with op-
timized mode impedances. It is also clear that the traditional
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Fig. 5. Variation of the maximum achievable phase range with value of the
inductor. The achievable phase range across 10% fractional bandwidth when
using a quarter-wavelength 3-dB coupler is included for comparison.
design method [18] is a special case of the proposed general
method in this paper, as both of them give exactly the same es-
timation of the phase range.
As a comparison with using the conventional a quarter-wave-
length 3-dB coupler, Fig. 5 shows that it is possible, for example,
to use a coupled structure with to achieve more than
300 phase range across a 10% fractional bandwidth. If a tradi-
tional quarter-wavelength 3-dB coupler is used with the same
varactor, i.e., , and an optimum inductor, it can only
achieve about 240 phase range.
The important parameter that is related to the main target of
this work is the optimum length of the coupled structure needed
to achieve the maximum phase range of Fig. 5. The variation
of the length needed to realize the maximum phase range for
each value of the inductor is depicted in Fig. 6 after using the
MATLAB code to solve (1)–(15). None of the investigated cases
shows that a quarter-wavelength coupler is the optimum choice.
To the contrary, the results of Fig. 6 indicate that a short-section
coupler is the one that is able to achieve the largest phase range
if the mode impedances of the coupler are chosen properly. It
is obvious also from Fig. 5 that the required decreases with
increasing the value of the inductor.
The required even- and odd-mode impedances to achieve the
phase range for each of the cases depicted in Fig. 5 are shown
in Figs. 7 and 8. To achieve the maximum possible phase range
across the required bandwidth, the odd-mode impedance of
the short coupled structure needs to be around 10 , whereas
the even-mode impedance needs to be around 200 . Thus,
the optimized short-section design requires higher even-mode
impedance and lower odd-mode impedance than the values
needed in the traditional design method.
III. DESIGN
To prove the validity of the presented design approach, two
phase shifters are designed to cover the frequency band from
1.8 to 2.6 GHz, i.e., 36% fractional bandwidth with 10-dB re-
turn loss as a reference. This band is chosen for the design as it
Fig. 6. Variation of the required length of the coupled structure to achieve the
maximum phase range as a function of the inductor value.
Fig. 7. Required odd-mode impedance to achieve the maximum phase range
at each value of the inductor.
Fig. 8. Required even-mode impedance to achieve the maximum phase range
at each value of the inductor.
is increasingly used in the modern technique to build high-ca-
pacity wireless local area networks employing multiple-input
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multiple-output (MIMO) front-ends [19]. The key component
in that type of front-ends is the phased array that is controlled by
tunable phase shifters. In the ¿rst example, a single-section de-
vice is designed to achieve the maximum possible phase range,
whereas, in the second example, a phase shifter is designed to
archive a full-cycle phase range, i.e., .
For the single-section device, the derived design equations
show that a phase range equal to 255 can be achieved with
more than 10-dB return loss across a 36% fractional bandwidth
by using a coupled structure of length . The required
inductor, varactor, and mode impedances are: 6.5 nH,
0.2 pF, 10 10 , and 228 .
Concerning the device that has a full cycle phase range, two
sections are used. Thus, the phase range required from each sec-
tion is 180 . Solving (1)–(15) for 36% fractional bandwidth
and the required phase range shows that several options are
possible. Since one of the main objectives of the current work
is to achieve the required performance using a compact and
easy-to-manufacture structure, a solution that needs the smallest
possible value for , moderate values for and , and
smallest length for the coupled structure is adopted. Moreover,
the smallest value for the inductor and the largest value for
are targeted in the solution. The reason behind targeting
a small value for and large value for is to minimize the
effect of the stray or parasitic elements in the varactor and the in-
ductor. Concerning the varactor diode, the relative effect of the
stray elements increases when using a very small value for .
For the inductor, the series resistance increases with increasing
as indicated by the technical data of microwave chip induc-
tors. The optimum calculated values for the inductor, varactor
and mode impedances using the MATLAB code for (1)–(15) are
1.8 nH, 0.5 pF, 8 11 , and
225 .
The proposed phase shifter is implemented in this work using
parallel-coupled microstrip lines. As concluded from the design
values of the two examples, high values for the even-mode
impedance and low values for the odd-mode impedance are
needed. The high value for can be achieved by using
a slotted ground plane, which results in a reduction in the
even-mode capacitor and, thus, an increase in the even-mode
impedance [20]. Concerning the requirement of a range of low
odd-impedance values, it can be achieved by connecting a chip
capacitor between the middle points of the coupled lines.
This capacitor has no effect on the even-mode circuit. However,
it increases the equivalent odd-mode capacitor of the coupled
structure and thus decreases the odd-mode impedance [21].
The ¿nal structure of a single-section tunable phase shifter is
shown in Fig. 9. The top layer includes the coupled lines and the
biasing circuit for the varactor diodes. The varactor diodes are
connected from one side with the inductor and from the other
side with the ground plane of the device located at the bottom
layer. There circuit has radio frequency chokes (RFC) to isolate
the microwave signal from the biasing line and dc block chip
capacitors to block the biasing voltage from the input and output
ports.
In order to ¿nd the initial dimensions of the coupled structure,
a quasi-transverse electromagnetic propagation is assumed for
the structure of Fig. 9. Thus, the even- and odd-mode imped-
Fig. 9. Implementation of the proposed method using a short section of par-
allel-coupled lines.
ances of the coupled lines are determined from the effective ca-
pacitances per unit length of the lines and the phase velocity
in the utilized medium [17]. The complete analysis for par-
allel-coupled lines with or without slotted ground plane with the
help of the conformal mapping technique is presented in [20].
That analysis is modi¿ed here to include the effect of the capac-
itor connected between the two coupled lines as follows:
(16)
(17)
(18)
(19)
(20)
where is the width of any of the coupled lines, is the
width of the slot in the ground plane, and is the width of the
gap between the coupled lines (the parameters , and are
shown in Fig. 7), ¿rst kind elliptical integral and its comple-
mentary, respectively, of the parameters , and and are the
dielectric constant and thickness of the substrate, respectively.
Using the analysis in [20] and (16)–(20), the initial di-
mensions ( , and ) for the designed devices assuming
Rogers RT6010 ( 10.2, 0.635 mm) as the substrate
are calculated. The optimized values for those parameters and
other design parameters calculated previously using (1)–(15)
are then found using the software CST Microwave Studio. The
¿nal values for the single-section 255 phase shifter are
0.58 mm, 0.2 mm, 4.9 mm, 7.5 mm,
1.4 pF, 5 nH, 0.28 pF, and 2.8 pF. For
the full-cycle, two-section phase shifter, the values are:
0.3 mm, 0.22 mm, 4.4 mm, 7.5 mm,
1.5 pF, 1.7 nH, 0.6 pF, and 4.8 pF.
It is worth noting that the optimized lengths of the coupled
structures as a function of the wavelength at the center fre-
quency (2.2 GHz) are and for the single-
and two-section devices, respectively. This result con¿rms the
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Fig. 10. Simulated variation of the phase range of the single-section
phase shifter with frequency.
Fig. 11. Simulated amplitude of -parameters of single-section phase shifter
for different values of the varactor’s capacitor.
values predicted by the theoretical model and validates the com-
pactness of the phase shifters designed following the proposed
method.
IV. RESULTS AND DISCUSSIONS
The full-wave electromagnetic simulator CST Microwave
Studio is used to calculate the performance of the designed
devices. For the single-section 255 phase shifter, the achieved
phase range and variation of the amplitude of the -pa-
rameters across the frequency range from 1.7 to 2.7 GHz are
shown in Figs. 10 and 11. The target of 255 phase range is
obviously accomplished using a coupled structure of length
0.085 . Across the targeted band from 1.8 to 2.6 GHz, is
equal to . Moreover, the return loss is more than
10 dB across the whole band, whereas the insertion loss is less
Fig. 12. Simulated variation of the phase range of the two-section 360
phase shifter with frequency.
Fig. 13. Simulated amplitude of the -parameters of the two-section 360
phase shifter for different values of the varactor’s capacitor.
than 1 dB across the investigated band for all of the varactor’s
capacitor values from to .
Concerning the insertion and return losses indicated in
Fig. 11, it is worth mentioning that the largest return loss and
thus the smallest insertion loss are obtained at the high end
of the band when the varactor’s capacitor is equal or close to
. The opposite thing occurs at the low end of the band or
when the varactor’s capacitor is equal or close to .
Concerning the two-section 360 phase shifter, the phase and
amplitude performances of the device are shown in Figs. 12
and 13. The device achieves the required full-cycle phase range
despite using coupled structures that have a total length of only
. Across the band from 1.7 to 2.7 GHz, is equal to
as revealed in Fig. 10. The return loss is more than
10 dB, whereas the insertion loss is less than 1.5 dB across the
band from 1.78 to 2.55 GHz, as shown in Fig. 13.
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Fig. 14. Top and bottom views of the developed 360 phase shifter.
As a ¿nal step to prove the validity of the designed phase
shifter, the full-cycle device was manufactured (Fig. 14) and
tested. To get the required range for , a GaAs hyperabrupt var-
actor diode with a biasing voltage range from 2 to 20 V is used.
In order to minimize the effect of parastics coming from using
short-circuit vias to connect the varactor diodes to the ground,
those diodes were inserted in the via hole and connected directly
to the ground. The biasing circuit of the diodes includes three
radio frequency chokes (RFC) of 10 H and two 1-nF dc block
chip capacitors.
The measured phase and amplitude performances of the
device are depicted in Figs. 15 and 16 for a biasing voltage
changing from 2 to 20 V. The results indicate that the required
full-cycle phase range is realized across 40%
fractional bandwidth extending from 1.8 to 2.7 GHz. The return
loss is more than 10 dB and the insertion loss is less than 3.2 dB
across the band from 1.8 to 2.6 GHz.
The general variations in the simulated and measured phase
range (Figs. 12 and 15) and amplitude of -parameters (Figs. 13
and 16) with frequency agree well with each other. However, the
measured results indicate higher insertion losses. The additional
losses are believed to be due to the parasitic elements (resistor,
inductor and packaging capacitor) of the varactor diodes and the
effective resistor of the utilized inductors. A parametric study is
performed to con¿rm the reasons behind the additional losses.
It is found that if the parasitic elements of the diodes are as-
sumed to have the values ( 0.5 nH, ,
and 0.1 pF), the simulated insertion loss becomes
equal to the measured loss. Thus, it is expected that the parasitic
elements of the utilized diodes have the above predicted values.
Table I shows a comparison between the main features of the
proposed phase shifter and other reÀection-type phase shifters
fabricated using the printed circuit board (PCB) technology. It
is clear that the presented device has the most compact size.
It also has the highest fractional bandwidth with the lowest in-
sertion loss as compared with the full-cycle PCB phase shifters.
Concerning the reÀection-type phase shifters designed using the
Fig. 15. (a) Measured phase performance of the developed device at different
varactor biasing voltages from 2 to 20 V (nonlinear variation). (b) Achieved
phase range .
Fig. 16. Themeasured amplitude of the S-parameters for different biasing volt-
ages of the varactor diode.
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TABLE I
CHARACTERISTICS OF THE DESIGNED FULL-CYCLE PHASE SHIFTER COMPARED
WITH SOME PUBLISHED REFLECTION-TYPE PHASE SHIFTERS
thin-¿lm technology, the insertion loss of those devices is very
high, as indicated in the table of characteristics in [11]. In that
technology, ampli¿ers are usually used to compensate for the
high insertion losses [15].
V. CONCLUSION
It has been shown that the reÀection-type phase shifter can
be designed using less than one tenth of a wavelength coupled
structure if the mode impedances of that structure are chosen
properly. The proposed method has been validated by designing
two phase shifters. The ¿rst one achieves 260 phase range with
more than 10-dB return loss and less than 1-dB insertion loss
across 36% fractional bandwidth by using a coupled structure
of length. The second device achieves a full-cycle phase
range across the same band with more than 10-dB return loss
and less than 1.5-dB insertion loss according to the simulations
by using two coupled sections each has a length of . The
measured results of a manufactured full-cycle phase shifter sup-
port the simulation results and the design approach.
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